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An Isolated Micro-Converter for Next-Generation Photovoltaic

Infrastructure

John Benson York, Jr.

Photovoltaic (PV) systems are a rapidly growing segment in the renewable energy
industry. Though they have humble origins and an uncertain future, the commercial viabil-
ity of PV has significantly increased, especially in the past decade. In order to make PV
useful, however, significant effort has to go into the power conditioning systems that take the
low-voltage dc from the panel and create utility compatible ac output. Popular architectures
for this process include the centralized inverter and the distributed micro-inverter, each with
its own advantages and disadvantages. One attempt to retain the advantages of both archi-
tectures is to centralize the inverter function but construct PV panel-level micro-converters
which optimize the panel output and condition the power for the inverter. The main fo-
cus of this work is to explore the technical challenges that face the evolution of the de-dc

micro-converter and to use them as a template for a vertically integrated design procedure.

The individual chapters focus on different levels of the process: topology, modulation
and control, transient mitigation, and steady-state optimization. Chapter 2 introduces a
new de-dce topology, the Integrated Boost Resonant (IBR) converter, born out of the natural
design requirements for the micro-converter, such as high CEC efficiency, simple structure,
and inherent Galvanic isolation. The circuit is a combination of a traditional PWM boost

converter and a discontinuous conduction mode (DCM), series resonant circuit. The DCM



operation of the high-frequency transformer possesses much lower circulating energy when
compared to the traditional CCM behavior. When combined with zero-current-switching
(ZCS) for the output diode, it results in a circuit with a high weighted efficiency of 96.8%.
Chapter 3 improves upon that topology by adding an optimized modulation scheme to the
control strategy. This improves the power stage efficiency at nominal input and enhances
the available operating range. The new, hybrid-frequency method utilizes areas where the
modulator operates in constant-on, constant-off, and fixed-frequency conditions depending
on duty cycle, the resonant period length, and the desired input range. The method extends
the operating range as wide as 12-48V and improves the CEC efficiency to 97.2% in the 250-W
prototype. Chapter 4 considers the soft-start of the proposed system, which can have a very
large capacitive load from the inverter. A new capacitor-transient limited (CTL) soft-start
method senses the ac transient across the resonant capacitor, prematurely ending the lower
switch on-time in order to prevent an excessive current spike. A prototype design is then
applied to the IBR system, allowing safe system startup with a range of capacitive loads from
2uF to 500uF and a consistent peak current without the need for current sensing. Chapter 5
further investigates the impact of voltage ripple on the PV output power. A new method for
analyzing the maximum power point tracking (MPPT) efficiency is proposed based on panel-
derived models. From the panel model, an expression demonstrating the MPPT efficiency
is derived, along with a ripple “budget” for the harmonic sources. These ripple sources are
then analyzed and suggestions for controlling their contributions are proposed that enable

circuit designers to make informed and cost-effective design decisions. Chapter 6 illustrates

il



how results from a previous iteration can provide a basis for the next generation’s design.
A zero-voltage-switching (ZVS) version of the circuit in Chapter 2 is proposed, requiring
only two additional MOSFETs and one inductor on the low-voltage side. The maximum
switching frequency is then increased from 70kHz to 170kHz, allowing for a 46% reduction
in converter volume (from 430cm® to 230cm?®) while retaining greater than 97% weighted

efficiency.
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Chapter 1

Introduction

Edmund Becquerel discovered the photovoltaic effect in 1839, demonstrating the pro-
duction of a device that, when exposed to light, would generate electric current. Over a
century later, scientists at Bell Labs built the first silicon solar cell, ushering in a decades-
long struggle in a fight for clean, renewable energy. [1] In more recent history, the last decade
or so has seen a tremendous amount of growth in the photovoltaic (PV) industry. Rising
prices for traditional fossil fuel sources, coupled with rapidly falling prices for poly-crystalline

silicon panels, has resulted in an increased adoption rate for PV systems.

In order to bring PV systems from the realm of intellectual curiosity to viable en-
ergy source, creating a method to extract, convert, and distribute the harvested energy is
paramount. Though remote, or stand-alone, applications of PV panels are appropriate in

some instances, general and widespread usability of PV requires connection to the electric



utility system. In the overwhelming majority of locales, this utility network consists of al-
ternating current (ac) generation, transmission, and distribution. This poses some difficulty
since PV panels naturally produce direct current (dc). In order to adapt the dc source to

the ac system, a power conditioning system (PCS) is required.

1.1 PV System Architectures

In order to connect a PV system to the utility, the fundamental required unit is the
inverter, which directly creates an ac output from a dc input. At the large scale (>100kW)
the centralized inverter, shown in Fig. 1.1, is far and away the most popular approach.
With this type of inverter, all of the source PV panels are combined in a series-parallel
configuration, up to the inverter’s maximum power rating. These inverters are physically
quite large, and often have their own dedicated line-frequency transformers for isolation and
voltage scaling. This solution has the benefit of the lowest PCS cost in dollars-per-kilowatt

($/kW) as well as the least complex to operate and maintain.

_

Centralized Utility
Inverter Grid

Figure 1.1: Centralized inverter structure

However, their are quite a few drawbacks to centralizing the entire PCS. Perhaps



the most significant stems from an inability to individually optimize the output from each
panel. From the PV cell current-voltage characteristic, it is clear that there is one operating
point which produces the largest output power, which is known as the cell’s (or panel’s)
maximum power point (MPP). This MPP, however, varies significantly based on factors
such as cell construction, temperature, shading, or light intensity (irradiance). Because
these characteristics are not uniform across all of the cells in the system, and a centralized
inverter can only select one operating point for the entire array, the globally achievable
optimum power can be significantly less than the sum of the individual panels’ optimum
power [2]-[4]. A similar effect occurs if the panel age, type cell counts, or power levels are
mismatched. Considering the rapid evolution of PV technology, it is unlikely that the same
panel model will be available even a year after it is introduced. This implies a significant
performance penalty to the centralized system if the panels are bought piecemeal. Scalability
of centralized systems, given the inherently large power level, is also of interest. This may
not pose a problem for large, utility-scale installations, but it makes the centralized solution

somewhat unwieldy for more modest commercial or residential sites.

Another critical issue with the centralized inverter approach is the difficulty of de-
tecting, isolating, and repairing faults at the panel level. With the large number of panels
in such a system, additional dedicated hardware, such as an arc-fault current interrupter
(AFCI), is required just to detect PV faults. Even if the fault is successfully detected, it
is very difficult to isolate and repair. The entire PV system must cease operation until the

fault is cleared. During repairs, technicians must work around relatively high dc voltages



(> 400V) as the unaffected panels are still connected, even if they are not sending power to

the grid.

Similar to the centralized inverter, the string inverter, shown in Fig. 1.2, attempts
to isolate a single “string” of panels, thus all of the panels are connected in series rather
than series-parallel. These inverters typically have a lower power rating (< 20kW) and
may (or may not) have internal isolation. The hardware cost is typically higher than the
centralized inverter but typically features improved energy harvesting, scalability, and fault

detection/isolation.

String String
Inverter Inverter

Utility
Grid

Figure 1.2: String inverter structure

Counter to both the centralized and string inverters is the so-called micro-inverter,
shown in Fig. 1.3. This type of structure places a dedicated, low-power inverter on each
panel, connecting the output directly to the utility, using an ac interconnect. This approach
provides the best practical energy harvest, short of applying a PCS directly to the individual
cells. [5] This approach is also ideal for handling mismatched panels, providing a nearly
infinite scalability. However, this technique suffers from a relatively high PCS hardware

cost, making it difficult to justify for more developed installations. Control and monitoring



also becomes more challenging as each panel maintains its own grid connection. There are
also concerns with regard to PCS maintenance and lifetime. An inverter generates a double-
line-frequency ripple voltage on the dc side, which can only be mitigated by using additional
capacitance as an energy buffer. In order to acquire enough capacitive energy storage,
inverters must often rely on electrolytic capacitors, which have noted lifetime concerns when

exposed to the extreme temperature and climate variations common in outdoor installations.
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Figure 1.3: Micro-inverter structure

Stepping back from an individual configuration, in order to be effective any PV PCS
needs to implement a certain feature-set focused around transferring energy safely and reli-
ably. A summary list is provided in Table 1.1, but it should not be considered exhaustive.
These functions fall into three categories: panel management, interconnect, and utility inter-
action. Some of these features, such as maximum power point tracking (MPPT) or arc-fault
isolation, are best implemented in a distributed network. Other features, such as inversion
or smart grid communication, do not need distribution and are more cost-effective when
implemented centrally. In order to take advantage of having distributed PCS, while being
able to centralize and reduce cost and complexity on other functions, a hybrid solution seems

most advantageous.



Table 1.1: Required PV PCS System Functions

Panel Management | Combination/Adjustment | Utility Connection
MPPT Combination AC Conversion
Cell Bypass Voltage Stabilization Synchronization
Panel Protection Arc Fault Isolation Ride-through
Instrumentation Smart Grid Functions

A hybrid solution of this type requires two elements, a distributed network of dc-
dc power converters and a centralized dc-ac inverter. How to organize the network, and
subsequently design the elements, is of significant importance. One option that has gained
some commercial viability is the series dc-dc optimizer. These converters are typically low-
cost and non-isolated, with outputs nominally equal to the individual panel input level
(< 80V). These outputs are then connected in series to form a new type of PV “string.”
This solution provides the distributed MPPT and instrumentation but suffers from two
critical disadvantages. One is that the ability to isolate and repair faults remains similar to
the string inverter, as the remaining converters must be disconnected from the inverter in
order to perform maintenance. Secondly, the converters cannot provide full output power at
a constant voltage in the presence of panel mismatch. [6] Thus, the output of one panel still

impacts the surrounding panels without complex control and communication.

An alternative to the series dc-dc optimizer is a massively parallel network of dec-
dc converters which individually generate the full voltage required for the inverter’s utility
connection. This type of converter (henceforth referred to as a “micro-converter” and shown
in Fig. 1.4) provides the distributed functions required, allows for panel fault isolation, and

removes any coupling effect between panel outputs. This approach has seen little traction



in the commercial space, but is the subject some technical literature, most notably [7]-[9],

and at least two recent patents [10] and [11].
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Figure 1.4: Micro-converter structure

1.2 Motivation for Research

Among the various solutions to the PV infrastructure problem, two camps seem to
emerge, centralized and distributed. Both groups are significantly developed with propo-
nents of either method. The micro-converter architecture provides the best opportunity to
maintain the key advantages of both groups. However, the requirements for these distributed
micro-converters are non-trivial. They must provide a high boost-ratio in order to generate
an inverter-compatible dc-link voltage. They must also handle a wide range of input voltage
and power levels, doing so with high efficiency and reliability. Due to the unique challenges
presented by this application, it is difficult to adapt an existing converter technique to suit.
Rather, it is advantageous to develop new techniques based on the characteristics inherent
to the problem itself. Moreover, a successful design requires application-oriented design on

several levels, with a certain degree of vertical integration. The circuit topology must be



developed such that it fulfills the required input and output characteristics, and does so
efficiently. The modulation and control techniques must optimize the behaviors of that indi-
vidual topology and enable it to operate effectively in-system. Care must be taken to handle
transient conditions, such as start-up and shut-down, as well as to optimize the steady-state
behavior of the system. Therefore, it is the goal of this research not only to demonstrate
an effective micro-converter, but also to develop effective application-oriented technologies
in an integrated manner. Specifically, the desired micro-converter characteristics should be

as follows:

High weighted efficiency (>97%)

Small size (<250cm?)

Current-limited startup of inverter system (with bus capacitance >500uF)

Improved MPPT efficiency (>99.8%)

This work begins with a discussion of micro-converter circuit requirements, and the proposal
of a new topology (Chapter 2) and a unique modulation scheme (Chapter 3), in order to
achieve the desired power stage efficiency. Chapter 4 introduces a unique soft-start method,
to allow even a single micro-converter to successfully charge even a large inverters bus ca-
pacitance. A new modeling method for evaluating MPPT efficiency is provided in Chapter
5, which allows circuit designers to cost-effectively meet the desired goals for PCS ripple.
Finally, the initial topology is augmented in Chapter 6 with a soft-switching technique that

allows for significant size reduction, down to the targeted converter volume.



Chapter 2

The Integrated Boost Resonant

Converter

Power conversion for photovoltaic (PV) applications, as opposed to more conventional
dc-dc converter configurations, requires an adaptable system that is capable of responding to
a wide range of input voltage and current conditions. As previously stated in literature, PV
voltage varies significantly with panel construction and operating temperature, while the PV
current changes largely due to solar irradiance and shading conditions [12]. If a converter is
designed only for high peak efficiency, oftentimes the range of conditions common to many
PV installations will force the converter into another operating region where it is much less
efficient. In 2004, the California Energy Commission (CEC) introduced a weighting system
for efficiency based on statistical climate data for the Southwestern United States. Their

intention was to develop a standard metric for informing consumers about the effectiveness



of PV inverters in conditions similar to Southern California, hoping to capture PV output
variation over the course of an average day. Since that time, CEC efficiency has become
the de-facto standard for evaluating PV related equipment, at least in the US marketplace.
Weighting coefficients for calculating CEC efficiency are provided in Table 2.1. From the
published weights, clear emphasis is placed on efficiency in the mid-power region (50 % and
75% count for nearly three-fourths of the weighted value) and light-load efficiency clearly
over heavy load. For a generated report, data is taken at the lowest rated input voltage, a
nominal input, and the highest rated input. However, the single number that is classified as
the official CEC efficiency only consists of data taken at the nominal input. This encourages
equipment manufacturers to push for a wide operating range, but to ensure that efficiency

is optimal at the median input voltage and in the middle of the power range. [13], [14].

Table 2.1: CEC Efficiency Weighting

Power | Weight
10% 0.04
20% 0.05
30% 0.12
50% 0.21
75% 0.53
100% 0.05

Also of interest in the PV PCS design process is the necessity of galvanic isolation
between the PV panel and the electric utility system. While an ungrounded, grid-connected
PV array is permitted by many electric codes, galvanic isolation can be preferred for several
reasons. Because the center-tap of the transformer at the utility point-of-common-coupling

(PCC) is typically connected to earth ground, the PV panel must remain electrically ”float-
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ing” with respect to ground. The metal frame surrounding the PV cells, on the other hand,
must be grounded for safety and protection against lightning surge. This makes the PV
panel susceptible to high-frequency switching currents that propagate through the frame-
panel parasitic capacitance, as shown in Fig. 2.1. This capacitive loop effect can result in
additional electro-magnetic interference (EMI), loss in passive components, and total har-
monic distortion (THD) in the grid current. Secondly, much like the value of line-frequency
transformers in traditional ac systems, an isolation transformer in a dc-dc converter allows
much greater voltage gain, without residual impact on the primary-side voltage stress. Fi-
nally, because there is no direct electrical connection between the primary and secondary
sides of the transformer, the PV panel is completely disconnected from the rest of the system
while the converter is off. This allows for a much higher degree of safety for the PV panel,
as well as any repair technician, during abnormal operating or fault conditions. [15]-[17]

M e . Inverter | Uti].ity
Converter }— Grid

L
T

Frame-Panel Parasitic
Capacitance

Figure 2.1: Frame-PV capacitive loop effect

It is this combination of high CEC efficiency, galvanic isolation, and a localized,
distributed approach to energy conversion that has prompted the proceeding technical de-
velopment. In literature there have been a variety of different methods proposed for micro-
conversion, both isolated and non-isolated [18]-[23]. For reasons mentioned previously, the
proceeding discussion is limited to isolated topologies.

11



In the distributed PV PCS, the isolated dc-dc stage must operate efficiently at full-
power, while maintaining high performance at light load, across a range of PV voltages. In
order to maintain high efficiency under low power conditions, it is necessary to minimize
the amount of circulating energy in the system. An alternate definition of this characteristic
would be producing a system with a high ”power factor” at the isolation transformer. Also
critical to light load efficiency is mitigating the device switching loss. Finally, reduction of
the control and gate drive complexity allows for lower fixed losses due to auxiliary power
requirements. When considering potential PV conversion solutions, addressing these loss

mechanisms is critical to a successful design.

One popular option for the de-dc conversion stage is a simple continuous-current-
mode (CCM) flyback converter [24], [25], shown in Fig. 2.2. It has the benefit of simple
construction and low circulating energy. However, the switching loss for both the primary
switch and the diode can be quite large, and the overall system efficiency is typically low
(< 90%). Improvements in flyback efficiency can be made using variants such as zero-voltage-
transition (ZVT) or Active Clamp, both of which use the transformer leakage inductance as
a resonant element to achieve zero-voltage-switching (ZVS) across the main device [26], [27].
However, this effectively trades switching loss for circulating energy, reducing efficiency at

high line or low power.

Other options are the series-resonant converter (SRC) and more recently the LLC res-
onant converter shown in Fig. 2.3, both of which operate on a similar principle and typically

use a variable frequency control to adjust the output voltage [28]-[30]. When the SRC or LLC

12
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Figure 2.2: Flyback converter circuit

converter is operated near the resonant frequency of the tank circuit, the converter achieves
nearly zero-voltage and zero-current switching with very low circulating energy, giving it a
high peak efficiency. Traditional voltage and current waveforms for an SRC are provided
in Fig. 2.4. Control of the converter’s voltage gain is achieved by interrupting the current
into the transformer; thus, the greater the switching frequency, the more dramatically the
transformer’s natural resonance is interrupted. As the switching frequency diverges further
from the resonant frequency, the amount of circulating energy increases. Unfortunately the
normal conditions for PV conversion will often push the converter significantly away from
the optimum switching frequency, causing the CEC efficiency to suffer. Several authors have
proposed methods to extend the line and load range of the LLC, once again complicating

the circuit topology and control [31]-[33].

T
ﬁ?’“ﬁﬁ 1T O S
AT

Figure 2.3: LLC resonant converter circuit

Other authors have proposed using the series-resonant converter as an unregulated dc-

13



Figure 2.4: SRC converter sample waveforms

dc transformer (DCX) [34], [35]. The DCX behavior is achieved in the SRC by allowing the
resonant period to fully complete. Once the resonance is finished, the output diodes prevent
any continued resonance, which causes the circuit to operating in a kind of discontinuous
conduction mode (DCM). Typical waveforms of the series-resonant DCX are shown in Fig.
2.5. This approach has the benefit of almost no switching loss, little or no circulating energy;,
very high peak efficiency, and integrated isolation. However, the inverter stage must be
able to regulate over a wide input range because the PV voltage fluctuates so dramatically,

causing extremely poor overall system efficiency.

Figure 2.5: DCX sample waveforms

This concept of using the series-resonant DCX is not without merit, but the system
requires an additional element to provide regulation capability. The method proposed in
the following section integrates a traditional boost converter element into the DCX with

only the addition of a single inductor. The overall design is straightforward and may be
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controlled using simple fixed-frequency PWM with only the need to observe limitations on
the maximum and minimum duty cycle. For PV applications, this circuit satisfies the need
for galvanic isolation, low switching loss (the output diodes achieve zero-current switching

(ZCS)), minimal circulating energy, as well as simple gate drive and control.

2.1 Converter Synthesis and Operation

When considering the series-resonant DCX, it is important to notice the half-wave
resonant behavior by which it operates. During the on-period of either switch a resonant
circuit is formed by a combination of the input-side capacitors, the output-side capacitors,
and the transformer leakage inductance. The unidirectional nature of the output diodes pre-
vents this circuit from resonating perpetually, and instead only a resonant period consisting
of one half-sine wave is visible. Provided that this resonant period is allowed to complete
fully before the primary-side switches change states, the series-resonant circuit is naturally
soft-switching on both turn-on and turn-off (ZVS and ZCS). If both resonant periods are
allowed to fully complete, the system has no method by which to regulate the output, and
the output is simply a reflection of the input. Hence, the necessary addition of another "reg-
ulating element”, in this case a boost converter, is shown in Fig. 2.6. The boost converter
regulates the effective input voltage to the series-resonant converter, allowing it to run as a
DCX with high efficiency. The cost is two additional transistors, with their associated gate

drive requirements, and some additional switching and conduction loss.
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Figure 2.6: Resonant half-bridge with separate boost input stage

This circuit may be further simplified by integrating the system so that the boost
converter function is implemented by the original two MOSFETSs. A straightforward method
to understand this is to directly tie the input inductor to the midpoints of both active
switching legs simultaneously. Note that this change directly ties the inductor to one terminal
of the transformer. This additional connection renders the upper MOSFETs (Qx and Q1)
as well as the lower MOSFETSs (Qy and )3) in parallel, so long as their switching patterns
are synchronized. Thus, the circuit may be simplified, with the additional connection and
the removal of Qx and Q)y, into the topology shown in Fig. 2.7. Because the now single
upper and lower FETs (Q; and Qs) are effectively replacing two parallel FETSs, they carry
the combined current from the original four switches. Also, as long as the resonant behavior

is allowed to complete, the output diodes, D, and Ds, still achieve ZCS.

This particular circuit topology is similar to that of the “Boost Half-Bridge” (BHB)
[36]-[40] and the circuit in [41]; however, the actual operation of this circuit is quite different.
In the BHB, the operating currents are that of the hard-switching half-bridge, giving the
converter a poor power factor at the transformer. This makes it difficult for the converter to
achieve a wide-range of operation, even with ZVS. Also, the voltage transfer ratio is highly

non-linear, leading to much more complex control requirements. Unlike the circuit in [41],
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this circuit is unidirectional and can be operated under strictly PWM.

On the other hand, this new circuit features a very simple voltage transfer ratio, given
n (2.1), where n is the transformer turns ratio, and D is the duty cycle of the lower switch,

(>. Unlike the BHB, this transfer ratio is constant over input, load, and frequency.

- (2.1)
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Figure 2.7: Integrated boost resonant (IBR) converter

This voltage transfer ratio (2.1) is identical between the circuit shown in Fig. 2.6 and
Fig. 2.7, indicating that only one pair of switches is necessary to provide controllability. Also,
the transfer characteristic is similar to that of a continuous conduction mode (CCM) boost
converter, simply multiplied by n. The new topology can be effectively broken down into
four distinct operating modes, shown in schematic form in Fig. 2.8(a)-(d), and as sections

in the timing diagram provided in Fig. 2.9.
Mode 1 [ty <t <t), see Fig. 2.8(a)]:
Beginning with the turn-off of ()» prior to ¢y, the current in the input inductor, L,
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Figure 2.9: Timing diagram showing circuit operating modes
flows into the body diode of @), discharging its parasitic capacitance. This allows @) to
be turned on under ZVS conditions at t;. At this time the upper input-side capacitor,
C1, begins resonating with the transformer leakage inductance, Lg, and the output-side
capacitors, C3 and Cy, through D;. Simultaneously, the input current begins charging the
series combination of C'; and Cs. During this phase, )1 carries the difference between the
transformer current, flowing from C; through the positive terminal of the transformer and
the input current. Once the transformer current resonates back to zero, D; prevents the

continued resonating in the reverse direction, ending mode 1. The length of mode 1 is given

18



by (2.2).

n2(01 + 02)(03 + 04)
Tres1 = L 2.2
' 7T\/ . |:Cl+02+n2(03+04) (22

Mode 2 [t; <t <t,, see Fig. 2.8(b)]:

()1 is still active, yet it is only conducting the input inductor current, which is still
decreasing, a pathway which is shown in Fig. 2.8(b). The resonant elements all conduct zero
current during this interval. Only C5 continues discharging into the load at this time. Mode

2 ends with the turn-off of (); and the subsequent turn-on of @s.
Mode 3 [ts <t <3, see Fig. 2.8(c)]:

After the turn-off of (Q1, but prior the turn-on of @3, the inductor current is still
shunted into charging the series combination of C; and (5, this time through the body diode
of @1, and still decreasing almost linearly. When ()5 is turned on, the body diode of @)y is
hard-commutated, causing some switching loss. At ty, Cy begins to resonate with Ly and
the parallel combination of C'5 and Cy, through the diode Dy. Simultaneously, the inductor
current also flows through (@)», increasing linearly. During this interval, ()o carries the sum
of the transformer current and the inductor current. Thus, the rms current through @) is
significantly larger than that of ()1, which carries the difference of the two currents. Once
the transformer current resonates back to zero, Dy blocks the continued oscillation, marking
the end of mode 3. The total time interval of mode 3 is determined by the length of the

resonant period, given in (2.3).
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(2.3)

T — n2LK02(O3 + 04)
res? Cy+n2(Cs + Cy)

Mode 4 [t; <t < t4, see Fig. 2.8(d)]:

The inductor current continues to flow through the lower device, increasing until ()5 is
turned off and the circuit returns to mode 1. Also, during both modes 3 and 4, ), effectively

isolates the upper capacitor from charging or discharging.

Note that there is a significant difference in the circuit behavior between the two
resonant modes (1 & 3). During mode 3, (] is effectively isolated from the rest of the circuit
due to the presence of ();. However, during mode 1, C5 has an ac discharge path through the
PV source and the input inductor, allowing the two input capacitors (C} and Cy) to appear
in parallel, though the resonant current is not shared evenly between them. Thus, the length
of mode 1 can be significantly longer than mode 3, depending on the relative sizing of C}-Cy
and the transformer turns ratio, n. Optimizing the resonant period length will be a core

component of the design procedure outlined in the proceeding section.

2.2 Design Procedure and Loss Analysis

1. Determine Duty Cycle Limits from Input Requirements
The most critical element of this design procedure is the identification of the input

voltage requirements, so that the duty cycle range is fully utilized. With this converter
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there is a direct trade-off between increased input range and lower rms currents in
the circuit. The most basic method involves setting the maximum and minimum duty
ratios such that the middle of the input range results in a 50% duty cycle at the

converter, an approach provided via (2.4) and (2.5).

V-
Dinax = i 2.4
‘/;n,min + V;n,max ( )

Dmin =1~ Dmax (25)

With the nominal input assigned to have a 50% duty cycle, the bus voltage, V},.s, which

is measured across C and C5 can be calculated by (2.6).

‘/bus = ‘/in,max + V;n,min (26)

However, it may be necessary to adjust Vbus to accommodate voltage stress require-
ments on devices or to meet certain standards. If this is necessary, Viys, Doz, and

Dypin can be altered by using (2.7), (2.8), and (2.9), respectively.

%us = Vin,max + Vtm,min (27)
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Vrz‘n,min (2 8)

Dmax,adj =1- % p
us,adj

Vin,max
Dmin,adj =1- % : P (29)
us,adj

2. Determine Mazimum Resonant Period Lengths
With the maximum and minimum duty ratios known, the limits for the resonant pe-
riods T,es1 and T.so may be calculated based on the desired switching period Ty,

utilizing (2.10) and (2.11).
Tresl,max = (1 - Dmax) Tsw (210)

Tres?,max - DminTsw (211)

3. Design Transformer
Based on the calculated Vbus and the desired output voltage, Vout, (2.12) can be used

to calculate the necessary transformer turns ratio, n.

Nsec V;)ut

(2.12)

n = =
npri %us

The transformer design process can be carried out under a number of different pro-

cedures, however, the peak V-s product, provided in (2.13), is often a useful quantity
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when determining the transformer flux density, core size, and number of primary turns.

V' Speat = ViusLsw/4, [V - 5] (2.13)

When determining the winding current density, and therefore the required winding
gauge and copper loss, the rms current through the primary and secondary windings
may be determined from (2.14) and (2.15). These equations were derived by integrating
the square of the transformer currents over one switching cycle. Note that R;,.q is the
load resistance for a given output power level. At this stage, the maximum values for
Tres1 and Theq2, as calculated in step 2 may be used. They may be replaced once the

values are determined more specifically in step 5.

. ™ n‘/out TSw 1 1
T 2.14
LRMS, X FMR,pri 2 ( Rload ) 2 ( Tresl * TTESQ) ( )
| T (Vou) [Tw ([T 1
T 2.15
LRMS,XFMR, 2 (Rload) 2 ( Tresl * TTeSQ) ( )

. Design Input Inductor based on allowable current ripple
Multiple criteria may be used for designing the input inductor. In PV applications,
especially for accurate MPPT, the inductor current ripple must be regulated. The

equation (2.16) specifies the input inductance based on the maximum allowable current
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ripple (which occurs at D = 0.5).

%USTS’UJ

= )
4IL,cwg %ripple,max

L

[H] (2.16)

For both inductor design and loss analysis, the rms current through the inductor may
be calculated by (2.17), once again with the maximum rms for a given I}, ,,, occurring
at a 0.5 duty ratio. This equation was derived by integrating the square of the inductor

current over one switching cycle.

DV, * Ty

e (2.17)

It rvs = \/IL,avg2 +
. Resonant Capacitor Design

With the magnetics design complete, it is now possible to design the resonant capacitors
C7 — Cy. In order to reduce the rms currents in the circuit, the resonant period needs
to be as close to the calculated maximum as possible. Because the leakage inductance
of the transformer, Lk, is involved in the resonant circuit and is a consequence of
the transformer design in step 3, it is left as a constant here. The full equation for
calculating T, is given in (2). In order to simplify the design process, C; and Cy as
well as (3 and Cy may be set to equal values, C,; and C.., respectively, simplifying
the result from (2) into (2.18). If the duty cycle was not adjusted as in the second half

of step 1, then T,.s is not necessary to design. Otherwise, T,.s2 may be calculated
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fully in (3) or with "equal C’s” in (2.19).

2 (C 'ri) (HQOsec)
Tres = L P Tres max 2.1
1 7T\/ * |: CPM + n2Csec < b ( 8)

Tres = P < Tres max 2.19
i ﬂ-\/cpri + 2n2csec > ( )

In order to calculate the conduction losses in each of the capacitors, rms current cal-
culations are provided in (2.20)-(2.23). These equations were derived by integrating
the square of the capacitor current waveforms (C3 and C; being purely resonant, while
Cy and Cy are the combination of the inductor and transformer currents), over one

switching cycle.

: 72 (Vour \* T nVou
LRMS,C1 = \/(1 — D) I avg” + 3 (Rz ;) T 2 <Rz ;) It avg (2.20)

: T (17 [ Vour \\°
tRMS,C2 = \/(1 — D) IL7av92 + 2T (Z (Rl td>) (221)
res2 oa

. m ‘/out Tsw
1RMS,CS = Z Rl J

. T ‘/;mt Tsw
1RMS,C4 = Z Rivus

L, ) (2.22)

1 1
2.23
Tresl N TresQ ) ( )

A dc path exists between the input terminal and C5, which causes the average voltage
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across Cy to be equal to Vj,. The average voltage across C can thus be written as in

(2.24).

DVin

5 (2.24)

VCl,avg =

. Output Capacitance

The required output capacitance, C5, can be determined from the allowable output
ripple on the dc-link voltage, specified by (2.25). This equation is approximate, based
on taking the average value of the resonant output current during one-half resonant pe-
riod, subtracting the load current, dividing by the output capacitance, and multiplying

by the resonant period length.

‘/out Tsw TresQ
Voutoh—nk = —— -1 2.25
Lk Rload ( 2T7‘682 ) C'5 ( )

. MOSFET and Diode Selection

Both of the primary side MOSFETSs have a maximum voltage stress of Vbus and rms
current stresses given by (2.26) and (2.26). Note that the current stress in ()3 is much
larger than that in (), and that both current stresses are related to the ratio of Ty,
and T}.512. These equations were derived by integrating the square of the MOSFET
currents (each being the combination of the inductor and transformer currents) over

one switching cycle.

T TNV 2 2001 ava Vour .
[rms _ sw ou _ ,avg Y ou w 2 1-D 296
! \/2Tresl ( 2Rload ) Rload * °L, g ( ) ( )
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T. TNV 2 oni LoavaVout .
Irms - s o —— A av 2D 2.27
@ \/QT’I’CS2 ( 2}%load ) * * "Lavg ( )

Because () obtains ZVS naturally, it’s switching loss is limited to only turn-off loss.
()2, however, has both turn-on and turn-off loss. Of note here is that because modes
1 and 3, with lengths of T,.s; and T,.s2, are complete by the time that either ), or
()2 switches off, the current-related switching losses are only due to the input inductor
current. The loss equations, (2.28) and (2.29), are modified triangle approximations
with time values representing the rise and fall of the device voltage and current, and
Al representing the inductor current ripple [42]. Also incorporated is the charge-
related switching loss. Diode reverse recovery loss is not included in the loss equation

(2.29), but could be significant in some applications.

(tpr +trv) Aly,
P = ————Vius | {1ave — — 2.2
SW.Q1 T Vi Lavg 5 (2.28)
tpr +1 Al tr; + 1t ATl

PSWQQ = ( RIQT FV) %us (IL#M)Q - 2L) + ( FIZT RV)%us <[L,avg + 2L)

sw sw (2.29)
1
T woss Vus
+Tst 02V

Because the output rectifier is a voltage-doubler, each output diode must carry the full
output current on average (2.30). The upper diode current is a piecewise combination
of a half-sine wave during the resonant period and zero elsewhere. From an integral
definition of the average current (2.31), the peak current through the upper diode D1

can be written as (2.32). From a similar approach, the peak current in Dy can be
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written as (2.33).

P out

Ipiavg = v (2.30)
out
Pout 1 Trest . 7T

= 1 t|dt 2.31
‘/;mt Tsw /0‘ PrLpk S <Tresl ) ( )

WPou Tsw
Ip1pk = WtTl (2.32)

7-‘-Pou Tsw

Similarly, the rms current through D; can be written from the definition (2.34), which

simplifies to (2.35). Similarly, the rms current through D; is given in (2.36).

1 Tresl 9 . 9 T
IDI,RMS = IDka S111
Tsw 0 Tresl

T ] out jsw
T VS = 7/ 2.35
DLRMS 2\/§ V;)ut Tresl ( )

Pou TS'LU
Ips rus = T d \/ (2.36)
2\/§ ‘/;)ut TresZ

t> dt (2.34)

8. Loss Analysis
Utilizing the equations defined above in conjunction with the characteristics of the
experimental circuit defined in the proceeding section (Tables I, II, III, and IV), a loss
analysis graph is provided in Fig. 2.10 showing the system loss at a nominal input of

30V and at a full load capacity of 250W. In the circuit, the principle losses belong to
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()2 and the output diodes.
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Figure 2.10: Circuit loss analysis at 30V input, 250W output (full load)

2.3 A Note on Control

Quite obviously, the goal of the dc-dc micro-converter is to maximize the PV panel’s
output power while simultaneously providing a dc voltage compatible with the dc-ac central-
ized inverter. However, only one control variable is available to accomplish these tasks, the
duty cycle D. How to select the correct duty cycle in a given operating condition is certainly a
matter for debate. The voltage boost function is a direct product of the transformer turns ra-
tio, and the responsibility of dc-link regulation may be passed on to the inverter. This leaves
the dc-dc to primarily focus on optimization. Early methods of MPPT revolved around the
perturbation of the duty cycle and the monitoring of the corresponding change in operating
point (and thus, output power) [43]-[46]. This process has many variants and is described

in much detail in literature. While the IBR is certainly compatible with these direct duty
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control methods, they come a few concerns. The dynamic response and stability margins
for these systems are largely unmodeled, as well as their handling of external disturbances.
One alternative to directly controlling the duty cycle is to set up closed-loop control for one
of the input variables, voltage [47] or current [48], and perturbing the variable’s reference

rather than the control parameter.

This allows for straightforward modeling processes [42], known dynamics, and distur-
bance rejection (covered in Chapter 5). Because high-bandwidth voltage sensing is typically
easier to implement with lower cost and higher accuracy than the corresponding current sen-
sor, input voltage control was selected as an appropriate method for the IBR. A basic block
diagram [49], [50] for the control structure is shown in Fig. 2.11. From here, the MPPT
algorithm can be selected from many different options without needing to alter the internal
loop. The internal loop functions by comparing the actual input voltage with the desired
reference (from the MPPT controller), and creating an error signal for the compensator.
Because an increase in the duty cycle results in a decrease in the input voltage (resulting in
a negative plant gain), either a negative sign must be included in the compensator, or the

polarity of the summation block must be reversed.

Input Current

v |

MPPT | VRer N1 | Digital | Duty | oo ﬂ‘ IBR
Algorithm Comp. ” ”

A

Input Voltage

Figure 2.11: Closed-loop control block diagram
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2.4 Experimental Results

During the course of this development, a 250W prototype converter was designed
and built in order to validate the presented analysis and to serve as a core element in a new
distributed PV generation system. Some specifications for the circuit are listed in Tables
2.2 and 2.3, while the semiconductor device content is summarized in Table 2.4. Table
2.5 includes the switching data for (); and ()2 used in the calculations loss analysis above.
The magnetic components (the input inductor and transformer) are each comprised of two
PQ32/20 cores either in series (for the inductor) or series-parallel (for the transformer). The
inductors were wound with 0.014 thick copper foil to better utilize the core window area.
The transformers were wound with 20AWG equivalent Litz wire to improve the ac resistance
of the windings. The system control was implemented digitally on a Texas Instruments
TMS320F28026 microcontroller simply for flexibility and rapid implementation. Control
of the MOSFET gates passed directly from the PWM module on the MCU directly to a
Fairchild FANT7390 gate driver IC. In practice, a dedicated PWM or MPPT controller would

also function well. A photograph of the prototype is provided in Fig. 2.12. Fig. 2.13

Table 2.2: Power Stage Element Values for 250W Prototype

Element | Value | Resistance | /,,,, at 250W
L 100pH 11mQ 8.6A

C1,Cy 10uF 4m¢? 11.46A, 6.64A
Cs,Cy 100nF 50mg? 0.89A
Npri 7 turns 3.5m¢f? 12.84A
Nsee 46 turns 46m¢? 1.74A
1 N/A 4.9m¢? 6.64A
Q2 N/A 4.9m¢? 13.95A
D+, D, 1.3V N/A 0.625A
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Table 2.3: Power Stage Design Parameters for 250W Prototype

Element | Value | Element | Value
Thest 4.61us Vin, min 20V
Treso 4.03us | Vipmax 40V

Tow 14.3us Vout 400V
w 70kHz Vius 60V
Din 0.33 P, 250W
Dinax 0.67

Table 2.4: Semiconductor Data for 250W Prototype

Element Value
Q1,Q2 | Infineon IPB049NE7TN3
Dy, Dy Vishay HFA04SD60

Table 2.5: Switching Loss Calculation Data

Element | Value | Element | Value
tRV 12.7ns tF[ 8ns
tFV 15.7ns tR[ 11ns
Qoss 71nC

Figure 2.12: The 250W experimental prototype

and Fig. 2.14 demonstrate the consistency of the converter operation over both high and low

power. Under each condition, both the inductor current and the transformer current retain
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their general wave-shape while demonstrating CCM and resonant behavior, respectively.
This consistency and simplicity is further demonstrated by the voltage transfer ratio plot in
Fig. 2.15, which shows the relationship of the voltage transfer ratio given in (1), as compared
to experimental measurement at low and high power. As anticipated, the magnitude of the
voltage transfer ratio varies only slightly with power level as a result of increased converter
loss. In order for the converter to achieve high efficiency, two other critical components were
mentioned, mitigating switching loss and improving transformer power factor. One definitive
aspect of managing the converter switching loss is the ability of the output diodes to achieve
ZCS. Experimental evidence of this is provided in Fig. 2.16, even at high power (> 225W).
Also, the fully resonant behavior at the transformer allows the converter to achieve a high
power factor, as evidenced in Fig. 2.17. Here it is shown that the transformer current is

continually in-phase with the transformer voltage, indicating very low circulating energy.

Utilizing the TT microcontroller, a simple PV voltage control loop with perturb-and-
observe (P & O) MPPT logic was implemented, similar to [38]. At startup, the converter
starts at the open-circuit voltage of the PV panel and attempts to locate the MPP by
changing the input voltage reference and measuring the corresponding change in input power.
An experimental waveform showing the proposed Integrated Boost Resonant (IBR) converter
operation during startup (via connecting the converter to the PV panel), MPPT operation,
as well as shutdown (via forcibly disconnecting the PV panel from the input) is shown in
Fig. 2.18. For the test recorded in the figure, a BP Solar SX6165N polycrystalline SiN PV

panel was used as the input source, which has characteristics recorded in Table 2.6.
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As the final step in the verification process, an experiment to demonstrate the ef-
ficiency of the proposed converter was conducted. Projections for the converter efficiency,
based on the procedure outlined in section 2.2, are given in Fig. 2.19. Shown in Fig. 2.20
is the measured power stage efficiency, which includes all loss elements aside from controller
and gate drive losses, for a range of input and load conditions. Power measurements were
taken using four Fluke Model 287 digital multimeters which have a dc voltage accuracy of
0.025% and a dc current accuracy of 0.06%. The experimental and theoretical results match
well overall, with some discrepancies at full power due to unmodeled circuit parasitics. An-
other issue is the variation in the device switching times under different current conditions,
causing a low estimate of the efficiency at the low-voltage conditions. However, the converter

achieves a CEC efficiency of 96.8% and an overall peak efficiency of 97.4%.

i o
IR

Iy (10A/div) _

I, (10A/div) 9 \-- \ Y
J \/ \/ swain

Figure 2.13: Key converter operational waveforms at 30Vdc input and 225W / 400Vdc output

Table 2.6: BP Solar SX6165N PV Panel Ratings

Element | Value | Element | Value
Ve 442V Ly 4.69A

I 5.1A NOCT 47°C
Vinpp 35.2V
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Figure 2.14: Key converter operational waveforms at 30Vdc input and 67W / 400Vdc output
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Figure 2.15: Experimental voltage transfer ratio vs. duty cycle
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Figure 2.16: Output diode ZCS
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Figure 2.17: Transformer V-I relationship (30Vdc input and 400Vdc/225W output)
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Figure 2.18: Input voltage and current during startup, P & O MPPT, and shutdown using a BP
Solar SX6165N 165W PV panel (112W operating power) (400Vdc output)
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Figure 2.19: Projected power stage efficiency (400Vdc output)
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Figure 2.20: Measured power stage experimental efficiency (400Vdc output)

2.5 Summary

As a solution for providing efficient, distributed PV conversion, an isolated boost
resonant converter has been proposed. The system is a hybrid between a traditional CCM
boost converter and a series resonant half-bridge, employing only two active switches. The
synthesis of the converter was described along with the circuit operating modes and key
waveforms. The design process was then defined, with a focus on the unique combined

resonant and PWM behavior. The result was a simple process, requiring only consideration
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of the resonant period length in selecting a valid converter duty cycle range. Also provided
was a detailed theoretical loss analysis, along with formulas for calculating the rms values of
important waveforms. Finally, the loss and theoretical analysis were verified by the design,
construction, and testing of a 250W experimental prototype. The principle advantages of

utilizing this topology were as follows:

1. High weighted efficiency because of low circulating energy and reduced switching loss

with resonant energy transfer and output diode ZCS.

2. Low potential cost due to minimal number of active devices and a small overall com-

ponent count.

3. Galvanic isolation allows for the use of high efficiency inverter stages without additional

concern over ground leakage current.

4. Reduced control complexity provides lower auxiliary power loss and simpler controller

IC configurations.
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Chapter 3

Hybrid-Frequency Modulation

In the introduction to the previous chapter, the motivation, procedures, and impli-
cations of CEC efficiency were introduced. Though the IBR topology fulfills many of the
requirements for the micro-converter based system architecture, two issues stand out specif-

ically when examining the performance of the converter:

e The operating range of the converter is inversely proportional to the nominal efficiency

e The nominal efficiency is typically less than the efficiency at the high-voltage input

In many cases, extending the input range of a converter requires sacrificing conversion effi-
ciency [51], or else adding a significant number of additional components [31], [52], [53]. With
additional emphasis placed on “weighted” converter efficiency [13], [14] and cost, especially
in photovoltaic (PV) applications, efficient, low-cost enhancements to improve converter ef-
ficiency are desirable. One such method of enhancing converter operation is the selection of
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an appropriate modulation scheme. Basic examples of modulation schemes are well known
in literature, such as traditional pulse-width modulation (PWM) or phase-shift-control, and
have an inherently fixed switching frequency. Other traditional methods have an inherently
variable switching frequency [54], [55], such as constant-on [56], constant-off [57], or hysteretic
control [58], [59]. In these methods, either a portion of the switching interval or bounds on
a control variable are kept constant, while the switching frequency is allowed to vary. Other
more recent adaptations have involved hybrid switching schemes such as PWM plus Phase
Shift (PPS) [60]. Also in literature are hybrid modulation schemes of constant-frequency
and constant-off [61] as well as constant-on and constant-off [62]. In this chapter, a unique
dc-dc converter modulation scheme is proposed for a class of converters that integrate pulse-
width-modulation (PWM) stages into unregulated resonant converters. The resonant stage
provides galvanic isolation with high efficiency, while the PWM stage provides the necessary
regulation. Though the efficiency is good with a narrow input range and fixed frequency
PWM, it is still possible to extend the operating range while maintaining high efficiency.
This new method, a hybrid between constant-on, constant-off, and fixed-frequency modula-
tion, optimizes the converter efficiency at the nominal line input while allowing an extended
input range. Though both this method and the one in [62] share the same root elements, the
base concept, application, and implementation differ significantly. In support of this new
modulation method, a detailed justification is provided based on converter operation and
desired characteristics. A detailed theoretical loss analysis and comparison with traditional

fixed-frequency PWM is also presented. Information on implementation with a digital con-
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trol system is provided along with experimental verification with an 180-W prototype dc-dc

converter.

3.1 Proposed Modulation Scheme

The proposed modulation scheme is developed primarily for circuits that employ this
integration of PWM and resonant conversion, such as the IBR converter. The operating
modes for the IBR converter are re-printed in Fig. 3.1 (a)-(d), corresponding to the the-
oretical waveforms shown in Fig. 3.2. Because )7 and )3 are both MOSFETSs, and are
switched complementary to one another, the input inductor L operates in the continuous
conduction mode (CCM) and never becomes discontinuous. The inductor current increases
linearly during modes 3 and 4, and decreases linearly during modes 1 and 2. The energy
transfer between the combinations of C, C5 and Cj3, Cy is resonant, occurring only during
modes 1 and 3. Though the boost converter is integrated into the resonant circuit, the two
elements are effectively decoupled as long as the resonant modes are allowed to fully com-
plete. Thus the resulting voltage gain is simply the product of a boost converter voltage gain
and the gain of the resonant stage. Since the boost converter always operates under CCM,
its gain is affected only by the duty cycle of ()5. Secondly, because the resonant modes are
allowed to fully complete and the transformer magnetizing current is negligible, the average
secondary current is equal to the average of the primary-side current. The resonant stage

gain is therefore equal to the turns ratio, n, and is independent of duty cycle, switching
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frequency, and power level. However, because the resonant action must be allowed to com-
plete during each half-cycle, the maximum and minimum duty ratio for (), under traditional
PWM control are limited by the length of each resonant period, as shown in (2.4) and (2.5).
The lengths of each resonant period (T,es; and T,.s2) were provided in (2.2) and (2.3). In
order to accommodate a larger duty cycle range, the resonant period length must be reduced
with respect to the overall switching period. With a reduced resonant period, and less of
the conduction period utilized, the peak amplitude of the resonant current must increase
in order to transfer the same amount of power to the output. This results in an increase
in the rms current through all of the devices involved in the resonant operation, and thus
an increase in overall conduction loss. Therefore, having the resonant periods equal to the

switch on and off-times would result in the lowest rms current. The waveforms in Fig 3.2(a)

e 1 L)
> . saK
C, <)

)
(a) Mode 1: ty—t; (b) Mode 2: t;—t,
L Lk 1:n © L ©
||E @) (@)
- C, DA TCa Q| <)
(c)Mode 3: t,—t3 (d) Mode 4: t3—t4

Figure 3.1: Operating modes of the IBR converter

show the resonant operation of the IBR converter operating at 50% duty cycle with an opti-
mized switching frequency. Under this condition, the resonant action occupies the majority

of the switching period, and the peak currents are reduced. Alternatively, Fig. 3.2(b) shows
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Figure 3.2: Theoretical IBR operation at 50% duty with (a) optimized switching frequency and (b)
fixed-frequency (4:1 input ratio)

the converter operating under the fixed-frequency condition with a wide-input range. The
resonant action occupies very little of the switching period, and the peak currents increase
by 150% of their optimized value. Another issue with fixed-frequency operation in the IBR
converter is the management of the core loss in the transformer. In order to accommodate a
wide duty cycle range, the switching frequency must be reduced much below optimum, which
increases the applied volt-seconds, and therefore the ac flux density, at the transformer. Be-
cause the applied volt-second product is increased at 50% duty cycle, the ac flux density is
also increased at the middle of the input voltage range. For a fixed switching frequency, the

peak in ac flux density would coincide with a peak in the transformer core loss. In order
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to overcome the drawbacks to traditional PWM, other modulation methods have been pro-
posed, three of the most popular being constant-on, constant-off, and hysteretic control. For
the IBR, constant-on modulation (demonstrated in Fig. 3.3) provides a selectable minimum
on-time that can ensure ZCS during at least one-half cycle. There is no controllable off-
time, however, therefore ZCS is only guaranteed for the output diode for duty cycles greater
than 50%. Also, constant-on control requires an extremely wide frequency range, with the
maximum frequency occurring only at the minimum input voltage. Similarly, constant-off
control (demonstrated in Fig. 3.4) provides only a selectable off-time, guaranteed ZCS for
only duty cycles less than 50%, with the maximum frequency occurring at the maximum
input voltage. With hysteretic control, there is no minimum on or off-time and no guarantee

of ZCS. 1In order to improve the utilization and efficiency of the IBR converter under a

Constant-On Modulation

Time

Duty Ratio | |

Figure 3.3: Example of constant-on modulation.

wide load range, the designed modulation scheme needs to have a selectable minimum on-
and off-time, guaranteed ZCS across the operating range, narrow operating frequency band,
and maximum frequency occurring at 50% duty cycle so as to minimize the transformer

core loss. The modulation scheme would also need to be compatible with traditional PWM
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Constant-Off Modulation

Time

0 Duty Ratio 1

Figure 3.4: Example of constant-off modulation.
techniques, so that traditional voltage and/or current control could be utilized. Fig. 3.5
shows the control loop block diagram from the previous chapter with the hybrid-frequency
modulator inserted. The normal output of the digital compensator is the only required input
to the hybrid-frequency modulator, and the output works naturally with a PWM compara-
tor that requires both a switching period length and a value for the main switch on-time.

The desired effects can be achieved through a hybrid of fixed-frequency, constant on-, and

T
MPPT |Vref~\Err | pig | D S P ]]
Algorithm Com To ki E
g p. M R

T Vin, lin

Figure 3.5: Example control system block diagram (MPPT dec-dc converter).

constant off-time control as shown in Fig. 3.6. For an operating range between D,;, and
D,ax, the converter operates in constant on-time control for duty ratios less than 50%, and
constant off-time control for duty ratios greater than 50%. This ensures that across the
designed operating range, neither the on or the off time will decrease below a specified min-

imum. The total switching period, defined as the sum of the on and off times, reaches a
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minimum at 50% duty cycle, reducing the ac flux density in the transformer. For duty ratios
outside the desired operating range, the converter operates in fixed-frequency. This prevents

potential saturation of the magnetic components, as well as undesirable acoustic noise. The
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Figure 3.6: Switching period analysis under proposed modulation.

governing equations for this modulation method are straightforward, and provided for the

fixed frequency (3.1)-(3.3), constant-on (3.4)-(3.6), and constant-off (3.7)-(3.9) regions.

Fixed-Frequency, D € [0, Dyin) U [Dmax, 1]

Tsw = Tmax (31)
Ton = D - Thhax (3.2)
Toff = (1 - D)Tmax (3.3)

Constant-On, D € [Dyin, 0.5]
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T,y = T (3.4)

Ton - DminTmax (35)
1-D

Toff = TmaxDmin (T) (36)

Constant-Off, D € [0.5, Dpax]

TmaxDrnin
T = ——— 3.7
D
Ton = TmaxDmin P 3.8
(+25) 539
Toff = TmaxDmin (39)

Unlike many other variable frequency modulation techniques, once the required on-
time and the maximum switching period are determined, each individual duty ratio corre-
sponds to one switching period and on-time combination. This provides the circuit designer
with a great deal of flexibility with implementation, especially when utilizing a modern
microcontroller (MCU) or digital signal processor (DSP) for control. Three options for im-

plementation:

1. Calculate the on-time and period during each switching cycle

e Allows for minimum storage requirements
e Duty cycle precision only restricted by numeric capability and PWM resolution

e Requires a division operator (Not practical on a low-power DSP)
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2. Calculate the required period for each duty cycle and populate a table of the required
switching periods.
e Allows for a small storage requirement (2KB for 0.1% resolution)

e Requires only add, subtract, or multiply during each switching cycle

3. Complete Off-line Computation

e Populate a 2-D table of switching periods and on-times at converter startup
e Additional storage requirement (4KB RAM for 0.1%)

e Requires only array lookup at run-time

For either of the tabular methods, an integer equivalent of the desired duty ratio serves as
the array index for the lookup table. Either of the latter two methods are generally practical
for most low-power MCUs, depending on the speed and general complexity required of the
rest of the control loop. Fig. 3.7 is an example flow chart for populating the lookup table in

an off-line setting.
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Figure 3.7: Hybrid-frequency flow chart for off-line array population

3.2 Analysis and Theoretical Results

In order to support the proceeding theoretical analysis, specifications for a 180-W
IBR converter are provided in Table 3.1, component values in Table 3.2, and semiconductor

data in Table 3.3. With these key characteristics determined, it is possible to estimate the
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Table 3.1: Power Stage Design Parameters for 180-W Prototype

Element Value | Element | Value
Tres1 6.23us Vi 12-48V
Tres2 5.41us Tonax 33.33us
Tonin 13.33us Viout 400V

Din — Diax | 0.2-0.8 P 180W

Table 3.2: Power Stage Element Values for 180-W Prototype

Element | Value | Resistance
L 100p.H 11m$2

Ol, 02 QOLLF 4m¢)

03, C4 200nF 43m¢)
Ly 300nH N/A
Nopri 7 turns 3.5mf)
Nger 46 turns 46m¢f)

Ql, Qg N/A 4.9m¢)

D¢, D, 1.3V N/A

Table 3.3: Semiconductor Data for 180-W Prototype

Element Value
Q1,Q2 | Infineon IPB049NE7TN3
Dy, Dy Vishay HFA04SD60

impact of the hybrid-frequency modulation with respect to traditional PWM. Though many
loss factors are impacted by the change in modulation technique, some deterministic ones
are defined and explained in the proceeding section. One of the most significant loss factors
impacted by the modulation change is the transformer core loss. This value is determined

by the ac flux density, which itself is a product of the applied volt-seconds, and is given in

(3.10) [63).
V <Vout _ ‘/7,77,) . 104
B — nsec npTi T 1
“ 2TswAc‘/out ,[ ] (3 0)
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Figure 3.8: Transformer ac flux density under fixed-frequency operation.

Note that A, is the core area in cm?, while Npri and ng. are the number of primary
and secondary turns. The resulting plot of (3.10) for the analyzed converter under fixed
frequency is shown in Fig. 3.8. Under normal operation V,,; is held constant as Vj, is
allowed to vary. With the ac flux determined at a given operating point, it is possible to
determine the core loss from (3.11) , where fy, is the switching frequency and V. is the
core volume. The exact magnitude of the coefficients k, ¢, and d vary based on material
type and desired units. Example data for Magnetics, Inc. P-Material is provided in Table
3.4 [63]. This implies that increasing the operating frequency in order to reduce the ac flux
density results in a net decrease in core loss. This is also demonstrated in the estimated core
loss comparison provided in Fig. 3.9. As shown in the figure, using the proposed algorithm

reduces the core loss at nominal input by more than 70

Pcore == ‘/corekfswCBacd (311)
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Another significant impact of the proposed hybrid-frequency algorithm is the reduction of

Table 3.4: Magnetics Inc. P-Material Properties 30°C

Element Value
Material P
Temperature 30°C
Volume 2 x 9.44cm?
k 2.86 x 107> W/cm?
c 1.36
d 2.86

Transformer Core Loss (W)

10 20 30 40 50
Input Voltage (V)

Figure 3.9: Theoretical core loss comparison (180W).

overall conduction loss by improving the utilization of the switching period by the resonant
circuit. Because all of the rms values of the device currents depend strongly on the peak
magnitude of the resonant current, the defining equations all contain a dependency on the
ratio of the resonant period and the total switching period. Some examples are the output
diode currents (2.35) and (2.36), the upper high-side capacitor current (2.22), the transformer
primary current (2.14), the upper low-side capacitor (C;) current (2.20). Each of these
equations can be derived by integrating the square of the current and taking the square-root,
as given by the rms definition. Also modeled, but not shown are the MOSFET currents, the
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other resonant capacitor currents, the output diode currents, and the input inductor current.
Note that the inductor and diode currents do not show a strong dependency on frequency, as
their losses are dominated by average rather than rms current values. The conduction loss
at full load as a function of input voltage is given in Fig. 3.10. Because the output rectifier
is a voltage-doubler, each output diode must carry the full output current on average (2.30).
The secondary-side capacitors (Cs and C}) each carry one-half of the diode current during
each resonant period and zero current elsewhere, as reflected in the rms current definition
given in (2.22). The transformer identically carries the sum of the currents in C3 and C,
on the secondary side, with the primary-side magnitude increased by the transformer turns
ratio (2.14). The capacitors on the primary-side each carry a combination of the triangular

inductor current and the resonant current during portions of the cycle, shown in (2.20).
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Figure 3.10: Theoretical total conduction loss comparison (180W).

However, applying hybrid-frequency control does not improve every converter loss
factor. There is a definite trade-off between core and conduction loss, with switching and

other frequency dependent losses, such as diode capacitance loss. The upper and lower
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MOSFET switching losses can be calculated by a method such as (2.28) and (2.29) [42].
Note that because the upper MOSFET (@) achieves ZVS through the natural free-wheeling
of the inductor current, it has less than half of the switching loss of lower MOSFET Q).
A plot of total MOSFET switching loss versus input voltage at full power is provided in
Fig. 3.11. Note that even though the relative increase in switching loss is significant, the
total additional loss is much less than the amount of power saved from either the core or

conduction losses.
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Figure 3.11: Theoretical switching loss (Q1 + @Q2) comparison (180W).

With some of the key loss elements broken down, the overall converter loss at full
load is shown in Fig. 3.12, while the converter efficiency at full load is shown in Fig. 3.13.
From Fig. 3.12 the strong influence of both the conduction loss at low voltage input, as well
as the impact of core loss around the nominal input, may be observed. A theoretical loss

breakdown is provided in Fig. 3.14.

o4



Power Loss (W)

Input Voltage (V)

Figure 3.12: Theoretical power loss comparison (180W).
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Figure 3.13: Theoretical power stage efficiency comparison (180W).
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3.3 Experimental Results

In order to verify the proposed modulation method, the algorithm was programmed
into a prototype IBR converter with specifications as given in the preceding sections. The
algorithm was implemented on a Texas Instruments (TT) TMS320F28026 MCU using a full
switching period and on-time lookup table. Experimental waveforms from the 30V input
condition are shown for both the proposed control method, Fig. 3.15, and the traditional
fixed-frequency method in Fig. 3.16. Experimental waveforms capture for fixed-frequency
and hybrid frequency are also shown at the 20V input (Fig. 3.17 and Fig. 3.18), as well as
40V input (Fig. 3.19 and Fig. 3.20). At the nominal input (30V input), the improvement
of the hybrid-frequency modulation is most pronounced. However, at the other operating
conditions (20V and 40V input), the converter performance is still improved. These wave-
forms match well with the expected behavior from the modulation technique development.
In an attempt to both prove the usefulness of the proposed modulation method and verify
the analysis from the prior section, efficiency tests at full output power and various input
voltage levels were conducted. The measured power loss is provided in Fig. 3.21, and the
measured power stage efficiency is provided in Fig. 3.22. Both Figs. 3.21 and 3.22 show
the influence of the high conduction loss at 12V, as well as the strong impact of core loss
around 30V input. Overall, the results match well with the preceding analysis, except for
some deviation around 12V and 48V input, where the measured loss exceeds the estimate.
As the input current at 12V is quite high, or the applied volt-seconds at the transformer in

the case of 48V input, these errors are likely due to an aggravated parasitic condition.
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Figure 3.15: Experimental waveforms with hybrid-frequency modulation under 30V input, 400V
output, and 180W load conditions.
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Figure 3.16: Experimental waveforms with fixed-frequency modulation under 30V input, 400V
output, and 180W load conditions.
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Figure 3.17: Experimental waveforms with hybrid-frequency modulation under 20V input, 400V
output, and 180W load conditions.
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Figure 3.18: Experimental waveforms with fixed-frequency modulation under 20V input, 400V
output, and 180W load conditions.

Q2 (10V/div) {

]
|

Ipr1 (10A/div) m

VPRI (20V/div) \"‘""‘v \‘"“"'“

O\

<

20us/div

Figure 3.19: Experimental waveforms with hybrid-frequency modulation under 40V input, 400V
output, and 180W load conditions.
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Figure 3.20: Experimental waveforms with fixed-frequency modulation under 40V input, 400V
output, and 180W load conditions.
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Also, a full (10-100%) sweep of the efficiency curve was conducted at the nominal
input voltage of 30V. The results provided in Fig. 3.23 clearly demonstrate the improvement
of the hybrid-frequency algorithm at all points across the output power range. Using the
proposed modulation method a weighted efficiency gain of over 4% (92.6% - 96.7%) was
realized. If considering the converter performance under the California Energy Commission
(CEC) techniques [14], the average weighted efficiency increases from 94.1% to 95.5%. The
efficiency data for the CEC analysis is given in Figs. 3.24 and 3.25. Once again, power

measurements were taken using four Fluke Model 287 digital multimeters.
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Figure 3.24: Experimental efficiency (fixed-frequency)

For the majority of PV systems, such a wide range is unnecessary. Restricting the
range to a more reasonable 25 — 35V allows for increasing the rated power to the original
250W level, the CEC efficiency, with curves shown in Fig. 3.26 rating increases to 97.2%, a

0.4% improvement over the traditional PWM methods.
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Figure 3.25: Experimental efficiency (hybrid-frequency)
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Figure 3.26: Experimental efficiency over full-power (hybrid-frequency)

3.4 Summary

In order to extend the line range of the IBR converter while maintaining high weighted
efficiency, a special hybrid-frequency modulation scheme is proposed. The scheme reduces
core and conduction loss dramatically by decreasing the applied volt-seconds at the trans-

former and improving the switching period utilization. With hybrid-frequency control, the
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circuit also maintains ZCS for the output diodes, minimizes switching loss, and eliminates
circulating energy at the transformer across the entire operating range. It also allows for
a predictable voltage gain dependent only on duty cycle and transformer turns ratio. The
algorithm uses fixed-frequency, constant-on, and constant-off techniques depending only on
the required duty cycle. At extremely high or low duty cycles, the converter operates under
fixed-frequency control to limit the maximum switching period and prevent magnetic satura-
tion. At a duty cycle less than 50%, but above the specified minimum, the converter operates
under constant-on control, ensuring that the resonant period fully completes. Likewise, for
duty cycles greater than 50%, the converter operates under constant-off, ensuring complete
resonance. Under this method, dramatic reductions in transformer core loss and converter
conduction loss are possible for a small increase in switching-related losses. In support of this
algorithm, a theoretical analysis was provided that matches well with experimental data for
the majority of line and load conditions. Implementation of the algorithm is straightforward
on a modern MCU or DSP, with flexibility available to the designer with regard to compu-
tational complexity and data storage. If so desired, all of the necessary computation may be
performed off-line and the modulator becomes a simple look-up operation. Regardless, an
algorithm for either on-line computation of look-up table population was presented, along
with justification for at least three different methods of implementation. Finally, experimen-
tal verification of the efficiency improvements with the proposed modulation method over
the fixed frequency method were also presented. At the nominal voltage, the CEC efficiency

is improved by 4%. With the average of low, nominal, and high input voltage, the CEC
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efficiency is improved by 1.5%. When the power rating is increased to 250-W, the CEC
efficiency is 97.2%. It should be noted that such a significant efficiency improvement was

achieved with no other circuit changes.
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Chapter 4

Capacitor Transient Limited

Soft-Start

The past two chapters have revolved around optimizing converter efficiency in the
presence of technical challenges common to distributed PV systems in a static sense. A
circuit topology and modulation scheme have been developed that are capable of operating
the required system functions, such as MPPT and fault handling. Shifting focus some-
what to a more dynamic problem, this chapter investigates a significant issue in distributed
micro-converter based PV systems known as startup. The centralized inverter, by virtue of
converting dc to ac, injects a significant amount of ripple energy into the PV side of the
system. The magnitude and nature of this ripple energy depends on several factors, such
as the nature of the utility interface (single-phase or three-phase), line frequency, power
level, and modulation index. The only way for the inverter to deal with this ripple energy is
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through increasing the size of the dc-link capacitance, which appears also as a shared output
capacitor from the point-of-view of the micro-converter network. As the size and power
level of the inverter increases, so does this necessary capacitance, to a point where it can be
many times larger than the micro-converter’s nominal on-board output filter. Many of these
inverters, either by topology or control, are inherently unidirectional, meaning that power is
only allowed to flow out to the utility, not in reverse. This implies no “pre-charging” of the
dc-link capacitor is possible, and also implies that all of the initial energy plus the inverter’s
auxiliary losses must be supplied from the PV array through the micro-converters. Thus the
micro-converters must start up with zero output voltage, looking into a capacitive load so
large that it is a virtual short-circuit. This is especially true given that without synchroniza-
tion of micro-converter startup, the first unit on-line will have to drive the entire capacitive
load by itself. Needless to say, such conditions are less than optimal. And many convert-
ers, especially bridge, resonant, or quasi-resonant topologies have defined operating regions
with drastically different behavior if conditions are not optimal, leading to the necessity of
“soft-start” to prevent potential device over-stress or thermal failure. Specifically in dec-dc
converters, there are a number of proposed soft-start schemes, ranging from duty cycle ramps
to dedicated soft-start circuits. In isolated converters, soft-start is further complicated by
the fact that no energy transfer occurs between the primary and secondary sides until the
converter begins switching. Couple this with an unknown, but very large, capacitive load,
and the startup problem becomes quite complex. Though discussion of soft-start is rare,

methods have been presented for bridge topologies, such as high-frequency regulation [64],
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[65], pulse-width control [66], [67], the addition of an external clamp circuit [68], [69], or
the use of an external pre-regulator [70]. A few authors tout the inherent soft-start and
overload behavior of the series or LLC resonant converters as a reason to avoid traditional
soft-start [39], [71], [72]. However, without sufficient large leakage inductance in the trans-
former or significant over-rating of the semiconductor devices, omission of soft-start could
lead to disastrous consequences [73]-[75]. Though there are a number of soft-start tech-
niques available, one cannot blindly apply a method and expect correct behavior. Moreover,
when investigating a new topology, it is prudent to consider the exact nature of its operating
in order to develop an effective soft-start algorithm. The validity of this concept will be
demonstrated through analysis of the Integrated Boost Resonant (IBR) converter, especially
in comparison to its more traditional counterpart, the series or LLC resonant converter.
From that analysis, it is possible to both model the behavior of the converter during the
transient period, as well as determine effective methods implementing startup control. Out
of the fundamental analysis in the proceeding sections, a capacitor transient limited (CTL)
soft-start method is proposed. The method utilizes the high-frequency transient appearing
across the lower primary-side resonant capacitor to indicate an over-current condition during
startup. The sensing circuit schematic and related design procedure are outlined, along with
specific information regarding handling comparator, PWM, and gate drive delay. Limiting
the transient current using this method allows for reliable control without expensive or lossy
isolated sensing. The resulting soft-start mechanism is demonstrated experimentally with

a 250-W IBR prototype over a wide output capacitance range from 2uF - 500uF, under
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operating conditions that would otherwise result in a converter failure.

4.1 Initial Condition Evaluation

In order to determine the appropriate soft-start method, it is critical to determine the
circuit’s initial conditions with both input and load, but without device switching. As an
example, an LLC (or series resonant) half-bridge is shown in Fig. 4.1. Rather than having a
single resonant capacitor on the primary side, it is split into two that are in series from a dc
perspective, but appear in parallel at higher frequencies. Assuming the two capacitors are
equal, potential applied at the input terminals is distributed evenly across both capacitors.
On the other hand, without any secondary voltage initially, the potential across either high-
side capacitor is identically zero, as shown in Fig. 4.2. Once the primary-side MOSFETSs,
()1 and ()2, begin switching, the secondary-side capacitors begin to charge through the
transformer. With no load, the converter reaches an equilibrium where the output is a direct
reflection of the input, shown in Fig. 4.2(b). With load, the equilibrium solution will vary
based on output current, switching frequency, duty ratio, and resonant component values.
During startup, the converter transitions between the initial case and the equilibrium case,
requiring energy transfer from the primary to the secondary side. The rate at which the
circuit approaches equilibrium is directly dependent on the magnitude of energy transferred
through the resonant circuit. For a soft-start, it is desirable to control the rate of change

in the secondary side such that the resonant circuit does not become over-loaded. With
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no resistive load on the secondary-side, the upper capacitors mirror each other, while the
lower capacitors mirror each other. Thus, it is necessary to control the amount of charge
transferred per switching cycle, or the current, flowing out of both the upper capacitor and
the lower capacitor during each half-cycle. This can be accomplished through a variety
of means, such as pulse-width control, high-frequency modulation, or an auxiliary startup

circuit.

Qi Verq A
- Lk In ips - J +

W ||§ | Cs == Vour
LK 3 —
o2 =]+ - +
Qzﬂ Vo=, Ca D, Tl“i'LICLI Vey

— [(‘2 l’[)_? —_

Figure 4.1: Series resonant converter topology
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Figure 4.2: Series resonant converter initial and equilibrium states

On the other hand, consider the IBR converter shown again in Fig. 4.3. This circuit
is a hybrid between the series resonant converter shown previously and a synchronous boost
converter, sharing the two primary-side MOSFETs. Unlike the traditional SRC, the IBR can
be controlled with complementary pulse-width-modulation (PWM). Because of the hybrid
strategy, a dc path is formed between the input source and the lower primary-side capacitor,
which allows the capacitor to charge up to the full input voltage as shown in Fig. 4.4(a).
Consequently, there is zero voltage across the upper primary-side capacitor or either of the
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secondary-side capacitors. Once the primary-side MOSFETSs begin switching, the circuit
transitions to the equilibrium solution shown in Fig. 4.4(b). Notice that the voltage across
the lower primary-side capacitor remains at V;,, while the voltage across C is dependent
on the converter duty cycle, D, which is referenced to ()>. In the same way as the series

resonant converter, the secondary-side capacitors mirror the voltage from the primary-side.
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Figure 4.4: IBR converter initial and equilibrium states

Unlike the traditional series resonant converter, the IBR only has one output capacitor
whose equilibrium voltage is independent of duty cycle. Thus, in order to control the current
in the resonant loop, it is only necessary to regulate the current (or charge) that flows out of
C5. During startup, it is possible to limit the overall peak current in the system by simply
controlling the on-time of the lower switch, without any regard to how long the upper switch
is on. This allows the IBR to eschew more complex startup methods, such as pulse-width or

high-frequency control, in favor of basic duty cycle limitation.

Though the resonant current may be controlled through the lower switch duty cycle,
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selecting the proper duty cycle value for a given instant in time is paramount. One traditional
method to soft-start PWM converters is a time-based ramping limit on the duty cycle. This
is especially effective in systems where the output capacitance and loading is known, and
thus the length of the startup transient. In situations where the output capacitance and
loading is unknown, a blind duty cycle ramp could still result in an overcurrent situation or
a failed startup attempt. Rather than a duty cycle ramp, it is also possible to provide a small,
fixed duty cycle until the converter reaches equilibrium. Afterwards, the duty ratio can be
increased further, up to the desired operating value. However, this method is extremely slow
and still requires secondary-side sensing in order to determine if an equilibrium has been

reached.

Other popular over-current protection schemes involve directly monitoring the peak
current in the transformer. This is often implemented using either a hall-effect sensor, a
current transformer (CT), a current-sense resistor, or a sensor across a floating capacitor [76],
[77]. These methods are often too slow (hall-effect), too costly (CT), or lossy and difficult

to measure (resistor or floating resonant capacitor) to implement in many cases [78], [79].

4.2 IBR Startup Transient Analysis

As it was unwise and inefficient to blindly apply a soft-start control mechanism, so
also the sensing method must be derived from the circuit behavior. For lower switch on-times

less than the resonant period, circuit operating modes are shown in Fig. 4.5 and a timing
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diagram in Fig. 4.6. Note that this set of operating modes assumes a short on-time for @),

which is not the normal operating condition for the IBR.
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Figure 4.5: IBR startup-transient operating modes
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Figure 4.6: IBR startup-transient timing diagram

4.2.1 Mode 1: (Q2 and D, active; ty — t1)

When @); is turned on, Cy begins discharging into the output through Lx and Ds.
This discharge rate is dependent on the voltage difference between Cy and Cy, which is
typically largest in the initial pulses. Separately, the input inductor current, I, increases
linearly, based on the input voltage. This mode ends when (), is turned off. The final current
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in the transformer primary (at time ¢;) in this operating mode, can be written as:

. 1% Ceq . DTy,
ILK pk— — — <VC2 - %) Llj S <m> (41)
4.2.2 Mode 2: (Q1/Dg: and D, active; t; — t2)

When Q2 is turned off, the transformer current free-wheels through the body diode of
Q1 (Dg1), charging C. During this interval, the current in the input inductor also freewheels
through the diode, charging both C; and C} in series. ()1 may then be turned-on under ZVS.
This period ends once the current in Lg decays to zero, and D, is naturally commutated.

The length of this interval is given by the following equation:

The total charge transferred during modes 1 and 2 can be written as:

Q2= — /t2 irk(t)dt (4.3)

to
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4.2.3 Mode 3: (Q; and D; active; ty — t3)

With @, remaining on, the current begins to flow resonantly from Cf, through the
transformer and through the output. The input current continues to charge the series com-
bination of € and (5. This continues until the current in Ly resonates back to zero, and

D, turns off.

4.2.4 Mode 4: (@ active; t3 — t4)

Both secondary-side diodes are off, and the transformer current is zero. The input
current continues to charge C) and Cy linearly until ); is turned off and D¢, is hard-
commutated by ()5 turning on, thus completing the switching cycle. In order to guarantee
zero dc current in the transformer, the amount of charge transferred during modes 1 and
2, must equal the charge transferred to the secondary-side during mode 3 (no charge is
transferred during mode 4). However, because of the voltage doubler configuration, only
half of the total charge is transferred to the output capacitor. Thus, the gain in voltage

for the lower output capacitor C}, and consequently V., over the entire cycle may be

74



approximated as:

Q172 ‘/outhw
AVey ~ — 4.5
o nCo Rload ( )

Some key points to note from this discussion of operating modes:

1. The only time that C} is discharged is when ()- is on, and the charge flowing through

the transformer (and the output) during this interval is entirely from Cs.

2. Because the conduction interval for ) is much longer than (), and a lack of dc bias

on the transformer, the overall peak current is directly controlled by ()

3. The total charge transferred to the output, thus the rms current in the resonant loop,

is directly dependent on the charge delivered from Cs.

Thus, it is possible to control not only the peak current in the transformer (and
resonant loop), but also the total charge transferred to the output simply by controlling the
amount of charge transferred from C5 during Mode 1. From basic physical principles, the

charge leaving (Y is proportional to the voltage drop during that interval.

AQc2 = C2AVi (4.6)

This gives a theoretical basis for a new soft-start method, capacitor transient-limited

(CTL) soft-start.
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4.3 CTL Sensing Circuit and Design Procedure

Two principle issues with regard to implementing CTL startup:

1. Design and implementation of a suitable circuit for sensing the capacitor transient in
the presence of dc voltage, low-frequency oscillation, and high-frequency switch-node

ringing.

2. Selection of an appropriate trip point which limits the resonant current to an acceptable

level during startup. (Covered in the next section)

PWM
C"B ?‘B ARB Control
+ J_ ] +
Vea —I— G, Ra Vsense Vbp TRIP

—-_—

Figure 4.7: CTL sensing circuit diagram

Developing an effective, low-cost sensing circuit for this method is reasonably straight-
forward, a diagram of which is shown in Fig. 4.7. This type of circuit is in some ways
analagous to the lossless current sensing developed for low-voltage de-dc converters [80],
[81]. First, a blocking capacitor, Cpg, is necessary to remove the dc-component, as well as
any low-frequency transients from the sensed signal. The resulting ac transient can be seen
across a load resistance, R4. However, because the measured transient goes below the steady-
state value, the measured voltage across R4 is negative. Thus, the remaining components
are added as a level-shift to bring the signal up to a compatible level for single-supply digital
logic. The reverse blocking diode, Dg, prevents a potential transient voltage from damaging
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the low-voltage signal-processing, and also adds additional level shifting. The logic-level dc
rail is used as a supply to power the reference (often 3.3 or 5V). The comparator may be an
external circuit, or a dedicated portion of the control IC, such as the internal comparator of
a digital signal processor (DSP). The output signal from the comparator goes low when the

capacitor transient drops below the threshold, V},;,, a signal that can be combined with the

PWM output for ()2 using AND logic.

In order to design an effective sensing circuit, the following design procedure is rec-

ommended:

1. Select the resistors R4 and Rp in order to provide sufficient dc-bias such that the
ac-transient is within the operating range of the comparator logic. Also, the resistors
should be small enough that the leakage current of the diode doesn’t have a significant
impact on the measurements (the experimental circuit had a diode bias of 1mA). An

expression for the dc-bias voltage at the positive comparator input is provided in (4.7).
VbpRa + VppRpB

‘/sense = 4.7
Rs+ Rp ( )

2. Select the filter cut-off frequency, by selecting C'g, such that the dc-component and low-
frequency ripple is removed, but the high-frequency transient is not attenuated. The
ac transfer function of the circuit in Fig. 4.7 is given in (4.8), with an angular cut-off
frequency provided in (4.9). In order to sufficiently filter out low-frequency oscillation

with a first-order filter, the authors recommend setting the cut-off frequency at a value
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of 27 fe-

asense _ S/WC (4 8)
Voo S/UJC +1 ’
R4+ Rp
=L = 4.9
“C T RuRpCh (4.9)

Also of concern in some systems is the high-frequency ringing that often accompanies
switching transients. Several options are available to mitigate the effect of switch-node ring-
ing: finding a comparator with a sufficient hysteresis band, low-pass filtering the comparator

output, or adding blanking time in the immediate area around the switching transition.

4.4 Transient Trip Level Selection

Equally significant is the selection of the proper V;,;, level, inorder to limit the reso-
nant current to an acceptable value at startup. Assuming the designed filter doesn’t atten-
uate the capacitor transient, the desired transient limit is merely the difference between the
selected bias level from the previous section and the trip limit, shown in (4.10). Depend-
ing on the voltage across Cy (related to the energy already transferred to the output), this
capacitor transient may be directly related to the peak current seen at the transformer, as
shown in the first term of (4.11). However, the detection system does not react instantly

to a trip event, and has some measureable delay. This delay can be attributed to a number
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of factors: filter phase delay, comparator hysteresis or output delay, PWM logic delay, gate
drive propagation, and MOSFET turn-off delay. In the experimental system, the most sig-
nificant of these was gate-drive propagation delay and MOSFET turn-off delay, resolving to

a delay of at least 200ns in the experimental system.

AVC*Q = ‘/sense - ‘/tm'p (41())

This extra delay results in the actual peak current being larger than the expected
value, represented by the addition of the second term in (4.11). This effect becomes more
prominent with increased input voltage, and must be accounted for in the protection system
design. As another byproduct of the delay, a minimum threshold on the peak current limit is
imposed, restricting the potential effectiveness of the technique. If tight control of the peak
current is desired, this delay should be reduced. By introducing a separately driven turn-off
NPN BJT to the gate of )5, driven with inverted logic, the primary gate driver could be

bypassed, reducing the total delay from 350ns to 220ns in the experimental system.

(4.11)

AVt (Ve =) | (Ve =)
UL pk— = I + T del

For the purposes of design, it is simpler and potentially more relevant to focus on the
overall peak current during the startup transient, rather than at each individual point. The

overall peak current generally occurs at the first gate pulse, when the lower output capacitor
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has zero voltage across it. This simplifies the peak current expression to the value shown in

(4.12).

, [2AVE,CoVin | Vin
i pr—(1) = —%K 224 Etdel (4.12)

In the interest of completeness an expression regarding the deviation of the capacitor
transient from the designed value has been provided in (4.13). Thus, the envelope seen
around the measured vsense can be significantly larger than the expected vy, value, if the

delay is large.

v
ch_ﬂ

tae [ . <
AVoy = AVEy + 2L i — Qtdel (4.13)
Cy Lk

However, though the delay is a negative impact, its effect can be mitigated through
understanding of the delay sources and careful design. A prototype system with has been

developed using this design procedure, and the results are outlined in the proceeding section.

4.5 Experimental Results

In order to demonstrate the effectiveness of the CTL soft-start method, the scheme
was implemented on a 250-W prototype IBR converter. The system parameters for the

prototype are provided in Table 4.1. In order to implement the PWM logic and general
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control laws, a Texas Instruments TI320F28026 micro-controller unit (MCU) was utilized.
The comparator circuit was implemented using one of the dedicated comparator subsections,
which allows the negative input pin to be driven by an internal digital-to-analog converter
(DAC). The output of the comparator is applied to the PWM output signal for the lower
device using the Tripzone subsystem. Once the comparator output goes low (indicating that
the capacitor voltage has dropped below the specified threshold) the command to Qs goes
low while ) is turned-on. The comparator output also triggers a cycle-by-cycle trip event

that holds the gate of )5 low until the next switching cycle begins.

Table 4.1: IBR Prototype Parameters

Parameter | Value | Parameter | Value
Input 20-40V Output 400V
L 100uH C1,Cy 10pF
03, 04 100nF LK 350nH
n 6.67 F,, 70kHz
D 33%-67% Cs 2-500uF

Surrounding the comparator and PWM logic in the MCU is the CTL sensing circuit,

with parameters outlined in Table 4.2.

Table 4.2: CTL Sensing Circuit Parameters

Parameter | Value | Parameter Value
R4 1k€2 Rp 75082
C B 10nF VD B 0.5V
Vbb 3.3V Viense 2.1V
Virip 1.77V we 233krad/s

The true benefit of this scheme, however, is demonstrated by the experimental be-
havior. In order to be effective, the CTL soft-start method needs to well limit the startup
current regardless of input voltage or output capacitance. For the experiment, only a small
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load (< 1% of rated load) was added for safety as a bleeding resistor. For the experiment,
the controller was given a fixed duty cycle command, according to the applied input voltage,
which would produce a 400V output. The converter was then allowed to startup, reaching
steady-state at the desired output voltage with no further commands. If the CTL soft-start
logic was not active, there was a high probability of converter failure. The converter tran-
sient response of one such failed attempt is included in Fig. 4.8. With 30V input and 46uF
output capacitance (similar conditions to Fig. 4.13, the output voltage increased only to

10% of the rated output before the greater than 150A resonant current caused Qo to fail.

ILK (40A/div) =

2ms/div

Figure 4.8: Experimental failed startup (30V input / 46uF output capacitance)

However, the CTL circuit was active to limit the applied duty cycle, and therefore
the resonant current. The experiment was then repeated at three input voltage levels (20V,
30V and 40V), and three output capacitance values (2uF, 46uF and 500uF). In accordance
with the analysis in the previous section, there is a slight variability between the three input
voltage levels, shown in Figs. 4.9, 4.10, and 4.11, due to the impact of ¢4, though the peak
current remains well-regulated. The waveforms match well with the theoretical analysis,

plotted in Fig. 4.12 for reference. On the other hand, the behavior between the three
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capacitance values remains quite consistent, as shown in Figs. 4.11, 4.13, and 4.14, even

though the output capacitance is increased over 250 times the original (on-board) value.

Vsense (IV/diV)

Vout (200V/div)-//—
ILK (40A/div) -Mmm

1ms/div

Figure 4.9: Experimental waveforms (20V input/400V output/ 2uF output capacitance)

Vsense (IV/diV)

Vout (200V/div)
] !
/ !

1

1
ILK (40A/div) —Mﬁm

i
1ms/div }

Figure 4.10: Experimental waveforms (30V input/400V output/ 2uF output capacitance)

Vsense (IV/diV)

Vout (200V/div)

ILK (40A/div) *

1ms/div

Figure 4.11: Experimental waveforms (40V input/400V output/ 2uF output capacitance)
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Figure 4.12: Theoretical negative peak current in the transformer

Vsense (IV/diV)

Vout (200V/div)

ILK (40A/div) *

20ms/div

Figure 4.13: Experimental waveforms (40V input/400V output/ 46uF output capacitance)

Vsense (1V/div)

Vout (200V/div)

ILK (40A/div) °

200ms/div

T

Figure 4.14: Experimental waveforms (40V input/400V output/ 500uF output capacitance)
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4.6 Summary

When regulating the rate of change between the initial and equilibrium states in the
IBR converter, it is necessary to implement a soft-start mechanism in order to avoid a po-
tential over-stress or thermal failure situation. Unlike the traditional series resonant or LLC
converters, the IBR doesn’t require a special soft-start mechanism, such as high-frequency or
pulse-width control, because only one output capacitor has an equilibrium voltage value that
is independent of duty cycle. This allows for converter startup under traditional duty cycle
control. When selecting the appropriate duty cycle, however, the proposed CTL soft-start
method has nearly zero loss and is extremely low-cost compared to other traditional meth-
ods. The CTL method can handle a wide range of input or output conditions, including a
250x increase in output capacitance. Implementation of the CTL circuit is straightforward,
requiring only a small, blocking capacitor, two resistors, a protection diode and a comparator
(which may be integrated into the control IC). The CTL method regulates the resonant cur-
rent by limiting the high-frequency transient across the lower primary-side capacitor, turning
off ()5 early if the situation requires it. Design procedures for both the sensing circuit and
the trip level were outlined, taking into account the intrinsic delay of the semiconductor

components.

Finally, the effectiveness of the circuit was demonstrated by implementation on a
250-W prototype IBR converter. Detailed system and circuit parameters were provided,

along with a description of the implementation on a TI MCU. Experimental waveforms
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demonstrating a consistent response across both input voltage and output load conditions

were shown, verifying the efficacy of the proposed method.
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Chapter 5

Model-Driven Optimization of MPPT

Efficiency

Though many criteria may be established for evaluating PV PCS, the entire problem
can be quickly boiled down to one quantity, kilowatt-hours (kWh). How much energy is
finally output to the utility, given array and weather conditions, is truly the most critical
value to the equipment owner. Because this criteria is extremely difficult to compare and
make relative evaluations in-system, other criteria is often substituted, such as CEC efficiency
of PCS equipment. In isolation, such substitutions have wildly varying accuracy with regard
to predicting relative energy harvest. The PCS efficiency only measures how much energy
the PCS loses internally to the converter, but it gives no indication of the capability of the
converter at extracting energy from the actual PV panel. As mentioned previously, extracting

the maximum available energy from a PV panel requires the ability to accurately locate the
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maximum power point. Efforts to quantify this capability have established a quantity known
as MPPT efficiency [82] to represent the steady-state accuracy of the MPPT algorithm.
Others argue that because the actual MPP is significantly dynamic, this measurement should
be augmented with efforts to evaluate dynamic MPPT ability [83], especially in the presence
of noise [84]. Whether or not this characterization is helpful, a potentially more critical
question in many cases is the evaluation of the ability of the converter to maintain operation
at the MPP once it is located. Even if the MPP is established, ripple in the panel voltage or
current will carry the panel operating point away from the established optimum. Regardless
of the frequency of this ripple, the average displacement from the PV MPP results in a
net reduction in the harvested energy. If the ripple is large enough, this can result in
a significant decrease in PV power. There are three primary contributors to PV ripple:
converter or inverter switching ripple, maximum power point tracking (MPPT) ripple, and
double line-frequency ripple in grid-connected systems [85]. Before [86] and [87], authors
considered only one ripple source, at the exclusion of all others, and had yet to produce a
model to assess the impact of ripple sources operating simultaneously. In [88] the authors
work to verify an approximate PV model in a more formalized method than in [89], testing

the model at several frequencies, but do not demonstrate model validity with simultaneous

ripple.

More important than the specific model chosen is the ability to make appropriate
design decisions for PCS equipment. These decisions are best informed by specific insight

offered by PV modeling. These design decisions include passive component selection, the
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quality of sensing and filter circuits, as well as control system complexity and performance.
Rather than being superfluous portions of the design sequence, these types of decisions have
a direct impact on the energy harvesting capability of the PCS. This chapter is an attempt
to consolidate existing treatments of PV ripple related issues and direct the analysis in a

direction consistent with the preceding micro-converter discussion.

5.1 PV Modeling Extension

The variety of PV models available in literature is astounding, and it ranges from
the alarmingly simple to the outrageously complex. By far the most popular PV model
involves a single current source in parallel with a diode, as well as a parasitic series and
shunt resistance, as shown in Fig. 5.1. The nonlinearity of the junction diode makes the
PV cell remarkably difficult to analyze, especially with traditional tools for linear system
analysis. Some efforts to model ripple-related losses have attempted to utilize the non-linear
model [90] with certain simplifying assumptions, such as neglecting the series resistance.
Specifically in [91], the authors solution is a series of Bessel functions which can become quite
cumbersome. A more reasonable solution is presented in [19], where the authors attempt to
model the PV cell as a quadratic function of the cell voltage. This approach is confirmed by
the authors of [88], who use a Taylor series expansion of the ideal PV equation to generate a
quadratic function with alternate definitions for the coefficients. The quadratic model shows

good correlation to the non-linear model within the neighborhood of the MPP, with the
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size of the neighborhood depending dramatically on the sharpness of the knee of the power
curve [89]. For a tested mono-crystalline silicon PV panel, the authors report high model
accuracy within 3V of the MPP (or 10% of the MPP voltage). When estimating the ripple-
related power loss, however, the authors of [19], [89] limit their analysis to injected ripple of
a single frequency, their intention being to model the loss due to double-line frequency ripple
only. In order to assess the combined losses due to multiple ripple sources, an extension to
their analysis is necessary. Beginning with analysis similar to [89], the PV output current
can be written as a function of PV terminal voltage in the form of (5.1), where «, 3, and
~ are constants determined either analytically or through fitting the PV panel I-V curve at
the MPP. The methods required to extend this analysis to multiple frequencies is explained

in detail in Appendix A., with the resultant expression shown in (5.2).

RN

Figure 5.1: PV cell equivalent circuit

Ipy = aVi, + BVpy + 7, [A] (5.1)

Prvasy = Prpy + (304Vmpp + ﬁ) (Z v, ) (5.2)

The result in (5.2) implies that the actual frequencies of the ripple sources are largely

immaterial to the overall PV power loss. The important quantities are merely the PV
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voltage-current characteristics (specifically a and ) as well as the square of the amplitude of
each ripple frequency, regardless of the source. The Canadian Solar CS6P series (a common
residential level panel at the time of this writing) will be used as a baseline case for the
analysis in this chapter. The CS6P is rated at roughly 250W output at 1000W/m?, and
has I-V characteristics as shown in Fig. 5.2 and a power curve shown in Fig. 5.3. For this
analysis, the quadratic curve fit was carried out in a neighborhood of £2V of the MPP, as

shown in Fig. 5.4, with the results summarized in Table 5.1.
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Figure 5.2: Canadian Solar CS6P I-V curve
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Figure 5.3: Canadian Solar CS6P power-voltage curve
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Figure 5.4: Canadian Solar CS6P quadratic curve fit

Table 5.1: CS6P Model Data

Irradiance | Alpha | Beta | Gamma | V? (13,ppr=99.8%)
1000\7\7/1&12 -0.0728 | 4.085 -48.76 0.4044
80()VV/I’H2 -0.0593 | 3.345 -40.35 0.4336
600\7\7/m2 -0.0403 | 2.263 -26.67 0.4712
400W/m2 -0.0301 | 1.691 -20.36 0.4505

Though the term’s history is complex and it’s uses are multiple, it makes sense to
adopt the term MPPT efficiency (nyppr) to refer simply to the amount of power extracted
from the PV panel versus the total power available at the MPP. Based on the PV model
in (5.2), the MPPT efficiency is directly dependent on the sum of the squares of the ripple

magnitudes, as illustrated directly in (5.3).

<3aw2pp+ﬂ> <:°1 VnQ)

nvppr =1+ Iz

mpp

(5.3)

For a given panel, this creates a “ripple budget” of sorts if a given MPPT efficiency

is to be maintained. The amount of ripple allowed depends on the “softness” of the knee
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around the MPP. For the CS6P, as the irradiance is decreased the knee becomes softer,
allowing for more ripple voltage without significant reduction in 1y ppr. This places the
emphasis for design on the high power (1000W/m?) conditions as the limiting case. Ripple
budgets based on irradiance for a 99.8% ny,ppr are provided in the last column of Table 5.1.
In the proceeding sections the focus will be on estimating and designing around the three

major ripple sources while attempting to distribute the ripple budget between them.

5.2 Micro-Converter Switching Ripple

With any switch-mode power converter, there is a switching node which oscillates
between two voltage levels. In a boost-type converter, these values are ground (zero potential)
and the output level (V,,;). In the case of the IBR the effective V,,; is reduced by the
transformer turns ratio and is referred subsequently at V;,,. Because the two transistors in
the IBR are complimentary-controlled, the waveform depends also on the duty ratio, D, of
the lower switch. From an ac perspective, this ripple is then filtered by the input inductor,
L, and the input capacitor, C;,, determining the switching ripple that propagates to the PV
terminals and thus effects the panel output. In order to determine the frequency content
in the switching node voltage, the definition of a Fourier series [92], is given in (5.4) with

coeflicients as in (5.5).

v () = Y Ayt (5.4)

n=—oo
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T.

a1 [ ey (5.5)
"o Tsw _Tsw/2 USU} ¢ h .

Specifically in a boost converter, the switch-node voltage can be described piece-wise linearly

in the time domain as in (5.6).

‘/bus ’t| < (1*D2)Tsw

Vs (1) = (5.6)

—-D sSw sw

0 UDw ) < Low

This reduces the integral in (5.5) to the form in (5.7).
v (1—D)Tsw
_ Vbus 2 —jn25 ¢

An = Tow /_U‘Dz)Tsw ¢ Tedl (5:7)

Evaluating the integral with trigonometric substitution leads to the result in (5.8):

A, = (%> sin (n7 (1 — D)) (5.8)

™

Obviously, the dc term must be defined separately (to avoid dividing by zero), and is given
in (5.9)

Ap = Vius (1 = D) (5.9)
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Note that the Fourier series is defined over both positive and negative harmonics of T,

which add constructively reducing the series definition to (5.10):

2

‘/;w(t):%us(l_D)‘f’i

n=1

Vf;:s sin (n7 (1 — D)) cos (%”t) (5.10)

n sw

The input inductor and capacitor form an LC-filter between the switch-node and the PV
terminal, allowing the magnitude of the ripple at each frequency to be expressed as a simple

voltage divider, leading to the result in (5.11).

Vin (8) = (—Lom(‘;s;n(;zw)z + 1>

(5.11)

Combining the definition of the switch-node voltage with the filtering effects of the input
inductor and capacitor, the sum of the squares of the harmonic voltages can be written as

in (5.12), giving the required input for estimating the MPPT efficiency.

[e.e]

2502
ZVINQ _ Z 24 : Vs sin® (nm (1 — D)Z (5.12)
o TN (1 — LC’m(Qansw)z)

Many of the variables in (5.12) are not changeable at this phase of the design procedure
and are subject to other design parameters previously defined. The only degree of freedom
available typically is the sizing of the input capacitor (C;,). For the converter in Chapter 1,
a plot showing >~ V72, versus Cy, is given in Fig. 5.5. From this plot, for example, it can be

determined that 5uF establishes the square of the switching ripple at or below 0.13V?, or
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below one-third of the ripple budget at full power.

10
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Figure 5.5: Required input capacitance for IBR

If other panel types and sizes are anticipated for the designed micro-converter, requir-
ing that the voltage range be extended, the hybrid-frequency modulation from Chapter 2
can have an impact on the perceived switching ripple. Maintaining the same ripple threshold

across the operating range could require additional input capacitance, as shown in Fig. 5.6.
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Figure 5.6: Required input capacitance for IBR with HF modulation
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5.3 MPPT Ripple Evaluation

MPPT is quite possibly the most discussed and least agreed upon issue in dealing
with PV systems and their operation. Techniques range wildly in their approach, complexity,
accuracy, and dynamic characteristics. Perhaps the most simplistic of all is constant voltage
control [82], which has little or no dynamic issues, but struggles with accuracy, in that the
MPP is rarely, if ever, at the voltage (or current) set-point. Another popular option is Ripple
Correlation Control (RCC) [93]-[97], which uses a kind of hysteretic non-linear control to
determine the operating point. The correlation is based on the inherent switching ripple of
the converter, eliminating the need for perturbing the PV voltage. Implementation of this

method is complex, however, and highly susceptible to external noise (such as line-frequency
ripple).

Though more complex MPPT methods exist, by far the most popular methods are
perturbation-based, where one or more of the system variables are intentionally varied so
that the localized slope of the PV current-voltage curve may be determined. In this cate-
gory belong the traditional methods of perturb-and-observe (P&0O), incremental conduction
(IncCond), as well as their associated variants [98]-[102]. Traditional P&O and IncCond
involves altering the duty cycle of the converter or inverter and observing the related change
in input (some combination of voltage, current, conductance, or power) and determining
the next duty cycle command based on those results. This evaluation is conducted on some

predetermined interval, with the magnitude of the step change either permanently fixed or
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variable based on the rate of change. Ideally, a variable-step MPPT algorithm selects a
step size proportional to the change in power or conductance, and is therefore taking very
small steps at or around the MPP (where these incremental changes are also small) and has
negligible steady-state ripple. The fixed-step version, however, will settle out to a repeating
waveform of fixed-amplitude. The most commonly observed is a three-step waveform, with
one step above the MPP, one step at or near the MPP, and one step below the MPP. Though
the traditional waveform would resolve to steps in converter duty cycle, for reasons explained
in the next section, this control technique can be added to the input voltage control shown
in Chapter 2. This results in a steady-state oscillation in PV voltage, rather than converter

duty cycle, as shown in Fig. 5.7. Just as the switching ripple effected the PV panel out-

+V

step

mpp

step

Figure 5.7: MPPT P&O steady-state ripple

put power, this steady-state MPPT ripple also has an impact. This three-level step can be
decomposed into two square waves which have opposite sign and a phase difference of 90
degrees. The integral form of the Fourier coefficients for one of the square waves may be

written as in (5.13), simplified as in (5.14), and applied to form a time-domain expression

as in (5.15).
1R -
A, = — Vigepe 7"0d6 (5.13)
2m _7T/2
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A, = Loer i (”l) (5.14)

™m 2
Vtrack () = Y At (1 —"2) (5.15)

Similarly to the result from the previous section, the positive and negative frequency terms

add constructively, so vy may be simplified to only positive frequency terms:
Virack (t) = i 24,6t (1 — "2) (5.16)
With some trigonometric simplification, the complex exponential terms simplify to:
() = Y- 240/ Beos (ot + T V2) .17
n=1

Because of the form of A, the even harmonics of vy, are identically zero, leaving the final

expression:

> 2\/_ T (n—1)
step
Utrack Z ( 9 ) COS (nwmt + Z(—l) 2 > (518)

n=1,3,5...

For the analysis in the previous sections, we are interested in the summation of the square

of each of the harmonic magnitudes:

8
ZVTRK2= Z W‘/stepQ (5.19)

n=1,3,5...
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This summation can be rewritten to include both odd and even terms (the even terms are

Z€ero):

o)

it = Y- v () (520)

n=1

This can be expanded into a difference of two summations:

Wiy [v= 1 = (—1)"
ZVTRKQZ 7;21) (Zﬁ_ (n2)> (5.21)

The first summation term is a convergent p-series, while the second is a convergent alternat-

ing series. These two converge to known values:

4‘/5 . 2 2 _ 2
Z Vigy? = —5F (W— - i) (5.22)

Thus, the series summation converges to a final value of:

Z VTRK2 = ‘/stepQ (523)

This is a simple result, which also has interesting implications. The steady-state power loss
related to MPPT ripple is solely dependent on the size of the voltage step required, not the
frequency of the step. This places a premium on sensor accuracy and noise immunity, but
not on MPPT bandwidth. For the CS6P baseline case, the step size must be limited to

0.36V in order for the MPPT ripple to occupy one-third of the ripple budget.
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5.4 Line Frequency Ripple Reduction

The last, but certainly not the least important, of the three primary ripple sources
is the double line frequency ripple propagating from the dc-ac inverter. From the utility
perspective, the inverter output is considered to be constant if it does not vary from cycle
to cycle. However, from the viewpoint of any dc system component, a constant inverter
output is anything but. In order to deliver unity power factor, the inverter’s output current
must increase and decrease completely in phase with the grid voltage. Power being the
instantaneous product of grid current and voltage, the inverter delivers full instantaneous
power at the positive or negative peak of the grid voltage, and zero power when the grid
voltage reaches a zero crossing. Thus, the instantaneous output power from the inverter
moves from zero to full power at a rate of twice per line cycle (or 120Hz in US systems).
This power ripple produces an energy ripple at the dc link capacitor, which corresponds to
a ripple in the dc bus voltage. This ripple, if untreated, can propagate through the dc-dc
micro-converter and onto the PV terminals, as shown in Fig. 5.8. Identifying the magnitude

of the ripple is a straightforward process as follows. Assume grid current and voltage with

va R V‘Wg-%-

~L ‘l’ DC+

@ DC-DC J_ DC-AC Utilit
Converter _l_ Inverter d
DC-

Figure 5.8: Double-line-frequency ripple propagation
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an arbitrary current phase angle 6.

Vgrid (t) = Vi cos (wt) (5.24)

igria (t) = I, cos (wt + @) (5.25)

The power transferred from the de-bus can be expressed as (5.26).

Dous (1) = Vgria (t) igria (t) = Vin Ly, cos (wt) cos (wt + ¢) (5.26)

Which may be resolved into a dc component and a double-line frequency ac component:

Vindm Vindm
cos (9) +

Dous (1) = cos (2wt + ¢) (5.27)

Note that the magnitude of the double-line component depends only on the apparent power,
while the dc component is equivalent to the real-power output only. Considering only the
double-line (2w) frequency portion, the amount of energy in the ripple can be written as in

(5.28).

71'/2

o+
Vinlm %

AE = —— cos (2wt + ¢) dt (5.28)
2 Jop,
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Utilizing a change of variables, the integral can be evaluated as in (5.29), and with the

expansion in (5.30), the ripple amplitude (AV) can be written as (5.31).

Vidm . Ly Vil 1
AE = ™ (sin (u) du)|, 2 = 1 501; (Vinax™ — Vinin®) (529)
‘/max2 - Vmin2 - (Vmax + Vmin) (Vmax - Vmin) - Q%UQAV (530)
Vil
AV = & m 5.31
4&)0},%1)9 ( )

For analytical purposes, the ripple at the dc-link can be normalized to the average dc voltage

to determine a percent ripple (%7pys ).

AV Vil
‘/avg B 4&)01,‘/:1@92

%Tbus = (532)

From this analysis, the contributing factors to this dc-link ripple quickly stand out. Obvi-
ously, as the apparent power (V,,,1,,,) or the modulation index (V},/V4.,) increases, so does
the ripple voltage. The inverter has no control over this ripple if a good power factor or low
output distortion is desired. The only mechanism to reduce the ripple voltage is to increase
the bulk capacitance [103], a method that generally results in lower expected lifetime and
higher cost. As long as the inverter can operate successfully with elevated ripple, a high
ripple condition is not a problem per se. It only becomes an issue if the ripple is able to
propagate to the PV terminals. Preventing this from occurring has been the motivation for

some unique research, such as a method for shunting the ripple to a separate ac-link [104],
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[105] or adjustments to traditional P&O methods in order to compensate for current vari-
ation [106]. However, a much simpler solution to the line-frequency ripple problem may be
available. The effect that ac variations in the input supply have on the converter’s output (of-
ten referred to as audio susceptibility) has been developed and researched for some time [42].
However, as there is an input-to-output relationship for a switch-mode converter, there is
also an output-to-input relationship (hereby referred to as grid susceptibility). This issue is
often ignored in a point-of-load scenario because the input supply is much less important to
the circuit designer than the power quality at the load. As demonstrated in the preceding
sections, however, quite the opposite is true for a micro-converter application. Much like
audio susceptibility, grid susceptibility of the boost converter (G,,) can be determined from

the same approach as outlined in Chapter 2, and is shown in (5.33).

0; 1-D 1
G = — = 5.33
< n ) LC;,s* + %s +1 ( )

As an aside, at this juncture it is relevant to point out a serious weakness in the duty-cycle
based MPPT methods (such as the original P&O or IncCond). By definition, the percent

ripple in either one of the voltages (V;, or V,.) is equal to (5.34).

Jory = % (5.34)
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To aid in comparison, a metric known as a ripple ratio can be defined as (5.35)

%Tv.
= 5.35
" %Tvout ( )
With traditional MPPT (i.e. limited or low frequency feedback)
V;mt
= —L G 5.36
=T (5.36)

Because the converter dynamics are typically at a much higher frequency that 120Hz, G,

can be approximated:

. R = 5.37
: n ‘/out ( )

Thus, with this traditional control technique,

r.=1 (5.38)

Which indicates that there is little or no reduction in the percent ripple at the PV input with
these traditional methods, and the dc-dc converter provides little or no benefit in dealing
with dc-link ripple. However, using input-voltage control, combined with MPPT techniques
provides a way to decrease (improve) the ripple ratio without sacrificing the tracking behavior
or artificially increasing the input capacitance. A block diagram demonstrating the control
system network is provided in Fig. 5.9. The closed-loop path that includes the compensator

gain, H.omp, and the duty-to-input plant function (G,4) forms the control system described in
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Chapter 2. Variations in the output propagate naturally through the aforementioned output-
to-input function (G,,). With the feedback system in place, closed-loop grid susceptibility
can be written as (5.39). However, because the denominators (or characteristic polynomials)

of Gy, and Gq are identical, (5.39) may be re-written as (5.40).

P
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Figure 5.9: Grid susceptibility closed-loop diagram
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(5.39)

(1-D)
P(S) + ‘/outHcomp

Goo_cr = (5.40)

Because the converter dynamics, once again, are at a much higher frequency than the double-
line frequency, P(s) is unity over the region of interest, reducing the closed-loop G,,_cr to
(5.41), with the compensator gain evaluated at the double-line frequency (2w)

(1-D)
1 + ‘/;J’I.Lt Hcomp { 2w

GUv—CL|2w = (541)

Using the ripple-ratio quantity, the ripple rejection ability of the dc-dc micro-converter can

be established:

1
T (Haomp,) |

(5.42)

Ty
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Combining the analysis from this section, the double-line-frequency ripple that reaches
the PV terminals can be written as in (5.43). From this expression, it is evident that part
of the double-line-frequency ripple depends on the inverter and the other on the micro-
converter’s controller. If the inverter is designed for a given percent ripple at full-power (Eg.
10%), the required compensator gain at 120Hz can be plotted as a function of irradiance, as
shown in Fig. 5.10. In order to occupy one-third of the ripple budget, the compensator gain

must be approximately 0.14 (or -17dB) at 120Hz.

Vi I Vi
VprLr = . - mVMPP (5.43)
4wcb%us (1 + buancomp|2w>
10
. 1
2
© 0.1
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2 001 T e BOOWTY? .y
=
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0.0001 l |
0.01 0.1 1

Compensator Gain at 120Hz

Figure 5.10: Required 120Hz compensator gain with inverter designed for 10% maximum ripple
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5.5 Simulation and Experimental Results

With the theoretical analysis put forward, attempting at least a partial verification
through simulation is beneficial. Beginning with the line-frequency ripple problem, an ex-
ample micro-converter and inverter system can be constructed in order to evaluate the line-
frequency related behavior. For the micro-converter portion, specifications similar to the
previous chapters would be prudent. The inverter, in order to simplify the simulation, may
be scaled down in power to be a one-to-one match with the micro-converter. The resulting
system specifications are summarized in Table 5.2. Without input voltage control on the
micro-converter, the ripple voltage on the dc-link capacitor propagates unrestricted to the
PV terminals, as shown in Fig. 5.11. Using input voltage control in lieu of traditional P&O
or IncCond allows for a reduction in the PV terminal ripple without increasing the size of
the filter capacitors. The example in Fig. 5.12 shows a nearly 10x reduction in converter
ripple from the dc-link value. The plots in Figs. 5.11 and 5.12 are normalized to the input or
output dc voltage values for ease of comparison. Though the dc-link ripple in the Figs. ap-
pears to be entirely at 2w (120Hz), harmonics of that ripple frequency are also present in the
waveform. When the fundamental frequency is rejected by the compensator loop, the higher
frequency terms remain in the PV voltage ripple, leading to the slightly distorted waveform
in Fig. 5.12. Improvements in inverter control can mitigate the presence of these harmonics
without impacting the normal power flow. As discussed in the previous section, the con-
troller gain at 120Hz directly effects the ripple ratio. As the gain increases, the ripple ratio

decreases, indicating reduced ripple at the PV terminals. This impact can be shown both

108



Table 5.2: Ripple Rejection Simulation Data

Element Value Element Value
v 30V Vout 400V
Ci 10pF Chus 20uF
n 6.67 Heompl,, 0.144
P 250W F, 60k H z
Th. DC Bus Ripple | 10.1% | Sim. DC Bus Ripple | 9.89%
Th. PV Ripple 1.17% Sim. PV Ripple 1.08%
PV Termiml Ripple - :DC-Link Ripple -
10% BT S CRY T
2 59 SR B3 NN
R=" : : :
= N B N B
§ 0
) ) ) A
GRN 178 TR (RY [RERE o KR B
wih NNV
05 10 15 20 25 30 35 40
Time (ms)

Figure 5.11: PV terminal ripple without input voltage control
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Figure 5.12: PV terminal ripple with input voltage control
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analytically (as in the previous section), or through simulation, with excellent agreement

evidenced in Fig. 5.13. A unique result was also provided for calculating the cumulative

0.6
0.5

=¢==Theoretical

e
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=l Simulatec

Ripple Ratio
e = @
— o W

=]

0 0.05 0.1 0.15 0.2
Compensator Gain at 120Hz

Figure 5.13: Comparison of micro-converter ripple ratio vs. compensator gain

impact of the MPPT steady-state ripple. As stated previously, the sum of the squares of
the MPPT ripple harmonics identically add to be equal to the square of the MPPT step
size. For a step size of unity, the square of the MPPT harmonic spectrum is given in Fig.
5.14. Regardless of amplitude or frequency, the first through the ninth harmonics account for

nearly 96% of the harmonic content in the steady-state MPPT ripple. With the individual

o
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o
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Harmonic Number

Figure 5.14: Harmonic spectrum of MPPT ripple (step magnitude = 1V)

ripple sources analyzed, it is possible to evaluate the combined effects on the PV model.
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Test cases for this is summarized in Table 5.3, with simulation results plotted for nyppr =
99.6% in Figs. 5.15 and 5.16. Figs. 5.17 and 5.18 show the aggregate of the three principle
ripple sources with expected MPPT efficiency of 99.9%. The instantaneous power harvested
varies significantly, with the average output power being somewhat less than the maximum,

and in good correlation with the preceding analysis.

Table 5.3: Aggregate Ripple Simulation Data

Designed 71y/ppr 99.9% | 99.8% | 99.6%
Ripple Budget (V?) 0.2021 | 0.4042 | 0.8083
Max. Ripple Per Source (V) | 0.2595 | 0.3670 | 0.5191
Simulated Power Output (W) | 248.10 | 247.85 | 247.60
Simulated ny ppr 0.99905 | 0.99804 | 0.99604
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Figure 5.15: Simulated PV voltage ripple at nyppr = 99.6%
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Figure 5.16: Simulated PV power ripple at nyppr = 99.6%
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Figure 5.17: Simulated PV voltage ripple at nyppr = 99.9%
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Figure 5.18: Simulated PV power ripple at nyppr = 99.9%
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The preceding simulation results may also be verified through experiment. Utilizing
an small inverter circuit to process the extracted power, the ripple rejection and aggregate
ripple conditions were investigated. The experimental ripple rejection ratio is compared
against the theoretical analysis in Fig. 5.19, along with experimental waveforms showing

the input ripple without input voltage control (Fig 5.20) and with input voltage control (Fig

5.21).
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Figure 5.19: Experimental ripple ratio compared to theoretical analysis
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Figure 5.20: Experimental ripple without input voltage control
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Figure 5.21: Experimental ripple with input voltage control (Hcomp = 0.1273)

Likewise, the degradation of the power output with respect to voltage ripple can
also be investigated experimentally. A test case for the inverter system operating with the
Canadian Solar CS6P is summarized in Table 5.4, with ripple voltage and power waveforms
shown in Figs. 5.22 and 5.23. The results suffer from a reasonable amount of error, due to
very slight variations in the MPP voltage and available power even within a small sampling

window on an extremely clear day.

Table 5.4: Aggregate Ripple Experimental Data

Element Value Element Value
Cell Temp. 35°C Sw. Ripple 0.3V
Alpha -0.0821 | MPPT Step | 0.35V
Beta 4.426 | DLF Ripple | 0.2V
Max. Power | 248.8W | Avg. Power | 248.3W
Th. nvpPPT 9986% EXp. NvpPPT 9980%
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Figure 5.22: Aggregate experimental voltage ripple
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Figure 5.23: Aggregate experimental power ripple

5.6 Summary

Though several authors have attempted to evaluate the impact of disturbing ripple
on PV performance, the extension to full-scale systems has been somewhat tenuous. This
chapter established a link between PV modeling and PCS design, which allowed for appro-
priate system development. The converter’s MPPT efficiency was defined as the amount

of energy harvested from the PV panel as compared to the maximum power available at
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that point. This established a ripple “budget” for steady-state disturbances. The three
forms of PV ripple—PCS switching, MPPT steady-state, and double line-frequency ripple—
were evaluated against the PV model. Manipulation of the ripple magnitudes was possible
through increasing the input capacitance to prevent switching noise, selecting appropriate
sensing and conditioning to reduce MPPT step size, and adding input voltage control with
high-compensator gain to reject double-line-frequency ripple. Rejection of the double-line
frequency ripple, as well as the general degradation of PV output power were demonstrated
through both simulation and experiment. The end result of this section was a unified analysis
of PV ripple, suitable for the converter design process, along with suggestions for improving

the MPPT efficiency of the micro-converter system.
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Chapter 6

The ZVS Integrated Boost Resonant

Converter

The previous chapters have worked along the four major focus areas outlined in the
introduction: topology, modulation/control, transient protection, and steady-state optimiza-
tion. The vertically-integrated approach allowed insight into the proper structure of design
and allowed informed decision-making under each category. As this procedure has come full
circle, the original decisions that defined this approach can be revisited. If improvements
can be made to advance the lowest level component, this vertical process can begin again.
With forward progress, this circular momentum forms a helix of continuous design improve-
ment. The aim of this chapter is to demonstrate this sort of process through advancements

in topology, allowing the other design categories to adjust accordingly.
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As discussed earlier, efficiency of the PCS equipment is a key motivator in new de-
signs. However, both size and cost are also major factors, which often run in opposition
to higher efficiency. At the heart of this conflict lies the converter switching frequency.
As the switching frequency is increased, the required value of passive components, such as
the input inductor, resonant capacitors, and the isolation transformer, can be significantly
reduced. This generally results in large size and cost savings in both components and pack-
aging material. However, with this frequency increase, the main device switching loss, a
major component of the recorded loss in Chapter 2, also increases. This reduces the over-
all efficiency as a result. Therefore, a successful design of an IBR-based micro-converter
hinges upon a balancing of size, weight, and cost in the selection of an appropriate switching

frequency.

This balancing act, however, would change significantly if the impact of the switching
frequency on the overall efficiency were lessened, indicative of a so-called soft-switching
condition. In the case of a MOSFET switch, soft-switching is typically understood as the
removal of the device blocking voltage (and resulting output charge) prior to device turn-
on, a process known as zero-voltage-switching (ZVS) [107]-[109]. ZVS can be considered as
the opposing condition to zero-current-switching (ZCS) which typically occurs at the device
turn-off event. In a modern power MOSFET!, the turn-on process often results in much more
loss than the turn-off scenario, making ZVS (as opposed to ZCS) a highly desirable operating

characteristic.

Achieving ZVS is one of the most often discussed topics in modern power electronics,
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with a plethora of schemes, circuits, and systems in place to promote the condition. There
is at least one common characteristic for all such methods, though: the need to generate a
current through the main switching device that is in the opposing direction to the desired
load current. This is a “reverse” current that can sweep the charge from the main device
junction capacitance prior to the devices turn-on event. Rather than adding more circuit
components at the outset, one of the original methods for generating ZVS in a synchronous
converter (employing two active switches in lieu of a switch-diode combination) is to increase
the principal inductor current ripple such that the input (or output) current swings both
positive and negative (forward and reverse) in one switching cycle. Note that this condition
is only achievable when an active switch is in both positions, as a traditional power diode
will not allow the necessary reverse current for ZVS. At a given switching frequency, this
high-ripple condition is achieved simply by reducing the value of the input inductance below

a critical value.

In the case of the IBR, this approach is directly applicable. Two active switches are
already required for proper resonant operation; thus the only requirement is the reduction
of the input inductance. Unfortunately, there is a major issue with this approach. The high
current ripple, without impractically increased input capacitance, results in severe input
voltage ripple at the converter switching frequency. From the analysis in the previous chapter
(Chapter 5), increases in this switching ripple would negatively impact the overall energy
harvesting (and potentially the converter lifetime as well). Reducing the input ripple with

this type of ZVS approach is a long-standing issue with a common solution: interleaving
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Figure 6.1: An interleaved IBR

[110]-[112]. Adding one or more additional phases, or interleaved inputs, to a PCS allows
the overall input ripple to be significantly reduced [113]. Rather than duplicate the entire
converter, shown in Fig. 6.1, and following similar lines as in [114], the original procedure
in Chapter 2 can be revisited. The IBR, by definition, is the integration of a single boost
converter with a DCM series-resonant isolation stage. The high-ripple requirement for ZVS,
however, is only an issue for the boost converter portion, and doesnt significantly impact
any design for the resonant stage. Thus, the need for interleaving applies only to the boost

converter, allowing one resonant stage to serve multiple input phases.

By connecting the isolation transformer between the two switching nodes (one from
either of two input stages), an ac voltage can be applied across the transformer terminals,
which can then transfer energy to the output. Also, because the capacitor midpoints are

unused, the upper and lower primary-side capacitors can be combined, leading to the final
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circuit, the IBR-Z, shown in Fig. 6.2. This circuit allows for the desired ZVS approach to be
implemented, providing soft-switching for all of the primary-side active devices with only the
addition of two MOSFET switches and an extra input inductor. Due to the soft-switching
behavior, the switching frequency can be increased with minimal penalty (from 70kHz to
175kHz). This allows for a 60% reduction in ferrite volume, producing a significant decrease

in both size and cost with a slight increase in converter efficiency. ~ With this change in

C'IQE,}H‘QI ngle
W] o7

E o J J:& 0 D, Cs

Figure 6.2: IBR-Z circuit diagram

circuit topology comes related adjustments in approach to the remaining design categories.
The goal of this chapter is to not only introduce the initial design adjustments, but also to

demonstrate the validity of the vertical process experimentally in the proceeding sections.

6.1 Topology

Though the fundamental operation of the IBR-Z is similar to the original IBR, the
exact operation is slightly altered. The synchronous boost converters are modulated 180

degrees out-of-phase and each produce an intermediate (or bus) voltage equal to (6.1) across
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both C; and Cj.

- (6.1)

This is equivalent to the standard steady-state voltage gain for a CCM boost converter [42].
The DCM resonant stage creates a voltage mirror, in which C5 and C) reflect the voltage
across C7 and Cy, respectively, by the transformer turns raio, n. (This effect is identical
to the original IBR.) In the IBR, the sum of the voltage across C; and Cs is equal to the
intermediate bus voltage. This produces a voltage gain of (6.2), allowing the turns ratio to

be one-half the required value of the original IBR.

- (6.2)

The operating modes for the IBR-Z are shown graphically in Fig. 6.3, following the timing

diagram in Fig. 6.4.

Mode 1 (ty — t1):
With both upper devices (@ and @Q3) on, the current through the input inductors
decreases linearly, however, the current in Ly reverses and begins flowing back into
the source (or the input capacitor) at a point close to t;. Because both C; and Cs
have approximately equal voltage, there is zero applied voltage across the transformer,

leaving the resonant stage inactive during this interval.
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Figure 6.3: IBR-Z converter operating modes

Figure 6.4: IBR-Z timing diagram

Mode 2 (tl — tQ)Z
At time ty, the gate voltage is removed from ()3, turning the main channel of the

device off. The current, however, continues flowing through he junction capacitance,
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removing the charge stored in the C,, of Q)4 and replacing it in the C,z, of @J3. This
process continues until the voltage across Q3 is clamped to Cy. While this takes place,
the reverse energy stored in L, is depleted, reducing the inductor current to zero.
Once the voltage across @4 drops to zero (an event that occurs simultaneously with

the clamping of the voltage across Q3 at t3), 4 may be turned on under ZVS.

Mode 3 (ty — t3):
With @); and Q4 now on, the bus voltage across C; is directly applied across the
transformer primary. The leakage inductance, Lk, resonates with the secondary-side
capacitors (C3 and Cj), transferring energy to the output through D;. Once the
transformer current resonates back to zero, D; prevents any further resonance, ending

Mode 3. The length of Mode 3 is equal to the resonant period length, given by (6.3).

2

C1 + n2(Cs + C4)

Also during this interval, the input inductor currents are flowing from the source toward
the bus capacitors, however, the current in L; is decreasing while the current in Ly is

now increasing.

Mode 4 (t3 — t4):
If the overlap of the switches ()1 and ()4 don’t match the resonant period exactly, this
interval arises as a result. The resonant action is completed by %3, leaving the voltage

applied at the transformer primary with zero current flowing. This area is undesirable,
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as it results in increased conduction and transformer core loss.

Mode 5 (ty — t5):
At time t4, the gate signal is now removed from Q4. The current, however, still flows
from the input, but now it flows into (5, discharging the C\ s of ()3 while charging the
Cyss of Q4. The voltage across Q4 is clamped at 5, allowing )3 to turn on under ZVS.
Because the magnitude of the current is much larger at the positvie peak than at the

negative peak, this process can be much faster for (3 than it was for Q.

Mode 6 (t; — tg):
()1 and )3 overlap agian here, creating a similar effect to that of Mode 1. This time,
the inductor currents are flowing, with I;; decreasing below zero (reversing direction)

near ty.

Mode 7 (tg — t7):
A mirror of Mode 2. The voltage across ()o reaches zero by the end of the interval,

allowing a ZVS transition.

Mode 8 (t7 — tg):
The opposite of Mode 3, with the resonant current delivered from C5, through the

output diode D, with Lg, C3 and C}y forming the resonant tank. The length of this

interval is simply:

LKCQn2<03 + 04)
Teso = 4
res2 ”\/ Cy + n2(Cy + C4) (6.4)
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Mode 9 (tg — tg):

A mirror of Mode 4, this time with I, increasing and [, decreasing.

Mode 10 (tg — to)i
The gate signal is removed from ()5 and the current in L; forces the resonant charge
and discharge of () and )y respectively, allowing )1 to turn on under ZVS and the

system return to the initial state.

6.2 Loss Analysis

Investigating the slight variation in the resonant period lengths (7cs1 and Tres2)
between Chapter 2 and the previous section reveals an interesting piece of information.
Because the dc path from the input to the transformer no longer includes either of the low-
side capacitors, the resonant periods can be of equal length so long as C'; and C5 have equal
value. Thus, a simplified version, mostly, of the design procedure in Chapter 2 can be used

for the IBR-Z, with the following qualifications.

1. As noted previously, the applied voltage to the transformer primary is doubled, so the

turns ratio must be halved in order to compensate.

2. The resonant stage currents (transformer, output diodes, and secondary-side capaci-

tors) may be calculated with T,es1 = Tese = Tres-

3. Rather than designing for a fixed inductor current ripple, the input inductor should be
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designed such that L; and Ly solve the following simultaneous expressions, (6.5) and
(6.6).

LiZy _ > 2C, Vi (6.5)

Pout DTsw ‘/zn
2Vin 2L

Zpk’_ -

(6.6)

4. The RMS currents flowing in the primary-side capacitors, due to their new configura-

tion and high PWM ripple, can be written as (6.7).

. Uz'nD. Uin2
(1 — D) <Zpk:,L2 — TZpk’LTsw + @DQTSH,Z)
Icrms = , (6.7)
nﬂ_Pout WnPouthw + 2vinTres D 4Zpk,L
2‘/out 4‘/:)utTres 7TL 1 - D ™

5. The RMS currents in the upper MOSFETs (Q; and )3) are identical to the primary-

side capacitor currents. The lower device RMS currents (Ig2 and Ig,) can be written

as in (6.8)
. 2 . ‘/7,n 2 ‘/z’nz 2
UL.pk D — UL.pk I (D Tsw) + 312 D(DTsw)
IQ,Lower - 9 (68)
+ npout m npouthw 2 2‘/1nDTsw + ‘/inTres
‘/out 8‘/outTres ZL’IJk L L

6. Device turn-on loss and capacitive switching loss are zero, by the definition of ZVS.

Upper and lower device turn-off loss follows the form introduced in Chapter 2.

7. The transformer volt-second calculation must be altered, because the primary voltage
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waveform now includes increased peak voltage but shortened interval of application

(see Fig. 6.4.) The volt-second product at the transformer can be written as in (6.9)

Vinlsw (1 —|D — 0.5
VSpeak = 1—-D ( ’ 9 ’) ) [V S] (69)

Because the current ripple in the input inductors (and thus the corresponding ac flux
density in their respective cores) is much greater than in the IBR, core loss in the

inductor must be considered also [63].

For a prototype IBR-Z with a power rating of 250W, critical values of passive com-

ponents are provided in Table 6.1 and semiconductors in Table 6.2. A theoretical loss

breakdown at 75% power rating (187.5W) is provided in Fig. 6.5.

Table 6.1: Passive Component Data for 250W IBR-Z Prototype

Element | Value
Lq, Lo SuH
Cl, 02 1OIUF
03, C4 22nF

Npri 9 turns
Nsec 30 turns

Table 6.2: Semiconductor Data for 250W Prototype

Element Value
@1,Qs3 | Infineon IPBO49NE7TN3
@2,Q4 | Infineon IPBO31NE7N3
Dy, Dy NXP BYV29-500
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Figure 6.5: IBR-Z loss breakdown (30V input / 75% power)

6.3 Modulation

Judging from Fig. 6.4, the issue of switching period utilization carries over from
the original IBR. In Chapter 3, the desire to optimize the converter efficiency at nominal
input and to lessen the dependence of the efficiency on the operating range was expressed.
Because the resonant conduction occurs only when the corner pairs of switches overlap, the
situation is slightly more complicated than the two-switch case (as in the IBR). However, if
the two phases are properly synchronized, this amounts to the same limitations on D and
(1 — D) that were described previously. The product of the minimum of D or (1 — D) and
the switching period Ty, must be greater than the established resonant period. Therefore,

the Hybrid-Frequency modulation scheme still applies in the IBR-Z.
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There is another wrinkle to consider in this decision-making process: the ZVS con-
dition. As the operating frequency is increased, the amount of energy available for the ZVS
process decreases as a result. Also, as the input power level (and thus the average current)
increases, the ZVS energy decreases. Once either of these two conditions causes the energy

in the input inductor to be less than the MOSFET C,,s energy, the ZVS condition is lost.

In general, violating the ZCS condition is a poor idea. The additional MOSFET
turn-off loss and especially the diode reverse-recovery loss causes a sizeable deviation in the
operating efficiency. The lone exception to this occurs when the current transient induced
by the output diode junction capacitance is a significant portion of the resonant current
waveform (typically restricted to very light load). This shortens the effective resonant period
length and allows the violation of the typical ZCS criterion without penalty. However, the
benefits derived from increasing the switching frequency in this instance were minimal due

to the associated increase in gate drive loss.

If the limitations imposed by the ZCS criteria must be obeyed, the only design criteria
available to manipulate is the input inductance. In general, decreasing the input inductance
increased the circulating energy, allowing for ZVS at lower input voltages and higher power
levels. The appropriate value for the input inductance, however, is subject to the greater
design criteria. As discussed in Chapter 2, CEC efficiency places the greatest emphasis
on nominal input voltage and 75% power. From the expressions introduced in the design
procedure, an expression providing the minimum switching period required for ZVS is given

in (6.10) resulting in a summary plot in Fig. 6.6. As this is a function of several variables, the
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requirements for three critical power levels are plotted alongside the minimum requirement
for ZCS. The switching period lengths required for ZVS vary with input inductance, so this
plot demonstrates the variance over input with a fixed inductance. In order to optimize the
design for the CEC case, the ZCS curve should intersect the ZVS curve for 75% power at
the 50% duty cycle (or nominal input) point. This establishes the most critical operating
point in the evaluation guidelines as the point with lowest circulating energy, lowest core
loss, ZVS, ZCS, and optimized switching period utilization, leading to the highest efficiency

that is achievable at that operating point.

2L P’m 20055
Tow = DV, (Vm R ) (6.10)

As shown in the above figure (Fig. 6.6), placing the optimized point at the nominal input
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Figure 6.6: IBR-Z ZVS and ZCS boundaries

voltage has some drawbacks. When the converter is at nominal input, it loses ZVS above 75%
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power, resulting in an associated decrease in efficiency. However, because the CEC weighting
factor on full-load efficiency is only 5% of the total score, this is not a significant impact
on the reported efficiency. Because the shape of the ZVS and ZCS curves follow a similar
trajectory at voltages less than the nominal input, ZVS can be maintained at 75% power for
nearly any input voltage, though full-power ZVS is only achieved near the upper bound on
the input range (around 35V). At low line the increased switching frequency (relative to the
ZVS requirement) and its associated rms current reduction counteracts the added switching
loss. At the high end of the input range, ZVS can be maintained across the power range,

although the rms current is significantly increased.

6.4 CTL Soft-Start

As discussed in Chapter 4, the first step to designing an appropriate soft-start tech-
nique is to determine the initial (before switching begins) and the equilibrium (steady-state)
conditions that are unique to the circuit topology. In the original IBR, because one of the
low-side capacitors was included in the dc loop, that capacitor charged up to the input
voltage initially, while the upper capacitor had zero voltage across it. In the IBR-Z, two
independent (at least initially) dc loops are formed, each including one of the low-side ca-
pacitors. This results in an initial voltage of V;, on both capacitors, as shown in Fig. 6.7.
Note that the isolation transformer prevents any initial secondary voltage in either the IBR

(Fig. 4.4) or the IBR-Z. The equilibrium conditions in the IBR-Z are shown in Fig. 6.8.
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Figure 6.7: IBR-Z initial conditions

The secondary-side capacitors mirror the voltages across the primary-side capacitors, as in
the original IBR. Unfortunately, this leaves the IBR-Z with the same startup issues as the
original IBR, except with two low-side capacitors with initial voltage, rather than just one.
Another issue to consider is the volt-second balance of the transformer during start-up. Un-
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10) T Jmf | }Ilm i)

Y Y Y\
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Figure 6.8: IBR-Z equilibrium conditions

like the circuit in [115], the IBR-Z is capable of maintaining volt-second balance regardless
of any duty cycle mismatch on the switching legs. Proof of this can be demonstrated by
considering the two fundamental cases, one with the sum of the two duty cycles (D; and
Dy) greater than 1, and the other with a sum less than 1. With the large duty ratios (sum
greater than 1), there is a period of time in which the transformer primary voltage is equal
to V1, another in which it is equal to Vo, while the last interval has an applied voltage
of zero, in which the lower devices (@2 and @4) overlap. From the basic boost converter

133



voltage gain, a voltage balance expression for the transformer primary may be written:

VinTsw
(1—Dy)

VinTsw

(1—D1)—m

(1—Dy)+0-(Dy+ Dy —1) (6.11)

which is identically zero for all cases in which 1 < Dy + Dy < 2.

The second case to consider is when the duty cycles are less than 1 when they are
added together. Instead of the lower switches overlapping, now the upper devices overlap
(@1 and @3). During this interval, the difference between Vi and Vi is applied to the

transformer, rather than zero volts, leading to a balance expression:

D, D, 1 1
‘/7LnTsw - ‘/7jnTsw ‘/;nTsw - 1-Dy—-D 6.12
<1—Dl) (1—D2>+ (1—01 1—D2)( v D) (012)

With some algebraic reduction, the above expression can also be shown to be identically
zero for all duty cycles Dy and Dy on the interval 0 < Dy + Dy < 1. These two cases
together demonstrate that Dy and Dy may be controlled independently during start-up at

any operating point, without fear of jeopardizing the transformer.

Finally, from the earlier discussion of operating modes, it is clear that the output, or
resonant, stage is only active when the corner pairs of switches are on, specifically modes
3 and 8. By limiting the on-time of the lower devices, the relative lengths of Mode 3 and
Mode 8 are also limited (Modes 4 and 9 do not exist if the resonant periods are not allowed

to complete). This allows both the intermediate bus voltage and the output current to
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be effectively limited by simply controlling the lower switches, similar to the methods in
Chapter 4. Thus, with two independent CTL systems, the startup current in the IBR-Z may

be controlled adequately.

6.5 Switching Ripple in the IBR-Z

From the static power loss analysis in the previous chapter, it was shown that the
power loss from both the MPPT ripple and the double-line frequency ripple depended not on
the converter dynamics, but rather MPPT step size and controller bandwidth respectively.
Therefore, the transition to the IBR-Z from the original IBR impacts only the switching
ripple, not the other components of the static power loss. By augmenting the methods in
Chapter 5 with an appropriate analysis of the IBR-Z switching ripple, estimation of the

static power loss can be extended to this topology as well.

In the IBR, a single switching node was identified (between @); and @)3), while in the
IBR-Z there are two (between Q1 and Qs as well as Q3 and @)4). Fourier series definitions
for both switch node voltages are provided in (6.13) and (6.14) showing the only difference
is the addition of a phase delay of nm to the lagging leg voltage equation (6.14). Assuming

that Ly and Lo are equal (represented by L), the input ripple may be written as in (6.15).

2

Voo (6) = Voo (1 = D) + 3

n=1

Vius . 2mn
1-D t d
———sin (nm ( )) cos <T ) (6.13)

sw
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2

 2Vhus 2
Viwa (1) = Vius (1 —D)+Z n; sin (n7 (1 — D)) cos (jzmt+n7r> (6.14)
n=1

oo [ 2 gin (nmr (1 — D)) [COS (%—Zt) + cos <2T7Sr—gt + mr)}

—LC’in(Qﬂnfs)z +1 (6.15)

It is readily apparent from the two cosine terms in (6.15) that:

1. Odd harmonics are effectively canceled out.

(cosx + cos (z + ) = 0)

2. Even harmonics are effectively doubled.

(cosz + cos (z + 2m) = 2cos x)

The resulting Fourier series may be re-written as (6.16). Because the odd harmonic terms
are now zero, the voltage ripple at the nominal input (D = 0.5) is also identically zero. As
the duty cycle moves further away from the nominal point, the ripple increases from there,

as shown in the simulation results Figs. 6.9 and 6.10.

o0

4Vpys>sin? 1-D
S-S AV (om0 - D) 616
n=2,4,6... (1 - chn(zﬂ-nfsw) )
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Figure 6.9: IBR-Z input ripple simulation (30V input)
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Figure 6.10: IBR-Z input ripple simulation (40V input)

6.6 Experimental Results

According to the modified design procedure, a 250-W IBR-Z prototype was designed
and built with the specifications provided in Tables 6.1 and 6.2. The prototype has 60% less
ferrite and is a 46% reduction in volume (430cm? to 230cm?) from the original IBR, fulfilling

the volumetric requirement. A photograph of the prototype is shown in Fig. 6.11. Once
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again, the control system was implemented using a TT TMS320F28026 MCU, utilizing its
four internal PWM submodules. The natural current and voltage balancing is shown in Fig.

6.12, along with the inherent current ripple cancellation.
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Figure 6.11: IBR-Z experimental prototype)
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Figure 6.12: IBR-Z input current (30V input/75% power)

Light load performance of the transformer is shown in Figs. 6.13 and 6.14, also

demonstrating the relative impact of the diode capacitance.
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Figure 6.14: IBR-Z transformer current (30V input/40% power)

Like the original IBR, the transformer maintains a high power factor at nominal
input (Fig. 6.15), high-line input (Fig. 6.16), and low-line input (Fig. 6.17). Diode ZCS is

maintained even at high switching frequency and high power output (Fig. 6.18).

The impact of the ripple cancellation on the switching frequency ripple is clearly
shown in Figs. 6.19 and 6.20. Fig. 6.19 shows the nearly complete cancellation of the input
ripple at the nominal input, while Fig. 6.20 shows the worst operating case at high-line

input.
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Figure 6.16: IBR-Z high line transformer voltage and current (40V input/75% power)
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Figure 6.17: IBR-Z low line transformer voltage and current (20V input/75% power)
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Figure 6.19: IBR-Z nominal input voltage ripple (30V input/75% power)
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Figure 6.20: IBR-Z high line input voltage ripple (40V input/75% power)
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Implementing the CTL soft-start method also improves converter performance, al-
lowing for safe operation even with an extremely large output capacitance. This allows
normal initialization of a centralized inverter with only a single micro-converter unit operat-
ing. Experimental results with a moderate (40uF) and an extremely heavy (690uF) output

capacitance are shown in Figs. 6.21 and 6.22.
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Figure 6.21: IBR-Z CTL startup (30V input/400V output/40uF output capacitance)
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Figure 6.22: IBR-Z CTL startup (30V input/400V output/690uF output capacitance)

Utilizing the IBR-Z structure, combined with the hybrid-frequency modulation, pro-

duces a power stage efficiency shown in Fig. 6.23. As in previous chapters, power measure-
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ments were taken using four Fluke Model 287 digital multimeters. At the nominal input
(30V), the resultant power stage CEC efficiency is 97.5% (and 97.2% with auxiliary loss

included), an improvement on the previous IBR.
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Figure 6.23: IBR-Z experimental power stage efficiency

6.7 Summary

Returning to the first portion of the micro-converter discussion led to the continued
evolution of the system design. Using the insight gained into the dominant loss elements and
component sizing issues led to the desire to remove the switching frequency barrier from the
converter design. From the ZVS process definition, and the basic concepts used in the initial
converter synthesis (Chapter 2), a new converter structure, the IBR-Z, was developed. This
converter uses many of the same operating principles as the original IBR, but it uses the
ripple-based ZVS technique to allow for significantly increased switching frequencies. The
design criteria and loss analysis from Chapter 2 was adapted in order to correctly account

for these new techniques.
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Because of the strong influence of the original IBR design and the vertically inte-
grated nature of the modulation, transient mitigation, and steady-state optimization, these
additional design concepts (Chapters 3-5) were carried over to the IBR-Z with some modifi-
cation. With the hybrid-frequency modulation, handling the circulating energy in the input
inductance became a priority, as well as optimizing for 75% load and nominal input voltage.
Through demonstrating the inherent volt-second balance of the transformer, the CTL soft-
start method was extended to the IBR-Z by applying independent control to the two phase
legs. Finally, switching ripple cancellation was evaluated in the IBR-Z by examining the
interaction between the two switch-node voltages in steady-state. Experimentally, a 250-W
prototype IBR-Z was developed, which demonstrated a 97.5% CEC efficiency alongside a

60% reduction in ferrite material and a 50% reduction in overall converter volume.
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Chapter 7

Conclusion

Power electronic systems are often complex, multifaceted systems, especially when
placed in an application as variable and demanding as PV. In order for the system to be
effective, a number of features must cooperate to form the end behavior. Due to the nature of
such a system, the circuit topology drives much of the discussion, but not all of it. Focusing
on topology at the expense of control, or modulation at the expense of optimization, creates
a design structure that is prohibitively out of balance. Using the PV problem as a backdrop

for an integrated design procedure has been a consistent theme throughout this work.

The focus of this dissertation was to develop a de-dc micro-converter circuit and its
associated control systems that would fulfill its required role in the distributed PV PCS.
Because the system uses a parallel architecture with a roughly 400V dc bus, each converter

needed to maintain a high boost ratio from the panel-level (roughly 30V) input. Also, because
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of the heavy emphasis on weighted (CEC) efficiency for PV equipment, the circuit needed to
be optimized for nominal panel input, with an emphasis on light- to medium-load efficiency.
Though Galvanic isolation was not required by electric code, it is desirable in order to prevent
ground currents and injected EMI in the system. From these objectives, a new topology,
the Integrated Boost Resonant (IBR) converter was developed. The circuit is a combination
of a traditional PWM boost converter and a DCM-operated, series resonant circuit. The
DCM operation of the high-frequency transformer possessed much lower circulating energy
compared to traditional CCM behavior. When combined with ZCS for the output diode, this
resulted in a circuit with a high weighted efficiency of 96.8%. Because the boost and series-
resonant functions could be compressed into a single switch-node, the active device count
could be reduced to two complementary MOSFETS, leading to simple control and gate drive
systems. The topology can natively handle a variety of control implementations, including
input voltage control. A design procedure was also developed along with a theoretical loss

analysis.

With the topology developed, the next goal was to utilize control and modulation
to improve the performance of the system, specifically optimizing the efficiency at nominal
input and decoupling the weighted efficiency from the operating range. This is accomplished
primarily by optimizing the switching period utilization by the resonant stage. However,
existing modulation methods only provided, at most, benefits in one-half of the operating
range and never optimized for the nominal input, the most crucial for CEC evaluation. In

order to accomplish these targets, a new modulation scheme was proposed. The new, hybrid-
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frequency method utilized areas where the modulator operated in constant-on, constant-off,
and fixed-frequency conditions depending on duty cycle, the resonant period length, and the
desired input range. This new method extended the operating range as wide as 12-48V and
improved the CEC efficiency to 97.2% in the 250-W prototype. These gains were mostly
impacted by large reductions in core loss and conduction loss at the nominal input voltage,

with only a small increase in switching loss.

In the distributed dc-de PCS architecture, one major concern was the startup pro-
cedure. The inverter system, with its large (greater than 500uF) bus capacitor presented a
heavy load when it was completely discharged. In the IBR converter, the lower primary-side
capacitor began with full input voltage seen across it. As the converter reached equilibrium,
the capacitor voltage maintained the same potential, regardless of duty cycle. The lower
secondary-side capacitor was a reflection of the input voltage at equilibrium but began with
zero voltage initially. The transient current involved in charging this capacitor was found
to be potentially destructive when left uncorrected. By monitoring the ac transient voltage
across the lower primary-side capacitor, the amount of energy flowing in the system could be
controlled. Thus, a new capacitor-transient limited (CTL) soft-start method was developed,
limiting the capacitor discharge by prematurely ending the lower switch on-time in order to
prevent an excessive current transient. In support of this method, analysis of the transient
operation of the IBR, including the voltage transient, was provided. Using the internal cir-
cuitry of the TT TMS320F28026 MCU, a sensing circuit including a high-pass filter and a

dc-restore circuit was presented, along with design guidelines for the circuit elements. Un-
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fortunately, the control and gate drive systems were not capable of instantaneous action and
instead incorporate some delay into the transient behavior. Though this presented a mini-
mum value for the limited peak current, it was accounted for in the final design equations.
A prototype design was then applied to the IBR system, allowing safe system startup with
a range of capacitive loads from 2uF to 500uF, with a consistent peak current without the

need for current sensing.

Also relevant to the system design was the ability to consistently extract the maximum
available power from the PV panel. This ability was defined as the MPPT efficiency and
based on the injected ripple in the PV voltage. A new method for analyzing the PCS MPPT
efficiency was proposed based on panel-derived models. From the panel model, an expression
demonstrating the MPPT efficiency was derived, and a ripple “budget” for the harmonic
sources was determined. These ripple voltages were generated by three main sources: the
MPPT algorithm, PCS switching, and inverter double-line-frequency ripple. The ripple
sources were then analyzed and suggestions for controlling their contributions were proposed,
enabling circuit designers to make informed and cost-effective design decisions. The switching
ripple behavior was analyzed in the frequency domain, and because most of the power stage
elements were determined already, the input capacitance was the only variable free to correct
for the switching ripple contribution. For the 250-W prototype only 5uF of input capacitance
was sufficient for a 99.8% MPPT efficiency. Similarly the tri-level ripple from the MPPT
algorithm was analyzed and, through significant simplification effort, the ripple contribution

resolved to simply the square of the step size, regardless of MPPT update rate. This placed
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a premium on MPPT sensing accuracy, filtering, and granularity over pure speed. A step
size of 0.36V was sufficient for the 99.8% efficiency test case. Due to the addition of input
voltage control, the double-line frequency that propagated to the PV terminals could be
reduced without additional capacitance. The amount of ripple rejected was dependent on
the compensator gain at 120Hz, the test case requiring a gain of -17dB. Greater ripple
rejection would require advanced control, greater bandwidth, or faster processing capability.

Verification of these methods was provided in both simulation and experiment.

In the IBR circuit, one of the major limitations was the hard-switching behavior of the
primary-side MOSFETs. This prevented increasing the switching frequency, which in turn
prevented further reduction in converter volume without prohibitively increased loss. As a
solution, a modification to the IBR topology was proposed that achieved soft-switching (ZVS)
on the active devices and allowed the increase of the switching frequency. Consequently,
the increase in current ripple associated with this method required the interleaving of two
phases of the boost converter. With some simplification, this enhancement only included two
additional MOSFETSs and one inductor on the low-voltage side. The maximum switching
frequency could then be increased from 70kHz to 170kHz. This allowed for a 46% reduction
in converter volume (from 430cm? to 230cm?®) while retaining greater than 97% weighted
efficiency. The design procedure was augmented to accommodate this new structure, with
few additional computations necessary. The hybrid-frequency, CTL soft-start, and MPPT
efficiency methods were each extended to this new topology, continuing the development

cycle.
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7.1 Major Contributions

In summary, the major technical contributions of this work were:

1. Developed of a new dc-dc micro-converter topology, the Integrated Boost
Resonant (IBR) converter. A combination of a PWM boost converter and a DCM
series-resonant half-bridge, this circuit achieves high CEC efficiency through minimiz-
ing circulating energy and diode loss. With inherent isolation, simple control, and

minimal device count, it is uniquely suited for this application.

2. Created an unique modulation method for PWM-integrated resonant con-
verters. Based on optimizing the switching period utilization, this hybrid-frequency
modulation is a combination of constant-on, constant-off, and fixed-frequency control.
It improves the converter efficiency at nominal input and allows for increasingly wider

input range without additional loss.

3. Synthesized a new soft-start technique based on limiting capacitor tran-
sients. Rather than continue applying an existing technique, startup conditions spe-
cific to the IBR converter were explored. By limiting the ac transient across a nominally
dc capacitor voltage with little additional cost, the initial behavior of the converter was

successfully controlled in the presence of large capacitive loads.

4. Optimized micro-converter energy extraction through model-based tech-

niques. By expanding upon previously available models, understanding of the effect
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of voltage ripple on MPPT efficiency was improved. The various ripple sources were
evaluated, and methods for controlling their contributions were established, allowing

circuit designers to make cost-effective design decisions.

Expanded upon the IBR principle through combining with soft-switching
techniques. By removing the prohibitive switching loss, the size of the micro-converter
was dramatically reduced, and it requires only one additional inductor and two low-
voltage MOSFETSs. Because it is based on the same operating principles as the original
IBR, the modulation, soft-start, and ripple optimization techniques were also extended

to this new circuit.

Ultimately, the desired outcomes of developing an isolated micro-converter system were

achieved, including:

High weighted efficiency (>97%)

Small size (<250cm?)

Current-limited startup of inverter system (with bus capacitance >500uF)

Improved MPPT efficiency (>99.8%)
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7.2 Future Work

Future work in the micro-converter area revolves around two principal objectives—
efficiency improvement /size reduction and system-level investigation. Demonstrated in this
work was specifically the benefits of PWM and resonant circuit integration along with the
use of optimized modulation. Integration of the magnetic components should be achieved to
further reduce the size of the converter. If the size of the converter can be reduced without
sacrificing efficiency, this will certainly improve the marketability of the micro-converter
solution. Eventually, the co-packaging of the converter with a PV panel during manufacture
would be a productive goal. Another hardware-related issue is the use of smaller micro-
converter circuits designed to operate on the sub-panel level. This would further improve
MPPT efficiency and optimization by breaking a larger panel down into smaller units more
likely to have uniform irradiance. In larger scale systems, a higher bus voltage (>400V)
may be desirable in order to prevent excessive conduction loss between the micro-converters
and the centralized inverter. This would also increase compatibility with industrial-level

distribution, such as 480-V three-phase systems.

The second major area, system-level optimization, is also of major interest going
forward. Though the micro-converter provides natural (Galvanic) isolation in the event
of a fault, plans for its implementation under existing arc- and ground-fault protection
schemes remain unresolved. With advanced inverter functions such as Volt-VAR and Volt-

Watt control becoming critical issues for PV adoption at the utility-level, micro-converter
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compatibility with these methods must also be explored. Finally, the effect of PCS ripple
on other panel types, such as organic cell or high concentration (such as CdTe) systems, is

also relevant to future research efforts.
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Appendix A

Derivation of Multi-Frequency PV

Model

Beginning with analysis similar to [89], the PV output current can be written as a
function of PV terminal voltage in the form of (A.1). Where «, 5, and 7 are constants

determined either analytically or through fitting the PV panel I-V curve at the MPP.
Ipy = aViy + BVey + 7, [A] (A1)
The instantaneous power output of the panel can then be written as in (A.2).

Ppy = Vpylpy = Vpy (@ng + BVpy + ’Y) . [W] (A.2)
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Assuming perfect tracking of the MPP with no dc offset, the instantaneous voltage can be
written as a summation of ac ripple terms, rather than a single ripple frequency, as given in
(A.3). This is where the proposed analysis begins to differ from [89], which assumes only a

single ripple frequency:

Vpv = Vipp + > Vi cos(wyt), [V] (A.3)

n=1
With the expression for PV voltage, the instantaneous PV power output may be re-written

as (A.4).

m m 2
Ppy = (VMPP + Z V. cos(wnt)) o (VMPP + Z Va COS(Wnt)>

n=1 n=1

(A.4)
+0 (VMPP + Z |78 COS(OJnt)> + v

n=1

Expanding some of the terms:

Ppy = Vipp (aVingp” + BVinp + ) + 3V Z V, cos(wpt)
n=1

m 2 m
+3aVpp (Z |78 Cos(wnt)> + 28V Z V,, cos(wpt) (A.5)
n=1

n=1

m 2 m
+0 (Z Va COS(wnt)> + Z V,, cos(wpt)
n=1 n=1

From the definition of the model in (A.2)

Pmpp = Vmpp[mp = Vmpp (anPPQ + ﬁvmpp + 7) (A-6)
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Thus (A.5) can be re-written as (A.7)

2
Ppy =Py + 3V (Z V, cos(wyt > + 3V (Z V,, cos wnt)> +

n=1

26Vpp <Z V., cos(wnt)> +p (Z V., Cos(wnt)> + (Z Vi, cos(wnt)>

n=1 n=1

(A7)

At this juncture, it is prudent to refine the analysis to only quantities which carry a non-zero
average over an infinite length of time. Seeing that the average value of the cosine function,
given in (A.8) is identically zero as the period of interest becomes infinitely long, the majority

of the terms in (A.7) may be neglected. This leaves the analysis much less complicated, and

shown in (A.9).

T
Javg = Jim % / cos (wt) dt =0 (A8)
0
" 2
Ppy = Py + 3V + B) (Z Vv, cos(wnt)> (A.9)

Considering only the squared summation term in (A.9), a partial expansion is given in (A.10).
Notice that the result is a series of squared cosine terms at each of the ripple frequencies, plus
an infinite number of beat frequencies, creating a varied and complex harmonic spectrum.
However, each of these beat frequencies, similar to the majority of the terms in (A.7) has a

zero average value over an infinitely long period.

m 2 m
(Z Vi cos(wmﬁ)) = Z Vi, 2cos? (wpt)
n=1 n=1

2
2

(A.10)

V
+2 cos((wp, —wk) t) +

E cos(fan + ) 1))

k=1 n=
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This further simplifies (A.9) into (A.11)

Ppy = Py + (3aViny + B) (Z Vn26032(wnt)> (A.11)

This expression can be further simplified, given that the average of the square of the cosine

function is identically , as shown in (A.12).
T

1 1
favg = hm 1 /COS2 (wt) dt = 5 (A.12)

0

Thus, the final expression for the average power output of the PV panel is given in (A.13).

PPV,avg = Pmpp + (304Vmpp i ﬁ) (Z V > (A13)

If considering only one harmonic frequency, it can easily be shown that (A.13) reduces to the
result provided in [19], [89]. With a model for the average power of the PV panel developed
for multiple ripple frequencies, the proceeding sections will evaluate the contributions from

the various ripple sources in a distributed MPPT PV system.
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