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ABSTRACT
Fuel cells are a clean, high-efficiency source for power generation. This innovative
technology is going to penetrate all aspects in our life, from utility distributed power,
transportation applications, down to power sources for portable devices such as laptop
computer and cell phones. To enable the usage of fuel cell, developing power converters
dedicated for fuel cells becomes imminent.
Currently, the full-bridge converter is the dominating topology in high power dc/dc
applications. Although multiphase converters have been proposed, most of them are
dealing with high input-voltage systems, and their device characteristic is not suitable for
a low voltage source such as a fuel cell. For a high power fuel cell system, high voltage
conversion ratios and high input currents are the major obstacles to achieving highefficiency power conversions. This dissertation proposes a novel 3-phase 6-leg dc/dc
power converter with transformer isolation to overcome these obstacles. Major features
of the proposed converter include: (1) Increase converter power rating by paralleling
phases, not by paralleling multiple devices; (2) Double the output voltage by transformer
delta-wye connection, thus lowering the turns-ratio; (3) Reduce the size of output filter
and input dc bus capacitor with interleaved control; (4) Achieve Zero-Voltage Zero-

Current Switching (ZVZCS) over a wide load range without auxiliary circuitry. High
conversion efficiency above 96% is verified with different measurement approaches in
experiments.
This dissertation also presents the power stage and control design for the proposed
converter. Control design guideline is provided and the design result is confirmed with
both simulation and hardware experiments. When using the fuel cell for stationary utility
power applications, a low-frequency ripple interaction was identified among fuel cell,
dc/dc converter and dc/ac inverter. This low frequency ripple tends to not only damage
the fuel cell, but also reduce the source capability. This dissertation also investigates the
mechanism of ripple current propagation and exploits the solutions. A linearized ac
model is derived and used to explain the ripple propagation. An active ripple reduction
technique by the use of the current loop control is proposed. This active current loop
control does not add extra converters or expensive energy storage components. Rather, it
allows a reduction in capacitance because the ripple current flowing into the capacitor is
substantially reduced, and less capacitance can be used while maintaining a clean dc bus
voltage. The design process and guideline for the proposed control is suggested, and the
effectiveness of this active control is validated by both simulation and experimental
results.
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Chapter 1 Introduction
1.1 Research background
Our lives have been greatly improved by the development of new technology.
However, along with the development, the energy crisis around the world becomes more
prominent. Electricity is one of the major forms for energy delivery. U.S. electricity
generation capacity will need to increase by 350 GW in the next 20 years to meet a 55%
increase in demand [A1]. On the other side, our environment has deteriorated with the
industrial advancement, which is partially relevant to energy consumption. How to
preserve our environment in industrial development raises more and more concerns.
Environmental protection plays a key role in ensuring life quality improvement which is
achieved by industrial advancement.
Therefore, exploiting new clean energy sources has never been so enticing. Among
these sources, the fuel cell is an eminent one, and has attracted a lot of research efforts
and received a lot of development attention [A2]-[A12],[F1]-[F5], [F7], [F10] and [F11].
It can provide reliable electric power for virtually unlimited applications: portable
generators; lighting; communications; power for scooters, bikes, wheelchairs and
recreational vehicles; emergency power; police and military applications; entertainment;
and much more. These applications can be as small as cellular phones to as large as
utility power generation. One particular interest for medium power fuel cell systems is
distributed power generation, which allows the utility company to place small size
energy-saving units on customer sites, including stand-alone systems for residential use.
The mobile applications are already being deployed for buses and are in various
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experimental stages for automobiles. Stationary systems are being installed in residential
and commercial applications in the United States and Europe [A13][A14].

1.1.1 Fuel cell power system and the requirements for dc/dc converter
The fuel cell is an environment friendly electrochemical device for generating
electricity. It is clean, quiet and efficient. This device converts chemical energy of fuel
directly to usable energy without combustion. Thus it will enable us to meet the
challenges to lower NOX, SOX, and CO2 emissions in power generation. Each individual
fuel cell consists of an electrolyte that is “sandwiched” between fuel and oxidant
electrodes. The fuel typically is hydrogen and the oxidant typically is oxygen. The
hydrogen is sent to the fuel cell where it combines with oxygen to produce electricity and
water. The fuel cell produces electricity directly by way of various chemical reactions
without an intermediate conversion into mechanical energy; hence it has higher energy
conversion efficiency. Often a hydrogen-rich fuel, typically a natural gas or methanol, is
first reformed into hydrogen, while some particular fuel cell applications directly use
hydrogen as the raw source of energy.
The major types of fuel cells are designated by the type of electrolytes used
[A13][A14].
Alkaline fuel cell (AFC): The AFC was one of the first developed modern fuel cells
beginning in 1960. It has been successfully deployed during many NASA shuttle
missions. AFCs use a liquid solution of potassium hydroxide as the electrolyte with an
operating temperature of 70-90 °C. The lower operating temperature facilitates rapid
startup of the unit. The sensitivity of the electrolyte to CO2 requires the use of highly pure
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H2 as a fuel, and an expensive highly effective CO and CO2 removal system is required in
real system.
Polymer Electrolyte Fuel Cell (PEFC) or proton exchange membrane (PEM): This
fuel cell technology utilizes a solid ion exchange membrane (fluorinated sulfonic acid
polymer or other similar polymer) as the electrolyte. The polymer is an excellent
conductor of protons and an insulator of electrons. The only liquid in this fuel cell is
water; thus, corrosion problems are minimal. Typically, the operating temperature is
around 60 to 80 °C. One major drawback is that PEFCs are quite sensitive to poisoning
by trace levels of contaminants including CO, sulfur species, and ammonia. PEFCs are
being pursued for a wide variety of applications, especially as for prime power for fuel
cell vehicles.
Phosphoric acid fuel cell (PAFC): A liquid phosphoric acid concentrated to 100
percent and contained in a Teflon matrix is used as the electrolyte for these fuel cells,
which typically operate at 150 to 220 °C to facilitate the removal of water from the
electrolyte. This technology is very tolerant to impurities in the fuel stream and is the
most mature in terms of system development and commercialization. PAFCs are mostly
developed for stationary applications, and over 200 stationary units with a typical
capacity of 200 kW have been installed in the United States.
Molten carbonate fuel cell (MCFC): Usually a molten salt mixture of alkali
carbonates is used for the electrolyte, and requires operating temperatures of 600-700 °C
where the alkali carbonates form a highly conductive molten salt, with carbonate ions
providing ionic conduction. At high operating temperatures, Ni (anode) and nickel oxide
(cathode) are adequate to promote reaction. Noble metals are not required for operation,
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and many common hydrocarbon fuels can be reformed internally. This technology is
targeted at medium- and large-scale stationary power generation and marine applications,
where the relatively large size and weight of MCFC and slow start-up time are not an
issue.
Solid oxide fuel cell (SOFC): A solid nonporous ceramic material is used for the
electrolyte at operating temperatures of 600-1,000 °C, where ionic conduction by oxygen
ions takes place. This high operating temperature, while hampering rapid startup as
required for most mobile applications, helps to increase the efficiency and frees up the
SOFC to use a variety of fuels without a separate reformer. Originally this technology
was primarily targeted at medium and large-scale stationary power generation
applications. However, as a consequence of the performance improvements, SOFCs are
now considered for a wide range of applications, including stationary power generation,
mobile power, auxiliary power for vehicles, and specialty applications.
In parallel with the above classification by electrolyte, some fuel cells are classified
by the type of fuel used, which include:
Direct Alcohol Fuel Cells (DAFC) or Direct Methanol Fuel Cells (DMFC):
DAFCs(or DMFCs) use alcohol without reforming. Mostly, this refers to a PEFC-type
fuel cell in which methanol or another alcohol is used directly, mainly for portable
applications.
Direct Carbon Fuel Cells (DCFC): In direct carbon fuel cells, solid carbon is used
directly in the anode, without an intermediate gasification step. The thermodynamics of
the reactions in a DCFC allow very high efficiency conversion. Concepts with solid oxide,
molten carbonate, and alkaline electrolytes are all under development.
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A typical fuel cell and the energy conversion process is shown in Figure 1.1. In
which, fuel is fed continuously to the anode (negative electrode) and an oxidant (often
oxygen from air) is fed continuously to the cathode (positive electrode). The
electrochemical reactions take place at the electrodes to produce an electric current
through the electrolyte, while driving a complementary electric current to power the
external load. The generalized electrochemical reactions can be expressed as:
Anode reaction: H 2 → 2 H + + 2e −
Cathode reaction:

(Eq. 1–1)

1
O2 + 2 H + + 2e − → H 2O
2

(Eq. 1–2)
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Figure 1.1 Illustration of a typical PEM fuel cell structure.

Individual fuel cells are combined in various series and parallel configurations to
constitute a fuel cell system. More often than not, fuel cells require some type of power
conditioning circuit to be useful. The fuel cell system, which produces dc electricity, is
connected to the local utility system by way of a power electronic dc/dc conditioning
converter and a dc/ac inverter. Figure 1.2 shows a typical configuration of such kind of
fuel cell power system [A3][F5].
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Figure 1.2 A typical fuel cell power system.

1.1.2 Topology review for high power dc/dc converter
The dc/dc converter is very important for fuel cells to be practically utilized,
especially for stationary power application. Such an application, either delivering
electricity with utility intertie or directly supplying to residential area as a standalone
power source, is considered as a part of future distributed generation system. However,
the fuel cell output is mostly low-voltage dc, but most loads require utility ac voltage.
Currently the U.S. Department of Energy (DOE) Solid-State Energy Conversion Alliance
(SECA) is targeting 5kW residential power development with fuel cell output voltage
ranging from 20 to 50V. Some market available PEM fuel cells are also set the output
power at 5kW with 48-V nominal output for telecommunication applications. In order to
generate a 50/60Hz, 120/240V ac voltage for residential application, a dc/dc converter is
essential to boost the fuel cell output voltage to a certain level that can be inverted to the
desired ac output, as shown in Figure 1.2. The output of the dc/dc converter or the input
of the inverter for 120-V ac is typically about 200V, and for 240-V ac is typically about
400V.
Most of the time, for safety concerns in such applications, electrical isolation is
required. Normally, as transformer isolated dc/dc converters, flyback converters are
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widely used for power levels under 200W, and forward converters are used for the power
range of 200 – 1000 W. When the delivered power is higher than 1 kW, half-bridge, fullbridge or even multi-phase topologies would be preferred. [A15]
Single-phase half-bridge dc/dc converter: The circuit topology is illustrated in
Figure 1.3. For the residential 5 kW applications cited by SECA, there would be 250A
current flowing through the dc/dc converter. The half-bridge topology may not be a good
choice, because high ripple capability of split dc capacitors is required to conduct such a
high current, which will dramatically increase the cost on capacitors. Furthermore, this
high current would also impose thermal and aging problems for the capacitors.

Q1

Lf
C1

1:n

+
Vg
–

Llk

Cin

Cf

Q2
C2

Figure 1.3 A typical single-phase half-bridge dc/dc converter.

Single-phase full-bridge dc/dc converter: This topology shown in Figure 1.4 is
possibly the most popular circuit today for high-power applications [A16]-[A31]. It can
be run by a PWM control signal or a phase-shift control signal with reasonable device
voltage ratings. Soft switching operation is possible, although some soft-switching
techniques may require higher device current ratings due to circuit resonance for
achieving a zero-voltage-switching (ZVS) condition. However, for high power fuel cell
applications, a high input current may cause high conduction losses. Therefore, device
paralleling is necessary to achieve high efficiency conversion. Besides, high transformer
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turns ratio is required for voltage conversion, and high ripples may exist on the input
current and output voltage.
Most past research focused on the soft-switching versions of this topology on middle
power level applications around 1 kW, trying to improve converter efficiency by
eliminating switching losses. J.A. Sabate etc. had built a 2 kW experimental unit for a
high voltage application, and it was reported a converter efficiency of 94.5% being
achieved in paper [A16].

Q1

Lf
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+
Vg
–
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Cin
Q2

Cf

Q4

Figure 1.4 A typical single-phase full-bridge dc/dc converter.

Three-phase dc/dc converter with transformer ∆/∆ connection: Shown as Figure 1.5,
this topology was proposed by P. D. Ziogas etc. in 1988 [A32]. It is the first reported
version of 3-phase bridge type of dc/dc converters using semiconductor power devices.
Bi-polar junction transistors (BJTs) were used as the power switches. A set of
symmetrical PWM gate signals were employed to control the devices in each leg and
three legs operate under an interleaved 120° phase-shift pattern. This interleaved
operating enables the reduction in filter size. By paralleling three legs in operation, it can
also lower Root-Mean-Square (RMS) current flowing through power components, hence
ease their thermal management. Furthermore, if a three-phase transformer is used instead
of three single-phase transformers, the reduction in transformer size is possible because
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of the flux coupling among phases inside the magnetic core. However, this converter
suffered from high commutation losses because of hard switching, and the transformer
∆/∆ connection is not favorable in low-input high-output voltage conversion application.
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Figure 1.5 A three-phase 3-leg dc/dc converter with transformer ∆/∆ connection.

Three-phase dc/dc converter with transformer Y/Y connection: As follow-up work
of the above three-phase dc/dc converter, in 1991 P. D. Ziogas brought up another softswitching version of three-phase dc/dc converter, but with the transformer connection
changed to Y/Y [A33]. This new version converter is illustrated as Figure 1.6. One
resonant inductor Lr was added to the source side dc bus and another resonant capacitor
Cr was added immediately after the output three-phase diode rectifier. By utilizing the
circuit resonance, soft-switching was achieved. However, the resonance also made the
power devices suffer from high voltage and current stress, and required higher rating
devices to be used. The same symmetrical PWM gate signals were applied to this
converter control, therefore, it inherited the benefit of low RMS current through power
components and reduction in transformer and filter sizes. However, large size passive
components Lr and Cr were introduced for the resonance, and offsetting the benefit of
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transformer and filter size reduction. Moreover, the Y/Y connection is not very suitable
for low-input high-output voltage conversion.
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Figure 1.6 A three-phase 3-leg dc/dc converter with transformer Y/Y connection.

A three-phase LCC-type resonant dc/dc converter with transformer Y/Y connection:
This LCC-type resonant dc/dc converter, shown as Figure 1.7, was proposed by A.K.S.
Bhat etc. in 1996 [A34]. Compared with the previous topology in Figure 1.6, the lumped
resonant components, Lr and Cr, were distributed into three phases. Also, different from
the last converter, the control signals applying to devices in each leg are no longer PWM
signals. Instead, 50% fixed duty signals were adopted; although the 120° phase-shift
interleaved control for three-legs remained. The interleaved multi-phase structure kept
the current flowing through power components low and the output filter size small. The
soft-switching achieved by circuit resonance helped to improve system efficiency and
increase switching frequency; however, high voltage and current stress were imposed on
the power devices and higher rating devices were required. The high resonant peak
current also demanded high current capability from the resonant components and
therefore increased component size and the associated costs. Besides, instead of PWM or
phase-shift control, variable frequency scheme is employed here to control the power
10

factor angle between resonant current and voltage, thus to control the power delivered to
the load. This variable frequency operation would introduce some difficulty on the
optimized filter design. Even more, the primary side resonant components, especially the
capacitors, are in series with the main power delivery channel, which makes this topology
highly unsuitable for high input current applications. Needless to say the transformer Y/Y
connection is not the best configuration for low-input high-output voltage conversion.
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Figure 1.7 A three-phase 3-leg LCC-type resonant dc/dc converter with transformer Y/Y connection.

Another three-phase soft-switching dc/dc converter with transformer Y/Y connection:
Recently, D. S. Oliveira Jr. and I. Barbi proposed another soft-switching version threephase dc/dc converter structure [A35]. It is shown as Figure 1.8. It looks very much like
the one in Figure 1.6, but with the lumped resonant component, Lr and Cr, removed.
Instead, the device junction capacitances and transformer leakage inductances were
utilized to create the resonance during transition, which is necessary for power device
ZVS operation. To achieve such a soft-switching operation, complimentary switching
signals, which are referred as asymmetrical-duty signals in [A36], are required to control
for devices in each leg. Also, besides the transformer leakage inductance, large inductors
are needed in series with the leakage inductors on the primary side to achieve softswitching under certain wide load range. This may increase system circulation current
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and increase the associated conduction losses. Again, this converter benefited from the
interleaved control for three phases, keeping RMS current through power components
low and output filter size small. However, to apply this converter to low-input highoutput voltage conversion application, a high transformer turns-ratio is required. A 6 kW
prototype unit was built using this topology for a 400V in, 60V out dc/dc conversion, and
a maximum converter efficiency of 93.5% was reported from the experiments.
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Figure 1.8 Another three-phase soft-switching dc/dc converter with transformer Y/Y connection.

Three-phase current tripler dc/dc converter with transformer ∆/∆connection: This
converter was recently brought up by J. Zhou, M. Xu and F. C. Lee in CPES [A37]. The
development purpose is for a 100w computer voltage regulation module (VRM)
application which is on demand to deliver a large current to the computer’s central
processing unit (CPU). The topology shown in Figure 1.9 has the capability to triple the
output current, compared with its single-phase rivals. Therefore, it is very suitable for
high-input low-output voltage conversions which can boost current to meet load
requirement. By adopting a complementary switching signal for the two devices in each
leg, at least half of the primary side switches can work with ZVS condition. All devices
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ZVS is possible with large add-on inductor and heavy load. Regardless, this topology is
out of consideration for low voltage high current input application.
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Figure 1.9 Three-phase current tripler dc/dc converter with transformer ∆/∆connection.

All the three-phase dc/dc converters mentioned above are suitable for high-input
low-output voltage step-down conversion application, in which the device switching
losses are of major concern for efficiency improvement. In an application which requires
a voltage boost from a low-input to another high-output, the story changes. Because of a
huge input current which the converter will experience, a lot of conduction losses will be
resulted in. These conduction losses would overwhelm the switching losses and become
major concern for efficiency improvement.

1.1.3 Conduction loss vs. switching loss, soft-switching necessity
The power losses in a power converter system consist of conduction losses, and
switching losses of active devices [A38]. The conduction losses include circuit resistive
losses and diode type constant voltage drop losses. Both types of losses are highly related
to the current flowing through, especially the resistive losses. The resistive conduction
loss is proportional to the resistance, but is on second order of the flowing current. The
switching loss can be calculated based on the overlap of voltage and current waveforms
13

during switching transition, therefore it is relevant to the voltage imposed on the device
and the current flowing through the device as well. Normally for a transformer isolated
converter, the active switches are located on the primary sides, or input side. When
converters are rated on the same power level, if the input voltage is high, then device
switching losses could be much more severe, whereas the conduction losses can be of
less concern due to the relatively low current. In this case, the soft-switching technique
can provide a great help to improve system efficiency by drastically cutting down the
switching losses. However, when the input voltage is low, with high power the input
current is huge. In this situation, the conduction losses may overcome switching losses
and become dominant.
When the conduction losses dominate, all measures that can drop the circuit
resistances would be sought first to improve conversion efficiency.

1.1.4 State-of-the-art of efficiency achievement on dc/dc converter for lowvoltage high-current source
Most of the commercially available high power dc/dc converter are buck type, and
are mainly for telecom and computing power supplies. As reported by the literatures,
normally the conversion efficiencies for these power supplies are no more than 95%,
even with soft-switching operations, when the power level is above 1kW. Peter Barbosa
has reported a 6kW three-level buck converter with an efficiency around 95% [A39], and
IBM has reported a typical efficiency of 95% on buck converters for IBM eServer z900
application [A40]. N.K. Lujara reported a lab testing results on 250W buck converter
with 98.5% efficiency and 96.7% conversion efficiency for a 250W boost converter
[A41]. Both efficiencies were calculated from losses estimated with time domain
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experimental waveforms; therefore, the question remains on the actual converter
efficiency. Besides, for 250W low power, conduction losses are of less concern. In 1999,
A. Brambilla reported his 2kW buck converter with an efficiency as high as 98% [A42],
however, the measuring method was not addressed. As we know, when the converter
efficiency is high, the measurement approach becomes critical. Besides the accuracy of
those instruments used for test, a random reading error will affect the measurement
greatly and a read-out efficiency result higher than 100% is not impossible. Even though,
there are seldom reports on voltage boost type converter efficiency for above 1kW high
power applications.

1.2 Research direction
Quoted by Mr. Don Collins from National Energy Technology Laboratory, each 1%
increase in conversion system efficiency is worth $75/kWe, which is equivalent to a
$6.50/mbtu gas cost for a SOFC power plant of the size about 150kW [A3]. This also
became a strong motivation for high-efficiency power converter designs.

1.2.1 Conduction loss is the key for high-efficiency
As state above, for high power fuel cells with low output voltage, the large current
will bring in significant conduction losses along the path it flows. This kind of power loss
is a major efficiency killer in a dc/dc converter design. Therefore, improvements on
conduction losses become the key to achieve higher conversion efficiency. Since most of
the conduction losses relate to I2R, which gives us two major directions to cut down
conduction losses: reducing miscellaneous circuit resistant or decreasing current flowing
through each lossy component.
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Several methods can be adopted to increase circuit conductivity. First is getting
reliable connectivity and sufficient contact area between power conductors, especially
power connectors. This will assure low contact resistance in the circuit. Second is using
good conducting materials such as copper to carry the main current flow, putting enough
total cross-sectional area along the main current path, and at the same time making the
l
path as short as possible. The conductor resistance R equals to ρ , ρ is the material
s

conductivity constant, l is conductor length and s is the conductor cross-section area.
Smaller ρ and l, plus larger s will bring down the resistance R. Third is taking care of the
conductor skin effect and avoiding too much high frequency ac losses. Skin effect is
associated with high frequency ac current, and it will result in poor utilization of
conductor cross-sectional area, thus increasing the resistance. In a switching regulated
power supply system, inevitably there exist some high frequency current harmonics
which will introduce ac power losses to the system. Litz wire, laminated copper sheet
with insulation, and multilayer printed-circuit-board (PCB) can do the job. Moreover,
reducing device switching ringings would mitigate high frequency current components,
and lower ac power loss. Fourth is reducing transformer core loss with a larger magnetic
flux conducting area and high µ material. Core area and material conductivity are key
factors associated with core loss. Large core area can keep the flux density low, and drop
core loss. The planar transformer is a good candidate for low core loss.
In addition, low forward voltage drop diodes should be chosen for the output
rectifier to reduce the conduction losses. And metal-oxide-semiconductor-field-effecttransistor (MOSFET) synchronous rectifier characteristics should be utilized when the
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MOSFET is used as the main switch in converter, which helps to reduce conduction
during the primary side current freewheeling interval. Further more, reducing or even
avoiding the freewheeling time and freewheeling current may also help efficiency
improvement.
It should be noticed that device conduction is a major contributor of circuit
conduction losses. When Isulated-Gate-Bipolar-Transitor (IGBT) is selected as converter
switch, the one with low saturated voltage drop should be used. When MOSFET is
chosen, one with lower Rds-on is preferred. In both cases, the device gate drive voltage
should be high enough to guarantee low device conduction loss.
Since resistive conduction loss is equal to I2R, paralleling is a good solution to
reduce this loss. Assume each branch has resistance R, and n branches are used in the
paralleling. Before paralleling, the loss is I2R. After paralleling, the loss drops to
1
I
n ⋅ ( ) 2 R = I 2 R . A big improvement can be seen here, although the associated cost
n
n

may increase.

1.2.2 High frequency ripple cancellation
Ripple is another headache for filter design, besides its frequency. The problem can
be relieved by increasing ripple frequency, which can be done either with increased
converter switching frequency or by interleaved operation for multi-phase dc/dc
converter [A45]-[A50]. For interleaved n-phase converter operation, although the high
frequency ripple remains unchanged for each phase, there is a 360°/n phase displacement
between high frequency ripples generated by two adjacent phases. The overlap of these
displaced or phase-shifted ripples makes their sum flatter. The frequency of the total
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ripple is n-multiple of each phase, and its amplitude is drastically dropped, compared
with the non-interleaved version or even single phase version with the same switching
frequency. In an interleaved voltage converter for fuel cell applications, the interleaving
technique will make the converter input high frequency current ripple low, which helps to
avoid high frequency interaction inside the fuel cell stack and may prolong fuel cell
lifetime. The high frequency ripple cancellation effect also reduces the size of high
frequency smoothing capacitor on the dc input rail, and shrinks the size of the converter
output LC filter to increase system power density and to decrease system cost.

1.2.3 Soft-switching helps to reduce switching loss and EMI
Soft-switching helps to improve system efficiency by eliminating power device
switching losses, especially for those high voltage applications in which the device
switching losses dominate. A lot of literature is available on this subject [A51]-[A53].
Also, by eliminating high di/dt and dv/dt caused by switching action, the electro-magnetic
energy emission will be reduced. Therefore, the notorious electro-magnetic-interference
(EMI) problem associated with switching power converter will be relived [A53]-[A56].

1.2.4 Control of low frequency ripple components
Single phase inverter draws pulsating current from source, and inject large amount
of current ripple contents at low frequency from upstream dc/dc converter and power
source such as fuel cell. Such kinds of low frequency ripple currents will not only harm
fuel cell and shorten fuel cell’s life time, but also limit fuel cell deliverable power
capability. How to effectively mitigate the low frequency ripple components from
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entering fuel cell and fully utilize fuel cell power capability is another challenging task
imposed on the dc/dc converter.

1.3 Major results and dissertation out-line
A novel three-phase transformer-isolated dc/dc converter with efficiency above 96%
is proposed in this dissertation. Phase-shift modulation is used to achieve device softswitching. Also, the multiphase structure reduces the RMS current per phase, thus
reducing the I2R conduction loss, without paralleling multiple devices. Moreover, a Yconnection on the three-phase transformer secondary side doubles the output voltage
without increasing the turns-ratio. Therefore, this converter is favored as the choice of the
high power converters that have a low voltage source and high input current.
The 3-phase 6-leg dc/dc converter is analyzed in this dissertation, and detailed
converter design procedures are described. A hardware prototype converter unit is built
and evaluated. The results verify the converter soft-switching operation and above 96%
high conversion efficiency. An average model is derived and a controller design based on
the derived average model and the fuel cell dynamic has been proposed for low voltage
high power fuel cell applications. Simulation and experimental results validate the control
design.
In addition, a system low frequency ripple interaction among fuel cell, dc/dc
converter and inverter is identified and explored. An ac model is brought up to address
the ripple propagation, and the solutions are discussed. An active control method is
proposed for low frequency ripple mitigating. Detailed control methodology is depicted
and design guideline is suggested. Simulations and experiments are performed, and the
results are utilized to confirm the effectiveness of the proposed active control method.
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This dissertation will be arranged as follows:
Chapter 2 will describe the proposed 3-phase 6-leg dc/dc converter, the operation modes

will be analyzed, and the parameter design procedure will be detailed.
Chapter 3 will evaluate the proposed dc/dc converter, soft-switching operation will be

explored with simulation, experiments were conducted with a built hardware prototype
unit and the results will be used to verify the soft-switching operation. Also, system loss
analysis will be performed, and a 96% conversion efficiency will be projected. The high
efficiency operation will be confirmed with measurements using different approaches.
Chapter 4 will go into the modeling and control of the proposed converter. A linearized

average model will be derived, and a closed-loop control will be designed based on the
derived model. Simulation and experiments are performed to verify the average model
and support the controller design.
Chapter 5 will explore the system level interaction issues, especially the low frequency

current ripple interaction among fuel cell, dc/dc converter, and inverter. An ac model is
derived to explain the ripple propagation. Solutions to mitigate the low frequency ripple
from injecting into the fuel cell are suggested. An active control is proposed and the
controller design is detailed. The designed controller is simulated to see the ripple
reduction effectiveness. This controller is also implemented with hardware prototype unit
and is verified with experiments.
Chapter 6 gives the conclusion of this dissertation and gives suggestions for future work

for the further development on high power converters for low voltage fuel cell
applications.

20

Chapter 2 Proposal and Design of a Novel Three-Phase
Six-Leg DC/DC Converter
Fuel Cell is emerging as a new energy source now. Most of the currently
commercially available fuel cells present low voltage output with a wide voltage range.
To supply the utility grid or home appliances, it needs a converter to boost the voltage.
This converter should be capable of high power operation, as well as high voltage
conversion ratio. Transformer is needed for both voltage boost and isolation. However,
high turns-ratio is not favorable for transformer and circuit design due to the large
leakage inductance. Furthermore, to reduce passive component size, high switching
frequency is preferred. In order to allow high switching frequency and to improve
converter efficiency, soft switching is necessary. Among those soft-switching techniques
suitable for high power converter applications, phase-shift (PS) control technique is one
of the best candidates. However, for a single-phase full-bridge phase-shift converter, the
zero-voltage-switching (ZVS) is only valid in a limited load range. Past efforts have been
focused on solving this problem. The most popular solution is to add a saturable core in
the circuit, or make some devices switching under zero-current-switching (ZCS)
condition with added auxiliary circuitry [A51]-[A54], [B1]-[B8].
In this chapter, a novel three-phase transformer isolated phase-shift DC/DC
converter is proposed. The operating modes of this converter will be discussed, and
qualitative analysis will be presented. A prototype hardware unit is designed and the
design process is detailed in the chapter.
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2.1 Topology and its advantage
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R Vo
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Phase A
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Figure 2.1 Proposed three-phase six-leg converter topology.

Figure 2.1 shows the proposed converter. It consists of three full-bridge converters,
whose outputs are connected to a three-phase full-bridge diode rectifier through a set of
transformers. The proposed transformer secondary Y connection is capable of boosting
the output voltage without increasing the transformer turns ratio.
In the ideal case, if 1 per-unit (pu) voltage is applied to one transformer input and
1pu voltage is applied to the other, then there will be 2 pu voltage imposed on the
secondary output. For example, if Va1a2=Vdc and Vb1b2=-Vdc, then the voltage of rectifier
output will be 2nVdc, which is twice the single-phase transformer output.
Moreover, the three full-bridge single-phase converters can be controlled in an
interleaved way, which means the phase of their output waveforms will be 120° apart
from each other. With this method, the rectifier output ripple frequency will be increased
to six times the switching frequency, thus reducing the size of output filter dramatically.
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Major features of the converter include: (1) Increase converter power rating by
paralleling phases, not by paralleling multiple devices; (2) Double the output voltage by
transformer delta-wye connection, thus lowering the turns-ratio; (3) Reduce the size of
output filter and input dc bus capacitor with interleaved control; (4) Achieve ZeroVoltage Zero-Current Switching (ZVZCS) over a wide load range without auxiliary
circuitry. Due to these advantages, this converter is highly recommended as the interface
between a low-voltage high-power fuel cell source and an inverter load. It is also suitable
for other low-voltage sources, such as batteries and photovoltaics, to supply high-voltage
high-power dc to other circuits.

2.2 Operation principle
2.2.1 Switching vectors
For this six-leg three-phase converter, when the transformer secondary windings are
connected together, current or voltage coupling exists among windings, therefore the
interaction occurs among phases. This interaction is determined by the phase-shift angle
between the legs of each full-bridge converter.
Assuming that complementary gate signals are adopted to control top and bottom
switches for each leg, a switching vector, a1a2b1b2c1c2, can be defined by the leg
switching status. When the top switch is on, the leg switching status is defined as 1;
otherwise when the bottom switch is on, the leg switching status is defined as 0. For
examples, when Sa1p is on and Sa1n is off, leg a1 status is 1. The status of six legs forms
the switching vector. There are total 26 =64 vectors, all the vectors and resulting
normalized voltage in circuit are listed as Table 2-1.
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Table 2-1 Switching vectors and the normalized output voltages.
Switching Vector (a1a2b1b2c1c2)

Va1a2

Vb1b2

Vc1c2

U,V,W
potential

VUV

VVW

VWU

Vf

000000,000011,001100,001111
110000,110011,111100,111111

0

0

0

000

0

0

0

0

000010,001110,110010,111110

0

0

1

001

0

-1

1

1

000001,001101,110001,111101

0

0

-1

00(-1)

0

1

-1

1

001000,001011,111000,111011

0

1

0

010

-1

1

0

1

001010,111010

0

1

1

011

-1

0

1

1

001001,111001

0

1

-1

01(-1)

-1

2

-1

2

000100,000111,110100,110111

0

-1

0

0(-1)0

1

-1

0

1

000110,110110

0

-1

1

0(-1)1

1

-2

1

2

000101,110101

0

-1

-1

0(-1)(-1)

1

0

-1

1

100000,100011,101100,101111

1

0

0

100

1

0

-1

1

100010,101110

1

0

1

101

1

-1

0

1

100001,101101

1

0

-1

10(-1)

1

1

-2

2

101000,101011

1

1

0

110

0

1

-1

1

101010

1

1

1

111

0

0

0

0

101001

1

1

-1

11(-1)

0

2

-2

2

100100,100111

1

-1

0

1(-1)0

2

-1

-1

2

100110

1

-1

1

1(-1)1

2

-2

0

2

100101

1

-1

-1

1(-1)(-1)

2

0

-2

2

010000,010011,011100,011111

-1

0

0

(-1)00

-1

0

1

1

010010,011110

-1

0

1

(-1)01

-1

-1

2

2

010001,011101

-1

0

-1

(-1)0(-1)

-1

1

0

1

011000,011011

-1

1

0

(-1)10

-2

1

1

2

011010

-1

1

1

(-1)11

-2

0

2

2

011001

-1

1

-1

(-1)1(-1)

-2

2

0

2

010100,010111

-1

-1

0

(-1)(-1)0

0

-1

1

1

010110

-1

-1

1

(-1)(-1)1

0

-2

2

2

010101

-1

-1

-1

(-1)(-1)(-1)

0

0

0

0

A switching vector function f(SV) can be defined according to the normalized
rectifier output voltage. The following This switching vector changes with various phaseshift control angle, α. Based on this control angle, the converter operating mode can be
analyzed in three cases: 0°<α<60°, 60°<α<120°, and 120°<α<180°. In each switching
cycle, there will be 12 switching vectors applied sequentially for each case, and each
switching vector corresponds to an operating mode.
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Table 2-2 shows all the available vector function values with corresponding
switching vectors. Using this vector function, the actually rectifier output voltage can be
calculated as:
V f = f ( SV ) ⋅ n ⋅ Vdc

(Eq. 2–1)

Where n⋅Vdc is the base value for the normalization.
This switching vector changes with various phase-shift control angle, α. Based on
this control angle, the converter operating mode can be analyzed in three cases:
0°<α<60°, 60°<α<120°, and 120°<α<180°. In each switching cycle, there will be 12
switching vectors applied sequentially for each case, and each switching vector
corresponds to an operating mode.
Table 2-2 Vector function values and switching vectors.

Switching Vectors SV(a1a2b1b2c1c2)

f(SV)

000000,000011,001100,001111,110000,110011,
111100,111111,101010,010101

0

000010,001110,110010,111110,000001,001101,
110001,111101,001000,001011,111000,111011,
000100,000111,110100,110111,001010,111010,
000101,110101,100000,100011,101100,101111,
100010,101110,101000,101011,010000,010011,
011100,011111,010001,011101,010100,010111,

1

001001,111001,000110,110110,100001,101101,
100100,100111,011000,011011,010010,011110,
101001,100101,100110,010110,011010,011001,

2

2.2.2 Operating modes analyses
Case 1: 0° < α < 60°. In this case, the gate signals and vectors are shown in Figure

2.2. Symbol a1p means the upper switch gate signal of phase leg a1. Similarly, a2p, b1p, b2p,
c1p and c2p are the upper switch gate signals of phase leg a2, b1, b2, c1 and c2, respectively,
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whereas a1n, a2n, b1n, b2n, c1n and c2n denominate the gate signals for the leg lower
switches. The switching vector is determined by the leg switch status, as defined in last
section 2.2.1 , and there are 12 different vectors in one switching converter cycle. For
case 1, these switching vectors are SV0 =100011, SV1 =110011, SV2 =110001, SV3
=110000, SV4 =111000, SV5 =111100, SV6 =011100, SV7 =001100, SV8 =001110, SV9
=001111, SV10 =000111, and SV11 =000011. These 12 vectors correspond to 12 operating
modes of circuit in this case, as indicated in Figure 2.2. Figure 2.3 to Figure 2.10 show
some different circuit topologies and their simplified models corresponding to the
operation modes. The mode analyses are given below.

a1p
a1n
a2p
a2n
b1p
b1n
b2p
b2n
c1p
c1n
c2p
c2n

000011
000111
001111
001110
001100
011100
111100
111000
110000
110001
110011
100011
Mode 0 1

2 3

4 5

6

7 8

9 10 11

Figure 2.2 Gate signals and switching vectors for case 1.

Mode 0(t0~t1): the applied switching vector is SV0 =100011 and the switching
topology is shown as Figure 2.3. In this mode, phase A applies a positive voltage Vdc,
which causes the output inductor current, thus phase A current to increase linearly.
Meanwhile, phase B and C are under freewheeling conduction due to the reflected current
from transformer secondary side. The sum of phase B and C currents is equal to the
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negative of phase A current. The change slop for phase A current is:

for phase B and C current it is : −

∆t =

α
360o

n ⋅ ( n ⋅ Vdc − Vo )
, and
Lf

n ⋅ ( n ⋅ Vdc − Vo )
. The duration for this mode is
2L f

Tsw , here Tsw is converter switching cycle.

+

Vdc

+

iLf

La
a1

Lf

Vf

1:n

ia

a2

b1

b2

ib

c1

c2

Lb

ic

Cf

Lc

RL Vo

-

Figure 2.3 Circuit topology for mode 0 in case 1.

In this mode, only phase A delivers +n⋅Vdc voltage to the transformer output, and Vf
is equal to n⋅Vdc , therefore, from the output point of view, the circuit can be simplified as
Figure 2.4.

La’
nVdc
Lb’

Lf
iLf
Cf

RL

Lc’
Figure 2.4 Simplified circuit topology for mode 0 in case 1.

Mode 1(t1~t2): the applied switching vector is SV1 =110011 and the switching
network is shown as Figure 2.5. This is an idle mode, where all three phases are under
freewheeling conduction. Current freewheels through phase A and C upper switches and
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diodes, and phase B bottom switches and diodes. The transformer outputs voltage are all
zero, thus causing the output filter inductor current to decrease with the slop of −

Vo
.
Lf

Phase A current, which is the reflection of transformer output current, linearly decreases
with slop of −

n ⋅ Vo
. Phase B and C currents, which are in negative direction at t1,
Lf

decrease at the speed of

n ⋅ Vo
60 o − α
. The duration for this mode is ∆t =
Tsw .
2 ⋅ Lf
360 o

+

Vdc

+

iLf

La
a1

Lf

Vf

1:n

ia

a2

b1

b2

ib

c1

c2

Lb

ic

Cf

Lc

RL Vo

-

Figure 2.5 Circuit topology for mode 1 in case 1.

There is no power delivered to the transformer secondary side in this mode,
therefore the circuit can be simplified as Figure 2.6.

La’

Lf
iLf

Lb’

Cf

RL

Lc’
Figure 2.6 Simplified circuit topology for mode 1 in case 1.
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Mode 2(t2~t3): the applied switching vector is SV2 =110001 and the switching circuit
is shown as Figure 2.7. During this mode, phase A and B continue in freewheeling mode.
However, at the beginning of this mode, leg C1 upper switch turns off and bottom device
turns on, applying a negative voltage − Vdc to the phase C transformer primary. A voltage
n ⋅ Vdc is applied to the output filter inductor, and causes the current to increase linearly

with a slope

n ⋅ Vdc − Vo
. This current also flows through phase C transformer secondary
Lf

winding in negative direction, and is reflected to the primary side. This mode lasts for
∆t =

α
360 o

Tsw

+

Vdc

+

iLf

La
a1

Lf

Vf

1:n

ia

a2

b1

b2

ib

c1

c2

Lb

ic

Cf

Lc

-

Figure 2.7 Circuit topology for mode 2 in case 1.
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nVdc

Cf

RL

L c’
Figure 2.8 Simplified circuit topology for mode 2 in case 1.
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RL Vo

The simplified circuit for this mode is shown as Figure 2.8, in which only phase A
delivers +n⋅Vdc voltage to the transformer output, and therefore, Vf is equal to n⋅Vdc .
Mode 3(t3~t4): the applied switching vector is SV3 =110000 and the corresponding
switching circuit is Figure 2.9. At the beginning of this mode, leg C2 upper switch turns
off and bottom device turns on, driving phase C into freewheeling mode. Since phase A
and B continue in freewheeling mode, there is no voltage output to the transformer
secondary sides, causing the output filter inductor current to decrease with the slop of
−

Vo
. Phase C current, which is the reflection of transformer output current, linearly
Lf

decreases in negative direction with slop

slop −

n ⋅ Vo
. Phase A and B currents decrease with
Lf

n ⋅ Vo
60 o − α
. The duration for this mode is ∆t =
Tsw . The simplified circuit for
360 o
2 ⋅ Lf

this freewheeling mode is illustrated in Figure 2.10.

1:n
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Figure 2.9 Circuit topology for mode 3 in case 1.
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-
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Figure 2.10 Simplified circuit topology for mode 3 in case 1.

The steady-state operation analysis for modes 4~11 are similar to those for the
above modes 0~3, but with current flowing through different phases.
In this case, at most one phase transfers DC bus voltage to the output side. Thus, the
ideal maximum voltage transferred to the output is n⋅Vdc, and minimum voltage is 0. The
waveforms of phase output voltages and the rectifier output voltage Vf is shown as Figure
2.11.

Va1a2

n⋅Vdc

Vf

Vc1c2

0

α ⋅ Tsw
360°

Rectifier Output Vf

Tsw
6

Inductor Current iLf

Figure 2.11 Waveforms of phase output voltages, rectifier output voltage Vf. and inductor current in case 1.

Filter input voltage, Vf , is a function of switching vectors, whose normalized values
can be defined according to the voltage transferring in the circuit. For the active modes 0,
2,

4,

6,

8,

10

in

this

case,

the
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vector

function

values

are:

f ( SV0 ) = f ( SV2 ) = f ( SV4 ) = f ( SV6 ) = f ( SV8 ) = f ( SV10 ) = 1 , and each applies for

α

∆t1 =

360°

Tsw .

While the vector function values for freewheeling modes 1, 3, 5, 7, 9, 11 are:

f ( SV1 ) = f ( SV3 ) = f ( SV5 ) = f ( SV7 ) = f ( SV9 ) = f ( SV11 ) = 0 , and each applies for
∆t 2 =

60° − α
Tsw
360°

Therefore, Vf can be expressed as
V f = n ⋅ Vdc ⋅ f ( SV )

(Eq. 2–2)

and its average value is:
n ⋅ Vdc ⋅ [ f ( SV0 ) ⋅ ∆t1 + f ( SV2 ) ⋅ ∆t1 + f ( SV4 ) ⋅ ∆t1 + f ( SV6 ) ⋅ ∆t1 + f ( SV8 ) ⋅ ∆t1 + f ( SV10 ) ⋅ ∆t1 ]
Tsw

Vf =
+
=

n ⋅ Vdc ⋅ [ f ( SV1 ) ⋅ ∆t 2 + f ( SV3 ) ⋅ ∆t 2 + f ( SV5 ) ⋅ ∆t 2 + f ( SV7 ) ⋅ ∆t 2 + f ( SV9 ) ⋅ ∆t 2 + f ( SV11 ) ⋅ ∆t 2 ]
Tsw

α
60 o

⋅ n ⋅ Vdc

(Eq. 2–3)
In ideal case, inductor doesn’t consume any power, and the averaged voltage drop
on it is 0. Hence the averaged value of output voltage Vo is equal to that of Vf:

Vo =

α
60o

⋅ n ⋅ Vdc 

(Eq. 2–4)

Also from Figure 2.11 it can be seen that the inductor current frequency is six times
of switching frequency, which is a big advantage for inductor design, in terms of
component size and cost.
Case 2: 60° < α < 120°. In this case, the gate signals and vectors are shown in

Figure 2.12. For this case, the switching vectors applied are SV0 =100111, SV1 =100011,
SV2 =100001, SV3 =110001, SV4 =111001, SV5 =111000, SV6 =011000, SV7 =011100, SV8
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=011110, SV9 =001110, SV10 =000110, and SV11 =000111. The circuit analyses for
different operating modes are given below.

a1p
a1n
a2p
a2n
b1p
b1n
b2p
b2n
c1p
c1n
c2p
c2n

000111
000110
001110
011110
011100
011000
111000
111001
110001
100001
100011
100111
Mode 0 1

2 3

4 5

6

7 8

9 10 11

Figure 2.12 Gate signals and switching vectors for case 2.

Mode 0(t0~t1): the applied switching vector is SV0 =100111 and the switching
topology is shown as Figure 2.13. In this mode, phase A supplies a positive voltage Vdc,
and phase B supplies a negative voltage -Vdc to the transformers. The induced voltages on
transformer second sides are stacked in series, which cause the output inductor current to
increase linearly. Meanwhile, phase C is under idle condition since there is no current
reflected from phase C transformer secondary side. The currents flowing through phase A
and B are at the same amount but in reverse directions. The change slop for phase A
current is: n ⋅

2 n ⋅ Vdc − Vo
2n ⋅ Vdc − Vo
, and for phase B current it is : − n ⋅
. The duration
Lf
Lf

for this mode is ∆t =

α − 60°
360°

Tsw .
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Figure 2.13 Circuit topology for mode 0 in case 2.
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Figure 2.14 Simplified circuit topology for mode 0 in case 2.

In this mode, both phase A and B supply voltage to the output, and there are 2n⋅Vdc
voltage imposed to the transformer output, and Vf, the circuit can be simplified to Figure
2.14.
Mode 1(t1~t2): the applied switching vector is SV1 =100011 and the switching
network and current flowing paths are shown as Figure 2.15. In this mode, only phase A
delivers power to the load, phase B and C are under freewheeling. The voltage applied to
Vf drops to nVdc, and the inductor current decreases with the slop

n ⋅ Vdc − Vo
, phase B
Lf

and C take equal amount of reflected currents from transformer secondary side, which is
half of phase A current but in negative direction. The duration for this mode is
∆t =

120 o − α
Tsw .
360 o
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Figure 2.15 Circuit topology for mode 1 in case 2.
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Figure 2.16 Simplified circuit topology for mode 1 in case 2.

Figure 2.16 shows the equivalent circuit for this mode. Vf is equal to n⋅Vdc, which is
supplied from phase A. The equivalent total leakage inductance on transformer secondary
side is L'a +

L'b ⋅ L'c
.
L'b + L'c

Mode 2(t2~t3): the applied switching vector is SV2 =100001 and the switching circuit
is shown as Figure 2.17. In this mode, phase A supplies a positive voltage Vdc, and phase
C supplies a negative voltage -Vdc to the transformers. The induced voltages on
transformer second sides are stacked in series, and cause the output inductor current to
increase linearly. Meanwhile, phase B is under idle condition and there is no reflected
current from transformer secondary side. The currents flowing through phase A and C are
at the same amount but in reverse directions. The change slop for phase A current is:
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n⋅

2 n ⋅ Vdc − Vo
2n ⋅ Vdc − Vo
, and for phase C current it is : − n ⋅
. This mode lasts for
Lf
Lf

∆t =

α − 60°
360°

Tsw .
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Figure 2.17 Circuit topology for mode 2 in case 2.

The simplified circuit for this mode is shown as Figure 2.18, in which the
transformer leakage inductors and induced voltages from phase A and C are in series,
therefore, 2n⋅Vdc is applied to the filter input Vf.

La’
nVdc
nVdc

Lf
iLf
Cf

RL

Lc’
Figure 2.18 Simplified circuit topology for mode 2 in case 2.

Mode 3(t3~t4): the applied switching vector is SV3 =110001. Figure 2.19 shows the
switching network and current flowing paths. In this mode, only phase C applies a
negative voltage to the transformer and delivers power to the load, phase B and C are
under freewheeling. The voltage Vf drops to nVdc, and the inductor current decreases with
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the slop

n ⋅ Vdc − Vo
. Phase C current is equal to n ⋅ iL f but in negative direction. Phase A
Lf

and B currents are equal and reflected from transformer secondary side. These two
current is half amount of phase A current but in positive direction. SV1 is applied for
∆t =

120 o − α
Tsw duration.
360 o

+

Vdc

+

iLf

La
a1

Lf

Vf

1:n

ia

a2

b1

b2

ib

c1

c2

Lb

ic

Cf

RL Vo

Lc

-

Figure 2.19 Circuit topology for mode 3 in case 2.

The equivalent circuit for this mode is shown in Figure 2.20. Phase C supplies nVdc
to Vf , and the total leakage inductance on transformer secondary side is L'c +

L a’

L'a ⋅ L'b
.
L'a + L'b

Lf
iLf

L b’

Cf

RL

nVdc
L c’
Figure 2.20 Simplified circuit topology for mode 3 in case 2.

The other operation modes 4~11 can be analyzed in a similar way, with current
flowing situation rotated to another phase. After all the modes are analyzed, the following
Figure 2.21 can be drawn for the key voltage and current waveforms.
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Va1a2
(α − 60°) ⋅ Tsw
360°

Vb1b2

2n⋅Vdc
Vf

Vc1c2

n⋅Vdc

Tsw
6

Rectifier Output Vf

Inductor Current iLf

Figure 2.21 Waveforms of phase output voltages, rectifier output voltage Vf. and inductor current in case 2.

In this case, all modes are active on delivering power to the output. At least one
phase and at most two phases transfer DC bus voltage to the output side. Thus, the ideal
maximum voltage transferred to the output is 2n ⋅ Vdc , and the minimum voltage is n ⋅ Vdc .
Figure 2.21 shows the waveforms for the phase output voltages, the rectifier output
voltage Vf and the filter inductor current iLf. In this case, the switching vector function
values

for

modes

0,

2,

4,

6,

8,

10

are:

f ( SV0 ) = f ( SV2 ) = f ( SV4 ) = f ( SV6 ) = f ( SV8 ) = f ( SV10 ) = 2 , and each applies for
∆t1 =

α − 60°
360°

Tsw . While the vector function values for modes 1, 3, 5, 7, 9, 11 are:

f ( SV1 ) = f ( SV3 ) = f ( SV5 ) = f ( SV7 ) = f ( SV9 ) = f ( SV11 ) = 1 ,
∆t 2 =

and

each

lasts

for

120° − α
Tsw . Using same equations as Eq. 2–2and Eq. 2–3, the output voltage
360°

averaged value can be calculated as:

Vo =

α − 60o
60o

α
120o − α
⋅ 2n ⋅ Vdc +
⋅ n ⋅ Vdc = o ⋅ n ⋅ Vdc
o
60
60
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(Eq. 2–5)
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Figure 2.22 Gate signals and switching vectors for case 3.

Case 3: 120° < α < 180°. In this case, the applied switching vectors are SV0 =100110,

SV1 =100111, SV2 =100101, SV3 =100001, SV4 =101001, SV5 =111001, SV6 =011001, SV7
=011000, SV8 =011010, SV9 =011110, SV10 =010110, and SV11 =000110. The gate signals
and vectors are shown in Figure 2.22. The circuit analyses for different operating modes
are given below.
Mode 0(t0~t1): Switching vector SV0 =100110 is applied, and the switching topology
is shown as Figure 2.23. In this mode, phase A and C supply positive voltage Vdc across
transformer primary sides, and phase B supplies a negative voltage -Vdc to the
transformer input. The induced voltages on transformer second sides are stacked in a
manner shown in Figure 2.24. Phase B current is at the sum of phase A and C currents,
but in negative directions. The duration for this mode is ∆t =
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Figure 2.23 Circuit topology for mode 0 in case 3.
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Figure 2.24 Simplified circuit topology for mode 0 in case 3.

Mode 1(t1~t2): The applied switching vector is SV1 =100111, which corresponds to
the topology shown as Figure 2.25. In this mode, phase A supplies a positive voltage Vdc
across transformer primary side, and phase B supplies a negative voltage -Vdc to the
transformer input, while phase C is in idle mode and deliveries no power to the output.
The induced voltages on transformer second sides are stacked in series, shown in Figure
2.26. Phase B takes same amount of current as phase A does, although in a reversed
direction. This current is equal to the output inductor current reflected to transformer
primary side. Figure 2.26 gives the equivalent circuit model on converter output side for
this mode. This mode ends after ∆t =

180° − α
Tsw .
360°
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Figure 2.25 Circuit topology for mode 1 in case 3.
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Figure 2.26 Simplified circuit topology for mode 1 in case 3.

Mode 2(t2~t3): Switching vector SV2 =100101 is applied to this mode, and the circuit
topology is shown as Figure 2.27. In this mode, phase A supplies a positive voltage Vdc to
transformer primary side, and phase B and C supply negative voltage -Vdc across the
transformer inputs. The induced voltages on transformer second sides are stacked in a
manner shown in Figure 2.28. Phase A current is at the sum of phase B and C currents,
the current flow directions are indicates in Figure 2.27. This mode lasts for
∆t =

α − 120°
360°

Tsw .
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Figure 2.27 Circuit topology for mode 2 in case 3.
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Figure 2.28 Simplified circuit topology for mode 2 in case 3.

Mode 3(t3~t4): The applied switching vector changes to SV3 =100001, which
corresponds to the topology in Figure 2.29. In this mode, phase A supplies a positive
voltage Vdc across transformer primary side, and phase C supplies a negative voltage -Vdc
to the transformer input. Meanwhile phase B is in idle mode and supplies no power to the
output. The induced voltages on transformer second sides are stacked in series, as in
Figure 2.30. Phase C takes same amount of current as phase A does, but in a reversed
direction. The amount of this current can be calculated from the output inductor current
reflected to transformer primary side. Figure 2.30 shows the equivalent circuit model for
this mode. The system stays in this mode for ∆t =
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Figure 2.29 Circuit topology for mode 3 in case 3.
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Figure 2.30 Simplified circuit topology for mode 3 in case 3.

The remaining modes 4~11 are similar to the above four modes, although current
flowing situation may shift to another phase because of various switching vector applied.
After all the modes are analyzed, it can be seen that in this case, at least two phases
and at most three phases transfer DC bus voltage to the output side, thus for all the
applied switching vectors f ( SV ) = 2 . This keeps the rectifier output voltage Vf constant
as 2nVdc at any time, despite of the switching vectors and primary current flows change.
Therefore, the averaged output voltage is uncontrollable and always equal to:

Vo = 2n ⋅ Vdc

(Eq. 2–6)

The flat Vf and Vo result in no ripple showing upon the inductor current and the
filter inductor current is constant. Figure 2.31 provides key voltage and current
waveforms for this case.
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Figure 2.31 Waveforms of phase output voltages, rectifier output voltage Vf. and inductor current in case 3.
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Figure 2.32 Voltage conversion ratio curve - the output voltage as a function of control angle α.

From the above analyses, a voltage conversion ratio chart can be obtained as Figure
2.32, for all the three operating cases with Vdc as converter input voltage. If the circuit
parameters for all three phases are identical, then in the above equivalent circuits,
L'a = L'b = L'c = n 2 Llk , here Llk is the transformer leakage inductance measured on the

primary side.
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2.3 Power stage design and components selection
In order to generate 120Vrms ac voltage output, the input dc bus voltage of an
inverter is required to be at least 120 2 ≈ 170 V. Inevitably there exist parasitic power
losses and voltage drops in the inverter circuit. Also, to assure inverter safe operation,
minimum pulse elimination and deadtime are necessary for controlling devices in each
inverter leg. Both of the minimum pulse elimination and deadtime will introduce
additional duty loss. Therefore, in real implementation, if inverter input is Vdc, the RMS
value of generated ac output would be less than

Vdc
. To maintain the rated 120Vrms
2

output, a dc voltage higher than 170V is desired for the inverter input. Furthermore, a
modulation index less than 1 should be adopted under the inverter nominal running
condition, to allow control headroom and guarantee the output sinusoidal waveform
undistorted. A modulation index of 0.85 is suggested for inverter control at nominal
condition, which gives 15% of control margin to compensate circuit parasitic losses.
Therefore, the appropriate inverter input voltage would be

170
≈ 200 V. This voltage is
0.85

fed from dc/dc converter output. Therefore, in this design, the nominal output of dc/dc
converter would be set to 200V, and capacitor rated at 250V can be chosen for the high
side dc bus filtering and energy storage.

2.3.1 Power devices selections
2.3.1.1 Power MOSFET for main switches

The power switch device is one of the most critical components in the dc/dc
converter, and its selection can affect the converter physical layout, performance,
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efficiency and safety a lot. The most popular devices currently used in power converter
are IGBT and MOSFET. To make a choice for which device to be used, it is necessary to
know the semiconductor device constraints and major features. IGBT is one of junctionbased devices and has a fixed saturated voltage drop VCE-on after it fully turns on. As
state-of-the-art, this voltage drop is higher than 1.4V. Therefore, it is very suitable for
high voltage applications since this VCE-on is relatively low compared to the dc bus
voltage. However, for low voltage application, IGBT is not the best candidate. For
example, in the proposed dc/dc converter, if the fuel cell output 30V, and even the current
available best 6th generation IGBT with 1.4V is adopted, the device conduction loss will
contribute

2 × 1 .4
= 9.3% of system power, and becomes the major efficiency killer. The
30

manufacturers are keeping efforts to lower VCE-on, however, it would not below the silicon
band gap, which is 0.7 V. The associated conduction loss is still significant, and the goal
of 97% efficiency is not possible to achieve. Thus, any junction-based device is not
appropriate for low voltage application.
MOSFET is a kind of junction-less device and has higher switching speed. After it
fully turns on, and its voltage is only proportional to the current and the drain-source
resistance RDS-on which is similar to a resistor behavior. The drain-source turn-on
resistance RDS-on is determined by the body semiconductor layer thickness. This layer
thickness also determines the device voltage blocking capability. Therefore, the RDS-on is
highly related to the voltage blocking capability. Figure 2.33 shows the MOSFET RDS-on
as a function of the breakdown voltage, VBR.
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Figure 2.33 MOSFET drain-source on-drop resistance RDS-on as a function of breakdown voltage.

This exponential relationship implies that for the same silicon area the RDS-on is
exponentially increased as a function of breakdown voltage. If the silicon area increase or
multiple dies are put in parallel, the RDS-on can be reduced. For a low voltage MOSFET its
RDS-on can be very small down to several mΩ. Even with a high current flowing through,
the voltage drop is still much less than that of an IGBT. Therefore, MOSFET would be
the first choice as the power device in this dc/dc converter design. With an optimized
circuit design and layout, the circuit parasitic ringing and voltage stress upon MOSFET
can be confined within a limited range, and 75V MOSFET requirement can be
established to allow adequate headroom to cover the voltage stress even under 50V fuel
cell output condition and keep the converter running safely. Besides, this voltage level
device has been widely used in telecommunication and automotive industries. The
manufacturers normally produce them in sufficient quantity to keep the cost down. The
dc/dc converter developed around this voltage level can take the advantage of the existing
low-cost semiconductor devices that are developed for other industries.
The considerations in selecting power MOSFETs are based on their low losses, ease
of implementations, ability to operate at high switching frequencies, and low costs. The
conduction loss of a MOSFET is a function of its on-resistance. This resistance has a
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positive temperature coefficient, which can be utilized for current sharing in MOSFETs
paralleling for high current applications, to further reduce the on-resistance of the
paralleled switch network. Switching losses of MOSFETs tend to be lower than those of
other devices during hard switching, due to their rapid switching transition characteristics
[B13]. This allows efficient device operation at higher switching frequencies. Finally,
MOSFETs are a comparatively low cost power switching device, especially in discrete
package form.
To avoid acoustic noise from the converter power stage, normally a switching
frequency above 20 kHz is used in a converter control. Higher switching frequency will
also bring in additional benefit to further reduce passive component values and shrink
converter physical size. However, several undesirable tradeoffs exist in further increasing
switching frequency. First, converter switching losses would increase. Second, converter
conduction losses would increase due to the skin affect. Third, duty loss caused by
deadtime and minimum pulse elimination becomes more conspicuous, higher input
voltage is needed to maintain the required output voltage. Fourth, more strict control on
leakage inductance and stray capacitance between windings when building transformer,
in order to assure designed transformer has good frequency response, because the leakage
inductance and stray capacitance will create a resonant frequency inside the transformer
at certain frequency. As a result of the tradeoffs, a MOSFET switching frequency of
50kHz was selected to allow the transformer and output filter stage components to be
small.
The initial power consideration for this dc/dc converter design is for SECA 5kW
fuel cell applications. Due to the paralleling of 3-phase converters in operation, each
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phase needs to deliver 1.7 kW power. For the worst case, when fuel cell output 20V, the
average current flowing through MOSFET would be 85A. Therefore, a current rating
higher than 85A should be chosen when determining which MOSFET to be used.
After conducting preliminary converter simulations, optimal power MOSFET
devices were sought for switching stage implementation. Although many device
parameters were studied during the device selection process, the following parameters
were most strongly considered. Our target is to build a converter with 97% efficiency,
and power loss becomes the most concern. Low on-resistance is the most important factor
taken into account for conducting large currents while sustaining less power loss. Device
size, package, and mounting configuration are also considered for compact and effective
circuit layout.
Table 2-3 Specifications of favorable MOSFETs
Part Number

Blocking
Vdss (V)

Id
(A)

@ Tc
(°C)

RDS-on
(mΩ)

IXYS

VMM 1500-0075P

75

1200

80

0.55

Screw Mount Module

IXYS

VWM 350-0075P

75

250

80

2.3

PCB Mount Module

IXYS

FMM 200-0075P

75

160

90

3.5

ISOPLUS i4-PAC

Fairchild

FDB045AN08A0

75

80

145

4.5

TO-263

International Rectifier

IRFP2907

75

148

100

4.5

TO-247

Fairchild

FDP047AN08A0

75

80

144

4.7

TO-220AB

IXYS

FMM 150-0075P

75

120

90

4.7

ISOPLUS i4-PAC

Vishay Siliconix

SUM110N08-05

75

110

125

4.8

TO-263

IXYS

IXUC160N075

75

130

90

6.5

ISOPLUS 220

International Rectifier

IRF3808

75

97

100

7.0

TO-220AB

Fairchild

FQA160N08

80

113

100

7.0

TO-3P

Manufacturers

Package

Power MOSFET device specifications from several manufacturers were reviewed.
The search was limited to discrete MOSFETs or easily scalable MOSFET configurations
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having at least a 75V blocking capability and an on-resistance no greater than 7mΩ.
Using these selection criteria, the most favorable devices are listed in Table 2-3.
All the selected devices met the electrical specifications outlined. Among them, TO3P, TO-247, TO-263 and TO-220AB packages (including ISOPLUS220) are discreet
package for single MOSFET. Using these kinds of package in a circuit not only throws to
the designer with layout complexity, but introduces more circuit parasitic inductances in
the layout which often cause circuit ringing and degrade converter performance.
Concerning with the conduction loss, VMM 1500-0075p from IXYS would be the
best choice. However, the current rating of this device super exceeds what is needed for 5
kW applications. Besides, the screw mounting module package makes its price beyond
acceptable for this application. VWM 350-0075p is a good candidate. It packs 3-leg
together and the packed module is designed for PCB soldering connection. The
arrangement of connection pins greatly simplifies external PCB design. However, the
module type package makes this device expensive and relatively high parasitic
inductance on the internal wire-bond connections which are asymmetric to all three legs
and difficult to compensate externally. Both of the FMM200-0075p and FMM150-0075p
from IXYS are using initially favored based on their superior thermal characteristics. The
ISOPLUS i4-PAC package which they are using is a through-hole design with an
electrically isolated copper back plane. This design allows significant heat conduction
through minimal thermal impedance from the device to a heat sink. The whole package
size is similar to that of Super TO-247 but the package provides two MOSFET inside.
This half-bridge structure based feature is extremely sweet for leg-based converter
applications. By taking this advantage, the PCB layout can be made really easy and the
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hardware unit becomes more compact. The IXYS FMM200-0075p half-bridge device is
the more desirable IXYS device for its low on-resistance. However, this device is no
longer available from IXYS because of some design flaw. FMM150-0075p has the same
half-bridge structure and ISOPLUS package, but with less current rating and a little
higher RDS-on. Therefore, it will be hired in this converter hardware implementation.

2.3.1.2 Power diodes for output rectifier

According to the previous mode analysis, the averaged value of rectifier output
voltage would be

α
60°

n ⋅ Vdc . Therefore, to get an output of 200V with fuel cell voltage of

20~50V, if n=6 is adopted as transformer turns-ratio, then the range of control angle
would be 40°< α <100°. If converter is working in the analyzed case 2, the rectifier
output pulse peak is 2nVdc. This means that a diode rated at least on 600V must be used
for the rectifier when the fuel cell output is 50V. However, as 50V is maximum output of
some fuel cell, and it drops quickly after fuel cell is loaded. As Ballard Nexa 1.2kW PEM
fuel cell, because its auxiliary control and compressor subsystems as parasitic load, even
without external load connected, Nexa 1.2 kW can only output no more than 45V, and
this voltage drops fast to below 35V when external load is applied. The output voltage
reaches 27V when the nominal load is connected to Nexa 1.2 kW, and under this
condition, the peak of rectifier output pulse is 324V. 600V diode would provide sufficient
headroom for this output even with some parasitic ringing presented. With light load
condition, Nexa 1.2 kW output 43V and the rectifier output pulse peak is 516V in ideal
case. There will still be some margin for 600V diode to tolerate some parasitic voltage
ringings. Only under extreme case when fuel cell output 50V, 600V diode may not be
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enough to handle circuit ringings. However, this situation would not happen with Nexa
1.2 kW fuel cell, which will be used in our system test. For cost and power loss
consideration, diodes rated on 600V reverse blocking voltage will be employed for the
output rectifier implementation.
To obtain 200/400 dc for inverter to generate 120/240V ac, two identical rectifier
and filters sets are used on the output stage. Each set outputs 200V dc, and they are in
series for 400V dc output. 5kW is used for SECA fuel cell unit power; however, adequate
margin is used in the rectifier and filter designs. 3kW is used for each output set design,
and with this power under 200V, the load current is 15A for each rectifier set. Diode will
exhibit lower forward voltage drop than the rated one when its current is well below
nominal rating. Therefore, in the implementation, diode ratings of 600V reverse blocking
voltage, and higher than 50A average forward current were selected. Other specifications
such as forward voltage drop, reverse recovery time, and peak reverse recovery current
are carefully compared for device selection. At the selected power level, the most
common discrete rectifier package offered by manufacturers is TO-247. Five ultra-fast,
soft recovery devices in the TO-247 package were selected for comparison and are
presented in Table 2-4.
Both the IR HFA50PA60C and IXYS DSEK 60-06A provide dual rectifier diodes
with common cathode three-pin configuration, while the Fairchild device is a two-pin
single rectifier package. Although the other two diodes from IR have only single diode
packed inside, their pin connections are fully compatible with HFA50PA60C, therefore
they can directly replace HFA50PA60C without modifying any circuit layout.
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Low diode forward voltage drop (VF) plays another important role in system
efficiency improvement by minimizing device power consumption. The forward voltage
drop values reported in Table 2-4 correspond to a rated device forward current. However,
some testing conditions vary among manufacturers. The reported VF values for the
International Rectifier (IR) device are maximum values taken at a 125°C junction
temperature, while the other two values are reported for junction temperatures of 100°C,
and are not indicated as maximum one.
Table 2-4 Specifications of favorable diodes
Manufacturers

Part Number

VR
(V)

IF
(A)

VF
(V)

@ Tc
(°C)

trr*
(ns)

IRRM**
(A)

Package

Fairchild

RHRG5060

600

50

1.5

150

45

N/A

TO-247

International Rectifier

60APU04

400

60

0.93

125

50

15.4

TO-247AC

International Rectifier

60APU06

600

60

1.2

125

34

17

TO-247AC

International Rectifier

HFA50PA60C

600

25×2

1.3

125

23

8

TO-247AC

IXYS

DSEK 60-06A

600

30×2

1.4

150

34

10

TO-247AD

Notes: * trr for IF = 1A; -100A/µs for Fairchild and IXYS, -200A/µs for IR
**IRRM is tested for: (-200A/µs, 125°C) on IR; (-240A/µs, 100°C) on IXYS

Reverse recovery time (trr) and peak reverse recovery current (IRRM) are another two
key aspects. Fast trr and low IRRM will provide more continuous load current and reduce
reverse conduction loss. The presented trr values also reflected differed test conditions.
Although test conditions of 1A forward current and a 25°C junction temperature were
reported for all devices, the forward current dIF/dt values are reported to be 200A/µs from
IR and to be 100A/µs from the other two manufactures. This implies that IR
HFA50PA60C and 60APU06 have faster reverse recovery time based on the magnitude
of forward current transients. It was also noted that the given trr value for the RHRG5060
was a maximal one, while those of the other devices were typical. Peak reverse recovery
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current specifications were also compared based on available data. The values listed in
Table 2-4 represents peak reverse recovery current specifications associated with similar
test conditions. This peak reverse recovery current for the RHRG5060 is not specified by
Fairchild on its data sheet. IR data are tested under the condition of a rated forward
current, a reverse voltage of 200V, a dIF/dt value of 200A/µs, and a junction temperature
of 125°C. Corresponding, IXYS test condition is IF = 30A, VR = 350V, dIF/dt = 240A/µs,
and TVJ = 100°C.
Overall, the IR and IXYS devices appeared to be the best suited for implementation,
with the IR device showing slightly more desirable characteristics. Because the costs are
not significantly different among these devices, the 60APU06 by International Rectifier
was selected for implementation. In some applications with lower input voltage, it can be
directly substituted by 60APU04, for system efficiency improvement.

2.3.2 Transformer design
Because of our three-leg phase-shift converter topology, a three-phase transformer
design is adopted. The three-phase transformer is implemented with three single-phase
transformers connected in ∆/Y. The reason for this type of connection is to achieve
higher voltage output with fewer turns in the secondary.
Since the fuel cell output is ranged from 20~50V, the dc/dc converter should have at
least conversion ratio of 10 to get 200V dc output. As analyzed in Section 2.2 , in the
proposed 3-phase 6-leg dc/dc converter, transformer set ∆/Y connection has voltage
doubler effect in operating case 2 and 3, which will further boost the output voltage.
Therefore, 1:5 is required for transformer minimum turns-ratio. If the parasitic losses are
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taken into account, the turn-ratio should be higher than 1:5. In this design implementation,
1:6 is picked up for the transformer turns-ratio.
Highly efficient - yet compact - power conversion is a fundamental priority in the
design of this fuel cell dc/dc converter. A transformer set is incorporated in order to adapt
the output voltage to the proper level of 200 V dc. The transformer usage provides an
isolation stage between the input and the output. In all magnetic components, size is
directly related to switching frequency, higher frequencies translating into smaller
volume, and also into higher efficiency, if the right transformer design is chosen. In the
past, operating frequencies much above 20 kHz were precluded by the non-availability of
suitable switching transistors. Now, with power MOSFETs capable of converting power
at frequencies well above 200 kHz, the major obstacles to ongoing performance
improvements in power supplies are the limitations inherent in conventional wire-wound
transformers and companion inductors.
Planar transformer provides a good solution to overcome these obstacles, especially
for high current applications. It offers unique benefits on low profile and low core loss by
utilizing more core area. The planar transformers differ from traditional wire wound
transformers in winding arrangement and core geometry. Normally stamped copper sheet
or PCB layer is used in the planar construction. This flat winding layers winds in a spiral
pattern and bonded to thin insulating substrates. The layers are stacked inside or around a
low profile core. Multiple winding layers can be connected in series to create a desired
number of winding turns, or in parallel to reduce skin effect for conducting high
frequency current and to increase the winding current conducting capability. This type of
winding geometry allows planar transformers to operate at high switching frequencies,
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which allow further reduction on core size and winding losses. For those applications
which need center tapped or multiple primary or secondary side windings, the stacked
layer arrangement greatly simplifies the production of symmetric windings. Furthermore,
primary and secondary winding layers can also be stacked alternately in an interleaved
manner to achieve higher coupling, and to reduce transformer leakage inductance for
high efficiency operation. Planar transformers exhibit high manufacturability which leads
to identical transformer parameters. This saves lot efforts on tuning up resonant circuit
and benefits multi-phase applications which require multiple closely matched
transformers. Also the magnetic core enclosed structure can well confine EM field inside,
thus reduce the EMI emission from transformer. Finally, planar core geometry is more
suited for heat sink mounting which allows better thermal management to achieve higher
transformer power densities [B26][B27]. However, one should pay attention the
frequency response related to the transformer natural resonance, because the
improvement on tight coupling between layers will also lead to the increased capacitance
between layers. This capacitance will not only lower transformer natural resonant
frequency, but also decrease the impedance for common mode noise propagation. Even
though, the reduced leakage inductance will compensate resonant frequency drop, most
of the time even make it higher.
Despite the mentioned drawbacks, a planar transformer is designed based on the
specifications mentioned above. Designing planar transformers is no different than
designing conventional magnetics when it comes to core saturation and turns ratio. The
volt-second applied must not saturate the ferromagnetic material during the worst-case
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condition. The copper design is slightly different, and the window utilization (the area
under the magnetic core filled by the copper winding) is also different.
In order to adapt to 200/400 dc for inverter to generate 120/240V ac, two identical
output rectifiers and filters are used. Each outputs 200V dc, and two outputs are cascaded
to obtain 400V dc. Therefore, each transformer secondary is made of two separate
windings that are connected in two separate wye configurations. Each output is rectified
and then filtered to achieve two separate 200V DC busses. It was determined that the
transformer turns ratio should be 1:6:6. Then maximum primary current, I1, was
determined using:
I1 =

Po

(Eq. 2–7)

Vin _ min ⋅ p

where p is the number of converter phases, Po is the output power, and Vin_min is the
minimum input voltage. The ferrite core material that will be used is 3C90 material from
Philips with maximum allowable flux density of B = 3000 Gauss. From the power loss
per volume unit data and core volumes provided by the manufacturer, the core losses as a
function of frequency can be drawn in Figure 2.34 for an EI64 and EE64 core selections.
Since the curves are based on 100°C core temperature and flux density for 2kW peak
power, therefore, under normal condition, the core loss would be no more than that
indicated by the curves.
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Figure 2.34 Core loss vs. frequency for EI64 and EE64.

Since the transformers are switching at frequency of 50 kHz skin depth is a very
important factor in determining the conductor size. Skin depth as a function of frequency
is determined by Eq. 2–8.

ρ
π ⋅ f ⋅ µ r ⋅ µ0

(Eq. 2–8)
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Figure 2.35 Optimum copper thickness at a given frequency.
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75k

Figure 2.35 shows skin depth as a function of copper thickness and frequency. At
frequency 50 kHz, the skin depth is about 8 oz copper. Heavier copper may be used for
better cooling purpose. For higher current conditions, the best approach is to laminate
multiple thin layers of copper to avoid waste of copper areas.
The trace width is determined by the core window area, temperature rise, and the
current flowing through the trace. Based on this procedure using an EI64 core and three
primary layers and a current density of Jp = 5.038 A/mm2. Number of layers of the
secondary has to be an even number in order to achieve symmetry. Copper thickness and
trace width are determined in the same way as the primary board thickness is determined
by adding up the thickness of the copper and insulating material sandwiched between
them. With the number of layers and turns for our design an EE64 core was chosen. At
50% duty cycle the flux density is determined by:
B=

Vin _ min ⋅ D
Ae ⋅ f ⋅ N p

⋅108

(Eq. 2–9)

which gives a flux density of B = 2625 Gauss. This number is under our abovementioned limit of 3000 gauss. The final specifications are given in Table 2-5.
Table 2-5 Transformer specifications.

Turns Ratio

1:6:6

turns

Frequency

50

kHz

Input Voltage

22-48

V

Current max

42

A

Power

2000

W

Core

EE64
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Figure 2.36 Picture of designed and fabricated planar transformers.
Table 2-6 Measured transformer parameters

Leakage Inductances (Primary is shorted and Secondaries are in series)
f =50 kHz

f =100 kHz

Transformer 1

3.97

3.79

µH

Transformer 2

3.916

3.74

µH

Transformer 3

3.95

3.78

µH

Magnetizing Inductances and Resistances
f =50 kHz

f =100 kHz

Secondary@50 kHz

Transformer 1 L

13.11

16.43

µH

471.96

µH

R

26.93

167.39

mΩ

1.06

Ω

Transformer 2 L

13.13

16.24

µH

472.68

µH

R

23.9

145.02

mΩ

1.03

Ω

Transformer 3 L

13.63

17.01

µH

490.68

µH

R

28.11

157

mΩ

1.08

Ω

DC Resistances
Primary

Secondary 1

Secondary 2

Transformer 1

0.09

7.91

7.9

mΩ

Transformer 2

0.08

7.91

7.89

mΩ

Transformer 3

0.09

7.86

7.85

mΩ
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Based on the above specifications, this planar transformer is fabricated by Payton
Group International. Three of the single phase transformers are assembled in the 6-leg
converter set-up for testing. Figure 2.36 shows the picture of the built transformer set,
each transformer is specified with 112A RMS maximum primary current and 1000V
RMS minimum dielectric strength. The parameters of these three transformers were
measured, and the following Table 2-6 shows the measurement results.
From the measurement results it can be seen that the parameters for three
transformers are barely balanced.

2.3.3 Capacitors designs
In this system, both low voltage dc side and high voltage dc side capacitors are
mainly determined by the system power management energy storage requirements,
besides the filtering requirements. The system power management is highly related to
source and load dynamics. A PEM fuel cell stack can quickly support a load step change
if the stack has sufficient fuel flow, proper temperature and hydration level [A9].
However, the response of the auxiliary mechanical systems is significantly slower than
the fuel cell stack. If there is no dramatic change in step load, the fuel cell controller will
keep original air pressure. During large load transients, however, the air compressor has
to kick in to maintain proper hydration level. In this case, the power throughput dynamic
would have to rely on the mechanical system dynamic. For the fuel cell that has been
used in converter testing, the compressor has a 0.5 second delay time to respond to the
load transient, whereas the stack voltage level responds to the load change on the order of
microseconds. In order to accommodate the slow response on power throughput, the
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converter needs to be designed with sufficient energy storage for power management and
with proper control bandwidth for stable operation.
There are two types of energy management using auxiliary energy sources. For a
standalone system powered only by fuel cells, a secondary source with fast dynamics,
such as a battery or an ultra capacitor, is needed to handle fast load transients. The
overall power management system structure with auxiliary power is shown in Figure 2.37.

Bi-directional
DC/DC
Converter

Battery

Fuel
Cell

Cap

DC/DC
Converter

Cap

Inverter

Load

Figure 2.37 Fuel cell system power management structure (including auxiliary power).

For a grid intertie system that allows the fuel cell to be started with utility power or
non-critical loads that do not need substantial back up power, the bidirectional dc/dc
converter branch can be replaced by large dc bulk capacitors to reduce cost and to avoid
battery maintenance problems. In such applications, the dc bulk capacitors are used to
handle fast system dynamics created by the inverter load steps. The system power
management structure without auxiliary power is shown in Figure 2.38.

Fuel
Cell

Cap

DC/DC
Converter

Cap

Inverter

Load

Figure 2.38 Low-cost fuel cell system power management structure (without auxiliary power).
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Without an auxiliary power branch, the fuel cell is the only source of power. Hence,
the static power delivered to the load is limited by fuel cell capability. For example, the
commercially available Ballard Nexa 1.2kW power module has a maximum continuous
net output of 1.4 kW and provides 43 Vdc output at system idle (no load) condition and
about 27Vdc at rated current of 53A that accounts for the losses in the power converters.
The maximum allowable load current is 70A for no more than 50 milliseconds, after
which time the fuel cell will shut down.
The dc bulk capacitors must be sized to manage load transient power during the
compressor delay period. Figure 2.39(a) shows the extreme case of the voltage and
current responses from no load to full load and vice versa [A9]. Figure 2.39 (b) shows the
corresponding power during load transient. From the plots, the transient energy required
by the load can be determined by the difference between the steady state and transient
voltage and current conditions. During the transient, the voltage waveform has
approximately a 2.5-V dip below its steady-state level due to slow response of the air
compressor. During this voltage dip, the fuel cell output power is 150-W below what the
load is asking for, and the fuel cell hydration level needs to be adjusted by the
compressor. Since the percentage of voltage and power dip is low, and the compressor
delay time period is not long, it is possible to make up the energy deficit by the bulk
capacitors. Eq. 2–10 shows the amount of energy deficit that needs to compensate for the
compressor delay.

∆E = E req − E fc = V ⋅ I ⋅ ∆t − ∫ (v ⋅ i )dt ≈ 41( J )

(Eq. 2–10)

Where Ereq is the required energy calculated from the steady-state load voltage and
current after the transient interval ∆t. Efc is the energy provided by the fuel cell during
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the transient and is the integral of the fuel cell transient voltage and current during the
power-dip period.
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Figure 2.39 Load-step response of Nexa 1.2kW fuel cell: (a) voltage and current plots; (b) power plot.

It should be noticed that the dc/dc converter input always places a bulk capacitor to
smooth the voltage at the converter input and to absorb the ripple current generated by
the dc/dc converter. The selection of the bulk capacitor is typically dependent on the
ripple current capability and the length of the cable between the fuel cell and dc/dc
converter. In our design, a total of 30mF electrolytic capacitors are placed to smooth the
120-Hz ripple current that reflects from the inverter side and a total of 60-µF
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polypropylene capacitors are placed to absorb high-frequency ripples caused by the dc/dc
converter switching.
Although the input side capacitors can provide substantial energy storage, the output
side of the dc/dc converter also allows additional energy storage to compensate for fuel
cell transients. Assume the inverter output allows 15% below nominal value, or 102Vac
for a 120 Vac line. To generate this 102 Vac, at least 144 Vdc is needed for the inverter
input. With 200V as the regulated nominal dc bus voltage, the total output capacitance
required for dc/dc converter can be found as follows:
1). Input capacitor transient energy: If the voltage drops from 43V to 27V, the
discharged energy is:
E1 = 12 ⋅ Cin ⋅ (Vin21 − Vin22 ) = 12 ⋅ 0.03 ⋅ ( 432 − 27 2 ) ≈ 17( J )

(Eq. 2–11)

2). Required additional energy:

E2 = ∆E − E1 = 24( J )

(Eq. 2–12)

3). Output capacitor energy: Assume voltage drops from 200V to 144V:
E2 = 12 ⋅ Co ⋅ (Vo21 − Vo22 )

(Eq. 2–13)

Rearranging the equation yields:
Co =

1
2

E2
24
= 1
≈ 2.5m( F )
2
2
⋅ (Vo1 − Vo 2 ) 2 ⋅ (200 2 − 144 2 )

(Eq. 2–14)

It should be mentioned here that the above transient test is performed on the stepload between no-load and 1.4kW. For typical load steps within the nominal 1.2kW range,
a bulk capacitor of 2.2mF is sufficient and thus is used in our design.
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2.3.4 Output filter design
A typical second order filter which consists of one inductor and one capacitor is
used to smooth the dc voltage supplying the down-stream payloads. The output filter
capacitor needs to handle 120 Hz, 20 A ripple current generated from the next stage
inverter. The voltage ripple is limited to 5%. Therefore, the capacitance can be calculated
as:
∆I

Co =

8 ⋅ f ripple ⋅ ∆V

=

20 A
= 2.1mF
8 ⋅120 Hz ⋅ 200V ⋅ 0.05

(Eq. 2–15)

A standard capacitor value adjacent to this one is 2.2 mF. This value is coincident to
the one designed in last section for transient power management purpose.
The output filter for the three-phase converter was designed for an equivalent
switching frequency of 300 kHz. As a starting point, the inductor was designed for a 20%
inductor ripple based on each rectifier outputs 3kW power condition with nominal input
and output voltages. The effective duty cycle on rectifier output pulse voltage Vf is a
function of input dc voltage, and can be calculated as:

d eff _ nom =

Vf
V f _ max

=

Vo _ nom
2n ⋅ Vdc _ nom

=

200V
= 0.617
2 × 6 × 27V

(Eq. 2–16)

Therefore, the inductance was calculated as:
Lf =

2n ⋅ Vdc _ nom − Vo _ nom d eff _ nom 2 × 6 × 27V − 200V 0.617
∆V
⋅ ∆t =
⋅
=
⋅
= 85µH
∆I
0.2 ⋅ I L f
f sw _ e
0.2 × 15 A
300kHz
(Eq. 2–17)

This inductor is designed using a Kool Mu powder core. This type of core is both
cost effective and readily available. The inductance of a wound core can be calculated
from the core geometry by using the following equation:
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L=

0.4π ⋅ π ⋅ N 2 ⋅ Ae
le ⋅108

(Eq. 2–18)

Where L is inductance in Henry, µ is core permeability, N is number of turns, Ae is
core cross section area, and le is the length of core magnetic path
A toroidal core having a permeability µ of 90 was used. This core has cross section
and magnetic path length values of 1.444 cm2 and 14.3 cm respectively. The selected
inductance value of 85 µH was achieved using an adjusted turns-number of 32. Multistrand wire was used to account for AC ripple current at the operating frequency. Figure
2.40 shows the photograph of the filter inductor and capacitor for the two split DC buses.

Figure 2.40 Load photograph of dc filter stage.

2.4 Summary
In this chapter, a 3-phase 6-leg dc/dc converter is proposed by using phase-shift
control for three interleaved phases. Major features of the converter includes: (1).
Increase converter power rating by paralleling phases, but not paralleling multiple
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devices; (2). Double the output voltage by transformer delta-wye connection, thus lower
the turn ratio; (3). Reduce output filter size with interleaved control; (4). Possible softswitching operation with phase-shift control.
The operating modes of this converter were analyzed. According to the analysis,
converter power stage circuit parameters are designed. Detailed design process was
presented. A hardware testing unit was built using the designed parameters and will be
tested and evaluated in next chapter.
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Chapter 3 Performance Evaluations for Proposed ThreePhase Six-Leg DC/DC Converter Power Stage
Based on the design depicted in last chapter, a hardware test unit of the proposed 3phase 6-leg dc/dc converter was built and put into experimental evaluations. The
following Figure 3.1 illustrates the assembly of the prototype converter. It consists of
three major parts: a six-leg converter power board, a set of three transformers, and an
output rectifier/filter board. In this test unit, three full-bridge single-phase converters are
synchronized by an external clock signal and are controlled by the same reference signal.
Thus, with well-tuned ramp signals, the phase-shift modulation angles between two legs
for each phase are identical. This timing is critical; if it is slightly unmatched it may
cause large circulating energy among the transformer primary sides.

Power MOSFET

Phase-shift Controller

HF Cap
Output Transformers

Input Bulk Cap

Tr
an
sf

or
m
er
s
DC Input

Rectifiers

To Load

Output Filter
Figure 3.1 Hardware prototype unit of proposed 3-phase 6-leg dc/dc converter.
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In this chapter, the built hardware unit will be evaluated. Simulations and
experiments were conducted to study system performance, and the results will be
reported and compared, to demonstrate the superiority of the proposed converter topology.

3.1 Low high-frequency ripple operation

VDS_a1n

VDS_b1n
iL

Vf
5µs/div
Figure 3.2 Hardware test result demonstrating clean waveforms with low high-frequency ripple.

As mentioned before, the interleaved operation for three phases will drastically
reduce those high frequency ripples related to device switching. With interleaved control,
the output voltage ripple and input current ripple frequency would be six times of
switching frequency and the ripple amplitudes would be lowered. Experiments
demonstrate such superiority of the proposed converter. Figure 3.2 shows captured
waveforms from the tests with built prototype converter running in case 3 dc/dc
transformer mode. From which it can be seen that device drain-to-source voltage
waveforms are very clean, with only tiny amount of ringing. The rectifier output voltage
Vf is almost flat and has frequency high as six times of switching frequency, appended by
some small ringings. The waveform of filter inductor current is flat. In case 1 and 2,
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although the output voltage and current are not flat, their ripple amplitudes have been
greatly reduced by interleaved operation, compared with its single-phase counterpart.
This clean waveform guarantees devices safe operating, and high frequency (6× fsw)
small ripple dramatically reduces output filter size.

3.2 Soft-switching operation
The device switching poses significant switching noise and energy losses, especially
during turn-on process that needs to turn off the opposite-side freewheeling diode. If the
freewheeling diode is slow recovery, the situation is even worse. This happens when
using the body diode of power MOSFET as the freewheeling diode. No matter how good
is the diode reverse recovery characteristic, the turn-on loss is still significantly higher
than the turn-off loss.
One of the advantages of phase-shift controlled converter is its capability of softswitching operation. As mentioned in last chapter, this 3-phase 6-leg dc/dc converter can
be treated as three single-phase full-bridge dc/dc converters running in an interleaved
manner, and phase-shift control is adopted for each single-phase converter. Therefore,
this converter inherits soft-switching capability, which will benefit system power
conversion efficiency improvement.

3.2.1 Soft-switching operation analysis
In a phase-shift controlled single-phase full-bridge converter, 50% duty cycle gate
signal is adopted to control each power switch, as shown in Figure 3.3. For each leg, the
gate signal for a bottom device, as denoted with n, is complementary to that for the top
device, which is indicated with p. To assure the safe operation of converter, a proper
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deadtime is inserted to the complementary signals to keep the leg from shoot-through
failure. One switching cycle Tsw corresponds to a 360° electrical angle. Leg 2, which is
delayed an angle of α from leg 1, is defined as lagging leg, and leg 1 is defined as leading
leg. Where α is the phase-shift control angle and is less than 180°.

1p

180°

1n
2p

α

2n
Tsw
Figure 3.3 Gate drive signal for one single phase.

Similar signals are applied to each phase of the proposed multi-phase converter,
which are illustrated in the mode analysis of last chapter. The leading legs are noted as a1,
b1 and c1, while the a2, b2 and c2 refer to the lagging legs, for each phase. Similarly, this
three-phase version phase-shift converter can easily achieve ZVS turn-on for the lagging
leg switches in each phase. For the leading leg, during its switching transition, the phase
current is affected by the other two phases. The distribution of the current heavily
depends on the phase inductance, which consists of the transformer leakage inductance
and any other stray inductances in each phase. If the phase inductance is large enough,
the switches should be able to turn on with fairy low current, or nearly ZCS.
For an example, in case 1 (0°<α<60°), the lagging leg 2 in phase B has a switching
transition from top switch to bottom switch. Before the transition, the applied switching
vector is SV10 =000111, the circuit topology is shown as Figure 3.4(a). In which phase A
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and C have positive current flows, and phase B current is in a negative direction, as
indicated. After this switching vector applies for ∆t =

α
360o

Tsw , a switching transition

begins. Leg b2 top MOSFET Sb2p turns off, and bottom MOSFET Sb2n won’t turn on
immediately because of deadtime. Therefore, the body diode of MOSFET Sb2n will
momentarily takes over the current flowing through Sb2p, and freewheeling starts. During
the freewheeling, the forward voltage drop of the MOSFET body diode maintains a slight
negative voltage across MOSFET drain and source. MOSFET can be turned on at any
time during the freewheeling to achieve ZVS operating, and its switching loss can be
minimized. Actually after deadtime, MOSFET Sb2n turns on, and runs as synchronous
rectifier which can help to reduce the conduction loss caused by body diode forward
voltage drop.
SV10=000111
+

Sb2p
a1

Vdc

SV11=000011
La

+

ia

a2

b1

a1

ib

b2

c1

La

c2
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Lb

Vdc

Lc
-

-

(a)

ia

a2

b1

b2

ib

c1
Sb2n

c2

ic

Lb
Lc

(b)

Figure 3.4 An example of lagging leg switch transition with ZVS in case 1: (a) before transition; (b) after
transition.

Similar ZVS operations exist in case 2 (60°<α<120°) and 3 (120°<α<180°),
although different switching vectors applied. Figure 3.5 shows an example in case2 and
Figure 3.6 shows another example in case3. In Figure 3.5, leg c2 has a ZVS transition;
and in Figure 3.6 leg a2 has a ZVS transition.
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Figure 3.5 An example of lagging leg switch transition with ZVS in case 2: (a) before transition; (b) after
transition.
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Figure 3.6 An example of lagging leg switch transition with ZVS in case 3: (a) before transition; (b) after
transition.

3.2.2 Simulation on soft-switching operation
The proposed converter is simulated for the three operating cases mentioned above
under the following conditions: 25V input dc voltage, resistive 30Ω output load, 50 kHz
switching frequency and 500ns deadtime control for each leg. Other circuit parameters
are: 23nH leakage inductance on the primary side of each phase, 84µH inductor and
2.2mF capacitor for the output filter. For the phase-shift modulation angle, 40º is used for
case 1, 80º is used for case 2, and 150º is used for case 3.
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Since phases A, B and C are identical except for the 120º phase displacement from
each other, the resulting waveforms are similar. Therefore, only phase A waveforms are
shown here as Figure 3.7, Figure 3.8 and Figure 3.9, for case 1, 2 and 3, respectively. The
phase current and device drain-to-source voltages are recorded. Simulation results verify
that the lagging leg switches are operating under ZVS condition. Also, from the
simulation results we can see that, for all three cases, the leading leg a1 switches are
turned on under zero-current condition. When a1p and a2p or a1n and a2n are conducting
simultaneously, the phase current ia would have been continuously flowing in the
conventional full-bridge converter. With a three-phase structure, this current is reset by
the other two phases, and the zero-current switching condition for the leading leg is
naturally created without additional resetting circuitry.

a1p
a1n
a2p
a2n

Leg A1 ZVS Turn-on

Va1p
Va1n

Leg A2 ZVS Turn-on
Va2p
Va2n
ia

Leg A1 ZCS Turn-on
Figure 3.7 Simulated soft-switching operation in case 1.
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a1p
a1n
a2p
a2n
Va1p
Va1n

Leg A2 ZVS Turn-on
Va2p
Va2n
ia

Leg A1 ZCS Turn-on
Figure 3.8 Simulated soft-switching operation in case 2.
a1p
a1n
a2p
a2n

Leg A1 ZVS Turn-on
Va1p
Va1n

Leg A2 ZVS Turn-on
Va2p
Va2n
ia

Leg A1 ZCS Turn-on
Figure 3.9 Simulated soft-switching operation in case 3.

In case 1 and case 2, to get the same output voltage, a larger phase-shift modulation
angle is needed at heavy loads due to component voltage drop. Therefore, the above
simulation results imply that the converter operates under soft-switching for a wide load
range with closed-loop regulation. Another simulation comparison has been done by
varying load resistance to get a 200V output, with the same phase-shift modulation angles
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as stated in the above cases. The simulation results also confirm that the ZVZCS softswitching operation can be achieved.

3.2.3 Experimental verification on soft-switching operation
To verify the performance of the proposed topology, a hardware prototype converter
unit has been built,, experiments were conducted to test the converter under varied
operating conditions. First of all, a series of switching waveforms have been captured to
verify converter soft-switching operation. Figure 3.10 to Figure 3.13 are waveforms for
converter running in case 1 (0°<α<60°), Figure 3.14 to Figure 3.17 are waveforms for
converter running in case 2 (60°<α<120°), and Figure 3.18 to Figure 3.21 are waveforms
for converter running in case 3 (120°<α<180°). The full scale waveforms with both turnon and turn-off transitions are acquired with 2µs per division time scale, and the zoom-in
waveforms are captured with 0.2µs per division time scale. In these waveforms, heavy
load refers to 32Ω resistive load, and light load refers to 10% of heavy load, that is 320Ω
resistive load. Also, 28 V dc is used as input voltage for case 1 and 2 tests, and 20V dc is
adopted for case 3 tests.
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Figure 3.10 Leading leg switching waveforms in case 1 with light load: (a) switching waveforms; (b)
zoom-in turn-off waveforms; (c) zoom-in turn-on waveforms.
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Figure 3.11 Leading leg switching waveforms in case 1 with heavy load: (a) switching waveforms; (b)
zoom-in turn-off waveforms; (c) zoom-in turn-on waveforms.
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Figure 3.12 Lagging leg switching waveforms in case 1 with light load: (a) switching waveforms; (b)
zoom-in turn-off waveforms; (c) zoom-in turn-on waveforms.
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Figure 3.13 Lagging leg switching waveforms in case 1 with heavy load: (a) switching waveforms; (b)
zoom-in turn-off waveforms; (c) zoom-in turn-on waveforms.

79

Gate Signal

Device Voltage
(a)

Turn-off

Gate Signal

Turn-on

Device Voltage

Gate Signal

Device Voltage
(b)

(c)

Figure 3.14 Leading leg switching waveforms in case 2 with light load: (a) switching waveforms; (b)
zoom-in turn-off waveforms; (c) zoom-in turn-on waveforms.
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Figure 3.15 Leading leg switching waveforms in case 2 with heavy load: (a) switching waveforms; (b)
zoom-in turn-off waveforms; (c) zoom-in turn-on waveforms.
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Figure 3.16 Lagging leg switching waveforms in case 2 with light load: (a) switching waveforms; (b)
zoom-in turn-off waveforms; (c) zoom-in turn-on waveforms.
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Figure 3.17 Lagging leg switching waveforms in case 2 with heavy load: (a) switching waveforms; (b)
zoom-in turn-off waveforms; (c) zoom-in turn-on waveforms.
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Figure 3.18 Leading leg switching waveforms in case 3 with light load: (a) switching waveforms; (b)
zoom-in turn-off waveforms; (c) zoom-in turn-on waveforms.
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Figure 3.19 Leading leg switching waveforms in case 3 with heavy load: (a) switching waveforms; (b)
zoom-in turn-off waveforms; (c) zoom-in turn-on waveforms.
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Figure 3.20 Lagging leg switching waveforms in case 3 with light load: (a) switching waveforms; (b)
zoom-in turn-off waveforms; (c) zoom-in turn-on waveforms.
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Figure 3.21 Lagging leg switching waveforms in case 3 with heavy load: (a) turn-off waveforms; (b) turnon waveforms.

From the device switching waveforms presented in Figure 3.10 to Figure 3.21, it can
be seen that with the designed circuit parameters, all the leading leg devices turn off with
ZVS condition and all the lagging leg devices turn off with nearly ZVS condition, for all
the circumstances tested. This is achieved by utilizing MOSFET drain-to-source junction
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capacitance as snubber. The experiments show that the heaviness of load has little impact
on device ZVS turn-off. Moreover, in case 1 and 3, the leading leg MOSFETs also turn
off under Zero Current Switching (ZCS) conditions. This ZCZVS condition eliminates
device turn-off loss. The turn-off losses for lagging leg MOSFETs are very small because
of the near ZVS condition.
Also from these waveforms we can see that, all the lagging leg MOSFETs turn on
with ZVS condition; and the heavier the load is, the better separation between device
current and voltage waveforms. Therefore, the turn-on losses for lagging leg devices are
basically none. For the leading leg devices, they also achieve ZVS turn-on situation in
case 3 and almost ZVS turn-on in case 1; besides, ZCS condition co-exists for the leading
leg device turn-on in these two cases. However, in case 2, ZVS condition doesn’t exist
for leading leg device turn-on. Significant overlap exists between device voltage and
current waveforms, and result in turn-on switching loss.
The experimental results on soft-switching operations match the simulation results
pretty well. It should be noticed that the light load condition only has 10% of load used as
heavy load condition in the experiments. Therefore, both simulation and experiment
results prove that this converter has a very good soft-switching property over a wide load
range, and reveal the possibility to achieve our high power conversion efficiency goal by
using this converter.
It should also be noticed that in case 3, all devices switch under ZVS condition.
Besides, leading leg devices also switch under zero current condition, and lagging leg
device turn on with same ZVS+ZCS condition. Plus no MOSFET body diode
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freewheeling exists in this case 3, therefore, an extremely high efficiency can be
prospected in this dc/dc transformer mode for the proposed converter.

3.2.4 Discussion in soft-switching, circuit inductance and system efficiency
2.3µH Inductor

23nH Inductor

Gate

a1p
a1n
a2p
a2n
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0
-40
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id_a2p
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Vin = 25V, PS = 95º, RL = 30 Ω
Figure 3.22 Soft-switching improvement with additional inductor to leakage inductor.

In the above Figure 3.8, it can be seen that the leading leg device turns on under
hard switching condition. This can be improved by adding inductor in series with leakage
inductor. Figure 3.22 shows the simulated result with additional inductor to the leakage
inductor. From which it can be seen that the leading leg switch Sa1p has already achieve
ZVS with the add-on inductance. However, by adding this inductor, the diode conduction
time increases and the output voltage will be significant lowered because of the effective
duty cycle loss caused the large inductor, even with other circuit parameters unchanged.
Therefore higher transformer turns ratio is needed to obtain the required output voltage.
After increasing transformer turns ratio, the phase current and the lagging leg diode
current id_a2p are expected to be at the same amplitude as those in the case with 23nH
inductor. However, the long lasting period of id_a2p persists. This implies that additional
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substantial amount of freewheeling conduction loss will occur, which will deteriorate
system efficiency.
As mentioned above, with large inductor, although soft-switching is achievable, the
additional

freewheeling

conduction

losses

may

sacrifice

converter

efficiency

improvement by soft-switching. Besides, big inductor with high current rating is not
favorable for manufacturing and converter size reduction. Therefore, adding additional
huge inductor in series with transformer leakage inductor is not a good idea.
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(2) Phase-shift

One leg switches ZVS

Phase-shifted signals between legs
50% Symmetrical duty for leg switches
Figure 3.23 Idea of PWM/Phase-shift dual modulation.

Literature researches [A35][A36] reveal that applying asymmetric duty cycle or
complementary PWM signals to top and bottom devices in one leg can also achieve one
of the devices with ZVS turn-on. And we know by phase-shift control, both devices in
lagging leg can easily achieve ZVS turn-on. Is it possible to utilize soft-switching from
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both complementary PWM and phase-shift with fairly low inductance? This leads to the
following idea shown in Figure 3.23, which considering about applying both
complementary PWM and phase-shift control to a full bridge converter for efficiency
improvement. This dual-modulation method is evaluated with Saber simulation.
Figure 3.24 shows the simulation results by applying this dual modulation to a
single-phase full-bridge converter, and Figure 3.25 the case of applying to proposed 3phase 6-leg converter. From the simulation it can be seen that lagging leg inherits the
merit of ZVS turn-on for both of its devices, and the leading leg, originally incapable of
ZVS turn-on for either of its devices, gains the additional soft-switching benefit for its
top devices. It should be mentioned that in both simulation, the inductor is slightly
increased to 100nH. Even though, both simulations verify the idea to achieve devices in
one and half legs with ZVS turn-on, with a fairly low inductor.
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Figure 3.24 Soft-switching improvement for single phase full bridge converter with the proposed dual
modulation.
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Figure 3.25 Soft-switching improvement for 3-phase 6-leg converter with the proposed dual modulation.

This idea seems to be very attractive for application since no additional circuitry is
needed. However, it will drastically increase control complexity for control signal
generation and control algorithm design with duty-cycle and phase-shift coordination.
Besides, when the inductor is large enough to achieve all the devices with ZVS turn-on,
this method may result in losing ZVS condition for one of the switches in a full bridge
converter.

3.3 High efficiency conversion
As stated above, the proposed converter is capable of soft-switching operations;
therefore, it potentially can run with high conversion efficiency.
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3.3.1 Power loss estimation and distribution
As we know, in a converter system power losses normally consist of two types:
conduction losses and switching losses. The conduction losses include power switch
conduction loss, diode conduction loss, transformer copper loss and core loss, inductor
copper loss and core loss, capacitor ESR loss, and other stray resistive losses. The
switching losses include power switch switching loss and diode turn-off loss.

3.3.1.1 Power device conduction loss

A

Rds-on S

D

D

S

Vds = IonRds-on

A

K

(a)

Vt

Rak

+–

K

Vak = Vt + IonRak
(b)

Figure 3.26 MOSFET and diode conduction model: (a) MOSFET conduction model; (b) diode conduction
model.

With high current condition, one major converter loss is in device conduction. It is
not difficult to estimate the device conduction loss given the device parameters. Figure
3.26 shows the MOSFET and diode conduction model. The MOSFET model shown in
Figure 3.26(a) indicates that there is not a junction voltage drop, and the device
conduction model is simply a resistive drop, Vds = IonRds-on. The MOSFET conduction
equivalent resistance, Rds-on, is typically in mΩ range for low-voltage devices and is a
function of temperature. Typically, Rds-on doubles with 100°C temperature rise. Thus,
keeping junction temperature low implies indirectly improvement of the efficiency.
When estimating system efficiency, it is necessary to factor the temperature into
calculation.
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The power MOSFET used in the prototype converter unit is FMM150-0075p from
IXYS, it has 4.7 mΩ when the junction C temperature is 25°. For this device, the body
diode typically has 1.1V forward voltage drop. Based on the mode analysis in last chapter,
the total conduction loss for all the MOSFET in this converter can be calculated as:
In case 1 (0°<α<60°):

MOSFET conduction loss in mode 0:
I
Pc−m 0 = 2 × I 2 ⋅ Rds−on + 2 × ( ) 2 ⋅ Rds−on = 2.5 I 2 Rds−on
2

(Eq. 3–1)

MOSFET conduction loss in mode 1:
I
Pc−m1 = I 2 ⋅ Rds −on + 2 × ( ) 2 ⋅ Rds−on = 1.5 I 2 Rds−on
2

(Eq. 3–2)

Body diode conduction loss in mode 0:
I
Pc−df 0 = 2 × ⋅ Vdf = I ⋅ Vdf
2

(Eq. 3–3)

Body diode conduction loss in mode 1:
I
Pc−df 1 = 2 × ⋅ Vdf + I ⋅ Vdf = 2 I ⋅ Vdf
2

(Eq. 3–4)

Considering synchronous rectifier effect, the body diode losses would be replaced with
MOSFET losses, therefore, they will become:
Synchronous conduction loss in mode 0:
I
Pc−syn 0 = 2 × ( ) 2 ⋅ Rds −on = 0.5 I 2 Rds −on
2

(Eq. 3–5)

Synchronous conduction loss in mode 1:
I
Pc−syn1 = 2 × ( ) 2 ⋅ Rds −on + I 2 ⋅ Rds −on = 1.5 I 2 Rds −on
2

(Eq. 3–6)

In case 2 (60°<α<120°):

MOSFET conduction loss in mode 0:
Pc−m 0 = 4 × I 2 ⋅ Rds −on

(Eq. 3–7)

MOSFET conduction loss in mode 1:
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I
Pc−m1 = 2 × I 2 ⋅ Rds−on + 2 × ( ) 2 ⋅ Rds−on = 2.5I 2 Rds−on
2

(Eq. 3–8)

Body diode conduction loss in mode 0:
Pc−df 0 = 0

(Eq. 3–9)

Body diode conduction loss in mode 1:
I
Pc−df 1 = 2 × ( ) ⋅ Vdf = I ⋅ Vdf
2

(Eq. 3–10)

Considering synchronous rectifier effect, the body diode losses would be replaced with
MOSFET losses, therefore, they will become:
Synchronous conduction loss in mode 0:
Pc−syn 0 = 0

(Eq. 3–11)

Synchronous conduction loss in mode 1:
I
Pc−syn1 = 2 × ( ) 2 ⋅ Rds−on = 0.5 I 2 Rds−on
2

(Eq. 3–12)

In case 3 (120°<α<180°):

MOSFET conduction loss in mode 0:
I
Pc−m 0 = 2 × I 2 ⋅ Rds−on + 4 × ( ) 2 ⋅ Rds−on = 3I 2 ⋅ Rds−on
2

(Eq. 3–13)

MOSFET conduction loss in mode 1:
Pc−m1 = 4 × I 2 ⋅ Rds−on

(Eq. 3–14)

Body diode conduction loss in mode 0:
Pc−df 0 = 0

(Eq. 3–15)

Body diode conduction loss in mode 1:
Pc−df 1 = 0

(Eq. 3–16)

Considering synchronous rectifier effect, the body diode losses would be replaced with
MOSFET losses, therefore, they will become:
Synchronous conduction loss in mode 0:
Pc−syn 0 = 0

(Eq. 3–17)
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Synchronous conduction loss in mode 1:
Pc−syn1 = 0

(Eq. 3–18)

So with synchronous rectifier operation, the total MOSFET power loss is:
Case 1:
Pcon−MOS = ( Pc−m 0 + Pc−syn 0 ) ⋅

α
360°

⋅ 6 + ( Pc−m1 + Pc−syn1 ) ⋅

60° − α
⋅ 6 = 3I 2 Rds−on
360°

(Eq. 3–19)

Case 2:
Pcon−MOS = ( Pc−m 0 + Pc−syn 0 ) ⋅

α
360°

⋅ 6 + ( Pc−m1 + Pc−syn1 ) ⋅

60° − α
120° − α
α − 60°
+ 3I 2 Rds−on ⋅
⋅ 6 = 4 I 2 Rds−on ⋅
360°
60°
60°

(Eq. 3–20)
Case 3:
Pcon−MOS = ( Pc−m 0 + Pc−syn 0 ) ⋅

α
360°

⋅ 6 + ( Pc−m1 + Pc−syn1 ) ⋅

60° − α
180° − α
α − 120°
⋅ 6 = 3I 2 Rds −on ⋅
+ 4 I 2 Rds −on ⋅
360°
60°
60°

(Eq. 3–21)
Diode conduction model is shown as Figure 3.26(b), and the diode used for the
output rectifier is 60APU06 from IR which has a forward voltage drop of 1.2V.
According to the mode analysis, when the filter inductor current is ILf, the rectifier diode
conduction loss can be estimated as:
In case 1 (0°<α<60°):

Mode 0: Pc−d = I Lf ⋅ Vd + 2 ×

I Lf

Mode 1: Pc−d = I Lf ⋅ Vd + 2 ×

I Lf

2
2

⋅ Vd = 2 I Lf ⋅ Vd

(Eq. 3–22)

⋅ Vd = 2 I Lf ⋅ Vd

(Eq. 3–23)

In case 2 (60°<α<120°):

Mode 0: Pc−d = 2 × I Lf ⋅ Vd = 2 I Lf ⋅ Vd
Mode 1: Pc−d = I Lf ⋅ Vd + 2 ×

I Lf
2

(Eq. 3–24)

⋅ Vd = 2 I Lf ⋅ Vd

(Eq. 3–25)

In case 3 (120°<α<180°):
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Mode 0: Pc−d = I Lf ⋅ Vd + 2 ×

I Lf
2

⋅ Vd = 2 I Lf ⋅ Vd

(Eq. 3–26)

Mode 1: Pc−d = 2 × I Lf ⋅ Vd = 2 I Lf ⋅ Vd

(Eq. 3–27)

Therefore, the overall diode rectifier conduction loss is:
Pcon−diode = 2 I Lf ⋅ Vd

(Eq. 3–28)

3.3.1.2 Transformer power loss

A. Transformer core loss model
The transformer loss can be a major part of the total loss if it’s not carefully
designed. The detrimental factor to the transformer core loss is the flux density. Eq. 3–29
shows the flux density as a function of the input voltage and switching frequency.
Although reducing switching frequency allows the converter switching loss reduction, it
will proportionally increase either the flux density or the core area as the loss penalty or
the cost penalty.
Bmax =

D ⋅ Vin
N1 Ae f

(Eq. 3–29)

where Bmax is the maximum flux density; D is duty cycle; Vin is input voltage; N1 is
primary turns number; Ae is cross section area; and f if frequency.
The design tradeoff is to determine a frequency that allows minimum sum of device
switching loss and transformer core loss. With soft switching which may still have the
turn-off loss depending on the circuit design, the focus can be concentrated more on the
transformer loss reduction. Eq. 3–30 shows the transformer core loss as a function of
frequency and flux density. Through extensive design calculation, it is found that the
planar EE64 core is capable of handling 2-kW continuous and 3-kW peak comfortably.
With two to three sets of the cores, it is possible to achieve 6-kW design.
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Ptr −core = a ⋅ f c ⋅ Bmax ⋅ Ve
d

(Eq. 3–30)

For EE64 planar core, the parameters are found as follows:
d = 3.15;

c = 1.6;

a = 0.053;

and Ve = 40.7 cm3

Eq. 3–30 indicates that the flux density is the key factor for the core loss, and the
efficient transformer design should minimize the flux density as much as possible.
However, low flux density also implies large volume if frequency is not high enough.
With 50-kHz frequency, each EE64 core consumes less than 9W. Even with three sets of
cores, the total core loss is less than 27 W at full-voltage condition. It is less than 0.5% at
6-kW output.
B. Transformer copper loss model
The copper loss estimation is relatively simple, since the winding resistances were
measured when the transformer had been built. As a measured result, the transformer has
about 1mΩ resistance on primary side and 200mΩ on secondary windings, both at 50
kHz frequency. The copper loss can be estimated using formula:

Ptr −cu = I 2 Rtr −cu

(Eq. 3–31)

and the overall transformer loss is:
d
Ptr = Ptr −core + Ptr −cu = α ⋅ f c ⋅ Bmax
⋅ Ve + I 2 Rtr −cu

(Eq. 3–32)

3.3.1.3 Inductor power loss

The output filter inductor was built using Magnetics 77192A7 Kool mu core, which
has permeability as 60 and inductance factor AL as 138mH/1000turns. A multi-strand
Litz wire was used for the winding, and 25 turns are wound. The measured inductance for
the built inductor is 85µH and winding resistance is 19mΩ.
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For the selected core, the flux density at designed 15A current operating point is
around 3000 Gauss. At this point, the core material has power loss density about
300mW/cm3, and the core has volume 28.6cm3. Therefore, the core loss can be estimated
as 8.58W at this point. With lower current, the flux density drops, and the loss density
decrease in an exponential order. For a 200V dc output at 1 kW power case, the core loss
is less than 1W.
The total inductor power loss can be calculated by combining core loss and winding
copper loss, and can be estimated as:
2

2

Pind = 0.019 ⋅ I Lf + 0.0381 ⋅ I Lf = 0.0571 ⋅ I Lf

2

(Eq. 3–33)

3.3.1.4 Capacitor power loss

As indicated by the datasheet and confirmed by lab measurement, the output
capacitor has about 45mΩ ESR. Its loss can be calculated as
2
Pesr −cap = I ripple
Resr −cap

(Eq. 3–34)

3.3.1.5 Stray resistive power loss

Measured by QuadTech 1715 LCR Digibridge, the dc rail PCB traces totally have 2
mΩ resistance, from input terminal to device pins. Other miscellaneous stray resistance
such as contact resistance for all the power circuit connections can be roughly estimated
as 1 mΩ, therefore, the total stray resistance would be 3 mΩ, and the loss can be
estimated using:
Ppar −res = I 2 R par −res

(Eq. 3–35)
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3.3.1.6 Power device switching loss

During device turn-on, the voltage drops to zero, and the current rises to the load
current, both with a finite time. On the other hand, during device turn-off, the voltage
rises to the dc bus voltage, and the current drops to zero, also with finite time for both.
Figure 3.27 shows approximated and simplified voltage and current waveforms during
switching. The actual switching waveforms contain high frequency parasitic ringings and
are not consistent with different circuit layouts and configurations. Thus the
approximated waveforms are more appropriate for switching behavior explanation.
current spike due to
diode reverse recovery

Voff

voltage spike
due to Ldi/dt

Voff

Ion

Ion

current
tail

Turn-on

conduction

Turn-off

Off state ton

Conduction (on state)

(a)

toff

(b)

Figure 3.27 Device switching voltage and current waveforms: (a) approximated; (b) simplified.

When the gate voltage exceeds the threshold voltage during turn-on process, the
device current starts building up, and the rate of current change, di/dt, introduces a small
voltage drop due to the loop leakage inductance. A current spike tends to occur because
the device must also turn off the opposite-side diode, which normally introduces a reverse
recovery current that adds into the load current. The peak turn-on current is always higher
than the load current because it is sum of the load current and the opposite side diode
reverse recovery current. After the reverse recovery period, switch current will ring back
to the load current, and the device is considered fully turn-on.
When the gate voltage drops below the threshold voltage during turn-off process, the
device voltage starts rising and its output capacitance is being charged. Once the device
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voltage reaches bus voltage, the current starts falling. The rate of current change
introduces a voltage spike due to the loop inductance.
The switching loss energy during the switching period is the integration of voltagecurrent product. Eq. 3–36 is the general expression of the switching energy. The
nonlinearity of the switching voltage and current waveforms, especially under different
voltage and current conditions, makes the integration results nontrivial. Eq. 3–37 and Eq.
3–38 express the well-accepted nonlinear switching energies for turn-on and turn-off
conditions. The turn-on energy, Eon, is a function of on-state current, Ion, and off-state
voltage, Voff. With h and k parameters to fit different load conditions. The turn-off energy,
Eoff, is also a function of on-state current, Ion, and off-state voltage, Voff with m and n
parameters to fit different load conditions. Parameters kon and koff represent stiffness of the
gate driver circuit. Smaller gate drive resistance normally yields faster switching speed
and less switching energy and thus smaller kon and koff. Parameters k and n are typically 1
for power MOSFET, and parameters h and m are a function of the switch turn-on rise
time and turn-off fall time.
Esw =

∫v

(Eq. 3–36)

(t ) isw (t ) dt

sw
switching time

Eon = kon ⋅ (h ⋅ I onk ) ⋅ Voff

(Eq. 3–37)

Eoff = koff ⋅ (m ⋅ I onn ) ⋅ Voff

(Eq. 3–38)

Parameters h, k, m and n require either experiments or data provided by the
manufacturer and are not available in datasheet. For soft-switching applications, precise
switching energy parameters are not necessary because they are not playing the major
role in the total loss. Thus, a simplified switching loss model shown in Figure 3.27 (b) is
normally adopted because its parameters can be easily obtained from the manufacturers’
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datasheet. The triangular shaded area in this simplified model represents the switching
energy and can be expressed in Eq. 3–39 and Eq. 3–40. Note that the switching loss is
simply the switching energy multiplied with the switching frequency, and is expressed as
Eq. 3–41.
Eon =

1
⋅ kon ⋅ Voff ⋅ I on ⋅ ton
2

(Eq. 3–39)

Eoff =

1
⋅ koff ⋅ Voff ⋅ I on ⋅ toff
2

(Eq. 3–40)

Pswitching = f sw ⋅ ( Eon + Eoff ) =

1
⋅ f sw ⋅ Voff ⋅ I on ⋅ (kon ⋅ ton + koff ⋅ toff )
2

(Eq. 3–41)

This calculation can only be applied to the converter with hard switching operations.
With soft-switching, the situation may be changed. For example, the proposed 3-phase 6leg dc/dc converter runs with all ZVS condition and only a very small overlap existing
between MOSFET voltage and current. Therefore, the switching loss may not agree with
the calculation results; moreover, some device switching characteristics waveforms are
not available from the datasheets. Therefore, it would be better to use measured switching
waveform for loss prediction.

3.3.1.7 Loss modeling for the overall system

The overall dc/dc converter system loss is a sum of all the losses mentioned above.
With factoring in the duty cycle for the device conduction loss calculation and the
frequency for the device switching and transformer loss calculation, the overall system
loss can be evaluated using the following equations:
Ploss = Pcon−MOS + Pcon−diode + Ptr + Pind + Pesr −cap + Ppar −res + Pswitching
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(Eq. 3–42)

100%

with reduced parasitics

Efficiency

95%

calculated at low
input voltage

90%
85%
80%
75%
70%
0

1000

2000

3000

4000

5000

6000

Output power (W)
Figure 3.28 Predicted system efficiency with low input voltage.
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Figure 3.29 Predicted converter system loss distribution at 2kW input power with low voltage.

Figure 3.28 shows the calculated converter system efficiency at different power
level when the input voltage is low. It should be mentioned that the calculation is based
on the converter is running in case 3 (120°<α<180°) dc/dc transformer mode. Figure 3.29
illustrates the loss distribution when the input power is 2kW. Where it can be seen that
MOSFET conduction loss is the major contributor and the parasitic resistive loss is the
second one. Due the existing small ringing, the switching losses can not be totally
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eliminated; therefore, small portion of switching remains and is taken into account. The
predicted system efficiency in this case is 96.63%.

3.3.2 Efficiency measurement:
3.3.2.1 Scope reading and calculation

Today most of the digital scopes have powerful calculation capability and are
equipped with plenty of data post-processing functionalities. It can be conveniently
configured for efficiency measurement. Figure 3.30 shows the experimental voltage and
current waveforms at 1.3 kW output condition. The average values for input dc voltage
and current are 19.65 V, 68.31 A, and for output dc voltage and current are 231.9 V,
5.713 A. The calculated converter output power is 1325W and input power is 1342W.
Therefore, the efficiency can be estimated as 98.7%.

Input Voltage
Output Voltage

Output Current

Input Current

Input Voltage
Output Voltage
Input Current
Output Current

Figure 3.30. Experimental input and output waveforms at 1.3 kW output condition.

Table 3-1 lists some test results with different load conditions in operating case 3
(120°<α<180°). The control angle α is set to 165°. The applied input voltage is around
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26V, and the output voltage is about 300V due to the dc/dc transformer operating mode.
The target of 97% is achieved when the load is between 1~2 kW.
Table 3-1 Efficiency measurement results by oscilloscope with different load conditions in operating case 3

Vin(V)

Iin(A)

Vout(V)

Iout(A)

Pin(W)

Pout(W)

Efficiency

25.31

17.1

301.9

1.315

431.79

397

91.94%

25.8

32.7

305.6

2.635

843.4

765.86

95.48%

25.78

45.8

304.6

3.766

1181.24

1134.68

97.11%

25.81

60.2

303.2

4.936

1554.79

1513.61

97.26%

26.26

90.1

304.3

7.482

2366.03

1884.98

96.90%

26.63

120

304.6

10.004

3189.48

2633.31

95.54%

100%

Efficiency

96%
92%
88%
84%
80%
0

500

1000

1500

2000

2500

Output Power (Watts)

3000

3500

Figure 3.31. Measured efficiency over the entire power range.

The measured efficiency curve is shown as Figure 3.31 Throughout the test for
below 2.1 kW load, the power board was not actually glued on to the heatsink and
without any forced-air cooling, even though the temperature rise was below 20°C under
steady-state operation. The results are very encouraging with the newly developed multi101

phase converter. The efficiency tends to be deteriorated at higher power level due to
parasitic and power interconnection losses. The highest temperature point is the
interconnection between ac power bus and the transformer input.
When the output voltage is kept the same, high voltage input tends to have lower
duty cycle, and the diode or synchronous MOSFET conducts longer. The circulating
current during freewheeling causes significant additional conduction losses. Typical
MOSFET body diode voltage drop is 1.1 V, and for one phase leg with two devices in
series, the total voltage drop is 2.2 V, nearly 10% of the supply voltage. In other words, if
the diode conducts more than 50% of the time, then the loss contributed by the diode will
be more than 5%. In order to achieve high efficiency, diodes should be conducted in
minimum duty cycle, and for the diode to conduct in minimum duty, the phase-shift
control angle for nominal condition should be designed close to or above 120°, and the
turns ratio of the transformer should match the input and output very closely. With a wide
input voltage range, this is not a trivial design. Based on the SECA specification, our
design is optimized at around 20 V, which allows MOSFET conducts more than 90%
duty. For input voltage at 24 V, high power output efficiency is comparable with the 20 V
input case but tends to be lower a little bit. For input voltage higher than 30 V, the diode
tends to conduct more than 30%, and the efficiency deteriorates quickly.
This problem also can be observed with efficiency measurement for different phaseshift control angles. Table 3-2 shows some of the test results. When the control angle
increases, freewheeling interval reduces, and the associated conduction losses are
mitigated. Figure 3.32 reveals the efficiency improvement trend along with the increasing
of phase-shift control angle.
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Table 3-2 Efficiency measurement results by oscilloscope with different control angles

PS α(°)

Vin(V)

Iin(A)

Vout(V)

Iout(A)

Pin(W)

Pout(W)

Efficiency

15

29.36

2.06

35.37

0.886

60.48

31.34

51.81%

30

29.44

5.39

68.74

1.721

158.68

118.29

74.54%

45

29.43

12.18

109.33

2.721

358.46

297.52

83.00%

75

29.22

35.64

197.28

4.880

1041.40

962.73

92.45%

90

24.33

43.15

199.8

4.945

1049.84

988.01

94.11%

110

19.57

53.68

200.99

4.971

1050.52

999.12

95.11%
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Figure 3.32. Efficiency improvement with increased control angle.

Although the efficiency can be measured with oscilloscope, careful calibration is
required before any data can be taken for calculation. The calibration is tedious, since
those active probes such as differential voltage probe and Hall type current probe will
drift along with time passing by. Besides, the measured numbers given by the
oscilloscope tends to vary all the time within a certain range. This will create random
reading errors which are critical to calculating efficiency higher than 95%. Without
careful calibration, an efficiency number higher than 100% can easily be reported. To
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minimize the reading errors, a statistic fitting curve based on substantive measurement
results would be preferred to project converter system efficiency. The above reported
efficiency curves are generated by this statistic method.

3.3.2.2 Data acquisition system
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Figure 3.33. Efficiency measurement system setup with Agilent data acquisition unit.

Compared with oscilloscope measurement with active probes, a data acquisition
system together with passive shunt resistor for current measurement can provide more
accurate and steady results. Agilent 34970A data acquisition/switch unit together with
Agilent 34901A multiplexer module can do this job well. Figure 3.33 shows the
experimental setup with such kind of data acquisition system. The 24901A multiplexer
module has 20 isolated input channels which allow input voltage up to 300V. Besides,
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this module has additional two channels for current measurement. All channels have 6.5
digits conversion accuracy. In Figure 3.33, shunt resistors from T&M Research Products
Inc. are used for input and output current measurements. The part number for shunt 1
used for input current measurement is K-2000-4-Finned, whose tagged resistance value is
0.002423Ω. For the output current measurements, since there is no handy shunt available,
a SDN-414-10 type 0.1Ω shunt resistor paralleling with a Caddock MP9100 series 0.05Ω
power resistor (1% accuracy) is used for shunt 2, and for shunt 3 in the system. All the
shunt resistors were carefully calibrated with both Fluke 189 multimeters and Agilent
34970A unit, and the more conservative value from the results using these two calibration
methods is adopted for measurement calculation.
100%

Efficiency
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3000
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Figure 3.34. Measured converter efficiency with data acquisition system.

With the well calibrated shunt resistors, the voltage and current on both input and
output sides of the converter have been logged, together with heatsink temperature. For
all the tests, no more than 20°C heatsink rising was logged by the data acquisition system
even with natural cooling. The measured converter system efficiency as a function of
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output power can be plotted as Figure 3.34. It should be mentioned that the tests were
conducted with 42V dc input voltage and with 200V dc for each output, and the
efficiency are based on the total output power.
Despite the input voltage difference, the efficiency curve in Figure 3.34 fairly agrees
with that in Figure 3.31. Since higher input voltage is applied, the primary current is
reduced at the same power level. Therefore, converter efficiency stays above 96% up to
3.1 kW output power, and tends to drop a little bit quicker after that, because the
conduction loss increase significantly with heavier load.

3.3.2.3 Efficiency measurement with calorimeter

With high dv/dt presenting on the power circuit, most digital instruments misbehave
a little when near switch-mode power supplies. This makes the efficiency measurement
with digital instruments difficult. The higher the efficiency, the less accurate is this
method due to the pitfalls of subtracting two nearly equal numbers in numerical
calculation. Measuring the losses as heat via calorimetry will overcome such a difficulty.
However, it would be complicated when requiring water pumping, measuring flow rates
and temperatures, equalizing all the temperatures, double-walled enclosures etc. A new
developed method with a simple insulated air chamber has been proposed by Dean
Patterson [C26][C27] will make the measurement easy.
The principle is simple, as illustrated in Figure 3.35. The air chamber has an
insulated wall which separates the hot air inside the chamber from the ambient air outside
of the chamber. When the chamber is put under test, the converter unit is sealed inside the
chamber and there is no air exchange between the interior of the chamber and exterior.
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When the converter reaches its electrical steady-state on an operating point, it generates a
constant power loss inside the air chamber and heats the interior air up. Assume the air
circulation inside the chamber is perfect, then when the thermal steady-state is reached,
the air inside chamber has even temperature, and there is a constant heat flow through the
chamber insulation wall to the ambient.

Q
t

Thot

Tcold
Outside
Ambient
Air

Internal
Ambient
Air

Insulation
Wall
Figure 3.35. Principle of calorimeter.

The flow speed of heat Q, or the power flow, is a function of the insulation material
thermal conductivity, wall area and thickness, and the temperature difference between
both sides of the wall. This power flow can be expressed as:
Q k ⋅ A ⋅ (Thot − Tcold )
=
t
d

where

(Eq. 3–43)

Q
is the thermal power flow; k is the thermal conductivity of the barrier and
t

is equal to 0.029 W/mK for Styrofoam; Thot is the chamber interior air temperature and
Tcold is exterior ambient temperature; A is the total wall surface area, and d is the wall
thickness.
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In the steady-state, the chamber interior air temperature remains constant. All the
power loss generated by the converter will pass the insulation wall in a form of heat flow
and is conducted to the ambient air. If we know the conductivity k, chamber wall surface
area A and thickness d, this power can be calculated after the air temperatures are
measured inside and outside the chamber.
If the chamber is modified from a commercial available cooler such as Igloo, it may
be difficult to measure the cooler surface area and to acquire the thermal conductivity of
its insulation material. A comparative measurement can be adopted to overcome this
difficulty.
Let M =

k⋅A
Q
, and Ploss = , then Eq. 3–43 can be simplified as:
d
t

Ploss = M ⋅ (Thot − Tcold ) = M ⋅ ∆T

(Eq. 3–44)

M can be figured out by calibrations with pre-known power source. A power resistor
with a controllable power source can be used for the calibrations. Before moving the
converter inside the chamber to be tested, a power resistor is mounted instead and is
powered from a dc supply outside of the chamber. The power generated can be controlled
by the power supply and also can be calculated either by the resistance and the voltage
applied or by measuring the dc voltage and current feeding the resistor. After the
chamber is calibrated with certain power levels, the value of M can be obtained and
verified, and the chamber is ready for the Device-Under-Test (DUT) converter.
Figure 3.36 shows the built calorimeter using an Igloo cooler. Several thermal
couples are arranged at different locations insider the chamber to make sure the interior
temperature is even distributed after thermal steady-state. All the thermal couples are
brought outside and connected to a data acquisition scanning box. It should be noticed
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that a fan is used to enhance the internal air circulation and help the temperature even
distribution. However, since the fan also consumes power which eventually transforms to
heat dissipation inside the chamber, a power offset needs to be taken into account for the
final measurement. Figure 3.37 illustrates the chamber internal arrangements of thermal
couples, heatsink, fan, and power resistor when the calorimeter is under calibration.

(a)

(b)

Figure 3.36. Built calorimeter: (a) exterior view; (b) interior view.
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Figure 3.37. Layout illustration for calorimeter under calibration

The built calorimeter has been calibrated with several different injection power, and
the calibration result is shown as Figure 3.38. By using linear regression method the
relationship between the injection power and the chamber interior temperature rising can
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be plotted. Also the close loop form of the relationship can be extracted, as a function of
the injected power, the temperature rising can be expressed as:

∆T = 0.4086 ⋅ Ploss + 2.9971

(Eq. 3–45)

Where 2.9971°C is the offset created with the power consumed by the circulation
fan.
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Figure 3.38. Calorimeter calibration curves.

After the calorimeter chamber has been calibrated, it is ready to take DUT for
measurement. Replace the power resistor with the dc/dc converter to be tested, and power
the converter from a dc source outside of the chamber, and load it with certain resistive
load which is also located outside of the chamber, we can measure the power loss
generated by the dc/dc converter now. From the loss and the dc power input to the
converter, the conversion efficiency can be calculated. The Table 3-3 shows the measured
results with different input power condition, and the converter efficiency curve as a
function of output power is plotted as Figure 3.39. The measured results match the
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previous results from the input/output current/voltage measurements by Agilent 34970A
data acquisition system very well.
Table 3-3 Converter efficiency measured by calorimeter

Input Power Temperature
(W)
Rising ∆T (°C)

Power Loss
(W)

Output
Power (W)

Efficiency
(%)

1672

27.45

59.90

1612

96.42

1988

31.27

69.23

1919

96.52

2469

41.99

95.48

2374

96.13

100%

Efficiency

98%
96%
94%
92%
90%
88%
86%
84%
82%
80%
1.6

1.7
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1.9

2.0

2.1

2.2

2.3

2.4

Output Power (kW)
Figure 3.39. Efficiency curve measured with calorimeter

Although the calorimeter can measure the power loss produced by the
dc/dc/converter very precisely, it is time-consuming. Usually it takes more than 7 to 8
hours for the chamber interior temperature to be stabilized. Only after that can a testing
point be pulled out to calculate the converter power loss and conversion efficiency.
Whereas the measurement can be done by the data acquisition system together current
measuring shunt resistors rather quick and same efficiency results can be obtained.
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Therefore, the calorimeter method is not recommended for regularly test, and is only
suggested for the measuring calibration as an alternative accurate approach.

3.4 Summary
In this chapter, the performance of proposed 3-phase 6-leg converter prototype is put
into evaluation, and experiments were conducted on the built hardware prototype
converter unit. The converter soft-switching operation is simulated and the experimental
results verify this converter’s capability with soft-switching operation. The converter
power losses are analyzed and the loss distributions are predicted. Power conversion
efficiency higher than 96% is confirmed with measurements with different approaches.
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Chapter 4 Control Design of Proposed DC/DC Converter
As mentioned in last chapter, the proposed 3-phase 6-leg converter can be treated as
three single-phase full-bridge converters working in an interleaved manner. There are
plenty of controllers available for the single-phase full-bridge converter, either by PWM
or phase-shift. However, so far there is no multi-phase interleaved signal generator ready
to use for 12 switches of three full-bridge converters.

4.1 First interleaved control structure using three IC chips with
synchronization
Currently there are several commercial phase-shift control integrated circuit (IC)
chips available on the market, such as ML4818, UC3875, UC3879, UCC3895, and etc.
However, all these controllers are dedicated for single-phase full-bridge converter
applications. To apply them to the proposed 3-phase 6-leg converter, some measures
must be taken. Some chips, such as UCC3895, do provide external clock synchronization
capability. Which means a series clock signals can be used to synchronize three
independent full-bridge converters into an interleaved 3-phase 6-leg converter.
Following this idea, a first version 3-phase 6-leg phase-shift controlled dc/dc
converter was constructed using UCC3895 control chip, based on the synchronization
circuit diagram shown in Figure 4.1. Three synchronization pulses, which are 120°apart
from each other at frequency of 2fsw, are fed into the SYNC (pin 6) of three separated
UCC3895 control chips. Each chip has independent oscillation clock circuit, and the
oscillation frequency and ramp are determined by timing components, RT and CT.
Without external synchronization signal, the internal clock output frequency is equal to
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the oscillation frequency. After the external signal applied, the internal clock output is
forced to frequency 2fsw, and in phase with the external signal, while the oscillation ramp
slop remains and is solely determined by RT and CT. In order to synchronize the internal
clock, the oscillation cycle calculated from RT and CT must be longer than that of external
signal. That is, if the oscillation frequency from RT and CT is f, the internal clock can only
be synchronized to a frequency higher than f. Moreover, the oscillation ramps have to be
tuned exactly the same for three phases, in order to generate identical control signal phase
delay between two legs of each phase.

RT
CT

8

OSC
7

UCC3895
6

CT
0°
120°
240°

8

UCC3895
6

CT

8

14

OutC

13

OutD

18

OutA

17

OutB

14

OutC

13

OutD

18

OutA

17

OutB

14

OutC

13

OutD

Q

OSC
7

OutB

Q

SYNC
RT

17

Q

OSC
7

OutA

Q

SYNC
RT

18
Q

Q

UCC3895

SYNC
6

Phase A

Phase B

Phase C

Figure 4.1 Principle of phase-shifter by FIFO circuit.

Figure 4.2 shows the hardware implementation for the first version controller. Three
UCC3895 chips are used as the controller, for three phases. A reference signal from a
potentiometer is given to all three chips, which are also controlled by the same
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compensator. The outputs of UCC3895 are sent to HIP4081, a full-bridge charge-pump
gate driver used for MOSFETs in one phase. The picture also tells another merit in
implementation with this method, that is, the three phases are highly modularized.

Synchronization Signal Input
DC Power In
Phase C

Phase B

Phase A

Ucc3895
Hip4081
Reference

Three-phase Transformer Set
Figure 4.2 Hardware setup of 3-phase 6-leg converter controlled with external synchronization signal.

Phase A

Phase B

Phase C

Figure 4.3 Generated interleaved 3-phase gate signals with synchronization.

Figure 4.3 shows a set of generated 3-phase gate signals with the above hardware
circuit. It can be seen that after synchronization, the designed circuit can produce the
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desired interleaved control signal to drive the proposed 3-phase dc/dc converter.
Therefore, the circuit design is validated.
UCC3895 updates its output state every two clock cycles. Therefore, to control a
converter switching at frequency of fsw, an external pulse series signal with 2fsw must be
used to synthesize UCC3895 outputs. A problem rises due to the internal latch used for
UCC3895 output synchronization. There are two synchronization pulses with one output
cycle, which pulse to be picked up for the output phase synchronization remains
undetermined. Figure 4.4 illustrated one set of output from three control chips which are
synchronized as Figure 4.1. Figure 4.4(a) is the desired interleaved control signal.
However, if the chip picks up another pulse to synchronize its output, the output signal
would be in reverse phase to a desired one, and a fault occurs for three phases. For
example, if chips for phase A and phase C work properly, but phase B chip picks up the
wrong external pulse for output phase synchronization, the outputs of three phases lose
interleaving trait, shown as Figure 4.4(b). Although an auxiliary circuit can be design to
help, but in real test it is hard to guarantee the desired interleaved output at all time,
because of even very slight variances among different UCC3895 chips.

Phase A
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Phase B

Phase B

Phase C

Phase C
(a)

(b)

Figure 4.4 Synchronized UCC3895 Output: (a) desired one; (b) faulted one.

116

Therefore, it is tedious to monitor the gate signal sequence during the first version
hardware testing. A better solution is to generate interleaved signal from one source, with
proper phase delays.

4.2 Control signal generation with FIFO phase-shifter
Multiphase interleaved technique has been adopted in power electronics applications
to reduce converter input/output ripples and to reduce filter sizes [A43]-[A50],
[B6],[B9],[B10],[D3], and [D6]-[D8]. For an n-phase DC/DC power converter, when
interleaved control signals are employed, i.e., PWM control signals are sequentially
delayed by 1/n switching cycle or 360º/n, the input and output current ripples will be
cancelled each other, thus the overall converter input/output filter size can be drastically
reduced.
Conventional multiphase interleaved control signals are generated by multiple signal
sources and are synchronized to obtain a 360º/n shift between two adjacent phases. These
signal sources are operated with an identical frequency. It is nontrivial to tune the phaseshift angle with RC clock circuits because the value variation for most commercially
available capacitors is too high to have precision phase shift angles. However, the timing
control for most digital circuit is quite accurate given a stable operation of high frequency
crystal oscillator as system clock. The digital FIFO has been widely used in
communication circuits for data synchronization; it is also used in some other circuit for
time delay purpose [D1]. For a continuous periodic waveform, a time delay also means
waveform phase shifting. As a phase-shifter, the digital FIFO inherently benefits from the
advantage of digital circuit and saves a lot of effort on synchronizing multiple signal
sources.
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Although the digital FIFO has demonstrated its applicability for phase-shifter
applications, it has not been widely used in power electronics controls. It is, however,
intuitively simple that a digital FIFO can be easily used in any multiphase converter and
inverter applications. This section will describe the implementation of digital FIFO for
the proposed 3-phase 6-leg dc/dc converter control.

4.2.1 Principle of FIFO phase-shifter
In order to use FIFO as a phase shifter, it needs to be configured as a circular buffer.
Figure 4.5 shows the circular buffer configuration for the phase shifter application.

Write

Point
er

Input Data

Re

ad

Po
int
er

Output Data

Figure 4.5 Principle of phase-shifter by FIFO circuit.

For the time delay (or phase shifting) operation, two pointers are assigned: one
write-pointer for the indication of input data to FIFO memory location and the other readpointer for the indication of output data from FIFO memory location. If the input (write)
operation is enabled, every clock cycle drives the write-pointer one step ahead. Similarly,
when the output (read) operation is allowed, the pointer moves one step ahead with each
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clock cycle. For the datum written to the FIFO, the lagging time to be read out is the
delay time. If a continuous binary waveform is fed into the FIFO data input ports, it will
be sampled at FIFO clock frequency and stored in FIFO memory. The read-out operation
will restore the waveform from FIFO memory with proper time delay. Hence, a
waveform phase shifting can be done by controlling the FIFO read-out operation.
These two pointers can be programmed independently to allow the signal delay time

∆T control. The phase-shifting accuracy is determined by the sampling frequency, i.e.,
FIFO clock frequency fclk, and the maximum shift delay time ∆Tmax is limited by FIFO
depth Lfifo, as shown in Eq. 4–1..

∆Tmax =

L fifo

(Eq. 4–1)

f clk

4.2.2 Interleaved signal generation with FIFO phase-shifter
In an n-phase converter controlled by interleaved method, the control signal for one
phase is 360º/n apart from adjacent phases. Here the 360º electrical angle refers to one
switching cycle, Tsw, in time domain. Therefore, the interleaved control signal can be
obtained by delaying phase control signal for Tsw/n each time, and for n-1 times. This can
be done with digital FIFO phase-shifter, and n-1 FIFO delay stages are needed for nphase converter. The signal from PWM source is used for first phase driving, and fed into
the first FIFO. The output of the first FIFO drives the second phase and the second FIFO.
The rest of FIFOs are cascaded in similar way. If these n-1 FIFO are synchronously
programmed with Tsw/n time delay, identical phase shift (360º/n) can be resulted for each
FIFO circuit. All the FIFO outputs, together with the source PWM signal, can be used as
interleaved control signals for n-phase converter. The interleaved control signal
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generation using FIFO phase-shifters are illustrated in Figure 4.6, Figure 4.7 and Figure
4.8. Figure 4.6 is for two-phase interleaved converter, Figure 4.7 is for a three-phase
interleaved converter. Figure 4.8 is for an n-phase interleaved converter.
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Signal generation for two-phase interleaved converter.

Phase 1

PWM
Source
Figure 4.7

Phase 2

FIFO
Phase-shifter

FIFO
Phase-shifter

Tsw/3 delay (120º)

Tsw/3 delay (120º)

Signal generation for three-phase interleaved converter.

Phase 1

PWM
Source

Phase 3

Phase 2

FIFO
Phase-shifter

FIFO
Phase-shifter

Tsw/n delay (360º/n)

Figure 4.8

Phase n

Phase n-1

Tsw/n delay (360º/n)

Signal generation for n-phase interleaved converter.

4.2.3 Signal generator for 3-phase 6-leg converter
In the proposed three-phase six-leg dc/dc converter, equivalently, there are three
single-phase full-bridge converters (labeled as a, b and c in Figure 2.1) operated in an
interleaved way. Thus, 12 gate drive signals are needed for the 6 legs. However, the gate
signals for phase b and c can be obtained by delaying phases of signal for phase a.
Therefore, a FIFO phase-shifter can be adopted to achieve the phase delay. In this case, a
four-channel 2-stage FIFO phase-shifter is required. As shown in Figure 4.9, four
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paralleled channels represent four gate drive signals. They are first produced by a phaseshift controller, either from a popular analog IC-UCC3895 or from a digital signal
processor (DSP) and fed into the FIFO control logic and delay circuitry. With two stages
of delay, a total of 3 sets of gate signals will be generated as the gate drive circuit inputs.
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Figure 4.9 System structure of gate signal generation for 3-phase 6-leg converter.

In the real implementation, since the multi-bit FIFO chips are available
commercially, there is no need to parallel multiple FIFO chips for the above four gate
signals in one phase. In this kind of multi-bit FIFO chips, each bit can be used for a signal
channel. Therefore, the circuit layout is greatly simplified. Currently there are several 9bit high-speed FIFO chips commercially available, such as TI sn74act7807 and
sn74act7808. These 9-bit FIFO chips are suitable for the interleaved gate signal
generation for the proposed 3-phase 6-leg converter. 4 bits can be grouped for those 4
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input gate signals, and 2 groups are available. Each group can be used as a delay stage for
120º phase-shifter, and two stages can be cascaded to complete all the phase-shifts
required for the system. Which means, the outputs of first stage can be used to drive
converter second phase (phase b), and at the same time are fed into the second stage for
another 120º shift. This will further simplify the circuit and save some PCB layout
trouble. As an example, a design of signal generator using sn74act7807 FIFO chip is
illustrated in Figure 4.10.
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Figure 4.10 Circuit diagram of gate signal generator for 3-phase 6-leg converter.

If a 50 MHz crystal oscillator is used for FIFO clock frequency, i.e.,
f clk = 50 ⋅ 106

(Eq. 4–2)

then the achievable resolution would be:
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1
= 20 ⋅10 −9 s.
f clk

∆t =

(Eq. 4–3)

Theoretically, for a switching signal, FIFO digital sampling error only happens at
the signal rising and falling edges, and at each edge the inaccuracy is for no more than
one clock cycle ∆t. Therefore, for signal with switching cycle of Tsw, the maximum
phase-shifting error is limited to:

ε max =

2∆t
⋅100%
Tsw

(Eq. 4–4)

Assume the signal delay time is ∆T. The required sample points can be calculated as:
nsample =

∆T
= ∆T ⋅ f clk
∆t

(Eq. 4–5)

Normally for a signal phase-shifting, the maximum phase shift angle is 360º, which
is equal to a delay time of one cycle. For a converter with switching frequency as fsw=50
kHz, the sampled points for the gate signal in each switching cycle will be:
nmax sample =

Tsw
f
= clk = 1000
f sw
∆t

(Eq. 4–6)

The sampled data are stored in FIFO memory, therefore 1k-memory length is
needed for a maximum phase-shift of 360º. The FIFO built-in memory size, or the depth,
should be no less than the number of sampled data points required for maximum phaseshift.
L fifo > nmax sample =

f clk
f sw

(Eq. 4–7)

Eq. 4–7 also implicates that larger Lfifo will allow lower switching frequency fsw, or
higher clock frequency fclk which gives higher sampling resolution and improves system
performance.
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Sn74act7807 provides 2k memory depth. With 50 MHz FIFO clock frequency, this
depth is sufficient to supply enough delay time to achieve the required phase-shift
amount for a 50 kHz signal. It also allows the signal frequency over a certain wide range
or using higher frequency clock for lower phase-shift error.
The key part in the design is the programming of read operation. Although it is
straightforward

to

utilize

the

digital

Almost

Full/Almost

Empty

(AF/AE)

preprogramming function built in sn74act7807, and feed AF/AE status back for read
control, the result is not satisfactory. A simple mono-stable latch circuit with sn74ls123
can fulfill the function very well, which is shown in Figure 4.10. By tuning the RC
parameters, the latch output pulse width can be adjusted. This pulse is used to control
FIFO read operation, therefore, its width is equal to the signal delay time, or phaseshifting amount.

4.2.4 Test result for designed FIFO phase-shifter
To verify the effectiveness of this FIFO phase-shifter for interleaved control, a
hardware prototype for a 3-phase 6-leg dc/dc converter is built, as illustrated in Figure
4.11. The controller for this converter consists of an UCC3895 full bridge phase-shift
controller as signal source, a sn74act7807 FIFO chip and a delay time (phase-shift)
programmer circuit.
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Figure 4.11 Hardware setup of 3-phase 6-leg converter controlled with FIFO circuit.

Figure 4.12 shows a recorded waveform plot generated by the designed controller.
Here, a 50 kHz is used for the source Pulse-Width-Modulation (PWM) signal. This plot
illustrated that with the designed FIFO phase-shifter, interleaved control signals are
obtained, with 6.66µs (or 120º) shift from each other. The measurement indicates the
maximum phase shift error between phases is ±0.02µs. With 20µs being one switching
cycle, this error represents 0.1%, which corresponds to the ratio of the FIFO clock period
and the switching period. The result implies that the FIFO clock frequency needs to be as
high as possible to minimize the phase-shift error. Using a sufficiently high enough clock
ratio in the experiment, the result confirms the effectiveness of the designed circuit and
also verifies the concept of using FIFO circuit as phase-shifter in power converter
controller design. High accuracy and easy implementation help improving system
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performance, such as avoiding unbalanced three-phase signals, which may cause
unbalanced voltages applying to transformers and driving the transformers into saturation.

PWM Source Waveform

120º Phase-shifted Waveform

240º Phase-shifted Waveform

Figure 4.12 Experimental waveforms for designed signal generator using FIFO circuit.

Applying the designed controller to the 3-phase dc/dc converter, the performance is
satisfactory. Some of the waveforms are illustrated in Figure 4.13. Figure 4.13(a) shows
the gate drive signal on the power MOSFET devices for three phases (signal 1~3), and
drain-source voltage for one of the devices. In Figure 4.13(b), besides the drain-source
voltage waveforms for two phase devices, the rectifier output voltage, which is the
voltage fed into filter on inductor terminal, is shown as well (waveform 3). The low
voltage ripple reveals the effect of interleaved control, and eventually leads the filter
inductor current to be flat, as shown in channel 4. This is one of the major advantages for
the designed converter. This small voltage ripple and flat inductor current will allow the
output filter size to be shrunk dramatically, thus saving cost significantly on passive
components.
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10V/div

5µs/div

(a)

Phase B Device Voltage

Phase A Device Voltage

Output Filter Inductor Currrent

Rectifier Output Voltage

(b)
Figure 4.13 Experimental converter waveforms: (a) Power device waveforms, where waveform 1 is phase c
device gate signal, waveform 2 is phase b device gate signal, waveform 3 is phase a device gate signal, and
waveform 4 is phase c device drain-source voltage; (b)Device drain-source voltages, rectifier output
voltage and filter inductor current ILf waveforms.

4.3 Average model and small signal transfer function
In the proposed converter topology, the switch power stage, together with the
transformers and rectifier, generate a pulsed voltage, Vf, feeding the output filter, as
indicated in the mode analysis in last chapter. Therefore, this block of circuit can be
substituted with an equivalent pulse source Vg and an equivalent leakage inductor, as
illustrated in Figure 1.13. The pulsating source Vg can be further averaged into a dc
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source Vd. The average model can then be derived as an equivalent Buck converter
topology, with an equivalent switching frequency of 6fsw.

+

Lf

1:n

ia

Dwp

La

a1

a2

Vdc

b1

-

Leq

b2

ib

c1

c2

V

Lb

W

ic

Vout
RLoad

-

Lc

Leq+Lf

Assume CCM of Lf
Cf

Vout

Cf

Dwn

Lf

+

Vg

+

U

Vd =< Vg >

+

Vd

Cf

Vout
RLoad

-

Figure 4.14 Deduction of average model.

Based on the mode analysis in last chapter, the pulse source, Vg, is regulated by a
controlled shift-angle, α, and is a function of the transformer turns ratio, n. Therefore, its
average value, or the equivalent voltage source Vd in the averaged model, can be
expressed as:

⎧α
⎪ 60 o ⋅ n ⋅ Vdc
(0 < α < 60 o )
⎪⎪ α
Vd = f (α , n, Vdc ) = ⎨ o ⋅ n ⋅ Vdc (60 o < α < 120 o )
⎪ 60
(120 o < α < 180 o )
⎪ 2 ⋅ n ⋅ Vdc
⎪⎩
And the equivalent circuit inductance would be:
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(Eq. 4–8)

⎧
1.5n 2 ⋅ Llk + L f
⎪
(0 < α < 60o )
⎪⎪
α 2
L = Leq + L f = ⎨ (1 +
)n ⋅ Llk + L f
(60o < α < 120o )
120
⎪
(120o < α < 180o )
α
2
⎪0.5 ⋅ (1 + )n ⋅ L + L
lk
f
⎪⎩
60

(Eq. 4–9)

where Llk=La=Lb=Lc .
Therefore, the transfer function between input and output voltages of the average
model can be derived as:

G od ( s ) =

V out ( s )
=
V d ( s)

R //(

1
)
s ⋅C f

1
)+ s⋅L
R //(
s ⋅C f

=

1

(Eq. 4–10)

s
s2
1+
+ 2
Q ⋅ωo ω o

where ωo = 1 / LC f and Q = R ⋅ C f / L
Using the phase-shift control angle, α, as the control variable, the phase-shift angle
to output voltage, V out , transfer function becomes:
Goα ( s ) =

Vout ( s ) Vd ( s )
V (s)
⋅
= God ( s ) ⋅ d
Vd ( s ) α ( s )
α (s)

(Eq. 4–11)

For 0º < α <60º:
1

G oα ( s ) =

1.5n Llk + L f

⋅

2

1+ s ⋅

R

+ s ⋅ (1.5n Llk + L f )C f
2

2

1
⋅ nVdc
60°

(Eq. 4–12)

For 60º < α <120º:
1

Goα ( s ) =

2n Llk + L f

⋅

2

1+ s ⋅

R

+ s (2n Llk + L f )C f
2

2

1
⋅ nVdc
60°

(Eq. 4–13)

For 120º < α <180º: According to Eq. 4–8, this is a dc/dc transformer mode, in
which Vg is a constant and not controllable by α, although the circuit equivalent
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inductance slightly varies with α, as pointed in Eq. 4–9. The output voltage Vout is
affected by the control angle; however, Vd is independent of α, and the value of averaged
output voltage, V out , keeps the same and not subjected to control angle change. Hence,
the control to output transfer function is irrelevant to α, and can be expressed as:

Goα ( s) ≈ 1

(Eq. 4–14)

As described in Chapter 2, the designed 3-phase 6-leg dc/dc converter power stage
has the following circuit parameters:
Output filter inductor value: Lf = 84µH
Output filter capacitor value: Cf = 2200mF
Transformer turns ratio: n = 6
Transformer leakage inductance reflected to primary side: Llk = 23nH
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Figure 4.15 Converter open loop transfer function gain/phase plots.
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Applying these parameters to Eq. 4–12 and Eq. 4–13, which describe the converter
regulated mode behavior, the gain/phase plots for power stage control to output transfer
function can be drawn as Figure 4.15.
Actually, with the planar transformer in use, the leakage inductance is so small as
23nH. Even after reflected to secondary side, the difference between equivalent
inductance in case 1 and case 2 is only: 0.5n 2 Llk = 0.414 µH << L f = 84 µH , therefore,
the difference can be neglected, and the same transfer function can be applied for case 1
and case 2 to simplify the analysis and control design.

4.4 Single loop control design
Since the fuel cell available for the research is Ballard Nexa 1.2kW unit, which
eventually is used for the hardware system verification, 1.2 kW is taken as the nominal
power for dc/dc converter control design, even though the built hardware prototype unit
is capable 3 kW operation, which is described in the former Chapter 2.

4.4.1 Compensator structure
With the averaged model depicted in Section 4.3 , modern linear control theorem
can be applied for the 3-phase 6-leg dc/dc converter. Possibly proportional-integraldifferential (PID) controller is the most prevailing kind around the world today used in
the industry, and it will be employed here to control the proposed 3-phase 6-leg dc/dc
converter.
The most popular PID controller types are 1-zero 2-pole compensator and 2-zero 3pole compensator. A 1-zero 2-pole PID compensator is relatively simple and can be
illustrated in Figure 4.16. The pole at the origin, or the integrator, will guarantee no
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steady-state error in system. While the other pole and the zero can be utilized to
compensate undesired power stage plant zeros and poles, and reshape system loop gain
curve. The compensation gain function can be depicted as Eq. 4–15.
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Figure 4.16 Converter control diagram with 1-zero 2-pole PID controller.

1+
Gc ( s) = Gc (0)

s

ωz

s ⋅ (1 +

s

ωp

(Eq. 4–15)
)

where
Gc (0) =

ωz =

1
is the controller dc gain;
R1 ⋅ (C1 + C2 )

ω
1
; or f z = z is compensator zero;
2π
R2 ⋅ C1

and ω p =

ω
1
;or f p = p is the pole provided by the compensator.
C ⋅C
2π
R2 ⋅ 1 2
C1 + C2
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Figure 4.17 Converter control diagram with 2-zero 3-pole PID controller.

Another type of PID controller is 2-zero 3-pole one, which can be illustrated as
Figure 4.17. The additional zero and pole provide more flexibility for system zeros and
poles reconfiguration, therefore, it is expected to offer better performance when its 1-zero
2-pole counterpart can not meet the system control requirement. For this controller, the
compensator gain function can be expressed as:
(1 +
Gc ( s ) = Gc (0)

s

ω z1

s ⋅ (1 +

) ⋅ (1 +

s

ω p1

s

ωz 2

) ⋅ (1 +

)

s

ω p2

(Eq. 4–16)
)

where
Compensator dc gain is: Gc (0) =

Compensator first zero is: ω z1 =

1
;
R3 ⋅ (C1 + C2 )

ω
1
; or f z1 = z1 ;
2π
R2 ⋅ C1
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Compensator second zero is: ω z 2 =

Compensator first pole is: ω p1 =

ω
1
; or f z 2 = z 2 ;
2π
( R1 + R3 ) ⋅ C3

ω
1
;or f p1 = p1 ;
2π
R1 ⋅ C3

and the compensator second pole is ω p 2 =

ω
1
;or f p 2 = p 2 .
C ⋅C
2π
R1 ⋅ 1 2
C1 + C2

Both types of PID controller can be applied to the dc/dc converter. 1-zero 2-pole
compensator is simpler and easy to analyze and implement, but 2-zero 3-pole one may
provide better performance. Therefore, in a general design, if a 1-zero 2-pole
compensator can satisfy system performance, 2-pole 3-pole is not very necessary to go
after.

4.4.2 Control parameters design

Input Voltage 20V/Div

Input Current 50A/Div

Output Voltage 50V/Div

Output Current 0.5A/Div
5ms/Div
Figure 4.18 Experimental observation with improper controller design.

Control parameters are critical to the system performance. An incorrect control
design will not only contribute to inferior system performance, but also may cause system
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instable, even result in catastrophic system failure. Figure 4.18 illustrates some
experimental waveforms captured with an improperly controlled dc/dc converter when
testing with Nexa 1.2 kW fuel cell. Obviously this dc/dc converter is unstable and the
output is oscillating even with resistor load. From the input current waveform it can be
seen that the converter works in a pulse burst mode. Inappropriate high loop gain/high
bandwidth may cause such kind of instability.
In a dc/dc converter for fuel cell applications, since most of fuel cells have slow
voltage dynamic, either caused by auxiliary mechanic system in PEM fuel cell or affected
by stack thermal dynamic in solid-oxide fuel cell (SOFC), it is not very necessary to
pursue very fast dynamic for converter control design. Besides, generally the downstream
load inverter has a fast dynamic response to its load change, to avoid system interactions,
a relatively low crossover frequency can be used for dc/dc converter design. Normally
one decade of separation between the cross-over frequency of the dc/dc converter and
that of an inverter load should be sufficient to avoid system control interaction.
The following guidelines can be used to determine the control parameters when a 1zero 2-pole structure compensator is employed.
1. Place the first pole at the origin to eliminate the steady-state error.
2. Place the second pole at the power stage equivalent series resistance (ESR) related
frequency, typically a high frequency.
3. Place zero below the power stage resonant frequency to damp the overshoot.
4. Select a gain for the appropriate crossover frequency.
5. Determine a dc gain according to the desired crossover frequency.
6. Calculate R, C component values based on the designed compensator parameters.
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If a 2-zero 3-pole compensator is needed, the parameters can be designed based on
the guidelines:
1. Place the first pole at the origin to eliminate the steady-state error.
2. Place the second pole at the power stage equivalent series resistance (ESR) related
frequency, typically a high frequency.
3. Place a high frequency compensator pole to get maximum attenuation of the
switching ripple and reject high frequency noise with the minimum phase lag at fc
4. Place zeros around the power stage resonant frequency (double poles) to damp the
overshoot. Place one zero below the double poles to avoid conditional stability.
5. Set the loop gain crossover frequency, which should be well below switching
frequency that switching ripple can be neglected and the average model can be valid for
control design
6. Determine a dc gain according to the desired crossover frequency.
7. Calculate R, C component values based on the designed compensator parameters.
Therefore, a 1-zero 2-pole compensator is first picked up to control the proposed 3phase 6-leg dc/dc converter. Following the above guidelines, a compensator can be
designed for the nominal output of 1.2 kW, assuming a resistive load. Using the circuit
parameters: Vin =27V, Vout =200V, Llk =23nH, Lf =84µH, and Cf =2.2mF, the compensator
parameters are determined as: fz =185Hz, fp =1.607kHz, and Gc(0)=78.635. This design
results in a phase margin of approximately 95º and gain margin greater than 20dB, with
the cross-over frequency around 20Hz. Figure 4.19 illustrates the gain/phase plots for
open-loop and designed close-loop cases. It seems that, 1-zeo 2-pole controller is good
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enough in this system in term of stability, therefore 2-zero 3-pole structure would not be
further considered in the system.
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Figure 4.19 Converter gain/phase plots.

A well-designed controller must guarantee system stability under all the running
circumstances, no matter high line/low line and heavy load/light load. For a fuel cell, its
output changes a lot between heavy load and light load situations. Figure 4.20 shows one
of Nexa 1.2 kW PEM fuel cell polarization curves, which is provided by the
manufacturer [A9]. This polarization curve indicates that without external load, Nexa 1.2
kW unit has 43 Voltage output, this voltage drops quickly with external load. When the
fuel cell is fully loaded, it outputs 43A current and its voltage drops to 27V.
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Nexa 1.2kW FC Polarization Curve
50
45

Voltage (V)

40
35
30
25
20
15
10
5
0
0

10

20

30

40

50

Current (A)
Figure 4.20 Nexa 1.2kW PEM fuel cell polarization curve.

Normally for a designed compensator, the transfer function plots will vary with
different line/load condition. Both high input line voltage and light load may result in
higher transfer function gain. This higher gain will cause increasing of control bandwidth
which will reduce the phase-margin in the control, and jeopardize system stability.
Therefore, high-line light-load is the most severe case in controller design. Nexa 1.2 kW
fuel cell output voltage is about 27 V at the nominal load and 38 V at the parasitic load of
160W (13%). Although the above controller is designed according to a nominal condition,
it is capable to handle both full- and light-load conditions.
Figure 4.21 illustrates the gain/phase plots for open-loop and closed-loop cases
under both nominal and light-load conditions. From which it can be seen that a phase
margin of higher than 95º and a gain margin higher than 20dB are guaranteed for both
nominal and light load conditions. The cross-over frequency is about 20Hz under
nominal-load and 30 Hz under light-load conditions. Therefore, the designed controller is
valid for this dc/dc converter when it is applied to fuel cell application.
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Figure 4.21 Converter gain/phase plots with various input and load.

4.4.3 Simulation results
To verify the controller design and system stability, a series of simulation were
conducted using Saber® simulation package. A converter model was built, together with
the designed controller. Figure 4.22 shows the system structure used in the simulation. To
simplify the simulation, a regulated constant 25 voltage power supply is used in the
simulation, considering some circuit impedance about 20mΩ. Also, a configurable
resistor bank is used as load which provides the convenience in load sudden change in
order to test system load step transient response. While the dc/dc converter, which is the
major object in the simulation, consists five parts: 20mF input bulky capacitor whose
equivalent series resistance (ESR) is around 10mΩ, an output filter made up of 84µH
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inductor and 2.2mF capacitor with 45mΩ ESR, a set of transformers with turns-ratio 1:6
for three phases, a 3-phase bridge rectifier on transformer secondary side, 6-leg switches
for three phases and a PID compensator to control these switches. The parameters of the
PID compensator are set to those values designed in previous section. Besides, a voltage
sensor gain function Hv is also factored in the simulation. The input/output of dc/dc
converter, say, current iin and iout, voltage Vin, Vout, as indicated on the input/output ports
of dc/dc converter in Figure 4.22, will be used as indices to evaluate system performance
in the simulations. In the simulation, the converter output is set to nominal value, 200V.
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Figure 4.22 Dc/dc converter system structure for simulation.

Figure 4.23 shows the simulated converter output voltage waveform when system
starts up under nominal load condition. From which it can be seen that during start-up,
the system output is very smooth and there is almost no overshoot upon the output
voltage. It takes about 40ms for system to settle down.
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Figure 4.23 Simulated converter start-up voltage waveform under nominal condition.

Load step transient response cases are also studied to verify system stability and
performance, with the designed controller. Figure 4.24 and Figure 4.27 illustrate the
simulation results with light load cases when load steps between quarter and half of the
nominal 1.2 kW. Both load step-up and dump cases show that system re-settles to another
steady-state in about 30ms. Figure 4.25 and Figure 4.28 show the simulated step load
transient response between half and full load; and Figure 4.26 and Figure 4.29 show the
results for the cases that load steps between quarter and full load. All the results
demonstrate that the closed-loop system is stable with the designed controller, and the
transient settle-down times are less than 40ms. In these graphs the load changes are
explicitly reflected by the output current jumps. During the transient, input voltage is
little affted because of the source power supply regulation. The output voltage
fluctuations are minor thanks to the properly designed compensator which governs the
voltage loop. There are some concaves or bumps on the input current waveforms during
the transient due to the lack of current regulation loop in the control system. Also, the
bigger step on load, the severer overshoot/undershoot will be resulted. The overshoots
and undershoots are proportional to the amount of load changes.
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Figure 4.24 Simulated load step up transient response with designed control (25% to 50% load).
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Figure 4.25 Simulated load step up transient response with designed control (50% to full load).
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Figure 4.26 Simulated load step up transient response with designed control (25% to full load).
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Figure 4.27 Simulated load dump transient response with designed control (50% to 25% load).
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Figure 4.28 Simulated load dump transient response with designed control (full to 50% load).
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Figure 4.29 Simulated load dump transient response with designed control (full to 25% load).
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4.4.4 Experimental results
The above compensator design is implemented into the controllers shown in Figure
4.2 and Figure 4.11, utilizing the build-in operational amplifier (Op-Amp) from
UCC3895 phase-shift control chip. The implemented controller is applied to the
converter hardware prototype unit illustrated in Chapter 2, and the closed-loop system is
tested with both regulated dc power supply and Nexa 1.2 kW PEM fuel cell. Figure 4.30
to Figure 4.33 shows part of the experimental results with power supply. It should be
noticed here that the output of the dc source was set to 22.3V. Even though, the
experimental results match the simulated ones very well although the parasitic parameters
existing in the real circuit cause slight difference on the amount of overshoot/undershoot.
This further validates the control design.

Input Voltage (20V/Div)
Output Voltage (50V/Div)
Input Current (20A/Div)
Load Current (2A/Div)

20ms/Div
Figure 4.30 Experimental load step up transient response with designed control (25% to 50% load).

145

Input Voltage (20V/Div)
Output Voltage (50V/Div)
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Figure 4.31 Experimental load step up transient response with designed control (25% to full load).
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Load Current (2A/Div)
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Figure 4.32 Experimental load dump transient response with designed control (50% to 25% load).
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Figure 4.33 Experimental load dump transient response with designed control (full to 25% load).
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After the designed close-loop converter has been verified with standalone regulated
power supply, it was connected to Nexa 1.2kW fuel cell for further study. Due to the
protection function built in the fuel cell control, the fuel cell system shut down when the
load jumped from half to full nominal load. Therefore, the load-step test results with full
load are not shown here. Some of other experimental results on the load steps between
200W and 800W cases are shown in Figure 4.34 and Figure 4.35. Which demonstrate
that with real fuel cell, the dc/dc converter input voltage changes a lot due to fuel cell
characteristics. Even though, the converter output voltage maintains well regulated, and
the bump and dip are less than 5% of the nominal output, for the displayed load dump
and step-up cases, respectively. The system output voltage transient settle time is around
80ms, which is longer than that in the cases tested with standalone voltage source. During
the load step-up, the input voltage drops fast and there is a large current overshoot. The
reason is that there is a time delay for fuel cell air compressor to speed up, thus
insufficient oxygen supply makes fuel cell output characteristic soft. Whereas during
load-dump, the air compressor turn-down delay keeps more than sufficient oxygen supply
inside fuel cell stacks, therefore there is no undershoot appended to input current
waveform.
The experimental result further confirmed the validity of designed controller for the
3-phase 6-leg dc/dc converter.
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Vout (50V/div)
Vin (10V/div)
Iout (2A/div)
Vout-ref
Iin (10A/div)
Vin-ref, Iout-ref
Iin-ref
Figure 4.34 Experimental load step up transient response with fuel cell using designed control (200W to
800W).

Vout (50V/div)
Vin (10V/div)

Vo-ref
Iout (2A/div)
Iin (10A/div)

Vout-ref, Iout-ref
Iin-ref

Figure 4.35 Experimental load dump transient response with fuel cell using designed control (800W to
200W load).

4.4.5 Problem with inverter load
As for distributed power applications, most of the often the dc/dc converter is loaded
with a downstream inverter, either with utility intertie or standalone operation. A system
interaction issue becomes prominent when fuel cell and both converters are controlled
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with close-loops. Moreover, if a single phase inverter is used, inevitably a low frequency
large pulsating current will be drawn from the dc/dc converter by the inverter. If the dc/dc
converter is not designed to take care of this pulsating current, it will propagate into fuel
cell and interact with fuel cell. As mentioned above, when fuel cell runs with nominal full
power, a current pulsation may trigger fuel cell controller protection, resulting in fuel cell
shut down. How to prevent fuel cell from being upset in an interconnected system? This
leads to the research on interactions among subsystems, especially the low frequency
interaction since it has relatively large amplitude.

4.5 Summary
In this chapter, the interleaved control signal generations and hardware circuit
designs are depicted for the proposed 3-phase 6-leg dc/dc converter. To control this
converter, an averaged model is derived an the control transfer functions are given. Based
on the derived average model, a voltage compensator is designed for the control. The
design guidelines are provided. Simulations were performed with a built 3-phase 6-leg
converter model, together with the designed controller. The simulation results verified the
control design. Moreover, experiments were conducted with a converter prototype unit
and implemented controller. The experimental results further validate the control design,
for the proposed converter to work with fuel cell.
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Chapter 5 System Interaction and Power Management
Fuel cell source, dc/dc converter and load inverter have their own characteristics,
respectively. When they are integrated together to be a complete fuel cell power system,
interaction may occur between interconnected subsystems, because of their dynamic
differences. Such kinds of interactions may be observed during system transient, or may
appear as harmonic ripple in periodic steady state. In this chapter, mainly ripple
interaction is discussed. For the subsystem of dc/dc converter, the input current ripple and
output voltage ripple in the sense of converter switching frequency have been well taken
care of by the interleaved operation of converter three phases. However, the low
frequency current ripple, which is generated by the dc/ac inverter output, will penetrate
dc/dc converter and inject into the fuel cell.
Ripple current is not favorable to the fuel cell. It not only imperils fuel cell life time,
but also limits the average power delivered from fuel cell to load [E11], because the
maximum output ripple peak current is confined by fuel cell protection circuit. Paper [E1]
shows that current ripple at low frequency around 100Hz has bigger impact on fuel cell
because of fuel cell impedance characteristics.

5.1 Transient response of fuel cell
In common sense, fuel cell has sluggish response during load transient. This may not
be true. Fuel cell transient response is determined by two factors: furl cell stack and
auxiliary subsystem. Actually for a Proton Exchange Membrane (PEM) fuel cell, the fuel
cell stack can react to load changes in microsecond. However, .the auxiliary compressor
system for air supply has a fairy large time delay in response to load changes. For a Solid
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Oxide Fuel Cell (SOFC), the slow stack thermal dynamic will affect the deliverable
current generation drastically.
Figure 5.1 shows the polarization curves for a PEM fuel cell. With higher
compressor speed (or air pressure), the fuel cell output higher voltage with the same load
current. Point 1 indicates that fuel cell runs at parasitic load condition, with that
compressor is running at low speed. When fuel cell is fully loaded, compressor is not
immediately responding to load step, and fuel cell operating point slides along low air
pressure polarization curve to point 2. Voltage dips occur due to insufficient air supply.
After compressor speeds up, the air pressure increases and supply sufficient air to pick up
fuel cell voltage. Fuel cell operating point moves to point 3 with high air pressure. During
the load dump from full load to parasitic load, compressor speed won’t change
immediately, hence fuel cell operation slides from point 3 to point 1, along the high air
pressure polarization curve.
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Figure 5.1 Polarization curves for a PEM fuel cell
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Figure 5.2 Ballard Nexa 1.2kW fuel cell transient response

The transient response of Ballard Nexa 1.2kW PEM fuel cell [A9], which is
commercially available now, is shown in Figure 5.2, as an example. There is a 0.5 second
time delay for compressor control system to react to load step up. Therefore, on the
interval after the stack charges are depleted but before the compressor speeds up,
insufficient air supply causes fuel cell output voltage sag. In load dump case, the
compressor maintains a relatively high speed, and fuel cell output voltage changes
gradually to another steady-state without overshoot.

Fuel Cell Output Voltage (10V/div)
Fuel Cell Output Current (5A/div)
Fuel Cell Output Power (200W/div)

10µs/div

Figure 5.3 Fuel cell system response on step load transient without add-on output capacitor.
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Figure 5.3 shows test results of the Nexa fuel cell without dc/dc converter and any
add-on capacitor, for a load step from 185 W to 800 W. A time constant of less than 5µs
can be observed on the fuel cell output power. Since the hydration level is maintained
well with a step load less than half the fuel cell power rating, the fuel cell voltage returns
to the steady state in less than 5µs. This fast fuel cell stack dynamic, however, is largely
slowed down by the bulk capacitors of the dc/dc converter, especially on the input side.

5.2 Fuel cell dynamic model
A lot of efforts have been endeavored to modeling fuel cells based on the
polarization and transient response information, [E1]-[E13], for the purposes of
developing downstream power converters for various applications and optimizing fuel
cell power system performance. Many of the models are in description forms with
mathematic equations, and difficult to apply to circuit simulation software for converter
system study. There does exist some circuit models [E2][E7][E11] developed from the
polarization equations. However, most of them are simplified from steady-state
polarization curves; therefore, they do not factor fuel cell dynamic in and are not
sufficient for converter system transient study. Some works have been done to make fuel
cell dynamic circuit models [E2], but the result is not accurate enough because the
dynamic for auxiliary mechanical subsystem is not taken into account. Therefore, they
cannot match all the transient characteristics revealed by the time domain transient
response waveforms, which are provided by the manufactures.
For the regular usage, fuel cell is running under ohmic polarization mode. The
activation polarization mode only exists when fuel cell starts up. Since there are some
parasitic loads presenting, fuel cell will be in ohmic polarization mode after start-up, even
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without external load connected. Also, only under the situation of fuel cell is heavily
over-loaded, can the concentration polarization mode happen. In normal operations, as
the external load to the fuel cell, the dc/dc converter can only see the ohmic polarization
of fuel cell. Therefore, ohmic polarization is our most-concerned mode, and
concentration polarization mode can be of interest for the study of short circuit or overloading fuel cell. Considering the auxiliary mechanic subsystem dynamic, together with
the polarization equations, the following circuit model as Figure 5.4 can be developed,
for Ballard Nexa 1.2kW PEM fuel cell. The activation polarization mode is not modeled
here because it is less-concerned. The simulation results match the step load transient
experimental waveforms very well.
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Figure 5.4 Fuel cell dynamic circuit model.

From the polarization V-I curves in Figure 5.1, it can be seen that fuel cell
impedance is not consistent when the current changes. Approximately two segments of
the polarization curves can be identified. When load current is low, fuel cell has relatively
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high impedance; however, after the load current increases to a certain point, fuel cell
impedance drops and it keeps quite consistent for a wide load current range with a lower
value. Therefore, in this circuit model, two transistors, T1 and T2 , are used to mimic this
impedance nonlinearity. Resistors R1 and R2, together with of transistor T1, are used to
simulate the polarization characteristics when the current is low. When the current is high,
the semiconductor V-I characteristics of transistor T2 can be utilize to represent fuel cell
polarization characteristics.
Figure 5.1 also implies that fuel cell polarization is a set of curves corresponding to
conditions with different mass flow, stack temperature and humidity. If only the
impedance discussed in last paragraph is considered, the transient response of fuel cell
stack is reasonably quick in time domain. However, the auxiliary system, especially the
air compressor which has a response delay, will change fuel cell operating condition and
move the operating point among different polarization curves. Therefore, the overall fuel
cell dynamic performance will be greatly affected. The response delay of air compressor
will add another two slow time constants to the overall fuel cell. To factor these slow
time constants in, a control loop with dual time constants is adopted in the model, whose
output is used to control the additional voltage drop appearing in fuel cell because of
compressor delay. This voltage drop is also related to fuel cell load current. Hence, the
voltage source representing this voltage drop is controlled by both fuel cell load current
and the compressor delay time constants.
However, the addition of input bulk capacitor slows down the fuel cell output
dynamic dramatically. Figure 5.6 indicates that the fuel cell output responding to a step
load change from 400W to 1100W with a 50ms time constant, or four orders of
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magnitude higher than the fuel cell stack response. The voltage dip that was found when
without connecting to the dc/dc converter no longer exists, because of the bulk input
capacitors. In order to verify such a fuel cell converter interaction, the above created fuel
cell model which matches the fuel cell polarization curve is applied to run with the dc/dc
converter that has 30 mF input capacitor. The simulation results match the experimental
results well, as indicated in Figure 5.6.
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Figure 5.5 Simulated fuel cell system response on step load transient with dynamic circuit model.
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Figure 5.6 Fuel cell system response on step load transient with 30mF add-on output capacitor.
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5.3 120Hz low frequency current ripple caused by load inverter
As mentioned at the beginning of this chapter, when fuel cell, dc/dc converter and
inverter are integrated to be a complete power supply system, fuel cell may see large lowfrequency current ripple, which may harm fuel cell and shorten fuel cell’s life time, as
well as limit fuel cell deliverable power capability.
Apparently, the low frequency current is from inverter operation. When a single
phase full bridge inverter supplies low frequency, fline, sinusoidal voltage to the load, for a
linear type load, a sinusoidal current with the same frequency of fline may be drawn from
the inverter. This sinusoidal current, when it appears on the high voltage dc side, will be
rectified as a 2fline pulsating current. Part of the pulsating current is drawn from the high
voltage side bulky dc capacitor; the other part will be drawn from upstream dc/dc
converter. If the dc/dc converter is not well designed to take care of this ripple current, it
will go into fuel cell eventually. The following Figure 5.7 illustrates the generation of
such kind of low frequency current ripple, with inverter output 60Hz sinusoidal voltage.
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Figure 5.7 Low frequency ripple current generation with inverter: Single-phase inverter supplies f=60Hz
low frequency sinusoidal current to load, which reflects to DC side as 2f low frequency ripple, and drawn
from DC source.
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In a single phase half bridge inverter case, a low frequency current ripple will be
generated in a similar way, although the ripple pattern will be different. If the inverter is a
three-phase version and with a balanced load condition, then in ideal case, three phase
current ripples on high voltage side dc bus will cancel each other, and the summation
current would be purely flat dc.
This ripple current component requires that fuel cell power handling capability be
20% higher than its output rating. Some research works have been conducted on the
impact of ripple current upon fuel cell [E1][E11]. It was reported that the fuel cell not
only needs higher power handling capability, but also consumes 10% more power [E11].
It is a big cost penalty for the fuel cell to operate with this derated power. Furthermore, as
pointed out by [E1], the PEM fuel cell is more sensitive to harmonic current around
100Hz due to hysterics effect. Injecting ripple current around this frequency to fuel cell
may result in thermal problem among stacks and imperial stack lifetime

5.3.1 Experimental observation with commercial system
Such kind of low frequency current ripple can be easily observed in the system. The
experimental setup used for the study is illustrated in Figure 5.8, with commercial
inverter unit and dc/dc converter unit from Tatung Company, and Nexa 1.2kW PEM fuel
cell from Ballard Company. The dc/dc converter is controlled with a closed single
voltage loop and the inverter runs with open loop control. Figure 5.9 shows the captured
waveforms from experiment. In the graph, scope channel 3 and 4 show the inverter
output waveforms (AC out), they are 60Hz sinusoidal. Since the load in use is resistor
bank; the output voltage and current are in-phase. The dc/dc converter input (LV DC in
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Figure 5.8) current waveform is displayed at scope channel 2 in the graph, the peak-topeak ripple current reaches almost one third of the averaged dc value. Waveform in scope
channel 1 shows the dc/dc converter input voltage. It maintains fairly well, with slight
ripple on top of it because of the presenting of large current ripple. In the test, the over
load protection circuit in fuel cell control system will trip with less than 1kW output
power, although the fuel cell rated output power capability is 1.2kW. Such scenario
pushes the solving of ripple current into an urgent concern in developing dc/dc converter
for fuel cell applications.
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Figure 5.8 Experiment system setup for low frequency ripple study with commercial units.

Input Voltage (20V/div)

Input Current (10A/div)

AC Load Voltage (200V/div)

AC Load Current (5A/div)

5ms/div
Figure 5.9 Experimental ripple waveforms for fuel cell system with dc/ac inverter load.
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5.3.2 Simulation
For further study on this phenomenon, a system model is built with a simplified dc
source model, dc/dc converter model, and open-loop controlled inverter model.
Simulation is performed with this system model. In the simulation, the dc source voltage
is maintained as 25V, and 30mΩ is used as the source impedance. The dc/dc converter
output (HV DC) voltage is set to 200V and the inverter modulation index is set to 0.86.
13.6mF is used for the LV DC capacitor, and 2.2mF is used for the HV DC side capacitor.
For the rated 1.2kW power output case, the simulation result reveals that with dc/dc
converter open loop control, the voltages on both LV DC side and HV DC side do not
fluctuate much; however, the LV DC side peak-to-peak current ripple is around 25% of
the averaged dc value, illustrated as Figure 5.10.

15
(A) 10
5
0
300
(V)200
100
0
100
(A) 80
60
40
30
(V) 20
10
0

Output Current
Output Voltage

Input Current
Input Voltage
0

0.01

0.02

0.03

0.04

0.05

t(s)
Figure 5.10 Simulated ripple waveforms with dc/ac inverter load.
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5.3.3 Low frequency ripple ac model
Apparently, ac load is the source of low frequency current ripple. On the HV DC rail,
this ac ripple frequency has been doubled with full bridge inverter operation. How can
the ripple current propagate through the dc/dc converter to the LV DC side? And how
large the ripple would be on the LV DC side? Interest remains to explore these issues. An
ac model can be built for the answers. Figure 5.11 shows a simplified system with a 3phase 6-leg dc/dc converter, dc source and ac load. For the convenience of study, the
source has been simplified to be a voltage source with impedance, and the load together
with inverter is replaced with an ac current source. The input LV DC bulky capacitor and
the output LC filter on HV DC side are remained to investigate their impacts on the ripple
propagation.

Rs
Vin

Lf
Cin

6-Leg
DC/DC
Converter

Cf

Iload

Figure 5.11 Dc/dc converter with ac load.

The dc/dc converter can be replaced with a dc/dc transformer model. For the 3-phase
6-leg phase-shift controlled dc/dc converter, the equivalent transformer turns ratio is
1:

α
60

n when the phase-shift control angle α is less than 120°, beyond that, the equivalent

turns-ratio is 1:2n. Here n is the real transformer turns-ratio used in the hardware setup.
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After the equivalent dc/dc transformer substitution, the equivalent circuit for the
above system would become the one in Figure 5.12. This is the large signal dc model.

Iin Rs
Vin
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α
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+
Vdc
-

Cin

Lf
Cf

Iload

Figure 5.12 Large signal dc model for converter with ac load.

In this research, what we are interested in is the ripple components. Therefore, based
on linear circuit superposition theorem, the DC components can be deducted from the
circuit, the remaining ac circuit would become as Figure 5.13. Where N is the equivalent
transformer turns ratio, N =

α
60

n for α is less than 120° and N=2n when α is above 120°.

In the equivalent circuit, the transformer primary side circuit parameters are reflected to
secondary side for easy calculation.

iin/N

N2Rs

ip/N is

Lf

Cin/N2

Cf

iload

Figure 5.13 Small signal ac model for ripple propagation.

From the circuit represented in Figure 5.13, the calculation can be conducted in s
domain. Taking iload as ripple current source, the transformer secondary side current, or
the current flowing through inductor Lf, would be:

162

is =

1
s ⋅Cf
1
+ (s ⋅ L f +
s ⋅Cf

1
s ⋅ Cin
1
+
2
N Rs
N2

)

⋅ iload

(Eq. 5–1)

and the reflected primary side current flowing through Rs would be:

N2
s ⋅ Cin

1
s ⋅ Cin
iin
⋅ is =
⋅ is
=
2
1
N
N
2
+ Rs
+ N Rs
s ⋅ Cin
s ⋅ Cin

(Eq. 5–2)

Therefore, before reflection the current flowing through Rs would be:
iin = N ⋅

iload
(1 + s ⋅ Cin ⋅ Rs ) + (1 + s ⋅ Cin ⋅ Rs ) ⋅ s 2 ⋅ C f ⋅ L f + s ⋅ C f ⋅ N 2 ⋅ Rs

N ⋅ iload
=
2
1 + s ⋅ (Cin + C f ⋅ N ) ⋅ Rs + s 2 ⋅ C f ⋅ L f + s 3 ⋅ Cin ⋅ C f ⋅ L f ⋅ Rs

(Eq. 5–3)

Eq. 5–3 reveals the relationship between the load ripple current and the fuel cell
ripple current which is the input of dc/dc converter. To study the effect of capacitors on
the ripple at frequency f, we can take the capacitances as variables and substitute s with
jω=j2πf, then for certain load ripple current, the curve for resulted LV DC side current iin
can be plotted, in terms of various LV/HV dc capacitors, Cin and Cf, respectively.
Assume the fuel cell dc source impedance Rs is 0.3Ω, and there is iload =1A 120Hz
ripple current presented from inverter side, then the amplitude of fuel cell output current
ripple iin, would be illustrated as in Figure 5.14.
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Figure 5.14 The infuences of input/output capacitors on the input current ripple.

5.4 Solution I: Passive method
It is quite straightforward that by adding more dc capacitance, hence increasing
energy storage, the ripple current can be smoothed out. However, problem remains for
this passive solution, on where and how much capacitance should be added to. Eq. 5–3
and Figure 5.14 give us a good explanation. They illustrate that for the interested
capacitance range, both LV/HV capacitors have strong effects when the capacitances are
low. However, after the capacitances increase to certain large values, the effects weaken,
and the HV side capacitor tends to have more influence than the LV side capacitor does.
The flat curves along various LV capacitors when HV capacitor is large indicate that LV
capacitance has little impact on the ripple. The simulation results also demonstrate such
kind of effects. Compared to Figure 5.10, Figure 5.15 shows the simulation result for the
case when the LV capacitor is increased to 20.4mF and other conditions are kept the
same, and the LV DC current waveform is almost identical to that in Figure
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5.10.However, when the HV capacitor is decreased to 820µF, almost 100% of increase
on the LV input current ripple can be observed, as illustrated in Figure 5.16.
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Figure 5.15 Simulated ripple waveforms with increased LV capacitance.
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Figure 5.16 Simulated ripple waveforms with decreased HV capacitance.
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Figure 5.17 Small signal ac model with capacitor ESRs.

Of course, when we select the capacitor, its equivalent series resistor (ESR) plays a
very important role. When considering the effect of capacitor ESRs, the ripple current ac
model becomes like Figure 5.17, and the expression for LV input current ripple gets more
complicate, described as Eq. 5–4. Here if we neglect the capacitor ESRs, i.e., let RCin and

RCf to be zero, the circuit would turn to be that in Figure 5.13, and the ripple current
equation would be simplified to be Eq. 5–3.
1 + s ⋅ ( RCin ⋅ Cin + RC f ⋅ C f ) + s 2 ⋅ RCin ⋅ RC f ⋅ Cin ⋅ C f
1 + s ⋅ ( RC f ⋅ C f + RCin ⋅ Cin + Rs ⋅ Cin + N ⋅ Rs ⋅ C f ) + s 2 ⋅ [( RCin + Rs ) ⋅ RC f ⋅ Cin ⋅ C f + C f ⋅ L f + N 2 ⋅ Rs ⋅ RCin ⋅ Cin ⋅ C f ] + s 3 ⋅ ( Rs + RCin ) ⋅ L f ⋅ Cin ⋅ C f
2

⋅ N ⋅ iload

(Eq. 5–4)
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Figure 5.18 The influences of capacitor ESRs on the input current ripple.
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For the selected LV capacitance as 13.6mF and HV capacitance as 2.2mF, the
influence of ESRs can be seen from Figure 5.18, where Rs and iload are assumed to be
0.3Ω and 1A, respectively. Figure 5.18 implies that low capacitor ESR helps to mitigate
input ripple current from fuel cell, and the ripple reduction is more sensitive to the HV
side capacitor ESR.
Therefore, to reduce input ripple current from fuel cell with passive method, large
capacitors are needed, and increasing HV side capacitance would have better effects.
Furthermore, low ESR capacitor is always preferred for this purpose, especially on HV
side.

5.5 Solution II: Active control with dual loop design
The passive solution is straightforward, and there are some research going on about
fuel cell ripple current reduction by adding substantial energy storage components such
as ultra capacitors to high-side dc bus, or dealing with bus voltage conditioning technique
[E22][E25][F2]. [E22] is the Brazil (Barbi) paper in Fuel Cell Seminar 03 Special
Session, [E25] is South Carolina paper in PESC 02, [F2] is our paper in Fuel Cell
Seminar 04.
These solutions will increase system volume and cost. A better idea is using active
control. Since there is an active power switching network between LV and HV sides, it
provides a mean to process energy with high frequency switching operation. A properly
designed control loop should be able to reduce HV load side ripple current from entering
LV source side fuel cell, when the power stage switching frequency is much higher than
the frequency of load side ripple current.
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To control the ripple current, a single voltage is not enough since it can not track the
current directly. Experimental waveforms from a system setup similar to Figure 5.8
demonstrate such insufficiency, but using a single-phase full-bridge inverter with open
loop control and a 3-phase 6-leg dc/dc converter described in Chapter 2 and Chapter3
with a single voltage loop control designed in Chapter 4.
Figure 5.19 is the experimental result with dc/dc converter open loop control, and
Figure 5.20 is the experimental result with dc/dc converter single voltage loop control.
Here a control loop with 20Hz crossover frequency is used. Compared Figure 5.20 with
Figure 5.19, it can be seen that basically the ripple components of input current remain
the same. The discrepancy of input current average values is caused by the different input
voltage. To reach the same output voltage level, a higher input voltage is used for the
case with open-loop control. Since the load is kept the same, the output power remains.
Therefore, the averaged input current is lower for open-loop case.
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Figure 5.19 Experimental ripple waveforms with open loop control.
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Figure 5.20 Experimental ripple waveforms with single voltage loop control.
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Figure 5.21 Dc/dc converter system with dual loop control.

The above experimental results reveal that a single voltage loop control is not
sufficient to handle the current ripple caused by the inverter. Therefore, an additional
current loop is needed. After the current loop is incorporated into the system, the dc/dc
converter system structure would become as Figure 5.21. And the system control block
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diagram is shown as Figure 5.22. Where α is the phase-shift angle, which is the control
variable in the system.
Vo

Goα(s)
V* +

Gvc(s)
–

I* +

Gic(s)

–

Vsense

isense

Fm

α

Giα(s)

ILf

Hi

Hv

Figure 5.22 Block diagram for dc/dc converter with dual loop control.

There are two control loops: voltage and current loops. The voltage loop is placed in
the outer loop, and current loop is placed in the inner one. Each loop has a control-tooutput transfer function. Goα(s) represents the control-to-output voltage transfer function,
and Giα(s) represents the control-to-output current transfer function. Gvc(s) is the outer
voltage loop compensator and Gic(s) is the inner current loop compensator. Hv is the gain
of voltage loop feedback circuit and Hi is the gain of current loop feedback circuit. The
output filter inductor current iLf is detected by a current sensor, and is filtered and
conditioned. The current feedback signal isense is fed into the compensator Gic(s), and
compared with current reference i* to control the full-bridge phase-shift angle α. While a
voltage loop feedback sensing and conditioning circuitry Hv picks up the output voltage

Vo, and processes it to Vsense. The compensator Gvc(s) compares Vsense with a given
reference signal V*, and generates an output which is used as the reference signal i* for
inner current loop. Also shown in Figure 5.22, Fm is the modulation index of PWM
regulator, which is related to the triangle or sawtooth carrier amplitude Vm, indicated as in
Figure 5.21.
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With this control scheme, the output voltage is governed by outer voltage loop with
a given reference V*. The inner loop regulates the current flowing through output filter
inductor with a much faster regulation, and as part of outer loop it helps to maintain the
output voltage at the nominal value set by V*.

5.5.2 Control parameters design
As indicated in the previous Chapter 4, again, 1.2kW is used as the nominal full
power in the control design.

5.5.2.1 Power stage open-loop transfer function

To design the control loop parameters, first we need to know the system plant model.
For the power stage, the control to output voltage transfer function Goα(s) has already
been derived in previous Chapter3. Since only the regulated dc/dc converter mode
(0°<α<120°) is of interest for close-loop control, and only minus difference exists
between case 1 (0°<α<60°) and case 2 (60°<α<120°), to simplify the design, the Goα(s)
can be approximated as:

1

Goα ( s) ≈

1.5n ⋅ Llk + L f
2

1+ s ⋅

RL

(

)

+ s ⋅ 1.5n ⋅ Llk + L f ⋅ C f
2

2

⋅

1
⋅ n ⋅ Vdc
60°

(Eq. 5–5)

where 0°<α<120°.
The control to output inductor current transfer function Goα(s) can be obtained from
the following circuit Figure 5.23, and can be expressed as:
I Lf ( s ) =

Vd ( s ) − Vo ( s )
s⋅L

(Eq. 5–6)
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Figure 5.23 Output filter inductor current derivation.

and from Chapter 4, we already got:
1
)
s ⋅C f
1
1
Vo ( s )
=
=
=
s
s2
Vd ( s ) R //( 1 ) + s ⋅ L 1 + s ⋅ L + s 2 ⋅ L ⋅ C
1+
+
L
f
s ⋅Cf
RL
Q ⋅ ωo ω o2
RL //(

(Eq. 5–7)

and
Vd ( s )
1
= o ⋅ n ⋅ Vdc
α ( s ) 60

(0°<α<120°)

(Eq. 5–8)

Therefore,
I Lf ( s)

α (s)

=

I Lf ( s) Vd ( s )
⋅
Vd ( s) α ( s )

(Eq. 5–9)

Substitute Eq. 5–6 into Eq. 5–9, the following equation can be got:
1 − VVdo (( ss)) Vd ( s )
=
⋅
α ( s)
s ⋅ L α ( s)

I Lf ( s)

(Eq. 5–10)

Considering Eq. 5–7and Eq. 5–8, then Eq. 5–10 would be elaborated as:

L
+ s2 ⋅ L ⋅ C f
I Lf ( s)
1 + s ⋅ RL ⋅ C f
n
n
RL
⋅ ⋅ Vdc
⋅ ⋅Vdc =
=
L
α ( s) s ⋅ L ⋅ (1 + s ⋅ L + s 2 ⋅ L ⋅ C ) 60
RL ⋅ (1 + s ⋅
+ s 2 ⋅ L ⋅ C f ) 60
f
RL
RL
s⋅

(Eq. 5–11)
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Therefore, the control to output inductor current transfer function is:
Giα ( s) =

I Lf ( s)

=

α ( s)

1 + s ⋅ RL ⋅ C f
n
⋅ ⋅Vdc
L
RL ⋅ (1 + s ⋅
+ s 2 ⋅ L ⋅ C f ) 60
RL

Where, L = Leq + L f = (1 +

α
120

(Eq. 5–12)

)n 2 ⋅ Llk + L f , Llk is the transformer leakage inductor

measured in primary side.
There are two loops in the system as Figure 5.22. Normally the dynamic for the
inner loop, or the current loop, should be designed faster, whereas the outer voltage loop
can be designed relatively slow. Since the main ripple current frequency needed to be
dealt with is 120Hz, an enough separation between this frequency and the control loop
crossover frequency would be suggested, for both current loop and voltage loop. At least
half decade of frequency separation would be recommended.

5.5.2.2 Inner current loop design

I* +

Gic(s)

– I
Ls

α

Fm

Giα(s)

ILf

Hi

Figure 5.24 Block diagram for inner current loop control.

For the inner loop, the control block diagram is shown as Figure 5.24, and the loop
gain can be expressed as:

Ti ( s) = Gic ( s) ⋅ Fm ⋅ Giα ( s) ⋅ H i

(Eq. 5–13)

Frequently, there are two types of compensator in used: one-zero two-pole
Proportional-Integral-Differential (PID) controller or two-zero three-pole PID controller.
The structure of a one-zero two-pole compensator can be illustrated as Figure 5.25, where
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Isense is current sensor feedback signal and is indicated as ILs in Figure 5.22 and Figure
5.24.

I*

ico

+

-

Ri1

Ci1 Ri2

Isense

Ci2
Figure 5.25 One-zero two-pole compensator for current control loop.

From Figure 5.25 frequency domain gain for this compensator can be expressed as:
s
2π ⋅ f iz
1 + s ⋅ Ri 2 ⋅ Ci1
1
Gic ( s ) = Gic (0) ⋅
=
⋅
s
C ⋅C
) Ri1 ⋅ (Ci1 + Ci 2 ) s ⋅ (1 + s ⋅ Ri 2 ⋅ i1 i1 )
s ⋅ (1 +
2π ⋅ f ip
Ci1 + Ci 2
1+

+

I*

(Eq. 5–14)

ico

-

Ri3

Ci3

Isense
Ri1

Ci1 Ri2
Ci2

Figure 5.26 Two-zero three-pole compensator for current control loop.

Another type of compensator is two-zero three-pole controller, and it can be
illustrated as Figure 5.26, and the frequency domain gain expression for it may be
described as Eq. 5–15.

174

s
s
) ⋅ (1 +
)
2π ⋅ f iz1
2π ⋅ f iz 2
Gic ( s ) = Gic (0) ⋅
s
s
s ⋅ (1 +
) ⋅ (1 +
)
2π ⋅ f ip1
2π ⋅ f ip 2
(1 +

=

(Eq. 5–15)

1
(1 + s ⋅ Ri 2 ⋅ Ci1 ) ⋅ [1 + s ⋅ ( Ri1 + Ri 3 ) ⋅ Ci 3 ]
⋅
Ri1 ⋅ (Ci1 + Ci 2 ) s ⋅ (1 + s ⋅ R ⋅ C ) ⋅ (1 + s ⋅ R ⋅ Ci1 ⋅ Ci1 )
i3
i3
i2
Ci1 + Ci 2

For the inner current loop, normally a one-zero two-pole compensator is enough to
fulfill the performance requirement. The following shows the guide line for this
compensator design:
1.

Place the first pole at the origin to eliminate the steady-state error.

2.

Place the second pole at about the half of the switching frequency to attenuate
switch ripple and high frequency noise.

3.

Place zero at or below the power stage resonant frequency to damp the
overshoot.

4.

Select a gain for the appropriate crossover frequency.

Considering half decade of separation between 120Hz and loop gain crossover
frequency, which is mentioned above, the desired current loop crossover frequency
should be above 600Hz. Therefore, based on the guide line above, a design example of
current loop compensation would be given as: zero at 370Hz, poles at origin and 20 kHz,
and dc gain as 552. This result will give us more than 70° phase margin and gain margin
larger than 50dB, with the loop crossover frequency at 667Hz. Figure 5.27 gives the
gain/phase plots for the designed result.
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Figure 5.27 A design result for current loop controller with one-zero two-pole compensator.

5.5.2.3 Outer voltage loop design

The design of outer voltage loop is based on the current loop closed condition. From
Figure 5.24 we can get:

I L = ( I * − I L ) ⋅ Gic ( s) ⋅ Fm ⋅ Giα ( s) ⋅ H i

(Eq. 5–16)

Therefore,
IL = I * ⋅

Gic ( s ) ⋅ Fm ⋅ Giα ( s ) ⋅ H i
1 + Gic ( s ) ⋅ Fm ⋅ Giα ( s ) ⋅ H i

(Eq. 5–17)

Furthermore, from the block diagram, it can be calculated:

α = ( I * − I L ) ⋅ Gic ( s ) ⋅ Fm = ( I * − I * ⋅

Gic ( s ) ⋅ Fm ⋅ Giα ( s ) ⋅ H i
) ⋅ Gic ( s ) ⋅ Fm
1 + Gic ( s ) ⋅ Fm ⋅ Giα ( s ) ⋅ H i

(Eq. 5–18)

So:

α = I* ⋅

G ( s ) ⋅ Fm
Gic ( s ) ⋅ Fm
= I * ⋅ ic
1 + Gic ( s ) ⋅ Fm ⋅ Giα ( s ) ⋅ H i
1 + Ti ( s )
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(Eq. 5–19)

From the system control block diagram Figure 5.22, the outer voltage loop gain
transfer function can be depicted as:
Tv ( s ) = Gvc ( s ) ⋅

α
I*

⋅ Goα ( s ) ⋅ H v

(Eq. 5–20)

Incorporated Eq. 5–20 with Eq. 5–19, then the outer voltage loop gain transfer
function would evolve as:
Tv ( s ) = Gvc ( s ) ⋅

Gic ( s ) ⋅ Fm
⋅ Goα ( s ) ⋅ H v
1 + Gic ( s ) ⋅ Fm ⋅ Giα ( s ) ⋅ H i

(Eq. 5–21)

Similar to current loop, voltage loop compensator can employed the most popular
one-zero two-pole PID controller or two-zero three-pole one, depending on the close-loop
system performance requirement. The one-zero two-pole compensator for voltage loop
can be illustrated as Figure 5.28, where Vos is voltage sensor feedback signal, as indicated
in Figure 5.22.

V*

+

vco

-

Rv1

Vos

Cv1 Rv2
Cv2

Figure 5.28 One-zero two-pole compensator for voltage control loop.

Therefore, the voltage compensator gain in frequency domain can be given as:
s
1 + s ⋅ Rv 2 ⋅ Cv1
2π ⋅ f vz
1
Gvc ( s ) = Gvc (0) ⋅
=
⋅
s
C ⋅C
s ⋅ (1 +
) Rv1 ⋅ (Cv1 + Cv 2 ) s ⋅ (1 + s ⋅ Rv 2 ⋅ v1 v1 )
Cv1 + Cv 2
2π ⋅ f vp
1+
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(Eq. 5–22)

Another type of compensator, two-zero three-pole one, can be illustrated as Figure
5.29, and its gain function in s-domain is given as Eq. 5–23.

V*

+

vco

-

Rv1

Cv3

Vos
Rv3

Cv1 Rv2
Cv2

Figure 5.29 Two-zero three-pole compensator for voltage control loop.

s
s
) ⋅ (1 +
)
2π ⋅ f vz1
2π ⋅ f vz 2
Gvc ( s ) = Gvc (0) ⋅
s
s
) ⋅ (1 +
)
s ⋅ (1 +
2π ⋅ f vp1
2π ⋅ f vp 2
(1 +

=

(Eq. 5–23)

(1 + s ⋅ Rv 2 ⋅ Cv1 ) ⋅ [1 + s ⋅ ( Rv1 + Rv 3 ) ⋅ Cv 3 ]
Rv1 ⋅ (Cv1 + Cv 2 ) s ⋅ (1 + s ⋅ R ⋅ C ) ⋅ (1 + s ⋅ R ⋅ Cv1 ⋅ Cv1 )
v3
v3
v2
Cv1 + Cv 2
1

⋅

Most of the time, a one-zero two-pole compensator can satisfy the system
performance requirement. For this type of compensator, the general design guide lines
can be listed as:
1.

Place the first pole at the origin to eliminate the steady-state error.

2.

Place the second pole at the power stage equivalent series resistance (ESR)
related frequency, typically a high frequency.

3.

Place zero around the power stage zero to compensator voltage loop pole cause
by inductor current loop.

4.

Select a gain for the appropriate crossover frequency.

178

The above guide lines can also be applied here. However, due to the specific
purpose of to ripple reduction, one more constrain should be taken into consideration in
determining loop gain crossover frequency besides the stability margins. The designed
loop gain curve should be able to provide sufficient attenuation for the ripple frequency
we want to mitigate, that is 120Hz in this application. As mentioned before, at least half
decade of separation between 120 Hz and crossover is needed. But most of the time this
loose condition on half decade separation cannot give us satisfying attenuation result on
the ripple. A better design rule is to monitor the loop gain value at 120Hz, making sure
enough attenuation resulted from the design. More than 20dB attenuation would be
suggested and around 40dB attenuation at 120Hz is preferred.
Following the above design guidelines, a compensator with a zero at 2.15 Hz, poles
at origin and 48 kHz can be adopted for the power stage designed in Chapter 2. With
these zero and poles, loop gain crossover frequency must be lower than 12Hz in order to
get more than 20dB attenuation at 120Hz. Here 2Hz crossover frequency is picked up in
the design since it can provide 37dB attenuation at 120Hz, which should be enough to
surpress ripple from load side. Also, this design will give the voltage loop more than 70°
phase margin and gain margin larger than 50 dB. Based on the selected crossover
frequency, the voltage loop dc gain can be calculated to be 30. Figure 5.30(a) shows the
gain/phase plots for the designed controller, and Figure 5.30(b) gives the attenuation at
120Hz when the controller is designed with different crossover frequencies.
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Figure 5.30 Design results for voltage loop controller with one-zero two-pole compensator: (a)
designed controller; (b) attenuations at 120Hz with different loop bandwidths.

5.5.3 Simulation result
5.5.3.1 Dc/dc converter performance with resistive load

The dc/dc converter using the proposed dual loop advanced control structure is
simulated with resistor load by Saber simulation software. The following figures show
the simulation result. Figure 5.31 and Figure 5.32 illustrate the simulated loop transfer
functions gain/phase plots, for inner current loop and outer voltage loop respectively. The
simulated results match the design in previous section very well, thus validate the control
block diagrams and equations in the design process. Figure 5.33 shows key waveforms
for the system under steady-state. It should be noticed here that the input current refers to
the current that dc/dc converter draws from the dc source, and output current refers to the
current flowing to the load instead of the current flowing through the output inductor. Vos
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and ILs are the feedback signals sensed from the output voltage Vo and output inductor
current ILf, which keep the same notations as in Figure 5.22. Figure 5.33 indicates during
steady-state, the system follows the command very well and outputs nominal 200V dc
voltage at 1.2kW.
As indicated before, the nominal full power used in the control design is1.2kW.
Figure 5.34 ~ Figure 5.39 demonstrate the simulated system transient responses with
various step-load cases, using the designed dual-loop controller in last section. Figure
5.34 and Figure 5.37 are the results for load steps between 25% and 50% of full load,
Figure 5.35 and Figure 5.38 are the results for load steps between 50% and full load, and
Figure 5.36 and Figure 5.39 are the results for load steps between 25% and full load.
From these simulation results it can be seen that, for both load step-up and load cases, the
bigger difference between the changed loads, the longer time is needed for the system
output voltage to settle down. For the load steps between 25% and 50% of full load, the
settle time is about 0.2 second. It is about 0.25 second for the cases between 50% and full
load, and the settle time is almost 0.3 second when the load jumps between 25% and full
load.
It also can be noticed that, the output voltage overshoots/undershoots are higher than
those with single loop control, as described in Chapter 4. The nominal output voltage is
200V. When the load steps from 25% to 50% of full load, the output voltage undershoot
is around 20V (10% of nominal value); for the load steps from 50% to full load is about
30V (15% of nominal value); and for the load steps from 25% to full load it is about 40V
(20% of nominal value). For the load dump cases, the output voltage overshoot is around
20V (10% of nominal value) when load dumps from 50% to 25% of full load; there is
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about 40V (20% of nominal value) overshoot when load dumps from full to 50% of full
load; and almost 60V (30% of nominal value) for the load dump from full to 50% of load.
Although the overshoots/undershoots are a little bit high, they are still within the
acceptable range. Compared with those with single voltage loop, the larger output voltage
overshoots/undershoots are mainly caused by the low control bandwidth used in this
voltage loop design. The voltage control loop used in Chapter 4 has the crossover
frequency at 20Hz, i.e., one decade higher than that used in the dual loop design.
100
Gain (dB)

50
0
-50

-100

Phase (°)

-150
90
45

Current Loop Gain

Current Loop Phase

0
-45
-90
-135

-180
1m 10m 0.1

1

10 100 1k 10k 100k
f (Hz)

Figure 5.31 Simulated inner current loop gain for designed dc/dc converter control.
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Figure 5.32 Simulated outer voltage loop gain with inner loop closed for designed dc/dc converter control.
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Figure 5.33 Simulated steady-state waveforms with designed dual-loop control.
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Figure 5.34 Simulated load step up transient response with designed dual-loop control (25% to 50% load).
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Figure 5.35 Simulated load step up transient response with designed dual-loop control (50% to full load).
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Figure 5.36 Simulated load step up transient response with designed dual-loop control (25% to full load).
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Figure 5.37 Simulated load dump transient response with designed dual-loop control (50% to 25% load).
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Figure 5.38 Simulated load dump transient response with designed dual-loop control (full to 50% load).
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Figure 5.39 Simulated load dump transient response with designed dual-loop control (full to 25% load).
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5.5.3.2 Steady-state performance with inverter load, and improvement on LF
current ripple

To check the control design and to verify the effectiveness of this active method, a
series of simulations were conducted for inverter type load. Figure 5.40 shows the
simplified system structure used in the simulation. It contains three major parts: Source
which can be a voltage power supply or fuel cell source, dc/dc converter which is of the
major interest in this research, and Inverter with ac load which is the load to the front end
converter. A 3-phase 6-leg dc/dc converter described in Chapter 2 is employed here, and
the control discussed in Chapter 4 and early this chapter will be studied in the simulation.

Dc/dc Converter
LV
DC

Rs
Vin

Source

+
Vfc
–

Cin

Lf
6-Leg
Dc/dc
Converter
Power Stage

HV
DC

AC
Out

Cf
Inverter

α

iLf Vo

PID
Controller
Figure 5.40 A simplified fuel cell power supply system used for simulation.

The circuit parameters of dc/dc converter used in the simulations are:
Input low voltage side dc capacitor Cin: 13.6mF with 30mΩ ESR
Output filter inductor Lf: 84µH
Output high voltage side dc capacitor Cf: 2.2mF with 45mΩ ESR
Transformer connection: open∆/Υ, with turns ratio of 6 for windings
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Output voltage on HV dc side: 200V
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Figure 5.41 Simulated waveforms with single voltage loop controller.

To check with the control design, a simplified power supply using voltage source
with certain internal impedance is used in simulations. Assuming the source has an
internal impedance of 30mΩ, Figure 5.10 reveals the ripple waveforms in circuit when
the output voltage reaches the nominal 200V with open loop control and control angle α
set to 90°. Figure 5.41 illustrates the case for single voltage loop closed control, with the
controller designed in Chapter 4 which has a zero at 185Hz, poles at origin and 1608Hz,
and loop gain crossover frequency at 20Hz. Comparison between Figure 5.41 and Figure
5.10 tells that no distinct change on input current ripple is obtained by adding close-loop
control with single voltage loop. This agrees with the experimental observations
illustrated in Figure 5.9 and Figure 5.20 very well. Furthermore, simulated waveforms in
Figure 5.41 match the captured experimental ones in Figure 5.20, which indicates the
validity of circuit model used in the simulation.
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Keeping all the circuit parameters unchanged, further simulation has been performed
after replacing the single loop controller with a dual loop one, which is designed in
section 0and has the following parameters:
Current loop: zero at 370Hz, poles at origin and 20 kHz, and loop crossover
frequency as 667Hz;
Voltage loop: zero at 2.15Hz, poles at origin and 48 kHz, and loop crossover
frequency at 2Hz
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Figure 5.42 Simulated waveforms with dual loop controller.

Figure 5.42 demonstrates the simulation results with the designed dual loop
controller. Compared with Figure 5.41, it can easily be seen that the output current of
dc/dc converter, which is mainly decided by the load, doesn’t change; however, the input
current ripple has been drastically reduced, and only a small portion of ripple component
remains. The smooth out of current ripple also help to make the input voltage waveform
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almost no fluctuation. This result validates the effectiveness of dual-loop control on
current ripple reduction.

5.5.3.3 Converter performance with fuel cell source and inverter load

The above simulations and experiments successfully demonstrate the effectiveness
of designed active control on ripple reduction, with regulated voltage source. Since the
characteristics of fuel cell are quite different from the regulated voltage source, questions
arise on the validity when the dc/dc converter is hooked up to the fuel cell source. Further
simulations have been performed to assure this, with Nexa 1.2kW fuel cell dynamic
model described in section 5.2 . The following figures display the simulated results.
Among which, Figure 5.43, Figure 5.44 and Figure 5.45 are transient response cases for
load steps between various resistances, which are directly connected to dc/dc converter
output, without inverter in between. Figure 5.46 shows the simulated results when fuel
cell is hooked up with dc/dc converter and an open-loop controlled inverter load. Figure
5.46(a) is the case when dc/dc converter is controlled by single voltage loop compensator
and Figure 5.46(b) is the case when designed dual loop controller is applied to the dc/dc
converter. Here again, the input and output voltage/current are referred to dc/dc converter
inputs and outputs. From these simulation results, it can be seen that the output
waveforms are same as those in similar cases when dc/dc converter is supplied by a
regulated voltage source, which are shown in Figure 5.34 to Figure 5.39, Figure 5.41 and
Figure 5.42, but the input waveforms are different because of the diversity between fuel
cell and voltage source characteristics. Input current steady-state value drops because the
fuel cell output voltage is higher than the voltage source used in previous simulations.
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Once again, Figure 5.46(a) and (b) reveal the distinct improvement on input current
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ripple, which further confirms the validity of dual loop active ripple control.
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Figure 5.43 Fuel cell system load step transient response simulations with dual-loop controlled dc/dc
converter: (a). load step up from 25% to half load; (b). load dump from half to 25% load.
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Figure 5.44 Fuel cell system load step transient response simulations with dual-loop controlled dc/dc
converter: (a). load step up from half to full load; (b). load dump from full to half load.
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Figure 5.45 Fuel cell system load step transient response simulations with dual-loop controlled dc/dc
converter: (a). load step up from 25% to full load; (b). load dump from full to 25% load.
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Figure 5.46 Fuel cell system simulations with dc/dc converter and inverter load: (a). single voltage loop
controlled dc/dc converter; (b). voltage/current dual loop controlled dc/dc converter.
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5.5.4 Experimental verification
Applying the controller designed in section 0to the 3-phase 6-leg converter
described in Chapter 2, a hardware test unit is built for the system verification. Although
the power stage has the capability of higher output power up to 3 kW, 1.2 kW is used as
full power for later system integration with Ballard Nexa 1.2 kW PEM fuel cell unit.

5.5.4.1 Converter performance with resistive load

First, the converter standalone test is performed for better checking the control
design. An adjustable voltage supply is used for input source to dc/dc converter, and the
converter input voltage is set to 22 V in the test.
The step load transient response experimental results are shown as Figure
5.47~Figure 5.52. Among which, Figure 5.47 and Figure 5.50 illustrate the results for
load steps between 25% and 50% of full load, Figure 5.48 and Figure 5.51 illustrate the
results for load steps between 50% and full load, and Figure 5.49 and Figure 5.52 show
the results for load steps between 25% and full load. For the load step up cases, the
output voltage settle down time is less than 0.5 second; and it is less than 0.4 second for
load dump cases.
The experimental observation also tells that when the load steps from 25% to 50%
of full load, there is about 20V (10% of nominal value) output voltage undershoot; for the
load steps from 50% to full load is about 30V (15% of nominal value); and for the load
steps from 25% to full load it is about 45V (22.5% of nominal value). For the load dump
cases, the output voltage overshoot is around 20V (10% of nominal value) when load
dumps from 50% to 25% of full load; there is about 40V (20% of nominal value)
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overshoot when load dumps from full to 50% of full load; and almost 60V (30% of
nominal value) for the load dump from full to 50% of load.
It can be seen that the experimental results fairly match the simulated ones, except
that there are slight differences between the experimental results and simulation results.
The differences are due to the variations for the values components picked in the real
implementation, together with some circuit parasitic parameters which are not factored in
the simulation model. Even though, the comparison indicates that the simulation model is
reasonably established and is good enough to be used for system study.
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Figure 5.47 Experimental load step up transient response with designed dual-loop control (25% to 50%).
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Figure 5.48 Experimental load step up transient response with designed dual-loop control (50% to full).
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Figure 5.49 Experimental load step up transient response with designed dual-loop control (25% to full).
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Figure 5.50 Experimental load dump transient response with designed dual-loop control (50% to 25%).
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Figure 5.51 Experimental load dump transient response with designed dual-loop control (full to 50%).
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Figure 5.52 Experimental load dump transient response with designed dual-loop control (full to 25%).

5.5.4.2 Converter performance with inverter load

Input Voltage
Input Current
Output Current

Output Voltage
5ms/div
Figure 5.53 Experimental result on ripple reduction with inverter load

Second, a single-phase full-bridge inverter with open loop control is used as dc/dc
converter downstream load to check the periodical steady-state stability and system
performance on ripple reduction. The dc/dc converter feeds 200V to the converter. The
modulation index of the inverter is set to 0.86, and the inverter output supplies a 9 Ω
resistor. Figure 5.53 shows the tested result. In which the waveforms is referred to the
dc/dc converter input/output. Channel 1 illustrated the input voltage of dc/dc converter,
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which is well maintained by the upstream voltage source, appended with some high
frequency ripple. Channel 2 shows the input current drawn from upstream dc voltage
source. Channel 3 tells the output current flowing from dc/dc converter to inverter, and it
is pulsating one with 120Hz frequency, for 60Hz inverter output. Channel 4 is the dc/dc
output voltage supplying the inverter. Compared with Figure 5.19 and Figure 5.20, it can
be seen that with the same pulsating current drawn by the inverter, the input current
ripple component is drastically reduced, while the its dc component remain the same. The
mitigation of this current ripple also helps to smooth the input voltage low frequency
fluctuation, which can be observed from Figure 5.19 and Figure 5.20.
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Output Voltage
5ms/div
Figure 5.54 Experimental ripple waveforms with single voltage loop control using reduced bandwidth.

Since the bandwidth for single loop control used in Figure 5.20 is much higher than
that used for voltage loop of dual loop control design in Figure 5.53, one may question
the ripple reduction contributor, the control bandwidth or the control structure? The
following experiment may answer this question. For better comparison, a test has been
done with dc/dc converter single loop control using reduced bandwidth. The loop gain
crossover frequency has been set to 2Hz in the control. The test result is illustrated as
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Figure 5.54. From which it can be seen that the input current ripple component remains
almost the same. Therefore, the control bandwidth doesn’t help to solve the input current
ripple problem with single voltage loop controller design.
The mitigation on input current ripple in the experiments explicitly validates the
effectiveness of the proposed active method with advanced dual loop control.

5.5.5 Design consideration on dual loop bandwidths, and trade-off between
transient performance and low frequency current ripple reduction
From both the simulation and experimental results presented in previous sections, it
can be seen that, with dual loop control, the output voltage overshoot/undershoot are
somehow higher. This is not very true since the voltage loop control bandwidth in dual
loop case is much lower than that used in the single loop control case. When the same
voltage loop control bandwidth is adopted, the system performance on output transient is
actually superior for dual loop control case, the input current overshoot/undershoot is
resolved thus smoothing out the input voltage fluctuation during the transient. The test
results below demonstrate this when the outer voltage loop crossover frequency is set to
20Hz.
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Figure 5.55 Experimental load step up transient response with high v-loop bandwidth dual-loop control
(25% to 50%).
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Figure 5.56 Experimental load step up transient response with high v-loop bandwidth dual-loop control
(50% to full).
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Figure 5.57 Experimental load step up transient response with high v-loop bandwidth dual-loop control
(25% to full).
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Figure 5.58 Experimental load dump transient response with high v-loop bandwidth dual-loop control (50%
to 25%).
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Figure 5.59 Experimental load dump transient response with high v-loop bandwidth dual-loop control (full
to 50%).
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Figure 5.60 Experimental load dump transient response with high v-loop bandwidth dual-loop control (full
to 25%).
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However, this high voltage loop bandwidth controller design would weaken the low
frequency current ripple effect a lot. This can be seen from the following Figure 5.61,
which is captured in the experiment using same inverter described in previous sections as
load and using dual loop controller whose outer voltage loop crossover frequency is set to
20Hz. For the input current, the ripple component peak-to-peak value is as high as 60%
of the average value, which is even worse than that in the cases using open loop and
single voltage loop control.

Input Voltage
Input Current

Output Current

Output Voltage
5ms/div
Figure 5.61 Experimental low frequency ripple waveforms using high v-loop bandwidth dual-loop control.

The reason is that with 20Hz voltage loop crossover frequency, the attenuation at
120Hz is only 15dB and it is not enough to suppress the ripple. In deed, if voltage loop
attenuation is not sufficient the ripple can be worse by adding the current loop. However,
without current loop, lower bandwidth for single voltage loop doesn’t help to mitigate
ripple. Simulations were conducted and the results confirmed this. Figure 5.62 provides
the comparison of simulation results. From that it can be seen that the input current ripple
current doesn’t change much when the bandwidth for single voltage loop varies among
20Hz, 12Hz and 2Hz. However, with dual-loop controller, the variance is significant. It
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also can be seen that in dual-loop control case when the outer loop crossover frequency is
set to 20Hz, the input current ripple is severer than that in single loop control case, which
agrees with the experiment result.
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Figure 5.62 Comparison of simulated low frequency ripple waveforms using different controller structure.

Apparently, there is a design trade-off between control loop bandwidth and low
frequency ripple reduction effect. Both Figure 5.63 and Figure 5.64 suggest that after the
current loop bandwidth reaches a certain high point, the current loop bandwidth is not
longer a concern, system performance is not sensitive to the current loop bandwidth
changes, and the impact of bandwidth changing can be neglected. However, the influence
of voltage loop bandwidth change is obvious. Even a small change will result in a distinct
variation of system performance. The lower voltage loop bandwidth, the better effect on
low frequency ripples reduction, as shown in Figure 5.63. Contrarily, the poorer
performance is observed during load transient, larger overshoot/undershoot in output
voltage is induced, causing larger overshoot/undershoot in currents as well. As a
202

compromised result, 2 Hz voltage loop crossover frequency is chosen for the dual loop
control design of the proposed 3-phase 6-leg dc/dc converter.
70

Input Current

Legend

(A)

I-loop bandwidth 667 Hz
V-loop bandwidth 1.2 Hz

60

23.8
(V)

I-loop bandwidth 667 Hz
V-loop bandwidth 2 Hz

Input Voltage

23.6
9

I-loop bandwidth 667 Hz
V-loop bandwidth 4 Hz

(A)

Inductor Current
Output Current

4
15

I-loop bandwidth 2 kHz
V-loop bandwidth 1.2 Hz

(V)
0
206

I-loop bandwidth 2 kHz
V-loop bandwidth 2 Hz

(V)

Output Voltage

196
0

10

20

t(ms)

30

40

50

I-loop bandwidth 2 kHz
V-loop bandwidth 4 Hz

Figure 5.63 Simulated low frequency ripple waveforms using different bandwidth with dual-loop control.
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Figure 5.64 Simulated load step transient waveforms using different bandwidth with dual-loop control.
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5.6 Summary
In this chapter, an issue of system interaction has been brought up. Fuel cell
dynamic was discussed, along with a simplified circuit model. Low frequency ripple
propagation and ripple reduction were addressed with a derived ac model. An advanced
method with dual loop active control was proposed, the design guide lines were provided
for both current loop and voltage loop. Simulation was performed to check the designed
control, for both step-load transient response and periodic steady-state with ac load. Also
a hardware test unit has been built based on the proposed control structure, and the
experiments were conducted with step-load and ac load condition. The simulation result
agrees with the experimental result very well, and both results verify the reduction on low
frequency ripple, thus validate the proposed advanced control.
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Chapter 6 Conclusion and Future Works
6.1 Major results and contributions of this dissertation
A novel 3-phase 6-leg dc/dc converter with efficiency above 96% is proposed in this
dissertation. Phase-shift modulation is employed to obtain device soft-switching. Also,
interleaved control is used to achieve high frequency ripple cancellation. The multiphase
structure, at the same time, reduces the RMS current per phase, thus reducing the I2R
conduction loss, without paralleling multiple devices. Moreover, it is transformer-isolated,
and the Y-connection on the 3-phase transformer secondary side doubles the output
voltage without increasing the turns-ratio. Overall, the major design features and
advantages are: low transformer turns ratio achieved by open-delta/wye connection;
reduced the size of output filter and input capacitor with interleaved control; ZVZCS for
a wide load range without auxiliary circuit; and high system efficiency. These merits
make this converter extremely suitable for high power conversions that have a low
voltage source and high input current, such as low-voltage fuel cell applications.
The controller design based on a derived average converter model and the fuel cell
dynamic has been proposed for low voltage high power fuel cell applications. Although
the fuel cell power throughput rate has been considered as a slow dynamic due to the
slow response of auxiliary systems, the fuel cell stack voltage reacts to the load step
rather quickly. The perception of slow fuel cell dynamic actually comes from the time
constant formed by the fuel cell equivalent resistance and the input capacitance of the
dc/dc converter. With proper energy storage in both input and output sides of the dc/dc
converter, the fuel cell stack output voltage can be smoothed out without voltage dips
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during load transients. The controller design based on the derived average converter
model and the consideration of the fuel cell dynamic has been proven effective through
computer simulation and experimental verification. The converter output voltage is well
regulated during heavy load transients.
System level low-frequency ripple-interaction issue among fuel cell, dc/dc converter
and inverter is investigated. Low frequency current ripple generated by single-phase
inverters not only causes fuel cell power derating, but also introduces hysteretic power
losses. In this dissertation, the low-frequency ripple generation and propagation
mechanism are exploited, and a linear ac model is derived to address the problem.
Although the ripple reduction can be achieved by passive methods with bulky capacitor
smoothing, this dissertation suggests an advanced current-loop control technique as part
of the dc/dc converter controller. The design process and guideline for the proposed
control method is provided, and simulation is performed to verify the effectiveness of this
advanced control method. Hardware system including a PEM fuel cell, a multiphase
dc/dc converter and an inverter has been integrated and tested. The experimental results
with open-loop, single voltage-loop, and the proposed dual loop controls are shown to
demonstrate the effectiveness of the ripple mitigation by the proposed technique. Without
adding system volume and cost, the proposed technique is very attractive for the
advanced fuel cell power conditioning systems.
Overall, the major contributions of this dissertation work are:
1.

Proposing a novel 3-phase 6-leg dc/dc converter topology, which is capable
of soft-switching operation and has high conversion efficiency. By opendelta/wye connection, voltage doubler effect helps to reduce transformer
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turns-ratio. Interleaved control drastically reduce HF ripple and shrink filter
size.
2.

Identifying system level low-frequency ripple-interaction issue existing
among fuel cell, dc/dc converter, and inverter. An ac model is derived to
characterize the ripple propagation, and the solutions are discussed. An
active control method is proposed for low frequency ripple mitigating, and
design guideline is suggested.

6.2 Future works
Although a lot of works and experiments have been done in this dissertation work,
there still remain some more issues to be explored:
1.

After dc/dc converter is fully interconnected with load inverter, system
control interaction may occur when both dc/dc converter and load inverter
are controlled by closed-loops. How severe this problem would be remains
uncertain and needs to be investigated. Solutions and design guideline are
needed.

2.

The converter uses split dc outputs to meet the 200V/400V dc generation
requirement. Two separated transformer outputs and rectifiers are used for
200V dc generation, and two dc outputs are cascaded to obtain 400V. With
such kind of multiple outputs, voltage balanced control for each output
remains a problem and solutions needs to be derived on this problem.
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