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Abstract

Due to the concerns regarding increasing fuel cost and air pollution, plug-in electric vehicles (PEVS)
are drawing more and more attention. PEVs have a rechargeable battery that can be restored to full charge
by plugging to an external electrical source. However, the commercialization of the PEV is impeded by the
demands of a lightweight, compact, yet efficient on-board charger system. Since the state-of-the-art Level
2 on-board charger products are largely silicon (Si)-based, they operate at less than 100 kHz switching

frequency, resulting in a low power density at 3-12 W/in®, as well as an efficiency no more than 92 - 94%

Advanced power semiconductor devices have consistently proven to be a major force in pushing the
progressive development of power conversion technology. The emerging wide bandgap (WBG) material
based power semiconductor devices are considered as game changing devices which can exceed the limit
of Si and be used to pursue groundbreaking high frequency, high efficiency, and high power density power

conversion.

Using wide bandgap devices, a novel two-stage on-board charger system architecture is proposed at
first. The first stage, employing an interleaved bridgeless totem-pole AC/DC in critical conduction mode
(CRM) to realize zero voltage switching (ZVS), is operated at over 300 kHz. A bi-directional CLLC
resonant converter operating at 500 kHz is chosen for the second stage. Instead of using the conventional
fixed 400 V DC-link voltage, a variable DC-link voltage concept is proposed to improve the efficiency

within the entire battery voltage range. 1.2 kV SiC devices are adopted for the AC/DC stage and the primary



side of DC/DC stage while 650 V GaN devices are used for the secondary side of the DC/DC stage. In
addition, a two-stage combined control strategy is adopted to eliminate the double line frequency ripple

generated by the AC/DC stage.

The much higher operating frequency of wide bandgap devices also provides us the opportunity to use
PCB winding based magnetics due to the reduced voltage-second. Compared with conventional litz-wire
based transformer. The manufacture process is greatly simplified and the parasitic is much easier to control.
In addition, the resonant inductors are integrated into the PCB transformer so that the total number of
magnetic components is reduced. A transformer loss model based on finite element analysis is built and
used to optimize the transformer loss and volume to get the best performance under high frequency

operation.

Due to the larger inter-winding capacitor of PCB winding transformer, common mode noise becomes
a severe issue. A symmetrical resonant converter structure as well as a symmetrical transformer structure
is proposed. By utilizing the two transformer cells, the common mode current is cancelled within the

transformers and the total system common mode noise can be suppressed.

In order to charge the battery faster, the single-phase on-board charger concept is extended to a higher
power level. By using the three-phase interleaved CLLC resonant converter, the charging power is pushed
to 12.5 KW. In addition, the integrated PCB winding transformer in single phase is also extended to the
three phase. Due to the interleaving between each phase, further integration is achieved and the transformer

size is further reduced.
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Plug-in electric vehicles (PEVs) are drawing more and more attention due to the advantages of energy
saving, low CO; emission and cost effective in the long run. The power source of PEVSs is a high voltage
DC rechargeable battery that can be restored to full charge by plugging to an external electrical source,
during which the battery charger plays an essential role by converting the grid AC voltage to the required

battery DC voltage.

Silicon based power semiconductor devices have been dominating the market over the past several
decades and achieved numerous outstanding performances. As they almost reach their theatrical limit, the
progress to purse the high-efficiency, high-density and high-reliability power conversion also slows down.
On this avenue, the emerging wide bandgap (WBG) material based power semiconductor devices are
envisioned as the game changer: they can help increase the switching frequency by a factor of ten compared
with their silicon counterparts while keeping the same efficiency, resulting in a small size, lightweight yet

high efficiency power converter.

With WBG devices, magnetics benefit the most from the high switching frequency. Higher switching
speed means less energy to store during one switching cycle. Consequently, the size of the magnetic
component can be greatly reduced. In addition, the reduced number of turns provides the opportunity to
adopt print circuit board as windings. Compared with the conventional litz-wire based magnetics, planar
magnetics not only can effectively reduce the converter size, but also offer improved reliability through

automated manufacturing process with repeatable parasitics.



This dissertation is dedicated to address the key high-frequency oriented challenges of adopting WBG
devices (including both SiC and GaN) and integrated PCB winding magnetics in the battery charger

applications.

First, a novel two-stage on-board charger system architecture is proposed. The first stage employs an
interleaved bridgeless totem-pole AC/DC with zero voltage switching, and a bi-directional CLLC resonant

converter is chosen for the second stage.

Second, a PCB winding based transformer with integrated resonant inductors is designed, so that the
total number of magnetic components is reduced and the manufacturability is greatly improved. A
transformer loss model based on finite element analysis is built and employed to optimize the transformer

loss and volume to get the best performance under high frequency operations.

In addition, a symmetrical resonant converter structure as well as a symmetrical transformer structure
is proposed to solve the common noise issue brought by the large parasitic capacitance in PCB winding
magnetics. By utilizing the two transformer cells, the common mode current is cancelled within the

transformers, and the total system common mode noise can be suppressed.

Finally, the single-phase on-board charger concept is extended to a higher power level to charge the
battery faster. By utilizing the three-phase interleaved CLLC resonant converter as DC/DC stage, the
charging power is pushed to 12.5 kW. In addition, the integrated PCB winding magnetic in single phase is
also extended to the three phase. Due to the interleaving between the three phase, further integration is

achieved and the transformer size is further reduced.
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Chapter 1 Introduction

1.1 Overview of electric vehicle charging

The advancement of transportation has significantly changed the lifestyles in the past decades. While
bringing enormous convenience to social activities, transportation has also consumed a large amount of
energy. Currently, petroleum almost exclusively fuels the United States (US) transportation system,
creating a major challenge: it represents a significant fraction of total greenhouse gas (GHG) emissions
both globally and in the US — light-duty vehicles (LDVSs) are responsible for 17.5% of carbon dioxide

(CO2) emissions in the US [1, 2].

According to the report by Electric Power Research Institute and the Natural Resources Defense
Council (Fig. 1.1) [3], the GHG emission of conventional vehicles is 3 times higher than the plug in hybrid
electric vehicles (PHEV) when renewable energy is used to generate the electric power. Even if the energy
is from coal, the emission reduction is still around 40%. Therefore, moving from conventional vehicles to

electric vehicles (including both PHEV and PEV) is the trend to save the energy and the environment.

The difference between PEV and PHEV is that the powertrain is driven by a battery pack only or
by a combination of battery pack and gasoline. The first type of powertrain consumes pure electric
energy. Therefore, when the battery pack charge level drops to a certain level, the vehicle cannot be
driven. The PHEV, on the other hand, can switch between the conventional internal combustion engine

system and an electric propulsion system. As a result, there is no need to worry about the driving range.

Both PEV and PHEV need an on-board charger to converter AC grid power to DC to charge the
high voltage battery inside the vehicle. The charger can be plugged into the household electric socket
for home charging or plugged into a designated charging post for faster charging. As a result, a highly

efficient but compact battery charger is very critical in the PEV or PHEV’s electric systems.

1
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1.2 Battery charging system for Electric Vehicle

There are two types of EV charging systems, either conductive or inductive. The conductive charging
uses a hard-wired connection between the AC grid power and EV while the inductive charging uses

magnetic coupling between two coils to transfer energy from AC grid to the on-board battery.

For conductive charging, the charging systems can be categorized by the power levels, as shown in

Table 1.1 [4].
Table 1.1. Different Level of Charging.
Charging Level Setting Supply Power
Residential/parking lot
AC Level 1 5milh @ 1.7 KW 120 VAC/16 A
AC Level 2 Residential/Commercial
(minimum) 10mi/h @ 3.4 kW 208/240 VACII6A
AC Level 2 Residential/Commercial
(maximum) 60mith @ 19.2 kW 208/240 VACIL00A
DC Level 1 Commercial 208 VAC/480 VAC
120mi/h @ 40 kW (Three Phase)

2
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Commercial 208 VAC/480 VAC

DC Level 2 300mi/h @ 100 kW (Three Phase)

The Level 1 charger is an on-board charger and is usually used in residential household with 120 VAC
outlets. Its maximum power is 1.9 kW and can supply around 5 miles of driving per hour. The Level 2
charger utilizes 208 VAC or 240 VAC voltage, which is also available in most U. S households, and the
maximum charging power can reach 19.2 kW depending on the ability of the circuit. With the maximum

power, it can provide 120 miles of driving per hour.

Aside from AC charging, there is also DC charging. DC charging uses off-board charger instead of
the on-board charger due to its much larger power level. It is usually deployed in commercial charging
stations. The off-board charger converts the AC power to DC power and charge the battery directly. The

power level can be 40 kW for DC level 1 charging and up to 100 kW for DC level 2 charging.

1.3 Bi-directional operation requirement

Nowadays, there are higher requirements for on-board charger systems. Not only it should supply
power from the AC grid to the on-board battery, it should also have the ability to utilize the power inside

the battery to support AC-grid or some standalone loads with discharging mode operation.

There are two typical applications for the discharging mode [5]. One is for the future smart grid. In the
future, the households will have multiple power sources, such as solar power and wind power. In order to
take advantage of these renewable power, energy storage is needed, and battery inside the EV can serve
such arole. It can be charged when there is more energy generated by these renewable power sources (such
as during the day) and discharged when there is not enough energy generated (during the night). In addition,
it can be used to even support the grid when there is a power outage. The other application is for off-site
workers. Sometimes they need to finish their job off-site where there are no power outlets, and the on-board

battery can be a very good power source for the tools, like electric drills and electric cutting machines.

3
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1.4  Overview of wide bandgap (WBG) power devices

Recent emerging wide bandgap power devices, including both gallium nitride (GaN) transistors and
silicon carbide (SiC) transistors, are very promising candidates for high frequency power conversion
techniques. Due to the advantages of the materials, the WBG power devices have larger band gap, higher
electron mobility and higher electron velocity [6, 7]. Thus, better figure of merits can be projected for GaN
transistors and SiC transistors than the state-of-the-art Si transistors, which allows WBG devices to switch
with much faster transition speed and lower switching loss. By using WBG devices in a circuit design, the
switching frequency can be pushed to more than 10 times higher compared with their Si counterparts while
the whole system achieves similar or even higher efficiency. Therefore, it is able to achieve high frequency,

high efficiency and high power density power conversion at the same time.

Table 1.2. Material properties of Si, SiC and GaN [8].

Parameter Si SiC GaN
Eq (eV) 1.12 3.2 3.4
Critical Field Ecrit
(MV/cm) 0.3 35 3.3
Electron Mobility um
(Cm?/(V-5)) 1500 650 990-2000
Permittivity & 11.8 9.7 9

Both SiC devices and GaN devices are classified as WBG devices because of the significantly higher
band gap energy E; compared with Si devices. The band gap of a semiconductor material reflects the
strength of the chemical bonds between atoms in the lattice. High band gap energy means an electron
requires more energy to jump from one site to another. Based on this, power semiconductor devices made

of high band gap energy material usually have lower leakage current and higher operating temperature.

For the critical electric field, it is also related to the chemical bonds of the material. Generally speaking,
the stronger bonds, the higher critical field. Eq. (1.1) shows the relationship between breakdown voltage,

drift region width, and critical field.
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Vpr = %Wdrift “Ecrie (1.1)

According to this equation, the breakdown voltage is proportional to the width of the drift region and
the critical field. So for a given breakdown voltage, both SiC and GaN devices have around ten times
smaller drift region compared to Si devices.The on state resistance can be derived as Eq. (1.2), in which p,
is the mobility of electrons [6].

4v3g

3
So&rhnEerit

(1.2)

on —

In Fig. 1.2 [7, 9], the x-axis is the breakdown voltage while the y-axis is the specific on-resistance. The
three solid lines are theoretical limit for Si, SiC and GaN based on material properties. Si technology has
become very mature over last three decades so that the state-of-the-art Si MOSFETS are close to their
theoretical limit. Recent Si based Super Junction MOSFET even outperforms Si’s limitation. Therefore,

there is still some margin that the performance of Si device can be continually improved in future.

= 1000
£ Si Limit
9
£ 100
(o]
&
(]
(:, 10 A GaN Linﬁ
T
2
w
o 1
&
& /|
o ¢ 600V-class
g 0 most attractive
“ 0.01
10 100 1000 10000

Breakdown Voltage (V)
& SiMOSFETs B Si Super Junction MOSFETs A SiC Transistors @ EPC GaN

% IR GaN W Transphorm GaN @ Panasonic GaN Sharp GaN ® HRL GaN
Fig. 1.2. Specific on-resistance vs. breakdown voltage for Si, SiC and GaN



Bin Li Chapter 1

For GaN and SiC, they have much better theoretical limit compared with their Si counterparts and with
the continuous development, they can approach their limit just like Si and achieve better and better

performance.

1.5 Literature review and challenges in EV charging

The commercialization of the PEV is impeded by the demands of a lightweight, compact, yet efficient
on-board charger system. Since the state-of-the-art Level 2 on-board charger products are largely Si-based,
they operate at less than 100 kHz switching frequency, resulting in low power density as well as low
efficiency. In [10], a two-stage on-board charger is built using Si devise with switching frequency around
80 kHz. The full load efficiency is 94% and the power density is only 9 W/in3. In [11, 12] a similar 3.3 kW
on-board charger is built with 93.6% overall efficiency and around 9.9 W/in® power density. In [13], a 3.3
kW bi-directional on-board charger is built using Si devise. 10 W/in® power density and over 94.5%
efficiency is achieved. Another on-board charging using Si device is proposed in [14]. It has bi-directional
operation capability and a full load efficiency around 93.5%. In the 2012 Nissan LEAF, a 6.6 kW on-board
charger is installed. However, the power density is only 10.8 W/in® and the efficiency is around 90% - 92%

[15].
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[10, 13, 14, 16-22]

All the above commercial products or research products using Si device have low power density and

low efficiency (summarized in Fig. 1.3 and Fig. 1.4). Compared with Si device, the absence of reverse

recovery charge in WBG device enables bi-directional operation with a single converter. In addition, WBG

device has a much better figure of merit than its Si counterpart. For a given on-resistance and breakdown

voltage, WBG device requires a much smaller die size, which can translate into smaller gate charge and

junction capacitance. Both of these characteristics are able to shorten the current and voltage transition

7
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interval and thus reduce the switching loss. Therefore, by moving to WBG devices, the system switching

frequency is increased to 100 kHz — 300 kHz and around 95% efficiency is achieved (shown in Fig. 1.4).

However, despite the aforementioned advantages of WBG devices, challenges remain in their
application in the on-board charger system. The first challenge is the bi-directional operation. In [20], a
very compact 3.3 kW on-board charger prototype is developed using SiC modules with phase shift full
bridge as the second stage. The power density is greatly improved compared with its Si counterparts due to
relatively high operating frequency but the efficiency is still in the range of 94%-95%. In addition, it has
no reverse power flow capability. In [23], a 7.2 KW on-board charger is proposed using parallel GaN devices
with folding circuit as the first stage. Although it is very efficient, it can only handle unity power factor in

the discharging mode. Also, it requires additional active filter circuit to handle the double line frequency

ripple.

The second challenge is to achieve zero voltage switching (ZVS) under all conditions. For high
frequency operations, even WBG devices require a soft switching technique due to the relatively large turn
on loss [24, 25]. However, for the AC/DC stage, the conventional continuous conduction mode (CCM)
operation is hard switching based [21, 26], generating considerable amount of turn on related loss. In
comparison, critical conduction mode (CRM) operation (or boundary mode operation) can achieve ZVS
without any additional cost and gains its popularity in low power applications, like 1 kW server power

supply [27, 28].

For the isolated DC/DC stage, the dual active bridge DC/DC converter can only achieve ZVS under
heavy load [29], and the control becomes very complex when ZVS is desired under light load condition
[30]. The LLC resonant converter [31], on the other hand, can achieve ZVS under any load conditions, and
hence is widely used in off-line applications such as server [32-34] and telecom power supplies. However,
due to its asymmetrical resonant tank, the reverse power flow needs additional handling, considering there

iS no gain boost capability [26].
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The third challenge is to maintain high efficiency over the entire charging cycle. For applications like
battery chargers, the output voltage can vary widely with different states of charge of the battery, hindering
the optimization of the converter. This is especially true for resonant converters, of which the switching
frequency must deviate a lot from the resonant frequency in order to achieve the wide output voltage range.
In [21], even with advanced control to reduce the switching frequency range, the efficiency of DC/DC stage

drops up to 3% when the battery voltage is very low/high.

The fourth challenge is high power density magnetics with good manufacturability. Litz-wire based
transformers and inductors are known to be complicated. Intensive labor work is needed during their
manufacture process [35]. PCB winding magnetics, on the other hand, are much more suitable for mass
production. However, their requirement is much more stringent. They are never realized in a 6.6 kW power
level due to the difficulty to reduce the AC winding loss under high frequency operations. In addition,
magnetic integration is more complicated for PCB winding transformer because of the limitation of winding
structure and sensitive AC winding loss. Additional inductors will compromise the entire system power

density.

The last challenge is common mode (CM) noise. Due to the adoption of WBG devices, the dv/dt of
switch node voltage is increased significantly. Together with the large inter-winding capacitance of PCB
winding magnetics, CM noise can be a very severe issue. Larger CM filter is needed to pass the EMI

requirement, which decreases the system efficiency and density.

1.6 Proposed dissertation outline

Although these challenges exist in both Si device and WBG device based applications, the superior
performance of WBG devices gives us the opportunity to have a better solution, as the proposed two-stage

on-board charger structure in this paper.

The proposed dissertation outline is:
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In chapter 2, a novel two-stage on-board charger structure is proposed. The first stage is a bridgeless
totem pole AC/DC converter working at CRM so that soft switching can be achieved for all the fast switches.
The second stage is a CLLC resonant converter. Similar with the well-known LLC converter, it can achieve
soft switching under all conditions. In addition, due to the symmetrical resonant tank, it is more suitable for
bi-directional operation. Variable DC-link voltage is adopted so that the DC/DC stage can always work at
its optimized point, providing best efficiency for the entire battery voltage. With soft switching technique,

the switching frequency of AC/DC stage and DC/DC stage is pushed to 300 kHz and 500 kHz respectively.

In chapter 3, a novel integrated PCB winding transformer structure is proposed. Using matrix
transformer concept, two Ul core based transformer is integrated into one Ul core, resulting smaller
footprint core loss. In addition, by changing the Ul core structure to an El core structure, leakage inductance
of the new transformer can be controlled by changing the cross section area of the center leg. Therefore, it
can serve as resonant inductor. In addition, the leakage flux is confined inside the core instead of flowing

through the air, avoiding additional eddy current or EMI issues.

In chapter 4, regarding to the inter-winding capacitance issue of PCB winding transformer, a new
symmetrical resonant converter and symmetrical transformer structure is proposed to cancel out the CM
noise. This method is not sensitive to PCB winding layout and switching frequency of the converter and

have over 20 dB reduction for the CM noise.

In chapter 5, the on-board charger concept is extended to a higher power level. A three-phase
interleaved CLLC converter is designed to provide 12.5 kW power. Device evaluation is performed to find
the best suitable device. Based on the single-phase integrated PCB winding magnetic, a three-phase
integrated magnetic is proposed. Due to the interleave between the three phases, further integration can be

done and an even smaller footprint is achieved.

Chapter 6 gives the summary of this dissertation.
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Chapter 2 Novel Two-Stage Structure and Control for Bi-

Directional On-Board Charger

There are two different types of on-board charger, one is single-stage AC to DC conversion [1-9] (as

shown in Fig. 2.1) and the other one is two-stage AC to DC and DC to DC (as shown in Fig. 2.2)
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Fig. 2.1. Single-stage AC to DC conversion for on-board charger system.
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Fig. 2.2. Two-stage AC to DC and DC to DC conversion for on-board charger system.
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Although the single-stage solution seems to be simpler and more appealing, it has several drawbacks

[10].

1. It is difficult to achieve soft switching for the AC side switches. Individual control of the switches
that comprise the four-quadrant switch is needed in order to achieve zero voltage switching (ZVS).

Therefore, very complicated driving circuits are required.

2. It is very difficult to optimize the converter under wide operating conditions. For on-board charger
application, the input voltage has very wide range (from 85 VAC to 265 VAC) and the output voltage also
has a very larger range (from 250 VDC to 450 VDC). To cover such large operating range, the optimization

of the converter becomes very difficult and the overall efficiency of the system is not good.

3. It is difficult to control the double line frequency ripple. Because of the power factor correction,
there is double line frequency power flowing into the converter. However, the desired output current and
voltage are all constant, which means there has to be an energy storage unit in the converter to absorb the

double line frequency power, which can be very challenging for single-stage solution.

For the two-stage structure, the first stage is usually a non-isolated AC/DC converter performing power
factor correction. The second stage is a DC/DC converter providing voltage regulation and isolation

capability.

For AC/DC stage, it has been reviewed in [11, 12], and the topologies that are suitable for on-board
charger is reviewed in [13-15]. Among these topologies, the bridgeless totem pole PFC shows great
potential due to its simplicity, less number of components and the ability to achieve soft switching when

working at critical conduction mode (CRM) [16, 17]. Its structure is shown in Fig. 2.3.
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Fig. 2.3. Bridgeless totem-pole PFC
For the DC/DC converter, it has been reviewed in [18, 19]. There are basically two types of DC/DC

converter, pulse width modulation (PWM) type converter and resonant type converter.

Dual active bridge (DAB) (as shown in Fig. 2.4) is a very popular PWM type converter when it comes
to bi-directional operation. It can achieve soft switching for both primary and secondary side devices with

a fixed switching frequency. [20-23]. The operating waveform of DAB is shown in Fig. 2.5.
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Fig. 2.4. Dual active bridge converter
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Fig. 2.5. Waveform of DAB.

However, there are some issues with the DAB converter.

1. The devices are turning off at peak current. As a result, large turn off loss is generated. This may
not be a big issue under low switching frequency, but when it comes to high switching frequency, this large

turn off loss will significantly affect the total system efficiency.

2. ZVS is not guaranteed at light load conduction. Soft switching is achieved utilizing the energy stored
in the leakage inductance of the transformer. However, under light load condition, the energy in the leakage
inductance is not enough anymore, and soft switching is lost. With high frequency operation, this will also

result in low efficiency [24, 25].

For resonant type converter, CLLC converter is a very good candidate for bi-directional operation [26-

28]. It has the following benefits.
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1. Soft switching is achieved under any load conditions. Similar with the popular LLC resonant
converter, CLLC converter utilizes the magnetizing inductance to help achieve soft switching. It is not

related to load conditions.

2. Turn off current is the peak of magnetizing current instead of peak resonant current. This greatly
helps to reduce the turn off because of the much smaller turn off current, making it very suitable for high

frequency operation.

However, it does have one drawback, which is the large RMS current. Because of the resonance, the
current in the resonant tank is a sinusoidal waveform, which under the same output current, will have larger
RMS value compared with the square current waveform in the DAB converter, resulting larger conduction

loss.

2.1 Analysis of CLLC bi-directional resonant converter

Fig. 2.6 shows both the popular LLC resonant converter and CLLC resonant converter featuring
symmetrical resonant tank. For LLC converter, its forward and reverse gain curve are shown in Fig. 2.7. It
is clear that under forward operation, it has both gain boost and decrease capability. But under reverse
operation, it can only decrease gain. This asymmetry makes the design of bi-directional operation very
difficult. However, for CLLC resonant converter, due to its symmetrical resonant tank, its gain curves for
both forward and reverse power flow are very similar, as shown in Fig. 2.8, providing both gain boost and

decrease capability.
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Fig. 2.6. (a) LLC resonant converter and (b) CLLC resonant converter.
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Fig. 2.7. LLC converter gain curve.
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Fig. 2.8. CLLC converter forward and reverse gain curve.

Fig. 2.9 shows the working waveform of CLLC at resonant frequency. At this condition, minimum

circulating energy is utilized to help primary switch achieve ZVS.
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Fig. 2.9. Working waveform of CLLC @fs = fo.

Fig. 2.10 shows the working waveform when switching frequency is larger than resonant frequency

(zone 1 in Fig. 2.8). At this condition, the gain of the converter is less than unity and the circulating current
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is larger compared with f;=f, case, resulting in larger conduction loss. In addition, the turn off current is

larger, which generates larger turn off loss.

Vgsl & Vgs4 '

VgsZ & Vgs3 ]

Fig. 2.10. Working waveform of CLLC @ fs > f, (zone 1).
Fig. 2.11 shows the working waveform when switching frequency is smaller than resonant frequency
with relatively light load (zone 2 in Fig. 2.8). The gain of the converter is larger than one at this condition,

but there is certain period during which no energy is transferred from input to output. This results in larger

RMS current and therefore larger conduction loss.
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Fig. 2.11. Working waveform of CLLC @ fs < f, (zone 2).

Fig. 2.12 shows the working waveform when switching frequency is smaller than resonant frequency
with relatively heavy load (zone 3 in Fig. 2.8). At this condition, zero current switching (ZCS) is achieved
instead of ZVS for primary switches, resulting in very large switching loss. Usually the resonant converter

is purposely designed so this condition is always avoided.
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Fig. 2.12. Working waveform of CLLC @ fs < f, (zone 3).
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With the illustrated working principle above, it is clear that for CLLC converter, gain regulation is
realized by changing switching frequency, and the best efficiency is achieved when switching frequency

equals to resonant frequency, at which condition the gain is unity.

Due to the symmetrical resonant tank, the reverse working principle is the same.
2.2 Comparison between LLC and CLLC

For the CLLC converter shown in Fig. 2.6 (b), if we have,

Lyp = N2L,g (2.1)
N%Cyp = Cyg (2.2)
Then the CLLC resonant converter has a symmetrical resonant tank. As a result, the gain curve for

CLLC is the same for forward power flow and reverse power flow.
However, CLLC also has some drawbacks in order to achieve the bi-directional power flow.

@ Reduced peak gain

If we define the quality factor (Q) of LLC converter and CLLC converter as below,

Lyp

Crp

Qe = NZR, (2.3)

2Lrp
Crp/2

QcLic = NZR, (2-4)

Where R, is the output resistance.

Then under the same Q value, LLC converter always has larger peak gain compared with CLLC, as

show in Fig. 2.13.
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Fig. 2.13. Gain curve comparison between LLC (dash line) and CLLC (solid line).

Here f, is defined as the normalized switching frequency.

fo=% (25)

From this figure, it is very clear that LLC has high peak gain than CLLC.

2 Gain slop of LLC and CLLC are the same under same L,and same Q

If we define,

L,=2m (2.6)

From Fig. 2.13, we can also find out that under the same Q and L, even though CLLC has smaller
peak gain compared with LLC, it has the same gain curve slop compared with LLC converter. This means
that with certain gain range requirement, CLLC converter always has the same frequency range with LLC

converter if peak gain requirement is satisfied.
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3 L, determines gain slop when switching frequency is smaller than resonant frequency while Q and

L, both determine gain slop when switching frequency is larger than resonant frequency.
From Eq. (2.3) and Eq. (2.4), we can find out that for LLC and CLLC converter, Q value is different

even under the same load condition.

With the same output resistance Ro,

1
Qric = EQCLLC (2.7)
Therefore, under the same load condition, the gain curve for LLC and CLLC are actually different, as

shown in Fig. 2.14,
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Fig. 2.14. Gain curve comparison between LLC (dash line) and CLLC (solid line).
It is clear that under the same load condition, CLLC has less peak gain. In addition, the gain slop
between CLLC and LLC is the same when switching frequency is smaller than resonant frequency.
However, when switching frequency is higher than resonant frequency, CLLC has steeper gain compared

with LLC under the same load condition.

2.3 Proposed novel variable DC-link voltage structure
26



Bin Li Chapter 2

From section I, it has been demonstrated that resonant converter can only achieve best efficiency
when switching frequency equals to resonant frequency. Other than that the efficiency drops. Due to this

limitation, the wide output voltage range for battery charger application becomes a significant challenge.

Fig. 2.15 shows the conventional two-stage on-board battery charger structure using 650 V GaN
devices. Due to the current rating of available GaN devices, four-phase interleaved structure is adopted for

the bridgeless totem pole PFC and two modules are in parallel for CLLC resonant converter to handle the

large power.
' !
LER-ERCERE ‘
NN 250-
- Ve Link 45%0
- 400V

ka3 E3 3

131
1351

R

85~

265V,
15t Stage: Totem-pole PFC 2" Stage: CLLC
650V GaN Device 650V GaN Device

Fig. 2.15. Conventional two-stage on-board charger with fixed DC-link voltage.
Since the DC-link voltage is fixed at 400 V, with 250 V-450 V battery voltage range, the input and

output voltage relation of DC/DC stage is shown in Fig. 2.16, as well as the switching frequency range.

Due to wide battery voltage range, the switching frequency range of CLLC converter is very wide,
from 0.65f, to 1.4f,. A thorough loss analysis is performed for this fixed DC-link voltage structure using
GS66516T from GaN Systems. The resonant frequency of DC/DC stage is set at 500 kHz. Conduction loss
is calculated using on resistance provided by the datasheet and switching loss is calculated based on double

pulse testing results.
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Fig. 2.16. Gain and switching frequency range for fixed DC-link voltage (400 V).
The calculation result verifies our analysis that the highest efficiency is achieved when gain is unity
(switching frequency equals to resonant frequency). From 350 V battery voltage to 250 V battery voltage,

the charging efficiency drops over 1%.

It should be noted that the evaluation is based on a pre-defined charging profile. When battery voltage
is between 250 V-300 V, 22 A constant current charging is used and when battery voltage is between 300

V-450 V, 6.6 kW constant power charging is use.
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Fig. 2.17. DC/DC stage evaluation for fixed DC-link voltage (400 V).
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Loss breakdown at 350 V battery voltage is provided including transformer loss, device conduction

loss and switching loss for both primary side and secondary side.

In order to improve efficiency at different battery voltage, we can reduce the required CLLC gain
range by allowing the DC-link voltage to vary. Due to power factor correction requirement and device
voltage rating limitation, the maximum DC-link voltage variation is 400 V-450 V when 650 V GaN devices

are used. With this range, the input and output relation for DC/DC stage is shown in Fig. 2.18.

Link Voltage ~ Battery  Gain for CLLC 16
450V 1.22

450V, 370V 1 211

330V 1
400V

05 06 07 08 09 1 11 12 13 14 15
=250V 0.76 o

Fig. 2.18. Gain and switching frequency range for variable DC-link voltage (400 V - 450 V).
From Fig. 2.18, we can see that within 330 V-370 V battery voltage range, the gain requirement for
DC/DC stage is just unity if DC-link voltage follows battery voltage. From gain curve, we can also find
that the switching frequency range reduces to 0.7f,-1.37f,, which is smaller than fixed DC-link voltage
structure. Efficiency evaluation is also performed and the result is shown in Fig. 2.22. With reduced
switching frequency range, DC/DC stage efficiency is improved. It should be noted that the slightly
different efficiency at resonant frequency is caused by different turns ratio (1.14:1 for fixed DC-link voltage

and 1.21:1 for variable DC-link voltage).

Although efficiency is improved, the improvement is very limited. In order to further reduce switching

frequency range, a new two-stage structure is proposed, as shown in Fig. 2.19.
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Fig. 2.19. Variable DC-link voltage structure using split capacitors.

To further increase the DC-link voltage variation range, 1.2 kV SiC devices are used in AC/DC stage.
Using this configuration, DC-link voltage range can be extended to 500 V-840 V, and the input and output
voltage relation of DC/DC stage is shown in Fig. 2.20. Here, the lower voltage limit is determined by the
lowest battery voltage and the upper voltage limit is determined by device rating. Considering DC-link

voltage ripple and drain source voltage ringing of the device, it is safe and necessary to clamp the DC-link

voltage at 840 V.

By changing DC-link voltage from 500 V to 840 V, the gain range of DC/DC stage is greatly reduced
to only 1 - 1.07, and the switching frequency range is also reduced significantly, to only 0.9f, - f,. We can
see that almost within the entire battery voltage range, the gain requirement for DC/DC stage is just unity,

which means the switching frequency of the converter can stay at resonant frequency most of the time,

providing best efficiency.
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Fig. 2.20. Gain and switching frequency range for variable DC-link voltage (500V - 840V).
Loss analysis using SiC device from GE and GS66516T from GaN Systems is also performed for this
structure and the result is shown in Fig. 2.22. It shows that the efficiency of variable DC-link voltage (500
V —840V) is even worse than the fixed DC-link voltage structure under certain conditions. This is because
the two modules of the DC/DC stage are in fact in series on primary side. Under low DC-link voltage, the
current is higher, and the series configuration brings significant conduction loss and compromises the

system efficiency.

To solve this problem, another two-stage structure with variable DC-link voltage is proposed, as shown
in Fig. 2.21. In this structure, the primary side devices of DC/DC stage are also changed to 1.2 kV SiC
devices. Therefore, no series connection is required and the conduction loss can be reduced. For the
secondary side of DC/DC stage, still 650 V GaN devices are adopted and two sets of output are used in

parallel to handle the large output current.
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Fig. 2.21. Variable DC-link voltage structure without split capacitors.
Following the same procedure, efficiency of this structure is analyzed and the result is shown in Fig.
2.22. It can be seen that by reducing gain range of DC/DC stage with the last proposed structure, the

efficiency curve becomes much flatter, indicating very high efficiency over the entire battery voltage range.

What’s more, the proposed structure also brings significant benefit to the transformer design. With
large gain range (conventional fixed DC-link structure), large resonant inductors are required for resonant
converter to realize good gain regulation capability. But with the proposed variable DC-link structure, due
to the very small gain range requirement, the required resonant inductors become much smaller, which can

help to lower down the inductor loss and also gives us the opportunity to integrate them into transformer.
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Fig. 2.22. DC/DC stage evaluation and comparison.

Detailed loss breakdown comparison under 350 V battery voltage for the DC/DC stage is shown in
Fig. 2.23.
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Fig. 2.23. Loss break down of the four candidates @350V.

Due to the variable DC-link voltage, DC/DC stage gains benefits for reduced frequency range.
However, the burden shifted to AC/DC stage, as shown in Fig. 2.24. First stage efficiency is compromised
because of the high turn off voltage. It should be noted here that because of the large turn off current and
turn off loss, the minimum switching frequency of AC/DC stage is decreased from 500 kHz for GaN version

to 300 kHz for SiC version.
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Fig. 2.24. AC/DC stage efficiency evaluation and comparison.
If two-stage efficiency is compared, as shown in Fig. 2.25, it can be seen that the last proposed
candidate has not only the best peak efficiency, but also a very flat efficiency curve. 1.5% efficiency is
improved at low battery voltage compared with conventional fixed DC-link structure. Therefore, we chose

the last candidate as our final design.
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Fig. 2.25. Two-stage efficiency evaluation and comparison.
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2.4  Two-stage combined control strategy for both charging and discharging

mode.

From previous analysis, the benefit of the proposed variable DC-link structure is to keep the switching
frequency of the DC/DC stage at resonant frequency so that high efficiency can be maintained over the
entire battery voltage range. This DC transformer (DCX) concept has been proved to be very efficient [29].
However, in applications like battery charger, this concept has the problem of very large output current
ripple [30]. Due to PFC function of AC/DC stage, there is second order harmonic voltage ripple on the DC-
link. Although this ripple can be kept small (5%) by using large amount of DC-link capacitors, the output
current ripple still can be significant because of the very small internal resistance of the battery if DCX
concept is adopted. Usually this large charging current ripple is not acceptable by the battery because it
compromises the lifetime. Also, the large amount of DC-link capacitors lower down the power density of

the whole system and increases the weight of the converter significantly.

In order to solve this problem, a two-stage combined control strategy is proposed, as shown in Fig.

2.26.
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Fig. 2.26. Proposed control strategy for charging mode operation.

In this control structure, there are four control loops. 1) The blue loop of the AC/DC stage is to maintain
CRM operation and also power factor correction [31]. 2) The purple loop is to make sure the DC-link
voltage follows battery voltage so that the switching frequency of the DC/DC stage can always stay around
resonant frequency. 3) Instead of using DCX concept, a minor control is introduced as the green loop shows,
eliminating double line frequency ripple in the output current. Simplified optimal trajectory control [32] is
utilized for fast transient and soft start up. 4) Last, pre-defined charging profile needs to be followed,

including pre-charge, constant current (CC) charge, constant power (CP) charge and constant voltage (CV)

charge, as shown in Fig. 2.27.
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Fig. 2.27. Charging profile for the proposed on-board charger.

The structure of the control is very simple but the concept is new. By using this control strategy, on

one hand, the average DC-link voltage always tracks twice of the battery voltage so that the gain for second

stage is kept around unity. On the other hand, the current loop of DC/DC stage can make sure there is no

second order line freque

Fig.
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2.28. Simulation results of the proposed control for charging mode
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Simulation results of the proposed control strategy are shown in Fig. 2.28. With 7% DC-link ripple,
the charging current ripple is only 5%. And if we take a look at the switching frequency, we can see that it
is varying around resonant frequency. By doing this, the second stage can be very efficient at different

battery voltage while still prevent the second order line frequency ripple from passing to the battery.

The same control concept can also be adopted in discharging mode, as shown in Fig. 2.29.

For discharging operation, there are two different modes, grid-tied mode and standalone mode. For
grid-tied application, control strategy is almost the same with charging mode due to the inherent bi-
directional operation characteristic of both AC/DC stage and DC/DC stage. For standalone application,
where AC side is connected to a standalone load, the AC/DC stage needs to control the output AC voltage.
Therefore, the DC-link voltage control lies on the DC/DC stage, as shown in the yellow loop in Fig. 2.29

(b). Other control loops are the same with grid-tied application.
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Fig. 2.29. Control strategy for discharging mode.

2.5 DC-link capacitor selection and design

The proposed variable DC-link structure can help to achieve very good efficiency over the entire
battery voltage range. However, the increasing of DC-link voltage also brings some drawbacks, one of
which is large DC-link capacitor size.

Usually there are two kinds of capacitors that can be used as the DC-link capacitors. One is film
capacitor and one is aluminum electrolytic capacitor.

Film capacitor has very long lifetime even under high temperature conditions. It can handle larger
ripple current compared with the aluminum electrolytic capacitor due to the much smaller dissipation factor.
Moreover, film capacitor has much higher voltage rating. It is common to find film capacitors with over

kV voltage rating (Table 2.1). However, for aluminum electrolytic capacitor, the lifetime is much shorter,
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especially when the temperature rise is significant. In addition, the most commonly used voltage rating for

aluminum electrolytic capacitors is below 500V, as shown in Table 2.2.

Table 2.1. Typical specifications for film capacitors.

Brand Vdc Capacitance Capacitance Density Lifetime @80°C
V) (uF) (uF/in%) (hour)
EPCOS 450 480 18 (4.5 @ 900V) >200,000
VISHAY 500 100 17 (4.25@1000V) >200,000
EPCOS 920 200 7.6 >200,000
VISHAY 1000 20 6.1 >200,000
Table 2.2. Typical specifications for aluminum electrolytic capacitors.
Brand Vdc Capacitance Capacitance Density Lifetime @80°C
(V) (uF) (uF/in%) (hour)
TDK 450 560 86.7 (21.7 @ 900V) >45,000
TDK 450 470 80.1 (20.0@900V) >45,000
KEMET 500 560 40.7(10.2@1000V) >45,000

Due to the lower cost, in the products some still prefer to use aluminum electrolytic capacitors. Also,
the high capacitance density means the whole system volume and weight can be greatly reduced. However,
the most challenging part for using aluminum electrolytic capacitors is to achieve the required lifetime,

which is closely related to the ambient temperature and the ripple current.

2.5.1 Ripple current calculation

The input current and voltage waveform of the AC/DC stage is shown in Fig. 2.30. Due to the power

factor correction (PFC) function, the total input power has double line frequency ripple.
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Fig. 2.30. Input voltage and current waveform and the resulted input power.

Vin = Vi sin(2nft)

iin = Iin sm(ZTEft)
. Vinlin
(28)Pin = Vinlin = =7 [1 = cos(4nf1)]

(2.9)

However, the output current has constant value since its DC current and DC voltage. As a result, all

the double line frequency power needs to be absorbed by the DC-link capacitors.
Vinlin
Pyp == cos(4rnft) (2.10)

The voltage across the DC-link capacitors and the current flowing through them are shown in Fig. 2.31.
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Fig. 2.31. Voltage across the DC-link capacitors and the current flowing through them.

If we assume the ripple voltage is much smaller than the average voltage on the DC-link, the power

absorbed by the DC-link capacitor can be expressed as,

Vinlin :
Pyp == cos(4rft) = Vaclpc,nn (2.11)

Then, the current flowing through the capacitors can be expressed as,

. Vinlin
IDCime = Sy, cos(4mft) (2.12)

Therefore, the RMS value of ripple current is,

. _ Vinlin
IDClink-rMs = 2V2Vgc (2.13)

For conventional fixed DC-link voltage structure, the DC-link voltage is always a constant value, that
is, 400 V. However, for the proposed variable DC-link structure, the DC-link voltage is varying between
500 V and 840 V. The ripple current RMS value for the conventional fixed DC-link voltage and the
proposed variable DC-link voltage structure can be calculated, as shown in Fig. 2.32. It should be noted for
simplicity, pre-charge and CV charging mode is ignored. Instead, only CC and CP charging mode are used

before and after 300 V battery voltage respectively.
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Fig. 2.32. Ripple current RMS value with different DC-link voltage.

2.5.2 Capacitor size comparison

The lifetime of aluminum electrolytic capacitor is affected by the ambient temperature, its voltage

stress and current stress.

From Fig. 2.32, we can see that for conventional fixed DC-link voltage structure, the current stress is

higher than the proposed variable DC-link structure, mainly because its DC-link voltage is lower.

If we took an average value, the ripple current RMS value for conventional fixed DC-link voltage

structure compared with that in the proposed variable DC-link structure is,

lfixed __ 5

(2.14)

lyariable 3

To have the same amount ripple current flowing through each capacitor, the number of capacitors in

parallel should have the ratio of,

Npallel-fixed __ 5

: (2.15)

Npallel—variable
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However, due to the voltage stress, for the proposed variable DC-link structure, we need two 450 V
aluminum electrolytic capacitors in series to handle the high voltage, so the number of capacitors needed
for both cases has the following ratio,

Nyixea _ 3 839 (2.16)

Nyariable 6

From Eqg. (2.16) we can see that in order to achieve the same amount of lifetime, with the proposed
variable DC-link voltage structure, we need around 18% more aluminum electrolytic capacitors to handle

the current ripple.

However, it should be noted that the above calculation is only based on same ripple current (same

lifetime of electrolytic capacitor). At this number of capacitor ratio, the DC-link capacitance ratio is,

Cfixea _ 5 _ 10
— == (2.17)

Cyariable 6/4

The DC-link voltage ripple (peak-to-peak) percentage is shown in Fig. 2.33. It is clear that even though
for both case, the lifetime of electrolytic capacitor is the same, the DC-link voltage ripple is much smaller

for the fixed voltage case.
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Fig. 2.33. DC-link voltage ripple (peak to peak) percentage comparison.

2.5.3 DC-link capacitor value selection

With the proposed system architecture, the DC/DC stage is only responsible for regulating the double
line frequency ripple while the average output voltage is regulated by the AC/DC stage. From above
analysis, we can see that in order to reduce the DC-link capacitor size, larger DC-link voltage ripple is
generated, which increases the regulation burden of the DC/DC stage due to the larger switching frequency

variation. This will also increase the total system loss of the CLLC converter because of the deviation from

optimal working condition.

According to Eqg. (2.13), the DC-link voltage ripple can be calculated as,

! Vinlin cos(4mft) (2.18)

AfCpciink 2Vac™f Cpcying

AvDClink = IpCyine X

Fig. 2.34 shows the DC-link capacitance impact on DC-link voltage ripple according to Eq. (2.18)

45



Bin Li Chapter 2

Peak to Peak Voltage Ripple Percentage

30%
e 300U
e 400U
500u
e 600U
20% 700u
10%
e ——
0
500 600 700 800

DC-Link Voltage (V)
Fig. 2.34. DC-link capacitance impact on DC-link voltage ripple.

It is clear that with the increasing of DC-link capacitance, the ripple voltage becomes smaller. In
addition, higher DC-link voltage also means smaller voltage ripple since more power can be stored with

the same amount of ripple.

However, there is certain limitation for the maximum and minimum DC-link voltage. Firstly, the
device voltage rating is limited. Even though 1.2 kV SiC device is used, the maximum voltage it can handle
should be below 900 V considering high current turn off generated ringing. Secondly, the requirement of
power factor correction needs to be considered. The maximum RMS value for AC input voltage is 265 V,
which is corresponding to 375 V peak input voltage. Under this condition, the minimum DC-link voltage
required for power factor correction is above 375 V. If maximum and minimum duty cycle is taken into

consideration, the minimum DC-link voltage should be above 390 V.
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Fig. 2.35 shows the maximum and minimum DC-link voltage according to different DC-link
capacitance. It is clear that to meet the above two requirements, the minimum capacitance value we can use

is 200 uF.

Max. and min. DC-Link Voltage

1x10°

900 s Max
——————————————————————————————————————— 840V

800

700

600

] e S —— 500V

400
200u 400u 600u 800u 1000u

DC-Link Capacitor (F)
Fig. 2.35. Maximum and minimum DC-link voltage with different DC-link capacitance.

A simulation is conducted in order to get the switching frequency range with different DC-link voltage

ripple, and the results are shown in Fig. 2.36.

From this figure, we can see that the larger voltage ripple results in larger switching frequency range.
For minimum switching frequency, the worst case is 200 uF DC-link capacitance and 500 V DC-link
voltage (corresponding to 250 V battery voltage), and the minimum switching frequency is around 260 kHz
(0.5f5). For maximum switching frequency, the worst case is 200 uF DC-link capacitance and 800V DC-
link voltage, where the maximum switching frequency reaches over 1 MHz (> 2f,). It should be noted that

the switching frequency range is simulated followed by the previously proposed charging profile.
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Fig. 2.36. Switching frequency range under different DC-link capacitance.
According to the analysis in Chapter 2, the large switching frequency range can increase the total

system loss. Therefore, a loss model is built to analyze the impact of wide switching frequency range

(double line frequency).

@ Device loss

Circuit simulation using SIMPLIS can generate the RMS current flowing through each device as well

as the turn off current of the primary side device.

Therefore, the total device loss will be the summary of channel conduction loss, dead time third

guadrant reverse conduction loss and the turn off loss.

= Peona + P3ra + Fsw (2-19)
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2 Winding loss
A circuit model (as shown in Fig. 2.37) can be built to get the winding loss with different input and

output current [33].

lel lel lez le 2
W
[, I
Lm 1 § Lmls
pr Lm 2 % Lm2: Rws

Fig. 2.37. Equivalent circuit for transformer winding loss model.
In this model, Ry represents the winding loss caused by the DC resistance on each side, and the Ry,
represents the winding loss caused by the mutual coupling between the primary and secondary. The values
for Rup and Rus are calculated in order to include the open-circuit loss and the phase shift impact in the

simulation.

The parameters in the equivalent circuit for transformer winding loss can be extracted from finite

element analysis (FEA).

In FEA, the 2-by-2 impedance matrix of the designed transformer is,

Z11 le] Ri1 +jwLlis Ry +j0)L12]

Zy1 Zy|  |Rai +jwly; Ry +jwly,

56.7mQ + jw X 19.25uH  39.96mQ + jw X 17.85uH]

39.96mQ + jo x 17.85uH  56.7mQ + jw X 19.25uH (2.20)

With this impedance matrix, we can calculate the parameters in the winding loss model, as shown
Table 2.3. Due to the symmetry between primary side and secondary side, we also have symmetrical

parameters.
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Table 2.3. Parameter value in the winding loss model.

Parameter Value
L1, Li2 1.4 uH
Rk1, Ree 16.74 mQ

Lm1 17.85 uH
Lm2 10.74 uH
pr, Rus 80 mQ

With these parameters, the transformer winding loss can be simulated under different primary and

secondary side current.

3 Core loss
In [34], an Equivalent Elliptical Loop (EEL) method is proposed to calculate core loss under arbitrary

current input. Actually, the core loss is calculated according to the flux density and its changing rate.

dB|%
P,(t) = |K]| - |5 (2.21)
Where
K= iicm'Bm cos(8)|F~ (2.22)
Cap = (2m)*= [2 cosP 6. db (2.23)

Here, «, fand Cy, is the same as in Steinmetz Equation.

With the above calculation, we can get the relationship between DC-link capacitance and the system

loss, as shown in Fig. 2.38.
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Fig. 2.38. Calculation results for half line cycle. (From top to bottom: DC-link voltage, switching

frequency, primary side RMS current, secondary side RMS current, core loss and switching loss).

From this figure, it is clear that DC-link voltage is changing in half line cycle and the corresponding

switching frequency is also changing to make sure the output voltage (current) is constant.

When DC-link voltage is lower than twice of the output voltage, switching frequency is smaller than

resonant frequency. During this time, the RMS current of primary side and secondary side increases, and

the lower DC-link voltage, the lower switching frequency, the higher RMS current. However, when the

DC-link voltage is higher than twice of the output voltage, the switching frequency is higher than resonant

frequency. During this period, the RMS current of primary side and secondary side stays the same.
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Core loss is also increasing when switching frequency deviates from resonant frequency. When
switching frequency is lower than resonant frequency, the voltage-second on the core is increasing, which
increases the core loss. When switching frequency is higher than resonant frequency, the dB/dt inside the

core becomes larger, which also increases the core loss.

As for the switching loss, when switching frequency is lower than resonant frequency, the turn off
current is always magnetizing current, which almost does not change during this period. However, when
the switching frequency is higher than resonant frequency, the turn off current becomes much higher, which

increases the turn off loss.

The total system efficiency according to different DC-link voltage and DC-link capacitance is shown
in Fig. 2.39. We can see that 500 VV DC-link voltage is the worst case, where the efficiency drops when
smaller DC-link capacitor is used. 600 uF is the best tradeoff between efficiency and the footprint. DC-link
capacitance larger than this value will not bring benefit to the efficiency while DC-link capacitance smaller

than this value will cause obvious efficiency drop.
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Fig. 2.39. System efficiency according to different DC-link voltage and DC-link capacitance.
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2.5.4 Lifetime consideration

@ Electrolytic capacitor

Another very important factor that needs to be take into consideration is the DC-link capacitor lifetime.
From Table 2.1 and Table 2.2, we can find out that compared with film capacitor, electrolytic capacitor has
much larger capacitance density, which means for the same amount of capacitance, the footprint of
electrolytic capacitor is much smaller than that of the film capacitor. However, it should be also noted that

the lift time of electrolytic capacitor is much shorter compared with the film capacitor.

The most important two factors that impact the lift time of electrolytic capacitor is the ambient

temperature and the current ripple (loss).

According to previous analysis, the current ripple flowing through the DC-link capacitor is

: _ Vinlin
IDCiink-rMs = 2yav,, (2.24)

If capacitor from TDK with part No. B43644E5127MO*# is used (120 uF, 450 V, 25 mm x 25 mm),

the relationship between lifetime and DC-link capacitance is shown in Fig. 2.40 [35].
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Fig. 2.40. Relationship between lifetime and DC-link capacitance for electrolytic capacitor.
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In this figure, the lifetime is calculated based on 70<€ (dotted line), 80<€ (solid line) and 90 (dash-
dotted) ambient temperature. It is very clear that temperature has a very strong impact of the lifetime. In

fact, with 80“ambient temperature, the lifetime of electrolytic capacitor is always less than 50,000 hours.

Fig. 2.41 shows the relationship between DC-link capacitance and total system power density. It is

obvious that the larger value capacitance we use the lower power density we can achieve.
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Fig. 2.41. Power density with different value of DC-link capacitance using electrolytic capacitor.
2 Film capacitor
Compared with electrolytic capacitor, film capacitor can handle much larger current ripple and higher

voltage. However, the drawback is the low capacitance density.

Table 2.1 shows the typical film capacitor from different companies. We can see that it is very common
to find film capacitor to handle 1 kV DC-link voltage; therefore, there is no need to put capacitors in series.
However, the capacitance density of film capacitor is around 10 uF/in®. Compared with Electrolytic

capacitor, which has a density value of 20 uF/in?, it is still much smaller.

The lifetime of film capacitor is not significantly related to the temperature and current ripple. In fact,

the voltage stress on the capacitor has more impact, as shown in Fig. 2.42 [36].
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Fig. 2.42. Lifetime expectancy of film capacitor (from VISHAY).
With Fig. 2.42, we can calculate the lifetime expectancy of film capacitor according to different DC-

link capacitance, as shown in Fig. 2.43.
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Fig. 2.43. Relationship between lifetime and DC-link capacitance for film capacitor.

From Fig. 2.43, we can see that film capacitor has much longer lifetime. Even under 90€ ambient

temperature, the lifetime of film capacitor can achieve over 60,000 hours.

The relationship between power density and DC-link capacitance for film capacitor is shown in Fig.

2.44,
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Fig. 2.44. Relationship between power density and DC-link capacitance for film capacitor.
If we compare film capacitor with electrolytic capacitor from power density and lifetime point of view,

we have Fig. 2.45.
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Fig. 2.45. Comparison between electrolytic capacitor and film capacitor for lifetime (line) and
power density (line with marker).

From this comparison, we can see that power density of film capacitor is worse than electrolytic
capacitor even the capacitance of electrolytic capacitor is five times larger (1000 uF compared with 200
uF). However, from lifetime point of view, under high ambient temperature, the lifetime of electrolytic

capacitor is decreasing very quickly and even with very large capacitance, the lifetime is still less than
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50,000 hours. For film capacitor, lifetime is not an issue since with 200 uF capacitance and under 90€

ambient temperature, the lifetime is still larger than 60,000 hours.

From the above analysis, it is clear that when the ambient temperature is high and a long lifetime (>
50,000 hours) is required, film capacitor is a better choice because we can use smaller capacitance and
achieve higher power density. However, if the ambient temperature is low and the lifetime requirement is
not high, then electrolytic capacitor is more beneficial from power density and efficiency point view due to

the much higher capacitance density.
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Chapter 3 PCB Winding Magnetic with Integrated Resonant

Inductors

With the adoption of wide bandgap devices, the switching frequency of power converters increases to
hundreds of kHz. One of the benefits of high frequency operation is the significant reduction of the voltage-
second across the transformer. With similar flux density inside the magnetic core, the required number of
turns becomes much less, making it possible to use single printed circuit board (PCB) (no separated
daughter boards) as transformer windings. For example, in [1], a 6-layer PCB winding coupled inductor for
1.2 kW totem-pole PFC is built. In [2], a 65 W adapter also uses 6-layer PCB to build the flyback
transformer. In [3], another 65 W adapter is proposed using two-stage structure. Both the AC/DC and the
DC/DC stage use PCB winding magnetics. In [4, 5], a 48 V- 12 V bus converter is designed. Multi-layer
PCB is adopted to achieve high power density and high density. In [6], a PCB winding based voltage
regulator module is proposed with output current of 140A. In [7-9], a 4-layer/6-layer PCB winding

transformer is used for a 400 V-12 VV 1 kW DC/DC converter.

Another benefit of high switching frequency operation is the reduced inductance value. With smaller
inductance, it is much easier to integrate it into the transformer, reducing the number of magnetic

components and their size and volume.

However, there are also challenges come with the high switching frequency and PCB winding
magnetics. One of them is the high AC winding loss. Due to skin effect and proximity effect, the AC loss
of PCB winding can be overwhelming. A lot of work has been done in this area to calculate and reduce AC
loss of PCB winding [10-12]. Interleave is the best solution since it cancels the magnetic field between
windings and therefore greatly reduces the AC related loss. However, this configuration also results in very

small leakage inductance [13].
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The small leakage inductance poses another challenge. For some applications, certain leakage
inductance is required to achieve magnetic integration. With such small and uncontrolled leakage
inductance, it becomes very difficult. Several methods have been proposed to calculate and control the
leakage inductance of transformer. Some of them utilize magnetic shunt to serve as additional magnetic
path so that leakage inductance is purposely increased [14, 15]. However, the manufacture of this kind of
transformer is complicated and almost impossible to be done automatically with PCB winding. In addition,
the core loss of low permeability material is usually much higher, lowering down the efficiency of the
transformer. Some propose to purposely separate primary winding and secondary winding so that the
desired leakage inductance can be achieved [16]. But with this method, not only the AC winding loss
increases due to the compromised interleave structure, but also all the leakage flux is flowing in the air,
causing additional eddy current loss and EMI issue. In addition, the realization of such structure using PCB

winding is very difficult.

The last challenge is the optimization of PCB winding transformer. Dowell’s 1D model [10-12] is
widely used for AC winding loss calculation of planar transformers. It is simple and accurate with the
assumption that flux is only distributed in one direction. This assumption usually holds for ideal PCB
winding transformer where magnetizing current is very small and can be ignored. However, for LLC or
CLLC type resonant converter, magnetizing current is utilized to help primary switch achieve zero voltage
switching (ZVS). Usually this current is not small enough to be ignored, especially for high power
applications, where the junction capacitance of device is much larger, requiring higher magnetizing current.
In addition, the fringing effect brought by flux around air gap also has significant impact on winding loss,

compromising the accuracy of Dowell’s 1D model.

3.1  Matrix transformer with winding interleave
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With wide bandgap devices, switching frequency of power electronics converters can be pushed to
several hundred kHz, which helps to reduce the voltage-second across the transformer and therefore reduce

the required number of turns. This provides us the opportunity to implement windings using PCB.

Compared with litz-wire based magnetics, PCB winding magnetics are more sensitive to high
frequency AC winding loss. Due to the limitation of PCB copper layer thickness, the skin effect can have
a huge impact on the total winding loss when the frequency becomes very high. In addition, there is no
twist between each layer, leading to very prominent proximity effect. AC winding loss of PCB winding

transformer can be calculated by the following equation [17] if 1D model is considered .

Rac _ € [sinh£+sins
Rpc 2

+(2m— 1)2M] (3.1)

coshe—cose coshe+cose

Where Rqc is the DC resistance of the winding. € is an effective thickness of the skin depth, which is
defined as h/6 . h is the thickness of the conductor and ¢ is the skin depth at the given frequency. m

represents a winding portion and defined as,

F(h)

= F-F(0) 32

Where F(h) and F(0) are the magneto motive forces (MMFs) at the surfaces of the layer.

The impact of m on AC resistance is shown in Fig. 3.1
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Fig. 3.1. Impact of m on AC resistance.

From this figure, it is found that with larger m, the increasing of AC resistance also becomes larger.
Even when the copper thickness equals to the skin depth (¢ = 1), the AC resistance is over 10 times of DC

resistance when m is larger than 5. Therefore, in order to reduce AC winding loss, m has to be kept small.

The best way to reduce m value is to interleave primary and secondary windings, which is shown in
Fig. 3.2. In this figure, red rectangles represent primary windings while blue rectangles represent secondary
windings. The resulted MMF is also shown on the right side. From this figure, with fully interleaved
structure, m value for each winding is only 1. With € = 1, AC resistance is around 8.6% larger than DC

resistance.

For PCB winding transformer in high power applications, multi-turn per layer is not recommended
since it makes multi-layer structure almost impossible with the complicated winding to winding connections.
And the reduced winding width results in too much conduction loss. Therefore, if a 6:6 turns ratio PCB
winding transformer is adopted in a conventional EI core structure, 12-layer PCB is needed to implement

all the windings. Fig. 3.2 shows the cross section view of this EI core transformer.

65



Bin Li Chapter 3

Fig. 3.2. Cross section view of conventional PCB winding transformer using EI core structure with
12-layer board.

However, 12-layer board is too much in practical application due to its high cost, especially in high
power applications where the board is much larger. Daughter board is one way to lower down the cost.
However, the connections between PCBs are difficult and complicated. Also, it compromises the simplicity

of the system and has additional manufacture process involved.

To reduce the number of PCB layers while keep the same number of turns, we can split the single El
core transformer into two Ul core transformers, as shown in Fig. 3.3. Both the primary windings and
secondary windings are connected in series to achieve 6:6 turn ratio. Due to the series connection, current

in each layer for both transformers are the same, so is the flux (yellow line) flowing within each core.

3P3S 3P3S

Fig. 3.3. Ul core transformer with reduced number of layers.
By using this method, the required number of PCB layers is reduced by half. However, the drawbacks

are larger footprint, increased number of cores and higher core loss.
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In [7, 8, 18], a matrix transformer concept is proposed. By integrating the two Ul core transformers
together as shown in Fig. 3.4 (a), with purposely-arranged flux direction, the center post flux from two parts
of the windings is in reverse direction and cancelled out. As a result, one single Ul core with 6-layer PCB

(Fig. 3.4 (b)) can achieve the same number of turns and the total footprint is reduced.

3P3S 3P3S 3P3S 3P3S

(a) Integrated transformer (b) Reduced footprint with flux cancellation
Fig. 3.4. Integrated matrix transformer with flux cancellation.

3.2 Proposed transformer structure with controllable leakage inductance

For converters like LLC [19], CLLC [20] or dual active bridge [21], apart from the transformer, there
are also inductors in series with it. Especially for the bi-directional converters like CLLC or dual active
bridge, inductors are required on both side of the transformer. However, there is no good way to build
inductors using PCB due to the lack of interleaving [1]. With high frequency operation, the skin effect and
proximity effect will generate significant amount of eddy current loss. As a result, litz-wire based discrete
inductors are usually used even though it compromises the manufacturability and increases the complexity

of the system by introducing additional magnetic components.

Magnetic integration is a good way to simplify the system by using the leakage inductance of the
transformer as the additional inductors. However, it requires certain leakage inductance value according to
the design of the converter. For example, if good regulation for resonant converter is desired or large zero

voltage switching (ZVS) range for dual active bridge is needed, a large inductor value is required.
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Although the matrix transformer structure provides a very good solution to achieve higher number of
turns with less number of layers, its leakage inductance is not controllable and is quite small due to the
interleaving between the primary windings and secondary windings. 2D finite element analysis (FEA) using
ANSYS Electronics Desktop shows that the resulted leakage inductance is only around 100 nH (Fig. 3.5),

which is too small to achieve magnetic integration.

H (A/m) B (tesla)
m 10000 m 01
8000 0.08
6000 0.06

4000 0.04
2000 0.02
0 0

Fig. 3.5. 2D FEA simulation result of the fully interleaved transformer structure.

When interleave is not used, as shown in Fig. 3.7, more leakage inductance can be generated, which
is around 2 uH. But at this time, AC winding loss increases significantly since there’s no interleaving
between primary windings and secondary windings and the MMF becomes very high. Winding loss
simulation results are shown in Fig. 3.7 for both interleaved winding structure (Fig. 3.7 (a)) and non-
interleaved winding structure (Fig. 3.7 (b)). We can see that without interleaving, current crowding becomes

very severe and winding loss increases over 8 times

Fig. 3.6. Winding structure with no interleave.



Bin Li Chapter 3

— - J(Am?) J (AIm?)
7 47" " S B 4ET7
= = _32E7 " 3.2E7
L2 - 2. G T i —— 2.8E7
‘ ' m2.4ET .2.4E7
- . 2 O e —————————— 2.0E7
(a) (b)
Fig. 3.7. Current distribution comparison between (a) interleaved winding and (b) non-interleaved
winding.

Several methods have been proposed to introduce additional leakage inductance. Such as increasing
the distance between primary windings and secondary windings or adding additional low permeability
materials as magnetic shunt. However, both of them sacrifice winding interleave and the transformer
structures are quite complicated. Therefore, neither of these methods are suitable for PCB winding

magnetics.

In order to increase the leakage inductance, we need to create flux that is not coupled between primary
windings and secondary windings. Therefore, instead of using evenly distributed windings as shown in Fig.

3.3, we can use two Ul core transformer with turns ratio of 2:4 and 4:2 respectively, as shown.in Fig. 3.8.

It is clear that for each transformer, the primary windings and secondary windings are perfectly
coupled and the leakage inductance of each transformer is very small. If we ignore the reluctance of the
magnetic core and only consider the reluctance of the air gap, the self-inductance and mutual-inductance

matrices for the two transformers can be written as,

4 8] [dip)]

Un1 Ry Ryl 7
=1y el & (3.3)

Us1 8 16 ﬂ

[Rg Rg] L dt ]

16 81 rdiy)

v Ry Rgl||ar
2 =1 & (3.4)

Vs2 i i digp

Rg Rg|l dt ]

Where Ry is the reluctance of the air gap.
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__ 1
Ry = HritoAe (3.5)

Ae and g are the area and length of the air gap respectively.

2P4S

i 4P2S
p2 S2

+ +

Vp2 2 4 Vs2

Fig. 3.8. Transformer with unbalanced winding distribution.
If we connect the two transformers in a way that primary windings are all in series and secondary

windings are all in series, as shown in Fig. 3.9, due to the symmetry, we have

iy =ip1 = ipy

iy = i1 = (39)
The resulted self-inductance and mutual-inductance matrix is,

20 16
[Up]z Rg Rg
vl =16 20

Ry Ry

ﬂ
d
:
dt

From this matrix, we can easily calculate the magnetizing inductance and leakage inductance of both

sides,
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_ 16

L -
m R
g

Lkp = LkS = Ri (38)

g

And the turns ratio is 1:1.

It is clear that by connecting the two Ul core transformers, the resulted transformer has a built-in
leakage inductance. However, the ratio between magnetizing inductance and leakage inductance is four for

the given 6-layer transformer example.

2P4S AP2S

+ +
vp 4 2 vy
. .
_ _ —
ino iy —
—
o N |
+ + —
Vg 2 4 v,

Fig. 3.9. Two transformers connected in series to have a built-in leakage inductance.
In order to control the magnetizing inductance and leakage inductance separately, another air gap is

introduced, which is located at the center post, as shown in Fig. 3.10.

2P4S 4P2S

Fig. 3.10. Matrix transformer with unbalanced winding distribution and air gap in center post.

With this structure, by modifying the reluctance of the outer post and center post air gaps, we can
control the magnetizing inductance and leakage inductance of the transformer. In addition, most of the

interleaving between the primary windings and secondary windings is kept, meaning that low AC winding
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loss can still be achieved, which is very important for PCB winding magnetics with high frequency

operation.

3.3 Reluctance model of the proposed magnetic structure

Based on this transformer structure, a reluctance model is built, as shown in Fig. 3.11. We made two
assumptions to simplify the model without losing accuracy. 1) The permeability of the core is much larger
than 1 (permeability of the air). 2) Leakage flux in the air is very small and can be ignored. With the above
two assumptions, only the reluctance of the air gap needs to be taken into consideration, which are Rg and

Rg2 for outer post and center post respectively.

@, b, @,
Npllp szlp
Nslls stls

Rgl IIIRQZ Rgl?

Fig. 3.11. Reluctance model of the proposed transformer structure.

With the reluctance model, the flux inside each core post can be calculated by,

®. = (Np1Rg1+Np1Rg2+NpaRg2)ip—(Ns1Rg1+Ns1Rg2+ N Ry )is (3.9)
1 Rg1(Rg1+2Rg2) '

QD — (Npl_sz)ip"'(st_Nsl)is (3 10)
2 Rg1+2Ry2 '

®. = (Np1Rg2+Np2Rg1+NpaRg2)ip—(Ns1Rg2+Ns2Rg1+Nsa Ry )is (3.11)
3 Rg1(Rg1+2Rg5) '

The direction of the flux in each post is also shown in Fig. 3.11.
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From these equations, we can see that the flux in each core post is determined by the air gap reluctance
Rg1, Rg2, primary current, secondary current and winding arrangement on the two outer post. With non-ideal
transformer (considering magnetizing current), the flux distribution between left core post and right core

post are not the same.
For transformer structure shown in Fig. 3.10, we have Np1 =4, Ns1 = 2, Np2 = 2, Ns2 = 4;
Using the reluctance model, we can calculate the flux in each core post.

_ 2(2Rg1ip+3Rgaip—Rg1is—3Rgis)

12
d)]_ Rg1(Rg1+2Rg2) (3 )
_ 2(ip+is)
o, = k) (3.13)
¢3 _ Z(Rglip+3Rgzip_ZRg1is_3Rg2iS) (314)
Rg1(Rg1+2Rg3)
Where,
_ Il
917 prpoa, &9
_ _loz
927 prioAs 19

A1, A; and lg1, g2 are the area and length of the outer post and center post air gap respectively.

If transformer T-model is used, as shown in Fig. 3.12, magnetizing inductance and leakage inductance

can be calculated by the following equations.

_ Ns1®Pqlig=0+Ns2Ps3lig=0 _ 18 2 (3.17)

L
m
ip Rgi  Rgi+2Rg;

Np1D@1lic=0+Np2P3li= Ng1P1|ic=0+Ns2P3li.= 4
_ _ Np1™1lig=0TVp2®3lig=0 s1F1lig=0TNs2%3]ig=0
Lip = Lis = . - . (3.18)

ip ip Rg1+2Rg;

73



Bin Li Chapter 3

Due to the symmetry of the primary side and secondary side, leakage inductance on both sides is the

same, and the turns ratio N is 1.

For a desired magnetizing inductance and leakage inductance, we can calculate the required air gap

reluctance by the following equations,

36
Rgl =
2Lm+Lgp

(3.19)

Ry,=———2 (3.20)

927 Ly 2L+l

Together with Eq. (3.17) and Eq. (3.18), we can calculate the required air gap length for different

magnetizing and leakage inductance.

3641y
lgr = A1Rg1pirito = ﬁ (3.21)
2 18
lga = AaRgatirtio = Az v o (@ - 2Lm+Lkp> (3.22)

Fig. 3.12. T-model of transformer.
It is clear that with the proposed EI core structure, both magnetizing and leakage inductance can be

controlled by adjusting the reluctance of the air gap.
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In fact, changing air gap length is not the only way. The center post air gap reluctance can also be
controlled by the cross section area, as shown in Eq.(3.16). As a result, we can use uniform air gap length

among the three core posts and change the cross section area of center post to achieve the desired leakage

inductance,
3641 Uy
lg1 = lg2 = lg = A1Rgapirlto = ﬁ (3.23)
Ay=—2 = o (3.24)
2 HrloRgo '

2 _ 18
Hrito Lkp 2Lm+Lkp

Using 2D FEA simulation, we are able to verify the reluctance model.

| Mégnefizin;g Int‘iuctz‘mce‘ L Leakage Inductance

o .
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5 | = FEASimulation | | == FEA Simulation
=== (Calculation r === Calculation
0 ‘ ‘ ‘ ‘ ‘ ‘ ‘ 0 : ‘
0.8 1 1.2 1.4 1.6x10°¢ 3 3.5 4 4.5 5x10°

R

gl
Fig. 3.13. Verification of the reluctance model.

R,,

With the proposed El core transformer structure, we can separately control the magnetizing inductance
and leakage inductance by using different combinations of Rg: and Rg2. However, there are still limitations

regarding to how much leakage inductance we can achieve.

Eq.(3.25) gives the generalized calculation of magnetizing inductance and leakage inductance for a

1:1 transformer.

N2 (2N;—N)?

L., =
M " 2Rg;  2Rg1+4Rg;
2N;—N)?
L, = &N (3.25)
Rg1+2Rg,
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Where N is the total number primary windings and N is the number of primary windings on the left

post (N; < %).

From this equation, we can get the ratio between magnetizing inductance and leakage inductance L.

_ Lm _ N? 2N;(N—-N;)
CoLe (2N1—N)22L; (2N;-N)? (3.26)
g

The minimum ratio between magnetizing inductance and leakage inductance is achieved when Ry, =

0, and it is the case shown in Fig. 3.9.

. 2N{(N—N
min(L,) = ﬁ (3.27)

In fact, L, is a very important factor in resonant converters. It determines the peak gain of the converter

and also the switching frequency range for a certain input and output voltage range.

N
N
N
N

= 0 o b

o

N;
Fig. 3.14. Minimum ratio between magnetizing inductance and leakage inductance.

Fig. 3.14 shows the minimum L, with different N and N1. From this figure, we can find out that with
more unbalancing in the winding distribution (smaller N:), we can achieve smaller minimum L, (larger
leakage inductance with the same magnetizing inductance). However, it also means that we have less
interleave between primary and secondary windings, resulting in larger AC winding loss. Therefore, for

design purpose, we should choose larger N; as long as the minimum L, satisfies our requirement. Then we
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can adjust the reluctance of outer post and center post to achieve the desired magnetizing inductance and

leakage inductance.

The benefits of the proposed EI core transformer structure is obvious. The leakage flux is controlled
by the reluctance of the center post air gap. If the center post air gap reluctance is large, less leakage flux
will flow through it, resulting in smaller leakage inductance. If the center post air gap reluctance is small,
more leakage flux will flow through it, resulting in large leakage inductance. In addition, compared with
conventional transformer, the leakage flux in the proposed magnetic structure is confined within the core
instead of in the air. The confined flux can help with radiated EMI and reduce eddy current loss in the

surrounding metals.

2D FEA is conducted to get the flux distribution of the proposed transformer structure, and the result
is shown in Fig. 3.15. From this figure, we can see that large amount of flux is flowing through the center

post, and most of it is leakage flux.

H (A/m) B (tesla)
m 10000 g 0.1
8000 0.08

6000 0.06

4000 0.04
I 2000 I 0.02

0 0
Fig. 3.15. Flux distribution comparison between (a) fully interleaved structure and (b) the proposed
magnetic structure.

From this comparison, we can also find out that very strong flux is concentrated in the center post of
the core for the proposed magnetic structure while the flux in the air is very weak. The averaged magnetic
flux in the air is 540 A/m for the fully interleaved structure and 1200 A/m for the proposed magnetic
structure. The leakage inductance increases 14 times (104 nH to 1.5 uH) while the flux in the air increases

one time.

3.4  Transformer loss model
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In order to get a proper transformer design, loss model is usually needed, including both core loss and
winding loss. Dowell’s 1D model [10-12] has been widely used to calculate the AC winding loss of planar
transformers. However, one important assumption for an accurate 1D model is that magnetic field is
distributed evenly in horizontal direction (parallel with winding) and the vertical direction (perpendicular
to winding) flux distribution can be ignored. For an ideal transformer (assuming 1:1 turns ratio for
simplicity), of which the primary side current is the same with the secondary side current, this usually holds,

as shown in Fig. 3.16. But in practical, several factors can compromise this assumption.
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Fig. 3.16. Primary and secondary side current waveform of ideal transformer.
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Fig. 3.17. (a) Magnetic field and (a) current distribution of ideal transformer @ 1 us (in Fig. 3.16).

For LLC or CLLC type resonant converter, magnetizing current is utilized to realize soft switching of
the primary side switches. As a result, the primary side current and secondary side current cannot be

considered the same, as shown in Fig. 3.18. The resulted magnetic field distribution and current distribution
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are shown in Fig. 3.19. It is clear that when magnetizing current is not ignored, magnetic field is not

horizontal anymore and a large portion of vertical magnetic field appears. The assumption of Dowell’s

equation does not hold under this condition. Neither is the 1D model.

o o

Current (A)

Fig. 3.18. Current waveform of non-ideal transformer.
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Fig. 3.19. (a) Magnetic field and (a) current distribution of non-ideal transformer @ 1 us (in Fig.
3.18).

Another factor that has impact on winding loss is the air gap. In order to get the required magnetizing

current, certain magnetizing inductance is needed, which means air gap needs to be inserted. The magnetic

flux around air gap radiates and has significant impact on the distribution of magnetic flux, as shown in Fig.

3.20. Although windings can be positioned far from the air gap, the impact still exists and further comprises

the assumption of Dowell’s 1D model.
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Fig. 3.20. Fringing flux impact on (a) magnetic field and (a) current distribution @ 1 us (in Fig.
3.18).
From above analysis, we can see that both magnetizing current and air gap have impact on the magnetic

flux distribution around the windings. 2D FEA simulation is built to quantify the impact of magnetizing

current and fringing effect, and the results are shown in Fig. 3.21.

Total winding loss is simulated with different winding width. Without the impact of magnetizing
current and fringing effect of the air gap, the calculation results are very accurate compared with FEA
simulation. However, if the two impacts are taken into consideration, the loss of the winding increases as
much as 50%. It should be noted that in all the simulations, windings are placed far away (5 times of air

gap length) from the air gap to minimize the fringing effect.

This result is based on perfect interleave winding structure. For non-perfect interleave winding

structure, the difference between calculation and FEA simulation can be even larger.
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Fig. 3.21. 2D FEA simulation results.
According to the above analysis, in order to take into account the impact of magnetizing current and

fringing effect of the air gap, 2D FEA simulation is used to get the accurate winding loss.

From the model, it is easy to identify that the total winding loss is related to the following transformer

parameters,

Pwinding = Pwinding (a,b, b, ) (3.28)

Where

a is the core post length; b and b are the outer and center post width respectively; c is winding width;
d is the clearance between winding and core, which is 0.5 mm as constant. All the parameters related to the

transformer dimension are marked in Fig. 3.22.

Fig. 3.22. El core structure with marked dimensions.
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It should be noted here that hieg is the outer core post height. For a given 2.4 mm 6-layer board, hieg is
selected as 6.2 mm to avoid fringing flux brought by air gap. The distance between winding and air gap is

5 times of the air gap length.

Transformer core loss can be calculated by Steinmetz Equation.

For a given El core structure, as shown in Fig. 3.22, according to Eq.(3.12) — Eq.(3.14), flux density

inside the core can be calculated as,

D, 2(2Rglip+3Rg2ip—RgliS—3Rgzis)i

Bl(lpl ls,a, bl R.gl' RQZ) = E = Rgl(Rg1+2Rg2) ab (329)
.. P 2(ip+is) 1
B, (lp; ls, Q, bc,Rgl:RgZ) = a_b25 = ma_bc (3.30)

PR (o] 2(Rg1ip+3Rg2ip—2R41is—3R o1 1
Ba(ip s @,b, Ry, Ryp) = 22 = e Monto~Hnte-3ate) 1 (3.31)

ab Rg1(Rg1+2Rg2) ab

If we apply Eq.(3.19) — Eq.(3.20), then we have,

[ 72 . i3(4Lm‘16Lkp),. 36 . 3(4Lm—16Lkp);

o _ lp*2Lm P Ly (Ligp+aim) P Lipt2lm Ly (Ligp+2lm) | 1

Bl(lp: ls,a, b, Ly, Lm) = e | e o(tm—L1p) P (3.32)
Lkp+2LmlLkp+2Lm ' Lkp(Lkp+2Lm)]

. _ 2(ip+is) 1
BZ (lpi lS'a' bc:Lkp:Lm) - 36 S(Lm_‘l'Lkp) a_bc (333)
Lkp+2LmTLkp(Lkp+2Lm)
[ 36 3(+Lm-16Lyp) . 72 . 3(4lm-16Lyp) ]
o _ hpreim L (Lgpr2im) P Lkp2lm S Ly (Ligp+2Lm) ° 1
B3 (lpp lSI a, b; Lkp, Lm) - 26 [ 26 8(Lm-4Lkp) E (334)
Lkp+2LmlLkp+2LmTLkp(Lkp+2Lm)]

With the given working condition, i, and is is considered as known variables. Therefore, the core loss

density can be calculated using Steinmetz Equation [22],
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Py (@, b, Ly L) = kf%Bun (@b, Ly, L)’ (CE,T2 = Ct,T + CE) (3.35)
— a B 2

Pya(@ be, Ly, L) = kf¥Byz(a, b, Ly, L) (Ct,T? — Cty T + Ct) (3.36)
— L fa B 2

Pys(a, b, Lip, L) = kf#Bmz(a, b, Ly, L) (Ct,T? — Ct;T + Ct) (3.37)

Where Bmk (k =1, 2, 3) is the maximum flux density in each post; fs is the switching frequency; T is

the working temperature. k, ¢, g, Ctz, Ct; and Ct are constant with certain material.
With core loss density, we can calculate the transformer core loss,

Peore(@ b, b, ¢, Ly, L) = PyyVoly + PyyVol, + PyyVol, (3.38)
The expression of Vols, Vol,, and Vols are shown below,

Voly(a,b,c) = Voly(a, b, ¢) = abhyeq +2ab (2d + b + ¢ +%) (3.39)

Voly(a,be,c) = abchyeg (3.40)
Here, in order to simplify the problem, it is assumed that flux is evenly distributed within the core.

According to Eqg. (3.38), core loss is related to the transformer dimension parameters, a, b, bc and ¢ as

well as the leakage inductance and magnetizing inductance, Lk, and L.
With both winding loss and core loss, the total transformer loss can be calculated as,

Ptr(a, b,be, ¢, Lip, Lm) = Puwinding(@ b, be, ¢) + Peore (a, b, b, ¢, Lip, Lm) (3.41)
And the transformer footprint is,

Trse(a, b, be,¢) = (a + 2¢c +2d)(2b + 4c + 6d + b.) (3.42)
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For a usual transformer design, core loss density and footprint should be design parameters. Therefore,

we can changing the depending parameters by substitute Eq.(3.35), Eq.(3.36) and Eq.(3.42) into Eq.(3.41),

Py = Per(a, b, be, ¢, Ly, Lin) = Per(@, TTrt, Py1, Pyg, Ligp, L) (3.43)
Where P,; and P, are the core loss density of outer post and center post respectively.

By changing the depending parameters, the total transformer loss is related to a, Trq, which are
transformer dimensions, and P.1, Py, Ly, Lm, Which are design parameters. Here, Try is the transformer

footprint; Py and P, are core loss density of outer post and center post respectively.

From this equation, we can find out that for a transformer design, there are six parameters that need to

be determined, which all have impact on the transformer loss and volume.
3.5 Optimization based on the 6.6 KW CLLC converter

Based on the previous proposed two-stage 6.6 kW on-board charger architecture, a split core
transformer structure is adopted, as shown in Fig. 3.23. For each core, the turn ratio is 6:6, and the primary
side of the two transformers are connected in series so a total 12:6:6 turns ratio is achieved. By using the
proposed integrated transformer structure, the leakage inductance and magnetizing inductance can both be

controlled.

e
ol

Fig. 3.23. Proposed split core structure with integrated magnetics.
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Fig. 3.24 shows the core loss density comparison between several core material candidates, which are

suitable for high frequency operation. 3F36 from Ferroxcube is selected due to its lowest core loss density

at 500 kHz frequency.

10000
(9p)
£
1000
P
=
A 100
wn
3
é 10 P61 - ACME
8 PC95 ="TDK
3F45 -- Ferroxcube
1 3F36— Ferroxcube
10 Bmax(mT) 100

Fig. 3.24. Core loss density comparison between different materials.

For 3F36, their values are show in Table 3.1 [23].

Table 3.1. Core loss density related constant for 3F36

Parameter Value Parameter Value
a 2.7199 Ct, 8.926e-5
B 2.1952 Cty 1.172e-2
k 1.12e-7 Ct 1.282

With core loss density, we can calculate the transformer core loss according to Eq.(3.38)

Here, the total transformer loss is related to six parameters. a and Trs are system dimension parameters.

Pv1, Pva, Lip and L are system design parameters.

First, magnetizing inductance can be given according to the requirement of ZVS realization [24].

Tstdead
Ly, < -Sdead

ac, (3.44)
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Where tqead IS the dead time to achieve ZVS; C; is the total equivalent junction capacitance; Ts is the

switching period.

It should be noted that C; consists of primary and secondary side devices’ junction capacitors and PCB

winding parasitic capacitor,

Cj = Coss_pri + Coss_sec + Cpcb (3-45)

For 500 kHz operation, we can select tgeas = 100 ns, which is around 5% of the total switching period.

Then L value is determined, to be 36 uH.

If we give 500 kW/m? core loss density for center post, 300 kW/m?® core loss density for outer post,
and 5000 mm? as transformer footprint, we can draw the 3D optimization figure with a and L, as parameters

and the results are shown in Fig. 3.26.

In this figure, L, is an important parameter that represents the regulation capability of the resonant

converter,
Lm

L,==2 (3.46)
L

From this figure, it can be seen that larger L, (smaller leakage inductance) results in smaller
transformer loss. However, larger L, also means the regulation capability of the resonant converter is
weaker, therefore the switching frequency range for the required gain is larger. Considering 10% ripple on
DC-link, then the switching frequency range for different L, is shown in Fig. 3.25. Larger frequency range
means larger loss. The device loss can be calculated through Eq. (3.47). The relationship between L, and

device related loss are shown in Fig. 3.26 (a).
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Fig. 3.25. Switching frequency range with different L.
— J2 2
Pdevice (Lm' Lk) - IpriRon—pri + IsecRon—sec + Psw + Pdr (3-47)

By combining device loss and transformer loss together, we can have the total system loss, as shown

in Fig. 3.26 (b).
/>
9,
150 7), 160
S,
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S
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[72]
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Fig. 3.26. 3D Optimization results for (a) transformer loss and device loss and (b) total loss.
From Fig. 3.26 (b), we can find the lowest loss point, which is around 142 W. At this time, the ratio

between magnetizing and leakage inductance is around 12.

By repeating the same optimization steps with different footprint and core loss density, we can have

the loss surface, as shown in Fig. 3.27.
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Fig. 3.27. Total loss according to different core loss density and footprint.
From this figure, we can see that the total loss is reducing with the increasing of transformer footprint.
However, after certain point, the reduction becomes very limited. Therefore, the final selection is based on

the best tradeoff between total loss and transformer footprint.
footprint = 5000 mm?, P, = 300 KW/m®, Loss = 142 W

In comparison, litz-wire based transformer and inductors (discrete magnetics) are designed. The results
are shown in Table 3.2. The primary side inductor uses ER core with 80 mm? cross section area and
secondary side inductors use ER core with 50 mm? cross section area. The transformer is also ER core

based with 325 mm? cross section area. AWG48/2000 litz-wires are used for both inductors and transformer.

From the comparison, we can see that with similar volume, the proposed integrated PCB winding
transformer has about 8% larger loss compared with litz-wire based magnetics. However, with PCB
magnetics, we also gain the benefits of manufacture automation and good parasitic control, both of which

are impossible for litz-wire magnetics.

Table 3.2. Comparison between the proposed integrated PCB magnetic and litz-wire magnetics

Proposed PCB magnetic Litz-wire magnetics
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Lm 18 uH 18 uH

Lip 1.5 uH (integrated) 1.5uH

Lis 1.5 uH (integrated) 1.5uH

Inductor Winding Loss - 41W
Inductor Core Loss - 43 W
Transformer Winding Loss 35.4W 28.7W
Transformer Core Loss 24.1W 18 W
Total Loss 59.5 W 55.1 W

Volume 135,000 mm? 140,000 mm?

In addition, compared with the PCB winding matrix transformer structure, the proposed integrated
magnetic has around 15% - 17% loss increase due to the non-perfect interleave winding structure and

additional leakage flux inside the core. However, additional inductor loss is saved.

3.6 Experimental verification

Hardware prototype (as shown in Fig. 3.28) based on the proposed split core transformer with

controllable leakage inductance using 6-layer 3 Oz PCB is built to verify previous analysis.

Fig. 3.28. Hardware prototype based on the proposed transformer structure.
Different methods are used to test the magnetizing inductance and leakage inductance of the

transformer. Also, since the two transformers are the same, only one is tested.
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@ Secondary side is open

Lkp Lks
—_— NN,

Fig. 3.29. Testing method one with secondary side open.
Using this method, the tested inductance on primary side terminal is the primary side self-inductance,

which is also the sum of primary side leakage inductance and magnetizing inductance.

Ly =Ly, =Lgp+Ln (3.48)

(2) Secondary side is short

Lkp Lks
NN NN\

Fig. 3.30. Testing method two with secondary side short.
Using this method, the tested inductance on primary side terminal is the sum of primary side leakage

inductance and magnetizing inductance in parallel with secondary side leakage inductance.

LZ = Lkp + Lm//Lks (349)
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3 Primary side and secondary side is in series.
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— N NN

L 88
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Fig. 3.31. Testing method three with primary side and secondary side in series.

Since the primary side and secondary side are the same, the magnetizing flux is fully cancelled using
this method. Therefore, the tested inductance on primary side terminal is the sum of primary side leakage

inductance and secondary side leakage inductance.

L3 = Lkp + LkS (350)

The tested results are shown in Table 3.3.

Table 3.3. Testing results of the proposed transformer

Testing Results

L: 19.5 uH
L. 29 uH
L3 2.95uH

With some calculation, we can get the tested magnetizing inductance and leakage inductance, as shown

in Table 3.4.

Table 3.4. Testing results of the proposed transformer

Calculation Results Testing Results
Lm 18 uH 18 uH
Lk 1.2uH 1.49 uH
La 15 12.1
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The leakage inductance is larger than the calculation result because the leakage in the air and the

termination effect are not included in the calculation. Other than that, the testing results show a very good

match with the calculation results.

3.7  Switching frequency impact

Previously, 500 kHz switching frequency is arbitrarily selected as the working frequency of the
CLLC converter. However, different switching frequency needs to be evaluated to get the optimized

working condition for the transformer.

Based on the same optimization procedure, we can get the lowest transformer loss under different

footprint and different switching frequency with L, = 12, as shownin Fig. 3.32.

160
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120 Ft = 3500
. Ft = 4000

Transformer Loss (W)
'_\
o

N

60

40

200 300 400 500 600 700
Switching Frequency (kHz)

Fig. 3.32. Total transformer loss at different footprint and different frequency with L, = 12.
It is clear that with smaller footprint, high switching frequency is preferred due to the reduced cross

section area. When footprint is increasing, the optimal switching frequency also moves to lower value.

However, for the total system loss, device related loss needs to be considered. The device related loss

according to different switching frequency when L, = 12 is shown in Fig. 3.33.
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If we add the transformer loss and device related loss together, we can get the total system loss, as

shown in Fig. 3.34.
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Fig. 3.33. Device related loss according to different switching frequency.
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Fig. 3.34. Total system loss at different footprint and different frequency with L, = 12.
From Fig. 3.34, we can see that at with 2500 mm? footprint, 300 kHz — 500 kHz switching frequency
has almost the same loss due to the tradeoff between device loss and transformer loss. With footprint larger

than 2500 mm?, lower switching frequency has better efficiency and with footprint smaller than 2500 mm?,

higher switching frequency will be a better choice.
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The tradeoff between transformer footprint and the total system loss can be seen in Fig. 3.35. It is clear

that with high switching frequency, the transformer footprint can be reduced but in the meantime, the total

loss is increased. The best tradeoff zone is in the range of 400kHz — 500 kHz.
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Switching Frequency (kHz)

Fig. 3.35. Tradeoff between footprint (red solid line) and total system loss (blue dotted line) with
different switching frequency.

3.8 Hardware testing results

A 6.6 kW on-board charger prototype is built, as shown in Fig. 3.36. Totem-pole AC/DC working at
critical conduction mode is adopted to realize soft switching for all the fast switches. Two phases are
interleaved together to reduce the total input current ripple, and the minimum switching frequency for each
phase is 300 kHz. For the second stage, a CLLC resonant converter working at 500 kHz is used. A PCB
winding based integrated transformer is designed and used to reduce the total footprint of the magnetics
and help simplify the manufacture process. 1.2 kV SiC devices from GE is used as the fast switches for
AC/DC stage and primary side switch of the DC/DC stage while 650 V GaN devices from GaN Systems

are selected as the secondary side devices for the DC/DC stage.
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Fig. 3.36. Prototype of the 6.6 kW on-board charger.

The testing waveforms of the AC/DC stage for charging and discharging modes with 400 V battery
voltage and full load are shown in Fig. 3.37, where Vi, is the input AC voltage; Vg and Vs are the gate

source and drain source voltages of the SiC device; and I, is the one phase inductor current. 0.99 power

factor and 2.3% total harmonic distortion (THD) is achieved.

|, (20A/div) | 5mS/div
(&) Charging mode (b) Discharging mode

Fig. 3.37. Working waveforms of AC/DC stage with 400 V battery voltage and full load.
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The charging and discharging waveforms of the DC/DC stage are shown in Fig. 3.38 (a) — (d) and Fig.
3.38 () — (h) respectively. In Fig. 3.38 (a) — (d), Vg and Vgs are the gate source voltage and drain source
voltage of primary device (SiC device) respectively, and Iy, is the primary-side resonant current. In Fig.
3.38 (e) — (h), Vgs and Vs are the gate source voltage and the drain source voltage of the secondary device
(GaN device, which is now the active device in the discharging mode), and Iys is the secondary-side resonant

current.

(b) charging mode @ 300 V battery voltage.
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(e) discharging mode @ 250 V battery voltage.
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Vs
(5V/div)

Vds = -

(h) dlscharglng mode @ 400 V battery voltage.
Fig. 3.38. Working waveforms of DC/DC stage with different battery voltage and full load.
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Closed-loop operation is also verified with the prototype, and the results are shown in Fig. 3.39. The
worst case for the DC-link voltage ripple is 250 V battery voltage. Under this condition, the peak-to-peak
ripple is around 60 V. An electronic load under constant voltage mode is used to simulate the battery. With
a 60 V DC-link voltage ripple, the output current ripple is over 17 A for DCX (fixed switching frequency)
operation, and it can be suppressed to 1.5 A if the DC/DC stage current-loop control is introduced. Instead

of a fixed switching frequency, the switching frequency varies between 400 kHz to 600 kHz.

- | 60V
AN AN
E | 1.5A
lf—'+—*—-+’—'+ Vi LAY —‘——-ZE+—+——'——|—++-- A LIVY M L

[
'ivdchmk by vbat? . |baf - E’ Vdc Link - Vbat |bat
(lOOV/divl) (1OOV/di\|/)(2A/div)‘ 20ms/div - (100V/div) (100V/div) (2A/div). 20ms/div
(@) (b)

Fig. 3.39. (a) Open-loop (DCX) and (b) closed-loop operation results.

The tested efficiency of the charging mode is shown in Fig. 3.40. With 240 VV AC input, the two-stage
total efficiency is over 96% for the entire battery voltage range, which verifies our evaluation and
demonstrates the superior performance of the proposed two-stage structure. It should be noted that the
testing is based on litz-wire inductor. The coupled inductor version is still under testing. Compared with
the state-of-the-art Si-based low-frequency design, 2% peak efficiency improvement is achieved, and more
improvement can be observed under low and high battery voltages. As a result, during an entire charging

cycle, 50% loss can be saved by using the proposed high efficiency charger.
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Fig. 3.40. Efficiency curves with different battery voltages under full load during charging mode.
Also, due to the symmetrical structure of both AC/DC stage and DC/DC stage, the discharging mode

efficiency is very close to charging mode, as shown in Fig. 3.41.
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Fig. 3.41. Two-stage efficiency with different load condition for (a) charging mode and (b)
discharging mode.

The detailed loss breakdown at 350 V battery voltage and full load is shown in Fig. 3.42. The red bars

show AC/DC stage loss and the blue bars show DC/DC stage loss.
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Fig. 3.42. System loss breakdown at 350 V battery voltage and 6.6 kW full power in charging mode.
Due to the limitation of available SiC device, the selected device is not the best choice because of the
very small conduction loss but relatively large switching loss (turn off loss and driving loss). Further

optimization can be done if more suitable devices are available.
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Chapter 4 A Symmetrical Transformer and Resonant

Converter Structure to Reduce Common Mode Noise

The newly emerged wide bandgap (WBG) devices, including both silicon carbide (SiC) and gallium
nitride (GaN), provide much better figure of merit compared with silicon (Si) devices [1]. With given on
resistance and breakdown voltage, the required die size for WBG device is greatly reduced, providing much
smaller gate charge and junction capacitor. This helps the device to achieve faster turn on/off, shorten the
current/voltage transition interval and significantly reduce the switching loss. However, the fast turn on/off
also brings high dv/dt at the switch node, causing severe common mode (CM) noise issue. Compared with
PWM converter, resonant converter has the ability to achieve zero voltage switching (ZVS) for all the
switches, and it is widely used in applications like server power supply [2-4], telecom power supply [5] and
on-board charger for electric vehicles [6, 7]. ZVS can totally eliminate the large turn on loss and greatly
improve the system efficiency [8-10], especially under high switching frequency (hundreds of kHz or even
MHZz). It also helps to slow down the fast dv/dt at turn on instant. However, the turn off dv/dt may get worse

due to the larger turn off current.

One benefit brought by high frequency operation is the possibility to utilize PCB as transformer
windings. PCB winding transformer features simple manufacture and very good parasitic control, and with
further magnetic integration, the inductors in circuit like dual active bridge, LLC and CLLC can be
integrated into the transformer utilize the its leakage inductance, shrinking the size and weight of the whole
converter [11, 12]. However, compared with conventional litz-wire based transformer, the inter-winding
capacitor of PCB winding magnetics increases significantly due to the much larger overlapping area and
shorter distance between windings [13-15]. In addition, to minimize AC winding loss, interleaving is
necessary for PCB winding magnetics under high frequency operations [16, 17], which results in even

larger capacitor between primary and secondary windings.
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The large inter-winding capacitor of PCB winding transformer forms a low impedance path for CM
current, and together with the high dv/dt brought by the WBG devices, the resulted CM noise is significant.
Higher level of CM noise requires larger CM choke to meet with the standards and regulations and as a

result, the whole system efficiency and power density is compromised.

In order to reduce the transformer related CM noise, several methods have been proposed. In [18], the
transformer windings are purposely designed so that the overlapped area is reduced, resulting in smaller
inter-winding capacitor. However, this method also sacrifices the interleaving between primary and
secondary windings and leads to larger AC winding loss. Moreover, the copper utilization is not very good.
In [19], a compensation capacitor is added to connect the primary side and secondary side of the transformer
to reduce CM noise .However, the voltage rating requirement of the capacitor is very high and it is not
suitable for high power high voltage application. In [20-24], shielding is implemented between primary and
secondary windings so that no CM current can flow through. The performance is very good with 20-30 dB
CM noise reduction but it requires additional copper layers. Especially in PCB winding transformer with
interleaved structure, the needed number of PCB layers is almost doubled and the total system cost is
significantly increased. In [25-27], balance technique is used to cancel the CM noise in the system. By
adding additional compensation capacitor, the total system CM noise is reduced. However, this method
requires very good calculation or measurement of the parasitic capacitor of the transformer so that very
accurate compensation can be achieved. Otherwise, the cancellation effect is compromised. In [28, 29],
another shielding technique is proposed. By putting primary and secondary winding with the same dv/dt
together in pairs, the primary windings are serving as shielding layers. As a result, there is no CM current
generated between primary windings and secondary windings. However, this method has limitations with
more than one turn per layer. Also, it is not suitable for matrix transformers, where there are more than one
set of secondary side windings. In [30], a similar method is proposed, which also utilize the dv/dt between

primary and secondary winding to reduce CM current. However, this method is only based on litz-wire
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transformer where there is no interleave requirement, and the implementation of this method is complex,

involving more switching devices.

For power electronics converter, the switching of MOSFETS is the major source of voltage pulsating.
Primary side switches introduce severe dv/dt at switching nodes, which can be modeled as voltage sources
[22, 31]. The same concept can be applied to the secondary side diode (or synchronized rectifier). For
isolated converter, there are mainly two CM noise paths, as shown in Fig. 4.1. One is through parasitic
capacitors between primary side devices (and their heatsinks) and ground (shown in blue dash line), and

the other one is through transformer inter-winding capacitor (red solid line).

For full bridge configuration, the two CM noise sources on primary side have the same magnitude but
are out-of-phase (dVpa/dt = -dVe/dt). If the associated parasitic capacitors are the same (Cpa = Cpp), Which
is usually true with identical PCB layout and heatsink design, the CM current through this path cancels
each other. However, for CM noise past through the inter-winding capacitor of the transformer, the
cancellation effect depends on the symmetry of the circuit and transformer. In fact, with PCB winding

transformer, this part is the major source of the system CM noise.
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Fig. 4.1. CM noise path of CLLC resonant converter.
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4.1  Analysis of CM current through inter-winding capacitor
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In order to analyze the CM current through inter-winding capacitor for CLLC resonant converter,

voltage potential for each transformer winding should be presented.

Fig. 4.2 shows the transformer terminal voltage potential of CLLC resonant converter when switching
frequency equals to resonant frequency. Vp, and Vp, are positive and negative terminal voltage of primary
side referenced to primary side ground; Vsp and Vs, are positive and negative terminal voltage of secondary
side referenced to secondary side ground. Since ideally the two sets of output are the same, only one set is

analyzed.

For positive terminal voltage of primary side, it is connected to switch node pA through primary side

resonant capacitor. Therefore, its voltage potential is,

Vor = Vpa = Vip (4.2)
Where Vpa is the voltage potential at switch node pA referenced to primary side ground. Vi, is the

voltage across primary side resonant capacitor.

For negative terminal voltage of primary side, since it is directly connected to switch node pB. its

voltage potential is,

Von = Vs (4.2)

Where Vg is the voltage potential at switch node pB referenced to primary side ground.

Similarly, the terminal voltage of secondary side winding can also be calculated,

Vsp = Vsa + Vi (4.3)

Ven = Vsp (4-4)

Where Vsa and Vsg are voltage potential of switch node sA and sB referenced to secondary side ground.

Vs is the voltage across secondary side resonant capacitor.
108



Bin Li Chapter 4

According to the above equations, the voltage waveforms of transformer terminals are shown in Fig.

4.2.

Voo=Vpa-Vip
.*J 0 ﬁ h
- tv V,,=V
pn pn pB
VO
= _ [/ \
. 0 t=
:t t Vsp Vsp:VsA+Vrs
e I W
0 A s

Fig. 4.2. Transformer terminal voltage waveform @ fs = f,,
Since the CM current is only related to dv/dt, the voltage-changing rate on each terminal can be

calculated as,

dvpy _ dvpa _ Avyy
dt dt dt

dvpn _ dvpp

dat dat

stp _ dVSA + dvrs
dt ~  dt dt
dvgn _ dvgpg (4 5)

dat dt

Here, with full bridge operation, the gate signals of S; and S, are the same and the gate signals of S;

and Sz are the same. Therefore, we have,
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dva - _ dva
dt dt

deA - _ dUSB (4 6)
dt dt '

If we analyze the voltage-changing rate on the four transformer terminals, we can see that they can be

separated into two parts, as shown in Fig. 4.3.

For the first part,

dvpp1 _ dvpa
dt dt

dvpn1 _ dvpp
dt dt

Avsp1 _ dvsg

dt dt
dVsn1 — dvsp (4 7)
dt dt )

And the second part is,

Avppz _ Avyy
dt dt
denz — O
dt

AVspa _ dvys

dt  dt
AVspy _
=0 (4.8)

It is clear that for the first part we have,

dvpp1 _ dvpni

dt dt
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dvsps _ AVsnq (49)

dt dt

We call it the complementary part since the voltage-changing rate for this part is complementary (same
magnitude but reverse direction). However, for the second part, it does not have such feature, and we call

it uncomplimentary part.

Complementary /4y, Voa
Part [\ [ \
o) >
_____________________________________________________ : Vpnl VpB t

0 VEVRYES ° L
4 VSp sp~” VsAT Vrs ; — e _'|_ """"""""""""""""" -
— \_ T v N

0 /_/\ =t § i pp2 P Vl’p X
A E | :

§ OT Vpn2 0
¢ t/ | :
____________________________________________________ 1 0
Vi Vis
t
0
. | Vo
Uncomplimentary: T L,
Part L 0| t

Fig. 4.3. Separation of transformer terminal voltage.
First, let us only consider the complementary part. Its distribution across the primary winding and
secondary winding is shown in Fig. 4.4. Here, from top to bottom, the primary windings are numbered from

P6 to P6’ and the secondary windings are numbered from S3 to S3°. If we assume that dv/dt is evenly

distributed across each winding, then the dv/dt across winding No. Pm of primary side are %‘Z—’;A and

m-—1 dva
6 dt

. And the dv/dt across winding No. Sm of secondary side are %d;’:f‘ and m: d;’i’*.
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m,—l dva _m,—l dva

Similarly, the dv/dt across winding No. Pm’ of primary side are — 0 = PE— and
d d .. . r_ I_
M — ™ %A and the dv/dt across winding No. Sm’ of secondary side are 2t 2%sB — _ T 1 dVsa
6 dt 6 dt 3 dt 3 dt
ﬂldvsB _ _ﬂstA
and 3 dt 3 dt
dv dv
PA SA
dva 6:6 o dvgy dt dt
dt dt P6 S3
P6 S3 5dvpy 2 dvgy
P5 S2 6 dt 3 dt
P4 S1 P5 S2
P3 g1 4dvpa 1dvgy
P2 S’ 6 dt 3 dt
dvg, P4 S1
P1 §32 —s4 3dvy,
. dt hd 0
— P3 s1’
PI’ S3
dt 2dv 1dvgy
P2’ s2 ——pd -
) 0o P2 s2
P4 Sl’ ldva _EdUsA
Ps’ 2 6 dt 3 dt
P6’ S3° P1 S3’
dvpa j_o_% 0 _dvy
- dt G dt dt

Fig. 4.4. Complementary part of dv/dt distribution across transformer windings.
If we take primary winding No. P6 and secondary winding No. S3 (in Transformer 1) as an example
(assuming they are next to each other, as shown in Fig. 4.5 (a), the dv/dt distribution along the winding

(from point A(C) to point B(D)) is shown in Fig. 4.5 (b).

P6 dva
dt
A
S3
)
(@)
(b)
Fig. 4.5. (a) primary winding No. P6 and secondary winding No. S3 and (b) the dv/dt distribution

along them.
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From Fig. 4.5, it is clear that there is dv/dt difference between winding P6 and S3. As a result, there is

CM current flowing between P6 and S3.

On the other hand, if we take primary winding No. P6’ and secondary winding No. S3” (in Transformer
2) as an example (assuming they are next to each other, as shown in Fig. 4.6 (a)), the dv/dt distribution

along the winding (from point A’(C”) to point B’(D”)) is shown in Fig. 4.6 (b).

B'(D’) X

(a)
(b)
Fig. 4.6. (a) primary winding No. P6” and secondary winding No. S3°. and (b) the dv/dt distribution
along them.
From Fig. 4.6 (b), we can see that there is also dv/dt difference between winding. Therefore, there is

common mode current flowing between P6’ and S3°.

In fact, the inter-winding capacitor can be represented by a lumped model as shown in Fig. 4.7.

Cap
I
Lpn
o | YO
A i C
— P)(S —
B I D
° I romp P~
1
CB-C

Fig. 4.7. Lumped inter-winding capacitor model.
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Because of the winding symmetry, we have,

Ca—c = C-p
Ca-p = Cp—¢ (4.10)
With this lumped inter-winding capacitor model, the total current flowing from primary winding to

secondary winding is,

d(vg—-vc) d(vg-vp) d(vg-vc) d(vg—-vp)
fem = Cac—g— +Cap—7 >+ Cpc—o—+Cpp—
— CA_C d(VA‘l‘VB—UC—UD) + CA_D d(VA+VB_VC_VD) (411)

dt dt

With the complimentary part of dv/dt, for primary winding No. Pm and secondary winding No. Sn, we

have,
m
Vy vaA
_m-1
Vg =~ Vpa
n
Ve EUSA
n—1
UD = _3 USA (412)
Therefore,

. _ d(wa+vg—vc—vp) d(wa+vg—vc—vp)
leM—-complimentary (Pm - Sn) = Cy_¢ + Cap

dt dt
2m—1 dv 2n—1 dv
=——(Ca—c + Ca-p) dZA = (Ca—c + Ca-p) d;A (4.13)

For primary winding No. Pm’ and secondary winding No. Sn’, we have,

m'—1
Uy = _TUPA

mrs
Vp —?va

n'-1
Ve ==""75"Vsa
Vp = — =gy (4.14)
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Therefore,
. d(vq+vp—vc—vp) d(vg+vg—vc—vp)
lCM—complimentary(Pm’ - Sn,) = Ca—c . l:u 2+ Ca-p . ?it —
Zﬂy 1 dv 2nr—1 dv.
= (Ca=c + Ca—p) pA (Cac + Caz D) 4 (4.15)

With Eq. (4.13) and Eq. (4.15), we have,

iCM—complimentary (Pm - Sn) + iCM—complimentary (Pm, - Sn,) =0 (4-16)

Back to the example, the CM current between P6/S3 and P6°/S3” are,

dva

dvg
(CA ct+Ca-p) UA (4.17)
+2 (CA c+Ca D)‘“’M (4.18)

lcm- complimentary(P6 - 83) = (CA ctCap)——

dv
lem— compllmentary(P6 - S53 ) = __(CA ¢t Ca D) pA

If we compare Eq. (4.17) and Eq. (4.18), we can find that,

iCM—complimentary(P6 - 53) + iCM—complimentary(P6’ - 53,) =0 (4-19)

This means for the two pairs of windings, the net CM current from primary side to secondary side

generated by the complementary part dv/dt is zero.

However, there is also the uncomplimentary part of dv/dt. We can draw its distribution across primary

winding and secondary winding, as shown in Fig. 4.8. If we assume that dv/dt is evenly distributed across

m+6 dvrp nd _ m+5 dvrp And

each winding, then the dv/dt across winding No. Pm of primary side are — 5 ar 5 ar

the dv/dt across winding No. Sm of secondary side are =2 % g Itz Lors

dt 6 dt’
- .. . . '—7dv 6dv
Similarly, the dv/dt across winding No. Pm’ of primary side are ™— —2 and mlz "2 and the dv/dt
m' dvys 3—-m’ dvyg
across winding No. Sm’ of secondary side are 22 p -
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dvrp 6 dvrp dvTS
_dvy 6:6 _ dv, de T2 dr dt
dt P6 P1’ S3
dt b s3 11 dv,, 5 dv,, 5 vy
P5 S2 12 dt 12 dt 6 dt
P5 | P2’ S2
ll:: SSll’ 10 dvyp 4 dvy, 4dv,
P2 s’ 12 de T12 dt 6 dt
P4 | P3 S1
P1 3 9 dv,, 3 dvpy 3 dvys
6:6 do T12 dt T 12 dt 6 dt
Pl’ 3 rs P3 P4, s1,
, dt _Edvrp 2 dvyy 2dvyg
Py’ 12 dt BEVRPT: 6 dt
P3 P2 | P5’ s2’
P4’ 51’ 7 dvy, 1 dvp, 1dvyy
P5’ ; S2° 12 dt 12 dt 6 dt
P6’ S3’ P1 P6’ S3
6 dvy, 0 0
0 Oo— O 0 12 dt

Fig. 4.8. Uncomplimentary part of dv/dt distribution across transformer winding.

We can also draw the dv/dt distribution between P6 and S3 as well as P6” and S3’ using the same

concept as before, and the results are shown in Fig. 4.9.

dv,g
dt

(@)

A(C)

(b)

B’(D’)

Fig. 4.9. Uncomplimentary part of dv/dt distribution along (a) P6 and S3 and (b) P6’ and S3°.

With the uncomplimentary of dv/dt, for primary winding No. Pm and secondary winding No. Sn, we

have,
v, = m+6v
A 12 pA
Ve = m+5v
B 12 pPA
_ n+3
c — 6 VUsa
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n+2
Up = = Vsa (4.20)
Therefore,
. d(vg+vg—vc—vp) d(vg+vg—vc—vp)
leM—uncomplimentary (Pm - STL) = CA—C W + CA—D %
2m+11 dv 2n+5 dvg
= -2 (Coc + Cap) pA "2 (Caec + Cap) UA (4.21)
For primary winding No. Pm’ and secondary winding No. Sr’, we have,
m'-7
Va 12 UpA
m'-6
Up 12 VpA
4-n'
Ve =—""Vsa
3—-n/
Up = = Vsa (4.22)
Therefore,
. , , d(va+vg—vc—-vp) d(va+vg—vc—vp)
lCM—uncomplimentary (Pm - Sn ) = CA—C % + CA—D %
d
=3 (Ca—¢c *+ Ca-p) va 2 7(CA ¢+ Cap) dUSA (4.23)
With Eq. (4.21) and Eq.(4.23), we have,
dv
lcm— uncompllmentary(Pm - Sn) +icy- uncompllmentary(Pm - 85n') = =2(Cy—c + Cy-p) pA +
2(Cac + Ca—p) =22 (4.24)

Back to the same example winding, the CM current between winding P6 and S3 (in Transformer 1) as

well as P6” and S3” (in Transformer 2) for the uncomplimentary part of dv/dt is,

dvrp dVrs

+_(CA ¢t Ca-p)

lCM uncompllmentary(P6 - 53) - T 7, (CA ct CA D)

d”rp dVrs

lCM uncompllmentary(P6 - 53 ) - __(CA ct CA D) += (CA ct CA D)

Comparing Eq. (4.25) and (4.26), we find that,
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. . Nt dv,
lCM—uncomplimentary (P6 - 53) + lCM—uncomplimenta‘ry (P6I - 53 ) = _Z(CA—C + CA—D) d_:p + 2(CA—C +

d 17'rs

Co_p)—— (4.27)

This means CM current generated by the uncomplimentary part of dv/dt is not fully cancelled, and we

will observe CM noise.
4.2 Proposed symmetrical transformer structure

From the analysis in Section | (Fig. 4.5, Fig. 4.6 and Eq. (4.19)), with the complimentary part of dv/dt,
we have the opportunity to cancel the CM current. However, it needs a purposely-designed transformer
winding arrangement so that we can pair the CM current in Transformer 1 and Transformer 2. If the two
transformers are connected in a way as shown in Fig. 4.10, with the same principle we used in Section I,
only the CM current between P6/S3 and P6°/S3” and between P1/S3” and P1°/S3 are in pair and can cancel
each other (green arrow shown in Fig. 4.10). Other than that, there is no cancellation effect. For example,

between P5/S3 and P6°/S2°, the CM current is,

lecM—complimentary (P5 = §3) = _(CA ct+Cap)—— d%A - ‘(CA ¢+ Ca-p) dUSA
leM—complimentary (P60 = 527) = —— (CA ¢t Ca-p) d%A + (Ca—c + C4—p) dUSA (4.28)
And
icr—comptimentary (PS = S3) + lcu—comptimentary (P6' > 52) = =3 (Came + Cacp) 22 = 2 (Cy_ + Ca_p) 22
(4.29)

The current without cancellation effect is shown in yellow and purple arrows in Fig. 4.10.
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Fig. 4.10. Unsymmetrical transformer structure with compromised noise cancellation effect.

In order to pair all the CM current, we need to purposely connect the two transformer in a symmetrical
manner. We can flip Transformer 2 and connect it with the first transformer in a way shown in Fig. 4.11.
With this connection, we can find that all the CM current are in pairs now (P6/S3 and P6°/S3°, P4/S2 and
P4°/S2°, etc.). As a result, the net CM current generated by complimentary part of dv/dt between the two

transformers is zero, as shown in Fig. 4.12 (a).

Vow Transformerl Transformer?2

P6 P6’
o E S Ees
P5 S2’ P5’
P4 Sl’ P4’
EIEELE
P3 P3’

Fig. 4.11. Proposed symmetrical transformer structure Wlth CM noise cancellation effect (for
complimentary part of dv/dt).

However, according to previous analysis, even with this proposed symmetrical transformer structure,
the net CM current generated by the uncomplimentary part of dv/dt is still not zero, as shown in Fig. 4.12

(b). We need to find out a way to eliminate CM current generated by the uncomplimentary part of dv/dt.
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dv"l’ dvrs
dt

0

(b)
Fig. 4.12. The net CM current generated by (a) complimentary part of dv/dt and (b)
uncomplimentary part of dv/dt.

4.3  Proposed symmetrical resonant converter structure.

In order to get rid of this uncomplimentary part of dv/dt, a symmetrical CLLC resonant converter with
split resonant capacitor is used, as shown in Fig. 4.13. Here, the resonant capacitors are evenly split and

distributed on both positive and negative terminals of the transformer.

The terminal voltage potential of transformer with split resonant capacitors is shown in Fig. 4.13, and

their expressions are,

= Vi~V (4.30)
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LAY

LAY

1

0 t=
Fig. 4.13. (a) Proposed symmetrical structure and (b) its terminal voltage waveform @fs = f,,
If we look at the dv/dt of transformer terminal voltage potential, we have,
AVpp _ dVpa _ dVip
dat ~ dt dt
AVpn _ dVpp | dVrp
at ~  dt dt
Wop _ Vs | i
dat ~ dt dt
AVsn _ dVsp  dVps
dt ~ dt dt (4.31)
This time, the dv/dt on transformer terminals are all complimentary,
AVpp __ dVpn
at dt
sp _ _ AVsn
& T a (4.32)

At this time, the total CM current between winding P6/S3 and P6°/S3’is,
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d”pp

dvg
lCM(P6—>53)——(CA ¢+ Ca-p) _‘(CA ¢+ Ca-p) VP (4.33)

dvm,

icy(P6" > 53") = — (CA ¢t Cap) +z (CA ¢t Ca D)dvsp (4.34)

According to Eq. (4.33) and Eq. (4.34), we have,
iem(P6 = S3) +icy(P6' > 53) =10 (4.35)

By using the symmetrical transformer structure, the CM current between primary and secondary
winding is shown in Fig. 4.14. This time, since there is only complimentary part of dv/dt, the net CM current

is zero.

d(va rp) 6:6 d(vsA + vrs)
dt P6 S3 dt
P5 S2
P4 S1
P3 S S1°
P2 sz d(_vsA - vrs)
P1 o S3° dt
dv.a+v
P1’ S3 ( sA rs)
P2’ S2 dt

S1
ST’
S2°
S3’

P3’
P4
P5’
P6’
d(_vsA - vrs)

dt dt
Fig. 4.14. dv/dt distribution across the transformer and the resulted CM current.

From the above analysis, if the symmetrical structure with split resonant capacitor as well as
symmetrical transformer structure is used, ideally there is no CM current flowing through the two

transformers and therefore, CM noise can be greatly reduced.

4.4  Extension to general cases
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@ Rotation of PCB winding

For PCB windig transformer, the windings are not always aligned with the same angle. Especially
between primary winding and secondary winding. With different input and output terminal locations, the
windings may rotate with certain angle. If we still use P6 and S3 as an example, the windings after rotation

are shown in Fig. 4.15.

P6

Fig. 4.15. Rotation between primary winding P6 and secondary winding S3.
If winding P6” and S3’ has the same rotation angle, then the dv/dt along the winding can be shown in

Fig. 4.16.

P6’ C AB) D x

I N — e
B d ‘3 dt

S3’

Fig. 4.16. Rotation between primary winding P6” and secondary winding S3°.
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Using the same method, we can derive the CM current flowing from primary side to the secondary

side.

Consider x is the rotation angle of primary side compared with secondary side in counter clockwise

direction, the CM current between primary winding and secondary winding is,

iCM = % <CA—C d([vB-I—H(I;‘i_VB)]_vC) + CB_D d(”B_[Vc_dZ?(Vc_UD)D n

d([UB +%(VA_UB)]_ [vc_%(vc_VD)D

27T—X
d(vg—v¢) 27— d(va—|vp+ p (UC—‘UD)
Ca-p dt +Cp—c vit = > t an <CA‘C ( [ ¢12t D +
d UA—ZH;X(UA_UB) -vp d(a—vp) d UA—ZT[;x(UA—VB) - 17D"’277:—;‘)((17C_vD)
P s e D N (U DRI )
And Eq. (4.36) can be simplified to,
iem = (Ca—c + CA—D)MWB—_VC_UD) (4.37)

dt

Compare Eq. (4.37) with Eqg. (4.11), it is clear that rotation angle doesn’t impact the CM current
between primary windings and secondary windings. As long as Transformer 1 and Transformer 2 keeps the

same rotation angle, the cancellation effect still exists.

From the above analysis, even though windings are rotated, as long as the rotation angles between the
two pairs of windings are the same, the total CM current is still zero with the proposed symmetrical

transformer and symmetrical resonant converter structure.

(2 Changing of switching frequency

Although, all the above analysis is based on the case that switching frequency and resonant frequency
are equal, it can be extended to general cases where the relation between switching frequency and resonant
frequency are not fixed. In Fig. 4.17, the voltage potentials on transformer terminals are given. Although
the switching instant between primary side and secondary side may not be synchronized, Eq. (4.32) still
holds. As a result, the cancellation effect still exits.
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@f</h (b) fs > fo
Fig. 4.17. Voltage potential on transformer terminal when f; # f,.

However, in order to achieve Eq. (4.32), the gate signal of primary side has to match with each, that

is, gate signals of S; and S4 are the same and gate signals of S; and Ss are the same.

4.5 Experimental verification

CM noise spectrum is tested to demonstrate the superior performance of the proposed symmetrical
structure. The comparison between symmetrical transformer structure and unsymmetrical transformer

structure are shown in Fig. 4.18.
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Fig. 4.18. Testing results of EMI performance comparison between symmetrical transformer and
unsymmetrical transformer.

It is clear that by using the proposed transformer connection method, CM noise is reduced effectively,

especially at high frequency range, which has over 10 dB reduction.

When the proposed split capacitor is also implemented, the resulted CM noise measurement are shown

in Fig. 4.19.
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Proposed Structure
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Fig. 4.19. Testing results of EMI performance with the proposed split capacitor and symmetrical
transformer connection.

From the measurement results, we can see that the proposed symmetrical resonant converter structure
and the symmetrical transformer structure can help to significantly reduce the CM noise in the system both

for fundamental switching frequency and its high order harmonics.
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Chapter 5 Interleaved CLLC Resonant Converter with

Integrated PCB Winding Magnetics

The time to fully charge an EV using the designed 6.6 kW on-board battery charger is shown in Fig.
5.1. It is around 25 mile/hrs charging rate. For household or local communication, it is enough with
overnight charging. However, for long range transportation, the waiting time is too long compared with

conventional vehicles with internal combustion engine

16.0
,;_p\'l 4.0 v
=120 '
L1 T=SLA
k= 10.0 ' Model S/X
= 80 5 —
= 60 e-Golf Model 3
= __ @
g 40 &ZZP LEAF
5 () Focus Electric

0.0
0 40 80 120

Battery Capacity (kWh)
Fig. 5.1. Charging time of electric vehicle using 6.6 kW on-board charger.

Actually, Tesla is using a much larger power on-board charger to charge their EV. The on-board
charger installed in a Tesla Model S has a power level of 11.5 kW (shown in Fig. 5.2), which charges the

battery in almost half the time compared with the 6.6 kW on-board charger.
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11.5kW On Board Charger

3.8kW Power Stage

3.8kW Power Stage

3.8kW Power Stage

Fig. 5.2. Tesla 11.5 kW on-board charger structure.
Compared with on-board charger, DC charging (or off-board charging) is much faster. By moving the
AC/DC conversion from on-board to off-board, the limitation of space and weight does not exist anymore.
As a result, the power level can be greatly increased. Hundreds of kilo-watt charging power can be realized

and the EV can be fully charged under 30 minutes.

Fig. 5.3 shows Tesla’s modularized approach to build their Super Charger, with the power of 135 kW,
which can fully charge a Model S/X within 45 minutes. 12 of their 11.5 kW on-board charger modules are

put together in parallel (but in a three-phase configuration) to achieve the 135 kW total charging power.

Other companies are also using this modularized approach, as shown in Fig. 5.4. Different companies
are building 15 kw AC/DC modules for the charging station application. By put multiple of these modules

together in parallel, hundreds of kilo-watt power can be easily achieved.
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135kW Super Charger TES S

11.5kW Module W
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s . = S
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Fig. 5.3. Tesla’s modular approach to achieve fast DC charging.
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Fig. 5.4. AC/DC module for off-board charging.
In order to satisfy the need for faster charging, it is meaningful to extend the proposed 6.6 kW on-

board charger concept to a higher power level and adopt the modularized approach.

In the previous proposed design, two transformers and two sets of full bridge outputs are adopted to
achieve 6.6 kW output power. In order to increase the power, we can increase the number of transformers

and output sets, as shown in Fig. 5.5. It is a three-phase resonant converter with a total of 12.5 kW power.
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Fig. 5.5.. Extend the power level of the on-board charger using more sets of output.

The three-phase DC-DC resonant converter offers an attractive solution to high power applications
due to the reduction in component stresses compared to single-phase resonant converter of the same power
rating. There are different types of three-phase resonant converter. The most conventional one is three
phases in simple parallel [1], as shown in Fig. 5.6 (a). However, this type of configuration has the problem
of current sharing due to the tolerance among each resonant tank. Another option is to put the resonant tank
in Y-connection [2, 3], as shown in Fig. 5.6 (b). The benefit of the Y-connection is that it doesn’t have
current sharing issue. The common Y-node guarantees automatic current balancing between the three
phases. However, the voltage over the resonant capacitors always has DC bias, making the soft start-up
complicated [4]. In [5], a primary side in A-connection (as shown in Fig. 5.6 (c)) series resonant converter
is used. This configuration can solve the current sharing issue and also benefits the soft start-up process

since the resonant capacitor has no DC bias [4].

Even though the three phase resonant converter has been investigated, the integration of the magnetics
is still not fully achieved. In [1, 6], a three-phase integrated transformer is proposed. By using flux
cancellation, three transformers are integrated together and the core volume is shrunk. However, they still
need bulky resonant inductors, compromising the power density of the whole system. Also, all these
transformer designs are litz-wire based, which can be very complicated for mass production, and suffer

from bad parasitic control.
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Fig. 5.6. (a) Simple parallel (b) Y-connection and (c) A-connection resonant tank.

By using wide bandgap devices (including both GaN and SiC devices), the switching frequency of
power electronics converters can be pushed to several hundreds of kHz or even MHz, resulting in a much
smaller voltage-second across the transformer. With similar flux density inside the core, the required
number of turns becomes much less, making it possible to use PCB as transformer windings. In addition,
because of high switching frequency, the required inductor value is also reduced, which makes it easier to

achieve magnetic integration.

Compared with the well-known LLC resonant converter, CLLC resonant converter features the same
soft switching technique for both primary side and secondary side devices and therefore is very suitable for
high frequency operation. In addition, due to the symmetrical resonant tank structure, its bi-directional
operation performance is much better by providing gain boost and reduction capability in both directions

[7, 8].

5.1 Benefits of three-phase resonant converter
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@ Reduced conduction loss

To parallel resonant converter, one way is to simply connect the input and output in parallel, as shown

in Fig. 5.7.
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Another way is to use previously mentioned A or Y connected resonant tank. The delta connected

resonant capacitors structure is shown in Fig. 5.8.
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Fig. 5.8. Three-phase resonant converter with A-connected resonant capacitors.
To simplify the analysis, we assume the magnetizing inductance is infinite, and as a result, the primary

side current waveform at resonant frequency can be drawn, as shown in Fig. 5.9.
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Fig. 5.9. Time domain waveform comparison of primary side current between three single-phase in
parallel and three-phase resonant converter.

In addition, we can draw the resonant current and resonant capacitor voltage waveform at resonant

frequency in the state trajectory, as shown in Fig. 5.10.
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Fig. 5.10. State trajectory comparison of between three single-phase in parallel and three-phase
resonant converter.
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From this comparison, we can clear see that at resonant frequency, the conventional three single-phase

parallel has sinusoid current and voltage waveform, which shows a circle in the state trajectory.

However, for the three-phase resonant converter due to the interaction between the three phases during
dead time, the current waveform is reshaped, resulting in lower peak value (RMS value). This phenomenon

can also be seen in the state trajectory, where the circle is smaller in vertical direction.

It should be noted that this RMS current reduction phenomenon is only shown when magnetizing
inductance is involved in the resonance (switching frequency is equal or less than resonant frequency).

When it is not involved, this phenomenon does not exist.

Due to the reduced RMS value, the conduction loss can be reduced.

2 Automatic current balancing
Paralleling resonant converters with good interleaving is always challenging. Resonant converter relies
on changing switching frequency to regulating the output voltage. However, different switching frequencies

between the paralleled branches mean no fixed phase shift, which leads to bad interleaving.

With single phase parallel structure as shown in Fig. 5.7, to keep good interleaving, the switching
frequency of each branch needs to be the same. However, if there is component mismatch between each

phase, for example, Phase C resonant capacitor has 5% smaller value compared with Phase A and Phase B,

CTA = CT'B = 105CT'C (51)

Then the resonant frequency of phase C will be about 2.5% larger.

fra = fre = 0.976f,¢ (5.2)

However, this 2% larger resonant frequency mismatch can cause significant current sharing problem,

as shown in Fig. 5.11.
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The resonant behind this is straightforward. Because of the different resonant frequencies, the

switching frequency of Phase C is larger than its resonant frequency, which means the gain of Phase C is

actually higher than Phase A and Phase B. As a result, there is almost no current flowing through Phase A

and Phase B.

However, with the three-phase configuration shown in Fig. 5.8, due to the A-connected resonant

capacitors, the voltage across the resonant capacitors is balanced and impacts the current distribution. The

resulted primary side resonant current is shown in Fig. 5.12.
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Fig. 5.12. Primary side current for three-phase resonant converter with resonant capacitor mismatch.

This automatic current balancing feature is very beneficial since the component mismatch is

unavoidable in mass production.
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3 Magnetic integration

Another benefit of the three-phase resonant converter compared with three single-phase in parallel is
the possibility of magnetic integration. Due to the A-connection on the primary side, the sum of primary
side current is forced to be zero, along with the interleaving between the three phases, further magnetic

integration can be achieved.

5.2 Evaluation of suitable 1.2 kV SiC MOSFET

The proposed three-phase CLLC resonant converter with A-connection on the primary side is shown
in Fig. 5.13. The input voltage is 600 V - 800 V and the output voltage is 250 V - 450 V. The same variable
DC-link voltage concept is adopted here as in the previously proposed on-board charger. As a result, 1.2
kV SiC devices are used for the primary side and 650 V GaN devices are selected for the secondary side.
Also, due to the half bridge configuration on the primary side, only 1:1 turns ratio is required for the

transformer in each phase.
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Fig. 5.13. Proposed three-phase CLLC resonant converter.
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Three different SiC devices from WOLFSPEED are selected as primary side device candidates (as
shown in Table 5.1). Since zero voltage switching (ZVS) is always guaranteed for resonant converters, we

only need to focus on the device turn off.

Table 5.1. 1.2 kV SiC device candidates.

Device Gen.2: C2M0025120D Gen.3: C3M0065100K Gen.3: C3M0075120K
Vs 1.2 kv 1kv 1.2 kv
1d@100<C 60 A 225 A 19.7A
Rdson@lOOT 325 mQ 75 mQ 86 mQ
Qq 161 nC 35nC 51nC
Coss 220 pF@Vys= 1000 V 60 pF@Vys = 600 V 58 pF@Vys= 1000 V
Rg_int 110 4.7Q 1050
Package TO247-3L TO247-4L TO247-4L
(w/o Kelvin Connection) (w/ Kelvin Connection) (w/ Kelvin Connection)

Their turn off performances are tested experimentally with 0 Q external gate resistor. Fig. 5.14 (a)
shows the turn off waveform comparison under 800 V and 15 A, while Fig. 5.14 (b) shows the turn off
performance under 800 V and 40 A. From the testing results, we can find out that with the conventional
TO-247-3L, the gate signal (Vgs) has a lot of ringing under high current turn off condition because of the
coupling between power loop and driving loop (through common source inductance). Under 40 A turn off,
the gate voltage reaches 5 V during the ringing, which is already above the threshold voltage 2.6 V, and the
minimum gate voltage reaches -20 V, which is also beyond the gate voltage limit of the device: -10 V.

Therefore, the convention 3 lead package is not suitable for high frequency operation.

In comparison, the Gen. 3 devices, which have the advanced 4 lead packages, perform much better.

There is almost no ringing on the gate signal even with peak current turn off.
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C2M0025120D |
C3M0065100K |

C3MO0075120K |

C2M0025120D
C3M0065100K |

C3MO0075120K |

20 40 60 80 100 120 140ns

(b) turn off waveform at 800 V and 40 A.

Fig. 5.14. Turn off waveform of the three SiC device candidates.
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The turn off loss comparison of the three candidates is shown in Fig. 5.15. From this figure, we can
see that the Gen. 3 1 kV device has the lowest turn off loss. While for the Gen. 3 1.2 kV device, due to the
much larger internal gate resistor, the turn off loss increases significantly as the turn off current becomes

larger. As a result, the Gen. 3 1 kV device is selected for the primary side of the converter.

As for the secondary side, 650 V GaN device GS66516T from GaN Systems is selected to lower down

the conduction loss.

70 caM00251200
0  C3M0065100K
C3M0075120K
3 50
2 40
=
(=)
7 30
5
= 20
10
0
0 5 0 15 20 25 30 35

Ids (A)

Fig. 5.15. Turn off loss comparison under 800 V.

5.3 Proposed integrated PCB magnetics with flux cancellation

The proposed single-phase integrated magnetic structure for CLLC bi-directional resonant converter
in Chapter 3 can be easily extended to a much higher power level: 12.5 kW using three magnetic cells, as

shown in Fig. 5.16.
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Fig. 5.16. 6-layer PCB winding transformer with integrated resonant inductors for three-phase
CLLC resonant converter.

The magnetic reluctance model can be built based on the nine-post core structure, as shown in Fig.

5.17.

<
o
gy

b oc) )
&

Fig. 5.17. Reluctance model of the three-phase discrete transformer.
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By simply combining the top and bottom plates, the three single-phase transformers are further
integrated into one magnetic component. However, this core structure is very complicated with totally nine

posts, as shown in Fig. 5.18.

Fig. 5.18. Three-phase integrated magnetic with center posts.

At this time, the magnetic reluctance model becomes,

=—(

Fig. 5.19. Reluctance model of the three phase integrated transformer with center posts.
If we investigate the flux in the core, due to the 120 “phase shift between each phase, the flux in the
three center posts also have 120<°phase shift, as shown in Fig. 5.20.
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B A B ¢C

2x107°

—2x107Y

0 1x107° 2x107° 3x107° 4x10°°

Fig. 5.20. Flux density in the three center posts.

As a result, the total flux in the center posts is cancelled out. This can be verified through 3D finite
element analysis (FEA) simulation shown in Fig. 5.21. We can see that the flux in the three center posts is

almost zero. Therefore, we can simplify the transformer structure by removing the three center posts.

Bmax (Tesla)

™ 02
0.16
0.12
0.08
0.04
0
Fig. 5.21. 3D FEA simulation result of flux distribution.

Based on this transformer structure, a reluctance model can be built, as shown in Fig. 5.22. Here, two

assumptions are made to simplify the model without losing accuracy.
1) The permeability of the core is much larger than one (permeability of the air).

2) Leakage flux in the air is very small and can be ignored.
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According to the reluctance model, we can get the following equations.

Vap Ly
17bp-| [LZ
Vep | _ | L2
Vas | |Ls

Where,
58
L1 = -
3Rg
2
L,=——
3Rg
50
Ly=——
3Rg
2
Ly=——
3Rg

Fig. 5.22. Reluctance model of the proposed three phase transformer.

‘diap'
dt
dipp
dt
dicp
dt
digs
dt
dips
dt

dics
L 4t
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l
Ry = -2 (5.4)

Where |y is the air gap length and Ae is the core post cross section area.

The sum of primary resonant current is zero due to A-connected resonant capacitors. If we also assume

that the sum of secondary resonant current is zero,

fap + ipp +icp = 0

gs tips +ics =0 (5.5)

Then we have,

diip 2 _2 diip
[vip] _[ELi—Lz Ly—La)|ac | _| Ro Ryl at (5.6)
Vis Ly—Ly Ly—Lp]|dis _ 16 20 |ldi '
dt Ry Ry dt
Wherei=a, b, c

It is clear that the three-phase integrated transformer is de-coupled into three single-phase transformers,

and the equivalent turns ratio N, magnetizing inductance L, leakage inductance Ly, and Lis for a transformer

T-model are,
Lkp N:1 Lks
— Y Y'Y\
Fig. 5.23. Transformer T model.
16
N=1 L. =22
m Rg
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Lyp = Lgs = E (5.7)

We can see that with this structure, the leakage inductance can also be controlled using the air gap and
served as resonant inductors. In additional, we can benefit from the three phase integration for a smaller
magnetic component size. However, compared with the single-phase transformer integration, magnetizing
inductance and leakage inductance cannot be controlled separately due to the removal of center post. We

can only get a fixed ratio between magnetizing inductance and leakage inductance.

In fact, the leakage inductance and magnetizing inductance value is related to the winding

arrangement. If an 8-layer board is used, with the winding arrangement shown in Fig. 5.24.

111111/

Fig. 5.24. Proposed three-phase integrated transformer with 8-layer PCB.

The leakage inductance and magnetizing inductance we can achieve is,

30
L -
4
Lkp = LkS = R_ (58)
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With the same amount of magnetizing inductance, the leakage inductance for the 8-layer board design

is smaller than that of the 6-layer board design because of the different interleave structure.

In fact, the proposed magnetic structure has another way to implement, as show in Fig. 5.25.

Fig. 5.25. Different way to implement the proposed three phase magnetic structure.
We can split the single core into two parts; each part is an El core shape with three core posts. The

corresponding reluctance mode is shown in Fig. 5.26 for a 6-layer design.

—T N

Fig. 5.26. Reluctance model of the two EI core implementation.
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With this reluctance model, we can find the three-phase transformer matrix,

_dillp_
dt
Vap1 [L1 Lo Ly Lz Ly L4 dﬁ%
Vep|_|La Lz L1 Ly Ly Ls|[75 (5.9)
|Vas| " |Ls Ly Ls Ly Ly Lp||dias '
lvbSJ L4 L3 L4 Lz L1 L2 dqt
vesd L, L, Ly L, L, Ll iy
_dt_
Where,
L _ 4(29R4+30Ry;)
17 3Ry(2Rg+3Ry;)
L. = — 4(Rg+15Rg;)
27 3Ry4(2Rg+3Rg;)
L. = _ H25Rg+24Rg)
37 3Ry4(2Rg+3Rg;)
L = — 4(Rg—12Rg;)
47 3Ry4(2Ry+3Ry2)
9 HoAe
l
R., =—9%2_ A
92 7 pohes (5 0)
Where lg, is the air gap between left EI core and right El core; A is the cross section area of this air
gap.

With Ry = 0, Eq. (5.10) simplifies to Eq. (5.4).

We can see that even if we split the one large core into two smaller El cores, the equivalent magnetizing

inductance and leakage inductance for each phase stay the same.

5.4  Third order harmonic impact
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From the proposed structure shown in Fig. 5.13, we can see that due to the primary side A-connection,
the sum of the primary side current is zero. Therefore, there is no third order harmonic in the primary side.

However, for the secondary side, there is no such connection and as a result, third order harmonic may exist.
If we define,

las T ips +ics = l3rq (5.12)
From Eg. (5.9), we have,

[Z]

dt
[Vip] _ [L1 —Ly Ly—1L, L4]| dijs |
Vis Ly—=Ly Li—=L, L, |d{if |
l l3rd
dat

(5.12)

If we consider the sum of three phase voltage on both primary side and secondary side, we have,

Uy + Vgp + Vgp = (Ly — L) LetEntien) gy astlaties) | 5, dlora (5.13)
Vs + vps + vigs = (Ly — Ly) Lationtien) 4y Wastlosties) | 5, dlona (5.14)

For the proposed structure, the sum of primary side current is zero,

iAp + in + icp =0 (515)

Then we have,

disr
vAp + va + vCp = (L3 + 2L4)% (516)
UAS + UBS + vCS = (L1 + 2L2)d;3_:d (517)

Therefore, we can define,
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Li+2L; = L3yq (5.18)

From Eq. (5.16) and Eq. (5.17), we can find out that the third order harmonic current is determined by
Law. If the magnetic structure shown in Fig. 5.25 is used, from Eqg. (5.10), it is clear that both Ry and Ry

determine Lsrg, as shown in Eq. (5.19)

_ 36
L3rd - 2Ry +3Rg, (5.19)

The largest Lsrq We can achieve is,

18
L3rg—max = E (5-20)

And it is achieved at,
Ry, =0 (5.21)

The relationship between Lsq and Ry is shown in Fig. 5.27.

30

T 20
2
E
<

10

0 2 4 6 8 10
R, (MA/Wb)

Fig. 5.27. The relationship between Rg and Laq.
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If the cross section area A, is 1200mm?, we can find the relation between lg, and Lsrq, as shown in Fig.

5.28.

25

0 0.5 1 1.5 2
[ g2 (mm)
Fig. 5.28. The relationship between Iy and Larg.
A simulation is conducted to evaluate how the air gap length Ig, impacts the third order harmonic, the

results are shown in Fig. 5.29.

1(A)" 1L,=0

" 11,,=0.40mm

l,;=0.60mm
ly;=1.50mm

1
0 05 1 15 2 25 3
t (us)

Fig. 5.29. Impact of Reluctance Ry, on third order harmonic.
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We can see that when we increase the distance between left El core and right EI core, the third order

harmonic becomes larger.

The third order harmonic also affects the RMS current of both primary side and secondary side. The
normalized (normalized with lgz = 0 mm) RMS current of both primary side current and secondary side

current are shown in Fig. 5.30.

1.25 : : .
§ 1.2 %pn /'.
S 127 mme=Isec 1
S 7
O
%1.15— 1
NERE: 1
N
=
§1.05— 1
=,

1 I 1 I

0 0.4 0.8 1.2 1.6

[ g2 (mm)

Fig. 5.30. Normalized RMS current of primary side (red solid line) and secondary side (blue dash
line).

The impacts of third order harmonic on core loss is also shown in Fig. 5.31 (normalized with I, = 0

mm).
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1.5 ! .

1.4 ¢

1.3

1171

Normalized Core Loss

1 | 1
0 0.4 0.8 1.2 1.6
ly> (mm)
Fig. 5.31. Normalized core loss.
From the above figures, we can see that with larger air gap between left El core and right EI core, the
RMS value of both primary side current and secondary side current are increasing. As a result, the

conduction loss of device and transformer winding will increase. In addition, larger third order harmonic

results in larger core loss.
5.5 Three phase transformer loss model and optimization

In order to get the lowest loss from the transformer, a transformer loss model is built as well as an

optimization procedure.
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Fig. 5.32. Proposed three-phase transformer structure with integrated resonant inductors.
@ Winding loss
The dimensions of the transformer are shown in Fig. 5.32. Here, a round shape core post is used to
reduce the average winding length and the distance between windings is fixed at 2 mm. As a result, the

transformer only has three design parameters, core post width a, length b and winding width c.

The winding loss is calculated using FEA simulation, and it is a function of the three design parameters,

as shown in Eq. (5.22)

Pyinaing = fw(a, b, c) (5.22)
(2 Core loss
First, appropriate core material is selected based on core loss density under 500 kHz switching

frequency, as shown in Fig. 5.33.
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1000 —P61 - ACME
~ - 3F36 - Ferroxcube _ _ _
| =_-ML95s - Hitachi Metals |
— ML91s - Hitachi Metals
----- DMR51W - DMEGC z
100 /.
7z,
E ad
=
<
>
o
10
f,= 500kHz
1
10 50 100

Bmax (mT)
Fig. 5.33. Core loss density comparison between different core materials.

From this comparison, we can see that material ML95s from Hitachi Metals is the best in terms of loss.

For core loss calculation, conventional Steinmetz Equation (SE) is only good for sinusoid excitation.

When the waveform shape changes, it becomes inaccurate.

In [9], a Modified Steinmetz Equation (MSE) is proposed to calculate core loss under arbitrary current
input and in [10], an equivalent elliptical loop (EEL) method is proposed to calculated core loss also under
arbitrary current input. The difference between MSE and EEL is that MSE is still based on frequency

domain while EEL is based on time domain.

A comparison between MSE and EEL is conducted with the proposed transformer structure, and the

results are shown in Fig. 5.34.
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Fig. 5.34. Comparison between MSE, EEL and SE for core loss density calculation.
We can see that both MSE and EEL has the same core loss density predictions while SE has a much
larger deviation. As a result, EEL is used for the core loss calculation for the proposed three-phase

integrated magnetic structure.

According to the reluctance model, flux inside part of the core can be calculated as shown in Eq. (5.23).

11iap(t)—ipp (&) —icp (£)=Tiaqs(£)—ips(t) —ics(t)
Pp(t) = T T O

11 (t)_ia (t)_ic (t)_7i s(t)_ias(t)_ics(t)
Dy (t) = P e

¢C (t) — 11icp(t)_ibp(t)_iap(t)_7ics(t)_ibs(t)_ias(t)

3R, (5.23)
Where Ry is the reluctance of the air gap.
__l
Rg - UrloAe (524)

I is the air gap length and A. is the cross-section area of the core post.
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So the flux density in each part of the core is,

11 iap (t)_ibp (t)- icp (t)_7ias () _ibs(t)_ics ()

By(t) = 3R, As
11§ (t)_ia (t)_ic (t)_7i s(t)_ias(t)_ics(t)
Bp(t) = —= - p3RgAe -
11ic (t)_i (t)_ia (t)_7ics(t)_i s(t)_ias(t)
Bo(D) = = (5.25)

With the expression of flux density, core loss density can be calculated based on EEL, and the total

core loss can be calculated based on the following equation.

PCOT‘e(aI b, C) = Pv(a: b)VOZ(a; b; C) (526)

Where Py is the core loss density and Vol is the corresponding core volume.

However, with three parameters, it is hard to do the 3D optimization. In order to reduce the number of

parameters, we can fix the transformer footprint first.

The transformer footprint is calculated by

footprint = (6¢ + 3b + 2d)(2a + 4c + d) (5.27)

Where d is the fixed 2 mm distance between windings. By giving 7500 mm? footprint, the parameter

c can be expressed by a and b, and the transformer total loss will only be related to a and b.

As a result, a 3D optimization curve can be drawn, as shown in Fig. 5.35 (a). The corresponding

transformer loss contour is shown in Fig. 5.35 (b).
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Fig. 5.35. (a) 3D loss curve and (b) corresponding loss contour.

From the 3D curve and contour, we can find the lowest loss point, where the loss is around 162 W.

Using the same procedure, we can find the minimum loss point under different footprint, as shown in
Fig. 5.36. By increasing the transformer footprint, we can further reduce the total transformer related loss.

So it is a tradeoff between efficiency and power density.

220
£=500kHz

200 191

—
]
(e}
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144
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100
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Fig. 5.36. Transformer loss vs. transformer footprint.
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Also, 3D FEA simulation results of the current distribution is shown in Fig. 5.37. With the proposed
integration method, interleaving between the primary winding and the secondary windings is maintained

and the current is evenly distributed across the windings.

Jmax (A/m?)
M SE7

4E7
3E7
2E7
1E7

Fig. 5.37. Current distribution in simulation.

5.6  Light load efficiency improvement by phase shading

1) Circuit operation under phase shading mode
In multi-phase Buck converter, phase shading is a very good way to improve the light load efficiency.
By shutting down different number of phases, the load of operating phase can be maintained at the optimal

level, which helps to improve the system efficiency.
For three-phase resonant converter, the same concept can be applied.

The circuit can operate with two phases by simply shutting down the driving signal of phase C, as

shown in Fig. 5.38.
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CrpA §J 4:} %E}T

Crpa é é i @#T =
p— Lrp

Crpa |

L
Fig. 5.38. Two-phase operation with Phase C shutting down.
By redrawing the circuit, we can get Fig. 5.39. This figure shows very clearly how the converter works
with two phases. The two phase resonant inductors are in series while the resonant capacitor is in a parallel

and series configuration.

After phase shading, the primary side is configured to a full bridge structure while the secondary side
is still full bridge. However, at this time, the two phase transformers are also in series on the primary side,

and as a result, the equivalent gain of the converter is still 2:1.

TP 6: 6 i# 4537[
§ §J e «E}T
rpéL
1Crpa —
T —
CrpA
§ Ak R |
ﬁ% & {J‘

Fig. 5.39. Two-phase operation (redraw).

For three-phase operation, we have,

1 _ 1
27, [LypCrp  27\[3LypCrpa

fo= (5.28)

166



Bin Li Chapter 5

Here we have the formation change between Y-connection and A-connection.
Crp = 3Crpa (5.29)

After changing to two-phase operation, the primary side is in a full bridge configuration, and the

equivalent resonant inductor and resonant capacitor are,

L' = 2Ly,

, 3
C' =2Crpa (5.30)

So the equivalent resonant frequency is,

£ = 1 _ 1
° 7 2n LG 21 [BLrpCrpa

(5.31)

It is clear that the resonant frequency stays the same when changing from three-phase operation to

two-phase operation.

2 Magnetic analysis under phase shading mode.

Under three-phase operation, we have the assumption that,

iap + ipp +icp =0

lgs +ips T ics =0 (5.32)

However, under phase shading mode, there is no current flowing through phase C. If we ignore the
common mode part, we can still have,
iap + ibp =0
lgs +ips =0

icp =0
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ics =0 (5.33)
With the same inductance matrix,
-diﬂ_
a.tt
Vap] [L1 Lo Ly Ly La Lﬂ%
[Vbp| |Lz L1 Lz Li Lz Ly dicy
Uep _ L, L, Ly Ly Ly L3|| 7% (5.34)
Vas L3 L4_ L4 L1 Lz L2 % '
Ups| |Ly Ls Ly L, L, Ly|la
loes! |, L, 1 L, L, Ly ]| Gos
dics
_dt_
We still have the equivalent discrete magnetic in each phase,
disp 20 _ 1814y,
[Vip]:[L1—L2 Ly =Lyl [ac | _ | Ro Rg[1at (5.35)
Vis L3 =Ly Ly—Lyf|dis _ 16 20 ||di; '
dt Ry Rg 1l at

Which means, under phase shading mode, the resonant inductor and magnetizing inductance stay the

same.

The reluctance model under phase shading mode is shown in Fig. 5.40.
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Fig. 5.40. Reluctance model of the three—bhase integrated magnetics under phase shading mode.
With the excitation shown in Fig. 5.41, the flux inside each core post can be calculated, as shown in

Fig. 5.42. From Fig. 5.42, we can see that since there is no excitation in phase C, there is also no flux in

that phase’s core posts.
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Fig. 5.41. Three phase current under phase shading mode.
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Fig. 5.42. Flux in each core post under phase shading mode.
Loss reduction, like switching loss, driving loss, under phase shading mode is very straightforward.
For core loss reduction, 3D FEA simulation is conducted with 20% load (2500 W), and the results are

shown in Fig. 5.43.

3PH Operation 2PH Operation

B (mT
( )150

120
90
60
30

(a) Three-phase operation (b) Two-phase operation
Fig. 5.43. Core loss simulation results with (a) three-phase and (b) two-phase operation.

For three-phase operation under 20% load, the core loss is 16.3 W while for two-phase operation, the

core loss is reduced to 10.9 W.

170



Bin Li Chapter 5

5.7 Experimental verification

Q) Forward operation
The three-phase CLLC resonant converter under forward operation is shown in Fig. 5.44 under

different input output voltage and full load condition.

lus/div

D 20.0Vigiv MO 8:200M €D 2004 1048 [ A L Wil 1.0psidiv  5.0GS8/s 200pwpt
AT 300Vidiv 1MO 8, 200M Horz Dly: 400ms. Run Sample 1
@ 20,00/ MO By120M Resdy Normal || 3 acas RL:50.0k
ATH 20.0AdIv MO B 120M Auto  August 28, 2017 19:09:33

(a) 600V input 300V/41A output
lus/div

Vgs (20V/div)

TR T N O | SOY O e
] .

[ Vds (400V/div)

iAp (20A/div)!iBp (20A/div) iCp (20A/div)

| | |
D 20.0vialv MO §:200M D 200A  1.0ps | * e W XTY 1.0ps/div  5.0GS/s 200psipt
400Videv MO By 200M Horz Dly:  400ms Run Sample I
D 20.0A1dv MO By 120 Ready Normal |1 2 acqs RL:50.0K
@D 20,0/ 1MQ Byc120M Auto  August 31,2017 15:00:31

(b) 700V input 350V/35A output
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lus/div
) £
- Vgs (20V/div)
» r“‘"j | 4 e | *r""“"{ gk
Lo ] i ]
L | L. J 1 I : i .
- PR A \ PR | AU E— A ————+— pu—
Vds (400V/d1v)

(20A/div)] 1Bp (20A/div) iCp (20A/div)

'&6’0’0’5’0’&%’#&'&

@D 20.0Viciv MO By200M D 200A 1.0 BT SooA 1.0psidiv 5.0GS/s 200ps/pt
WD 400vidv MO Byc200M Horz Dly:  400ms. Run Sample

@D 20.0A0v MO Bye120M Ready Normal || 4 acas RL:50.0k
AT 20.0A/d MO Rc120m Auto  September 01, 2017 133251

(c) 800V input 400V/31A output
Fig. 5.44. Experimental results of forward operation at full load condition.

2 Reverse operation

The three-phase CLLC resonant converter under forward operation is shown in Fig. 5.45 under

different input output voltage and full load condition.

Lus/diy

- Vds (20V/div) ]

_ipp (104/div) iBp (10A/div) iCp (104/div),

10.0A/div 1MQ By:120M

Qe» Szov 1.0psidiv  5.0GS/s 200ps/pt
@ 200vdiv 1MQ By:200M Horz Dly: 430ms Sample
TP 10.0A/div 1MQ By:120M Ready Normal || 3 acqs RL:50.0k
B 10.0AdIv 1MQ By:120M Auto February 26,2018 08:20:14

(a) 300V input 600V/20.5A output.
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lus/div

- Vds (20V/div)

2zl
H
3
g

MO By:120M 1.0psidiv 5.0GS/s 200psipt
200V/div MO By:200M Run Sample
T 10.0a/div MO By:120M 3acgs RL:50.0k
D 1008/ 1M By:120M Auto February 26,2018 05:39:13

(b) 350V input 700V//17.5A output.

1 l}s/ div

Vds (20V/div)

@ 10,0810 1MQ By:120M 1opsidiv 5.0GSs 200psipt
& 200v1av MO 8y:200M sample

T 10.0AKdIv 1MQ By:120M 2acas RL:50.0k
10.0Aldiv M0 By:120M Auto February 26,2018  05:31:56

(c) 400V input 800V/15.5A output.
Fig. 5.45. Experimental results of reverse operation at full load condition.

3 Third order harmonic test
The tested third order harmonic under 600V input voltage is shown in Fig. 5.46. We can see that the
peak to peak is around 4A, which is what we predicted in the simulation (and calculation) (Fig. 5.29, lg =

0).
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Fig. 5.46. Tested third order harmonic on secondary side under 600V input voltage.
(@) Phase shading operation
Under light load condition, the converter will change from normal operation to phase shading mode,

and the transient waveform is shown in Fig. 5.47.
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(a) transient from three-phase operation to two-phase operation.
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Fig. 5.47. Transient performance of phase shading operation under light load condition.

From Fig. 5.47, we can see that from normal operation to phase shading mode, the transient can be
very smooth and fast. There is only 2A overshoot during the transient and the system is settled down within

40 us (20 switching cycles).

However, for transient from phase shading mode to normal operation mode, the overshoot is much
larger. 10A overshoot is observed during the transient and the settling time is around 35 us (17 switching

cycles).

5) Efficiency testing results

The tested efficiency of the three-phase CLLC resonant converter for forward operation is shown in
Fig. 5.48 with different input and output voltage. The peak efficiency achieved is around 98.2%. For input
voltage between 600V-800V, the peak efficiency is always above 98%. Under full load condition, the
efficiency is around 98% under 800V input voltage while under 600V input voltage, due to the much larger

current, the efficiency drops to 97%.
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Fig. 5.48. Tested efficiency for forward operation mode under different input and output voltage.

Vin:700V, Vo:350V
Vin:600V, Vo:300V

The tested efficiency of the three-phase CLLC resonant converter for reverse operation is shown in

Fig. 5.49 with different input and output voltage.
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Fig. 5.49. Tested efficiency for reverse operation mode under different input and output voltage.
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We can see that due to the symmetrical structure of the converter, the reverse operation almost has the
same efficiency compared with the forward operation. Peak efficiency of 98.2% is achieved under different

input voltage.

Efficiency under light load condition using phase shading is also tested, and the results are shown in

Fig. 5.50.

We can see that around 1% efficiency is improved under light load condition due to the phase shading,

which is over 30% loss saving.
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Fig. 5.50. Efficiency under light load condition using phase shading (solid line: three-phase; dash
line: two-phase).
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Chapter 6 Summary

Due to the concerns regarding increasing fuel cost and air pollution, plug-in electric vehicles are
drawing more and more attention. However, the commercialization of the PEV is impeded by the demands
of a lightweight, compact, yet efficient on-board charger system. The emerging wide bandgap devices have
demonstrated significant improvement comparing to silicon based devices. They provide the opportunity

to greatly improve the efficiency and power density of power electronics converters.

First, a novel two-stage on-board charger structure is proposed. The first stage is a bridgeless totem
pole AC/DC converter working at CRM so that soft switching can be achieved for all the fast switches. The
second stage is a CLLC resonant converter. Similar with the well-known LLC converter, it can achieve soft
switching under all conditions. In addition, due to the symmetrical resonant tank, it is more suitable for bi-
directional operation. Variable DC-link voltage is adopted so that the DC/DC stage can always work at its
optimized point, providing best efficiency over the entire battery voltage range. With soft switching
technique, the switching frequency of AC/DC stage and DC/DC stage is pushed to 300 kHz and 500 kHz

respectively.

Second, a novel integrated PCB winding transformer structure is proposed. Using matrix transformer
concept, two Ul core based transformers are integrated into one Ul core, resulting in smaller footprint and
6-layer only PCB design. Also, by changing the Ul core structure to a El core structure, leakage inductance
of the new transformer can be controlled by changing the cross section area of the center post. Therefore,
it can serve as resonant inductor and achieve magnetic integration. In addition, the leakage flux is confined

inside the core instead of flowing through the air, avoiding additional eddy current loss or EMI issues.

Regarding to the inter-winding capacitance issue of PCB winding transformer, a new symmetrical

resonant converter and symmetrical transformer structure is proposed to cancel out the CM noise. This
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method is not sensitive to PCB winding layout and switching frequency of the converter and have over 20

dB reduction for the CM noise.

Based on the above novel features, a two-stage 6.6 kW on board battery charger prototype with 96%
efficiency and 37 W/in® power density is developed to demonstrate and verify the advantages of proposed

two-stage structure.

In order to achieve faster charging, the on-board charger concept is also extended to a higher power
level. A three-phase interleaved CLLC converter is designed to provide 12.5 kW power. Based on the
single-phase integrated PCB winding magnetic, a three-phase integrated magnetic is proposed. Due to the
interleave between the three phases, further integration can be done between and an even smaller footprint
is achieved. A hardware prototype is built with 98.2% peak efficiency and 154W/in® power density to

demonstrate and verify the proposed structure.
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Appendix A. Hardware Design and Testing

In chapter 2, a variable DC-link two-stage on-board charger architecture is proposed, as shown in Fig.
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265V,
1st Stage: To:em-pole PFC 2nd S'tage: CLLC
1.2kV SiC Device 1.2kV SiC + 650V GaN Device

Fig. A. 1. Variable DC-link voltage structure without split capacitors.

According to the reference [1, 2], for GaN devices, soft switching (actually ZVS) is very critical
for high frequency operation since the turn on loss is much larger than turn off loss. It is the same for
the SiC devices. Comprehensive characterization of 1.2 kV SiC devices is done in references [3, 4]. It
shows similar feature with GaN devices: the turn on loss is much larger than the turn off loss. In the
proposed on-board charger design, AC/DC stage utilizes the bridgeless totem-pole structure with CRM
operation while DC/DC stage adopts CLLC resonant converter. Both stages are able to achieve ZVS

to eliminate the large turn on loss and have very high switching frequency.

A.1. Device candidates and evaluation

A.1.1.SiC device
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The possible SiC candidates for the AC/DC stage and primary side of DC/DC stage is shown in Table.

Al

Table. A. 1. Possible SiC device candidates (from manufactures’ datasheet).

C2M0025120D GE12N20L GE12N025RF-3
l4@100<€ 60A 75A 43A
Vs 1200V 1200V 1200V
Rason@25€ 25mQ 25mQ 25mQ
Vi 2.6V 3.2V 3.2V
Rg_in 1.1Q 10 10
Vgs (recommend) +20V/-5V +18V/-5V +18V/-5V
Ciss@500V 2788pF 3659pF 3164pF
Coss@500V 230pF 216pF 199pF
Crss@500V 17pF 15pF 21pF
Qqg 161nC 170nC 170nC
Package TO-247 TO-247 DE-150

For all these three candidates, we can see that they have similar voltage and current rating. In addition,
their on resistance and parasitic capacitance are very close. However, they do come with two different

packages. One is conventional To-247 and one is DE-150, as shown in Fig. A. 2.

TO-247 DE150 §

G

Fig. A. 2. Package comparison between To-247 and DE-150.
In order to understand the limitation of SiC device, a double pulse tester is built, as shown in Fig. A.

3[5].
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Fig.E 3. Double pulse tester.

The configuration of the double pulse tester is a high bridge structure with both top and bottom devices
to emulate the real operation condition. The inductor has very small equivalent parallel capacitance (EPC)
to so that its impact on the device switching performance is kept minimum. A high speed gate driver
IXDN614SI is used to drive the device with 20 V / -5 V for turn on gate voltage and turn off gate voltage
respectively. To speed up the turn off transition, zero external turn off gate resistor is added to the circuit
so that the turn off loss can be minimized. A 2 GHz high-bandwidth current shunt resistor (SSDN-10) is
used to measure the drain source current flowing through the bottom device [6]. The drain source voltage
waveform and the gate source voltage waveform of bottom device are measured with high voltage passive
probe TPP0850, which has a bandwidth of 800 MHz and passive probe TPP1000 with a bandwidth of 1

GHz respectively.

Fig. A. 4 shows the tested turn off waveform with 800 V drain source voltage and 30 A current. The
product of the drain source voltage and current is integrated to get the switching energy Eorr. The waveform
comparison shows that the GE device has lower turn off energy. However, quite significant parasitic ringing

is observed with both devices, especially in the gate source voltage waveforms. The package related
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parasitic inductances are the major reason for the ringing. For conventional TO-247 package, the long leads

and long internal wire bonding bring signification parasitic inductance. In addition, the lack of Kelvin

source connection generates very large common source inductance, which is the inductance shared by the

power loop and the driving loop. As a result, the large di/dt in the power loop is coupled into the driving

loop and generate significant amount of ringing.
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Fig. A. 4. Turn off waveform of GE SiC device (solid line) and WOLFSPEED SiC device (dash

line) with 800 V voltage and 30 A current.

Large parasitic ringing on the gate source voltage brings two major concerns. One is the potential risk

of false turn on since the positive voltage in the ringing is higher than the device turn on threshold voltage.

This is detrimental to the converter because it causes circuit shoot through. The second one is the risk of

device gate breakdown because the negative voltage in the ringing is lower than the datasheet claimed

minimum negative voltage value.
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Fig. A. 5. Tested waveform under 800 V, 40 A and 300 kHz with (a) TO-247 package and (b) DE-
150 package.

From the above testing result, it is clear that better package is necessary to achieve high frequency
operation of SiC devices. There is another SiC device from GE with improved package, as known as DE-
150. This is a device with radio frequency package. It provides decoupled power loop and driving loop,
reduces parasitic inductors and has a symmetrical electric-magnetic field [7]. Therefore, the parasitic
ringing is dramatically reduced compared to the TO-247 package. Fig. A. 5 provides a comparison between

the two packages under the same 800 V, 40 A, 300 kHz, and 0 Q turn-off gate resistor operating conditions.
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It can be seen that the SiC device with DE-150 package has much smaller parasitic ringing on the gate,
eliminating the risk of false turn on and gate breakdown. In addition, the drain source voltage spike is

reduced by about 50%.

From the comparison, it is obvious that the GE SiC with DE-150 package is more suitable for high

frequency operation.

Since the proposed design has a variable DC-link voltage that ranging from 500 V to 840 V, the device
turn off loss at different voltages and currents is tested and the results are shown in Fig. A. 6 (a). It is
necessary to clarify that the energy stored in the output junction capacitor, often referred as Eoss, is
measured as a part of Eq. For hard switching, it is dumped in the channel of the device and dissipated
during the turn on transition. But with ZVS, this part of energy is recycled. Hence, the Eoss is compensated

from the measured Eq to reflect the real turn off loss.

Eoﬁ (UJ)
30
— 800V
25 —— 700V
— 600V
o0 —— 500V
15
10
5
0
0 10 20 30 40 50
Ioff (A)
(a)

187



Bin Li

Appendix A

Eq (UJ)

80
70
60
50
40
30
20
10

— 800V
— 700V
— 600V
— 500V

0 1.5 3 4.5

RG_off_ext (0 h m)
(b)

Fig. A. 6. Tested turn off losses of the GE SiC MOSFET with (a) 0 ohm gate resistors at different
voltages and currents; and with (b) different gate resistors at 40 A and different voltages

The gate resistor is another important factor that affects the turn off loss. The turn off loss with different

gate resistors is also measured, as shown in Fig. A. 6 (b). This figure clearly shows that a smaller gate

resistor leads to a smaller turn off loss.

A.1.2.GaN device

For the secondary side of DC/DC stage, 650 V GaN device is needed. The available GaN device on

the market is shown in Table. A. 2.

Table. A. 2. 650 V GaN device candidates.

E-Mode D-Mode
Panasonic GaN Systems Transphorm
PGA26E08 PGA26E19 GS66508T GS66516T TPH3205 TPH3206
14@100€ 15A@25<€ 13A@25€ 25A 47A 22A 10A
Vs 600V 600V 650V 650V 650V 650V
Rason@25<€ 54mQ 140mQ 50mQ 25mQ 49mQ 150mQ
Vin 1.2v 1.2v 1.7V 1.3v 2.1V 2.1V
Rg in 0.6Q 0.8Q 1.1Q 0.340 / /
Ciss@400V 419pF 160pF 260pF 520pF 2200pF 720pF
Coss@400V 218pF 28pF 65pF 130pF 135pF 46pF
Crss@400V 40pF 0.2pF 2pF 4pF 23pF 5.5pF
Qq / 2.0nC 5.8nC 12.1nC 28nC 6.2nC
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Enhancement mode (E-mode) MOSFET is a normally-off device, which can be directly used in the
circuit [1] while depletion mode (D-mode) MOSFET is a normally on device, which needs to be configured

in a cascode structure to perform like a normally-on device [8].

Similar with SiC device, double pulse tester is built with different GaN devices to shown their
switching performance. Compared with SiC devices, to handle the even faster switching speed, most of the
GaN devices have Kelvin source connection to de-couple the power loop with driving loop. As a result, the

gate source voltage ringing is much better even with higher dv/dt.

The testing result of 400V, 15A turn off is shown in Fig. A. 7.

From double pulse testing result, we can see that GaN devices are very fast. The highest dv/dt is over
100V/ns, which is far beyond the current Si counterparts. Also, due to the Kelvin source connection in the
package, gate source voltage is very clean even with OV turn off voltage. (The special case here is
PGA26E08 from Panasonic, which uses conventional PQFN package. It has larger parasitic inductance,

which results in larger gate source voltage ringing.)
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Fig. A. 7. Double pulse testing results of different GaN device turn off @400V, 15A.
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The turn off loss comparison of the three devices is shown in Fig. A. 8.
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Fig. A. 8. Turn off loss comparison between GaN device candidates @400V.

However, it can be seen that most GaN devices have the current rating of 15-20A with on resistance
in the range of 50 — 100 mQ. This is too large for a 6.6 kW system even with two sets of output. The

conduction loss is too large and the system efficiency will be compromised.
As aresult, GS66516T from GaN Systems is selected as the DC/DC stage secondary side device.

If we compare the switching energy between GaN device and SiC device, we can find out that turn on
energy is always much larger than turn off energy for both GaN device and SiC device, which justifies zero

voltage switching under high switching frequency.

In addition, due to the smaller parasitic capacitance, GaN device is much faster than SiC and as a result,

both turn on energy and turn off energy of GaN device is smaller than SiC device.
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Fig. A. 9. Measured switching loss of GE’s 1.2kV SiC device at 600V and 650 V GaN device

GS66508P at 400V.

A.2. Driving circuit design

A.2.1.Driving circuit for SiC
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Fig. A. 10. Schematic of the SiC gate driver.
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For SiC device, in order to shorten the turn off transition period and reduce turn off loss, larger sink
current capability of the driver is required. However, the fast turn off speed also increases the dv/dt of the
switch node and makes the common mode voltage immunity more challenging. With reference to work

presented in [9], the schematic of the gate driver design in this work is shown as Fig. A. 10.

Two-stage driving architecture is adopted. The first stage performs isolation (>2500VRMS), gate
signal protection (signal overlap protection) and matched delay time between top switch and bottom switch.
The isolator is selected to have very high common mode voltage immunity capability up to 50 V/ns and
have a very small input to output capacitance under 1.4 pF. The second stage is a simple current booster to
provide larger sink current capability. In addition, a bias and filter circuit is designed to avoid interference
between PWM signal and the power stage. A 5 Q turn on gate resistor and 0 Q turn off gate resistor is
adopted to turn off the device as fast as possible to reduce turn off loss. Isolated power supplies with low

parasitic capacitance (1 — 2pF) provide positive and negative driving voltage separately.

A.2.2.Driving circuit for GaN

Due to the much smaller gate charge of GaN device, the driving circuit is much simpler compared to

SiC drivers.

The same two-channel isolator is enough to serve as both the isolator and the gate driver. Also, since
there is no negative driving voltage, bootstrap circuit is used to provide the top switching driving voltage.
The same bias and filter circuit is designed to avoid interference between PWM signal and the power stage
as in the SiC driving circuit. A 5 Q turn on gate resistor and 0 Q turn off gate resistor is adopted to turn off

the device as fast as possible to reduce turn off loss.
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Fig. A. 11. Schematic of the GaN gate driver.

The detailed driving scheme is shown in Fig. A. 11.
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