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Silicon-based Microwave/Millimeter-wave Monolithic Power
Amplifiers

Talha Haque

(ABSTRACT)

There has been increased interest in exploring high frequency (mm-wave) spectrum
(particularly the 30 and 60 GHz ranges), and utilizing silicon-based technology for
reduced-cost monolithic millimeter integrated circuits (MMIC), for applications such
as WLAN; inter-vehicle communication (IVC) automotive radar and local multipoint
distribution system (LMDS). Although there has been a significant increase in silicon-
based implementations recently, this area still has significant need for research and
development. For example, one microwave/mm-wave front-end component that has

seen little development in silicon is the power amplifier (PA).

Two potential technologies exist for providing a solution for low-cost microwave/mm-
wave power amplifiers: 1) Silicon-Germanium (SiGe) HBT and 2) Complementary
metal-oxide semiconductor (CMOS). SiGe HBT has become a viable candidate for
PA development since it exhibits higher gain and higher breakdown voltage limits
compared to CMOS, while remaining compatible with BiICMOS technology. Also,
SiGe is potentially lower in cost compared to other compound semiconductor tech-
nologies that are currently used in power amplifier design. Hence, this research focuses

on design of millimeter-wave power amplifiers in SiGe HBT technology.

The work presented in this thesis will focus on design of different power amplifiers for
millimeter-wave operating frequencies. Amplifiers present the fundamental trade-off
between linearity and efficiency. Applications at frequencies highlighted above tend
to be point-to-point, and hence high linearity is required at the cost of lowered effi-
ciency for these power amplifiers. The designed power amplifiers are fully differential
topologies based on finite ground coplanar waveguide (FGC) transmission line tech-
nology, and have on-chip matching networks and bias circuits. The selection and
design of FGC lines is supported through full-wave EM simulations. Tuned single
stub matching networks are realized using FGC technology and utilized for input and

output matching networks.



Two 30-GHz range SiGe HBT PA designs were carried out in Atmel SiGe2RF and IBM
BiCMOS 8HP IC technologies. The designs were characterized first by simulations.
The performance of the Atmel PA design was characterized using microwave/mm-
wave on wafer test measurement setup. The IBM 8HP design is awaiting fabrication.
The measured results indicated high linearity, targeted output power range, and ex-
pected efficiency performance were achieved. This validates the selection of SiGe
HBT as the technology of choice of high frequency point-to-point applications. The
results show that it is possible to design power amplifiers that can effectively work at
millimeter-wave frequencies at lower cost for applications such as mm-wave WLAN
and IVC where linearity is important and required transmitted power is much lower
than in cellular handset power amplifiers. Moreover, recommendations are made for

future research steps to improve upon the presented designs.
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Chapter 1
Introduction

The field of wireless communications has seen rapid growth in the past few decades.
In particular, the demand for wireless communication systems with high data trans-
mission capabilities has greatly increased, resulting in the development of new wide-
band communications formats and standards. In order to accommodate both the
high speed and wider bandwidth requirements, as well as to overcome spectrum con-
gestion at lower frequencies, portions of the millimeter-wave (mm-wave) spectrum
(normally 30-300 GHz), particularly around 30 and 60 GHz, have been proposed as
a solution. This spectrum is relatively underutilized, and hence can be used for
broadband, high speed wireless data applications, including broadband video services
at 30-40 GHz and indoor wireless local area networks (WLAN) at 60 GHz [1].

Millimeter-wave frequencies present challenges for both system-level and hardware-
level design. For instance, the mm-wave spectrum is characterized by high propaga-
tion loss, which substantially increases attenuation of signals. This propagation loss
is due to higher rain attenuation levels, and the presence of oxygen molecules that
absorb electromagnetic energy. This typically limits the range of applications that
utilize the mm-wave spectrum to short range, up to 1000 meters, but usually be-
tween 100-500 meters [1] [2]. On the other hand, this higher attenuation could enable
more secure networks and greater frequency reuse for multi-cell communication sys-
tems. Another challenge is the requirement for high linearity front-end hardware due
to the complex digital modulation schemes typically used in mm-wave applications.

For example, 64-point quadrature amplitude modulation (64-QAM) achieves higher
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Figure 1.1: A 64-QAM constellation diagram.

spectral efficiency by encoding information in multiple levels of amplitude and phase.
Figure 1.1 shows a standard constellation diagram for a 64-QAM modulation. Since
the constellation points are packed close together, even some degree of nonlinearity,

causing for example, unwanted phase shifts, could result in bit detection errors.

Although many applications have been under development in the 30-60 GHz range,

three in particular are considered the most commercially viable by the industry:

e Inter-Vehicle Commaunications (IVC). IVC is considered a part of a more general
application—Intelligent Transportation Systems (ITS). The two main purposes
of inter-vehicle communication are to increase traffic safety and traffic efficiency
[3], maximizing comfort and reducing traffic congestion and traffic-related acci-
dents. It should be noted that 5.8 GHz frequency band has also been assigned
for IVC; however, the 59-62 GHz or 60-64 GHz bands have the advantages of

security and frequency reuse that make them more suitable for IVC applications
[1].

e Local Multipoint Distribution Service (LMDS). This is a high data speed in-
door/outdoor wireless application that is part of the IEEE802.16 standard, ad-
dressing the first-mile/last-mile problem. Applications include distribution

of broad-band services such as data, video, voice and internet applications to



fixed users, primarily Interactive Video Services (IVS’s) and Video on Demand
(VoD) [1] [4]. The operating frequency range for LMDS is the lower mm-wave
spectrum from 30-40 GHz. Currently, proposed LMDS systems use a 64-QAM

signal modulation scheme.

e Wireless Local Area Network (WLAN). WLAN plays an important role within
the multimedia communication services and is primarily a short-range, indoor
service. The benefits of WLAN to end users are obviously mobility and in-
stallation flexibility. The demand for high speed wireless communication has
stimulated particular interest in the design of high-quality, high-speed standards
with data transfer rate in excess of 54 Mbit/s, up to 155 Mbit/s [1].

1.1 Power Amplifiers at Millimeter-wave Frequen-

cies

The design of power amplifiers at microwave/millimeter-wave frequencies presents a
significant challenge. As will be explained below in Section 1.2, the dominant semi-
conductor technologies for PA design at these frequencies have been the compound
ITI-V materials such as GaAs, and more recently InGaP. These technologies have
semi-insulating substrate, which enables fabrication of low-loss on-chip passive com-
ponents. On the other hand, silicon-based technologies are attractive from the point
of view of cost and large available design and fabrication infrastructure. However,
standard silicon technologies have much lower resistivity substrate which degrades

passive component performance.

One of the issues that has hampered advances in circuit design at mm-wave range,
especially in silicon technologies, is the lack of accurate device modeling at such fre-
quencies. Compared to lower frequencies where many parasitic elements and trans-
mission line effects do not play a significant role, at millimeter-wave frequencies such
effects become more dominant, and then accurate modeling becomes crucial. To ad-

dress this issue, work has been ongoing to improve mm-wave frequency device models
[5] [6].

Power amplifiers in silicon technologies not only suffer from the lack of accurate



Table 1.1: List of different Si-based power amplifiers.

Power Amplifiers | Frequency | Gain | Output Power | Output Type
N. Kinayman [11] 24 GHz 7dB 14.5 dBm Single-ended
A. Komijani [12] 24 GHz 18 dB 12 dBm Differential
S. Chartier [13] 40 GHz 18 6 dBm Single-ended
B. Floyd [14] 60 GHz 10.8 dB 11.2 dBm Differential

small-signal models at mm-wave frequencies, but also from a critical lack of large-
signal /nonlinear models. Lack of good large-signal models has led to longer, more
iterative, and consequently more expensive, design cycles. IC processes, including
those available from Atmel and IBM that were used for PA designs in this work,
have yet to provide large-signal measurement data (and hence better models) for
their design kits. Nevertheless, some work has been done to improve these models
[7] [8], and even without data for large-signal models, such design kits can be used,
albeit with caution [9]. Another issue that needs to be taken into account is that
of breakdown voltage [10]. Transistor models need to be able to accurately predict

regions of breakdown due to larger expected voltage swings in PAs.

Silicon-based mm-wave PA design is still in its infancy and hence not many such PAs
have been demonstrated. Table 1.1 provides a list of state-of-the-art power amplifiers

at, or close to, mm-wave frequencies.

1.2 Technology Comparison

There are several technologies that can be utilized to fabricate monolithic mm-wave
integrated circuits (MMICs) and lower frequency radio frequency integrated circuits
(RFICs). Typically for power amplifiers, devices are classified in terms of fr, break-
down voltage, thermal conductivity, integration and cost. The f; determines the gain
capability, breakdown voltage determines the power handling limits and affects lin-
earity, and thermal conductivity impacts reliability. Integration and cost go hand
in hand because high level of integration of a PA with other transmitter or trans-
ceiver blocks potentially results in a commensurate reduction in cost. Compound
ITI-V technologies have historically dominated this area of RF circuit design. How-

ever, recent advances in silicon technology, and demand for greater integration and

4



Table 1.2: Comparison of fundamental material properties of Si and III-V technologies.

Properties Silicon GaAs InP
Breakdown Field (V/cm) ~ 3x10° | ~4x10° | =~ 5x10°
Low-field Electron Mobility (cm?/V-sec) | = 1500 ~ 8500 ~ 5400
Thermal Conductivity (watt/cm-°C') ~ 1.45 ~ 0.45 ~ 0.71
1/f Noise Corner Frequency (Hz)
BJT/HBT | 10 — 10% | 10* —10¢ | 103 — 10?
MOSFET/MESFET | 10% — 10° | 105 — 10® | 10* — 105
Intrinsic Substrate Resistivity (Q-cm) 10° 10® 108

reductions in cost, have made silicon-based technologies a more viable candidate for
MMIC/RFIC.

1.2.1 III-V vs. Silicon Technologies

To date, the most widely used ITI-V technologies for power amplifier design have been
Gallium-Arsenide (GaAs) and more recently Indium Phosphide (InP/InGaP) [15] due
to their higher low-field electron mobility, transit frequency (f7) and breakdown volt-
age. Consequently, GaAs and InGaP power transistors have higher gain and output
drive capability compared to silicon-based technologies. Also, GaAs power tran-
sistors have higher power added efficiency (PAE—discussed in Section 2.4) because
of their higher gain compared to silicon technologies, which would tend to result in
higher PAE for an overall amplifier design. Due to the low-loss semi-insulating sub-
strate, passive components with high-Q values (low-loss) can be fabricated directly
on the substrate. However, one of the disadvantages of GaAs and InP substrates is
their lower thermal conductivity compared to Si. Hence, thermal management issues
require GaAs/InGaP wafers to be ultra-thin (less than 100 um typically), resulting
in problems with handling and durability of the wafers, which in turn increases the
cost of such technologies [16]. Table 1.2 [17] summarizes the key relative differences

between Si, GaAs and InP for RF applications.



1.2.2 SiGe HBT

Recent advancements in Si-based RF technologies, particularly the advent of SiGe
Heterojunction Bipolar Transistors (HBTSs), offers significant challenge to GaAs HBT
technology in the PA area. The unity current gain frequencies (fr) of SiGe HBTs are
now comparable to those available in III-V technologies. In fact, SiGe HBTs have
been demonstrated with f7s beyond 350 GHz. GaAs technology still has a significant
performance advantage due to the higher low-field mobility, which improves the mini-
mum noise figure of receiver font-end amplifiers, but this is not a major concern in PA
design. Meanwhile, the availability of PNP transistors and MOSFETSs in SiGe BiC-
MOS technologies offer increased design flexibility in PA circuits. SiGe technology
also offers a potential cost advantage over III-V technologies due to compatibility with
existing Silicon fabrication infrastructure and potential for higher fabrication yield.
Finally, a high level of integration can be achieved in SiGe ICs with other transceiver
circuits that are usually on silicon substrate. This in turn reduces the packaging
complexity and thus may reduce the overall cost even further. However, there are
still challenges in integrating PA circuits into silicon systems-on-a-chip (SOCs) such
as signal integrity, power supply transients, etc. Also, although cost-effectiveness
is highest for CMOS technology, SiGe is a more expensive technology compared to
CMOS.

The SiGe HBT is essentially a compromise between GaAs HBT and RFCMOS devices,
and was readily available for this research. Therefore, prototype power amplifiers
were designed in this technology. It is important to discuss briefly how SiGe HBT
differs from the classical Si BJT. The term heterojunction means that semiconductor
materials with different bandgaps form a junction within a transistor. In this case,
Ge is added to the silicon in the base of the transistor. Figure 1.2 shows a cross
section of a standard SiGe HBT and a BJT [18] [19]. The primary result of adding
Ge in the base is that the overall bandgap of the base is reduced because Ge has
bandgap of .66 eV compared to Si bandgap of 1.12 eV, which improves the carrier
mobilities with respect to Si-only devices [20]. Small base widths are required to
reduce transit time (increase fr), and since SiGe HBT is a vertical structure, epitaxy
is used to fabricate very thin device layers. Doping the base with Ge provides other

advantages over Si BJT, which will be detailed later in this chapter.
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Figure 1.2: Cross section of typical (a) SiGe HBT and (b) Si BJT.

1.2.3 RFCMOS

"RFCMOS" has recently become a popular technology option for RFICs. RFCMOS
is different from standard CMOS in that optimized high frequency (RF) models for
active and passive components are included in a RFCMOS design kit. Also, more
exotic passive components such as spiral inductors, metal-insulator-metal (MIM) ca-
pacitors and different resistors for high frequency operation are included in RFCMOS
[21].  Other than cost, however, RFCMOS does not compare well with SiGe HBT
technology for power amplifier design. The breakdown voltage of a RFCMOS device
with comparable f7 is lower than that of SiGe HBTs, which implies lower power han-
dling capability, and thus limits the use of RFCMOS for mm-wave PA design [22].
Moreover, for the power amplifier to sustain high output power, large device sizes are
typically needed. While in current advanced SiGe HBT technologies, where vertical
transistors are used, this is less of a problem, the footprint in RFCMOS technology
due to large MOSFETSs can add up quite rapidly, reducing the cost advantages of
using RFCMOS technology.

Still, if RFCMOS can provide comparable gain performance, the breakdown voltage
limit can be offset using circuit techniques such as sharing voltage swing among several

transistors, power combination, differential topologies, etc [23].



Table 1.3: Comparison of fundamental material properties of SiGe HBT and RF CMOS

Properties SiGe HBT RFCMOS
fr (GHz) ~ 200 ~ 110
Breakdown voltage (V) ~ 1.8 (BVcg,) ~ 4.3!
Thermal Conductivity (watt/cm-°C') ~ 1.5 ~ 1.5
Linearity good good
Power Gain (dB) @ 30 GHz ~ 10 (very good) | ~ 3 (poor)
Integration Level good very good

1.2.4 SiGe HBT versus other Silicon Device Technologies

SiGe HBTSs have some distinct advantages compared to RFCMOS. Table 1.3 summa-
rizes some of the parameters for state-of-the-art SiGe HBT and RFCMOS technologies
[24].

Furthermore, some important differences between SiGe HBT and Si BJT and RFC-

MOS are summarized below:

e Size and power consumption are critical to mobile applications. For a given
fr, a SiGe HBT would require only about a third of the collector current as
compared to a Si BJT. Also since MOSFETS historically have lower g, per mA
of bias current as compared to BJTs/HBTs, the current required to obtain the

same fr would be somewhat higher using MOSFETs.

e Breakdown voltages of SiGe HBTs are about twice those of Si BJTs for same
fr. As far as RFCMOS technology is concerned, the breakdown voltage, as well
as the maximum operating voltage, are much more limited due to thin gate
oxide breakdown and hot-carrier effects. Moreover, it has been shown [11] that
for SiGe HBTsS, collector-emitter voltage swing can exceed the breakdown limit
by "1.5xBVeg, to "2x BV, if impedance on the order of less than 500 €2 is
seen from the base. Such low impedance allows reverse avalanche current to

exit through the bias circuit to ground instead of entering the emitter.

! Breakdown voltage for RFCMOS is shown as 4.3V in Table 1.3. For PAs this is quite low and
presents a much lower limit than 1.8 V in HBTs because at the highest voltage excursion of 2Vpp
(Vpp is 1.8 = 2xVpp = 3.6V), the gate voltage is at the lowest point. So, only a £.7 V gate
voltage excursion could cause breakdown.



e HBTs have better noise performance since they have higher current gain (/)
and fr as compared to BJTs. Since SiGe HBTs typically have higher base
doping, the base resistance of a SiGe HBT can also be lower than the Si BJT
counterpart, which improves their f,... CMOS devices typically have higher
minimum noise figure as compared to bipolar devices when biased at the same

current density.

e By optimizing the Ge profile in the base of a HBT, much higher early voltage V4
can be obtained than in BJTs. This results in higher r, which maximizes gain
and also helps in improving stability. Short-channel RF-MOSFETSs have much

lower r, than SiGe HBTs due to increased channel-length modulation effects.

e HBTSs have higher current gain than conventional BJTs as a result of which
improved linearization by feedback is possible. Cancellation of the base-emitter
heterojunction capacitance improves the intermodulation performance of HBT's
as compared to MESFET and HEMT.

Hence, due to the advantages of SiGe HBTs over RFCMOS, such as higher current
gain ((3), early voltage, breakdown voltage, and since f; and f,,x that are compet-
itive with GaAs/InP technologies can be achieved at potentially lower cost, SiGe

technology was selected for the circuit designs in this work.

1.3 Objective and Overview of Thesis

This research focuses on the design of monolithic power amplifier designs in silicon
technology, specifically SiGe HBT technology. The designs are to be developed for
millimeter-wave frequency range point-to-point applications around 30 GHz. Two
different power amplifiers will be developed—one in Atmel SiGe2RF technology and
the other in IBM SiGe 8HP BiCMOS. The proof-of-concept power amplifier designs
are single stage, differential amplifiers and having either fully distributed (Atmel) or
lumped/distributed mixed (IBM) input/output matching networks.

This chapter has provided a brief introduction and background on this research topic.
Chapter 2 provides a brief overview of power amplifier fundamentals such as efficiency,

linearity specifications, bias classes, etc. This chapter also discusses the major design
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steps taken into consideration for the two power amplifier designs and details the
approach used for the designs. Chapter 3 discusses the design and implementation
of finite ground coplanar waveguides, which were used in the design of distributed
matching networks. Chapter 4 describes the implementation of the Atmel SiGe2RF
power amplifier design based on design steps and approach outlined in Chapter 2,
and provides the simulation results. Chapter 5 details the layout and fabrication of
the PA IC and small- and large-signal measured results. Chapter 6 describes the
implementation of the IBM 8HP PA design. Simulation results of the prototype
IBM PA are also found in this chapter. Finally, the thesis is concluded by a brief

summary of accomplishments and a discussion of future research directions.
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Chapter 2

Design Issues for
Microwave /Millimeter-Wave Power

Amplifiers

Power amplifier design is characterized by the need to meet simultaneous requirements
of output power, reasonable gain, stability of operation, avoiding permanent transistor
damage due to breakdown effects, and a compromise between linearity and efficiency
that satisfies the given specifications. In order to achieve these goals, accurate linear
and nonlinear models, robust input and output impedance matching and effective
current handling capability are required. In the case of the power amplifiers designs
in this research, a high level of integration is desired in the minimum possible die area,
suggesting a monolithic implementation including on-chip bias circuits and matching

networks.

This chapter will briefly discuss non-linear effects in RF amplifiers and will summarize
commonly used parameters that characterize a power amplifier design such as: output
power; gain; power added efficiency (PAE); and linearity measurements such as 1-dB
compression point, intermodulation distortion, input referred intercept points (IIP)
and error vector magnitude (EVM). Then, this chapter will present design goals and

approaches for the power amplifiers in this thesis.
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Figure 2.1: Block diagram for calculating s-parameters.

2.1 Large-signal vs. Small-signal Design

Since power amplifiers need to amplify signals to a level that can be reliably trans-
mitted by the air channel over some distance, they must provide large voltage and/or
current swings to the load antenna. This is explicitly different from small-signal RF
amplifiers, such as a low-noise amplifier (LNA), that exhibit much smaller voltage
and/or current swings around a DC operating point. Since strong nonlinearities re-
sulting, for example, from gain compression are not a factor in small-signal amplifiers,

they are usually treated/designed as linear amplifiers.

The standard s-parameter-based design of RF amplifiers is based upon assumption
of linear or small-signal operation. Consider the two port network representation in
Figure 2.1. The input reflection s;; = I';, when the network is presented with load

reflection I';, can be written as:

’ by s125211'1,
S$11 = a—lzsn—l—m (21)

Similarly, the output reflection coefficient sy, = I',,; when the network is presented

with input reflection I's can be written as:

s125211's

(2.2)

!
S99=—599
2 1-— SHPS

It is well known that for linear small-signal amplifier design, conjugate matches at the
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input and output such that s;; = 'y and s,, = [} result in maximizing the overall
gain. On the other hand, large-signal amplifiers exhibit nonlinear effects because of
larger voltage/current swings cause cutoff, compression, etc. (Figure 2.2). Therefore,
standard s-parameters design does not work and is not applicable; rather the design
is typically focused at finding optimal load impedance for maximum output power.
However, "large-signal" s-parameters can also be calculated for nonlinear circuits
such as power amplifiers. Unlike standard s-parameters, "large-signal" s-parameters
solutions include nonlinear effects and are power dependent—the s-parameters change

with power levels.

Nonlinearities can usually be divided into weak and strong nonlinearities. Weak
nonlinearities are due to the inherent nonlinearity in the I-V characteristics of a device,
and give rise to intermodulation, the phenomenon of signals of different frequencies
mixing together. This situation is dominant when the PA is usually at an operation
point backed off from the 1-dB compression point, as shown in Figure 2.3. On the
other hand, strong nonlinearities occur when physical transistor limitations such as
clipping at saturation or power supply limits are encountered. The nonlinearity can

be modeled by a power series representation of output of an amplifier:

Vo = a10; + apv? + azv; + agvi + ..., (2.3)

where v; and v, are the input and output signals. However, such a mathematical
model is restricted to lower order terms and thus does not approximate strong non-
linearities well. A different mathematical scheme such as "envelope analysis", could

estimate strong nonlinearities more accurately [25].

2.2 Gain vs. Output Power

Two types of power gain are commonly used to characterize an amplifier. Considering

the two port amplifier block diagram shown in Figure 2.4, they are defined as:

e Transducer power gain, which is the ratio of power delivered to the load to the

13
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Figure 2.4: Single-stage power amplifier circuit block.

power available from the source or Gy = P /Ps

e Operating power gain, which is the ratio of power delivered to the load to the

power delivered at the input of the active device or Gp = P/ Py,

Although Gp is often used because it is important to know what power is being
delivered at the input of a device, power amplifiers are usually defined by G because
it is more useful to consider how much power is actually delivered to the load given a

particular power from the source. The transducer power gain can be written as:

_ P (A= TsP)(I8a ) (1 — [TLf)
Pg 11— Tinls[?[1 — Sool' |

Gr (2.4)

Equation 2.4 shows that the transducer gain is dependent upon several factors, and to
maximize this gain, the input and output need to be conjugately matched. However,
doing so will typically result in current/voltage waveforms that do not have enough

swing for maximum output power. Power at the load can be defined as:

1V

P =
L=97,

(2.5)

Hence, if the voltage at the device output has maximum possible swing (from 2 x voltage
supply! to zero) but with a load, I'y, or Z;, that does not allow the highest current
swing, then the output power will not be maximized. This is usually the case when

G is maximized—in other words, the load presented to the transistor resulting from

!The output (collector/drain) actually swings above the positive supply. An ideal inductor (in-
ductor as RF choke) cannot have any DC voltage across it. Hence, if the output swings from supply
voltage to zero voltage, then it must also swing in positive direction from the supply voltage, which
means reaching possible peak of 2xV,. or Vg, [26].
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conjugate output match does not support maximum output power. Therefore, it can
be said that there is a trade-off between maximum transducer gain and maximum
output power. Thus, a load, often called the optimal load, is needed that can provide
maximum voltage and current excursion. By simple circuit theory this optimal load

can be calculated as ”

[max

Ropt — y (26)
where Vi,ax is the peak voltage at device output and I, is the peak collector/drain

current.

Figure 2.5 gives a visual representation of the cases where the load resistance is
achieved using conjugate match versus optimal load calculations. Note that conjugate
match results in higher gain, while the optimal load results in higher output power

and 1-dB compression at a certain high power level.

A Power Match

Pour \ U

Output Conjugate

P P

1-dB, conj. 1-dB, opt

Figure 2.5: Generalized P,y,: vs. Pj, curves for an amplifier comparing output conjugate
match to output power match.

2.3 Linearity

As discussed above, the power amplifier can be viewed as a nonlinear circuit block,

which exhibits strong nonlinearity effects when driven at high input levels. Nonlinear
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effects can be mitigated by careful design, such as: optimal load selection that achieves
maximum output power before entering in compression region; providing load tuning
at frequencies of concern; or using circuit techniques that would cancel particular

harmonics.

Power amplifiers exhibit nonlinearities in both amplitude and phase. Although am-
plitude nonlinearity can be well understood as waveform clipping or compression,
phase distortion is not as obvious. Compression or clipping limits the gain of a
transistor and consequently the output power level. Phase distortion occurs due to
nonlinear phase shifting of a signal as it passes through the device. It is entirely
possible to have strong nonlinearity in phase but have little nonlinearity in amplitude
at a given range of input drive, or vice versa. In some modulation schemes only the
amplitude carries the information and in others only the phase is modulated. For ex-
ample, in a system where most information is carried by the phase of the signal, such
as phase-shift keying modulation, a circuit design that minimizes phase distortion at
the cost of amplitude nonlinearities might be regarded as preferable. In complex
modulation schemes, information is carried by both the amplitude and the phase.
Therefore, both amplitude and phase linearities are important; however, one may be
preferred over the other depending upon whether amplitude or phase carries most of

the information.

Obviously, in a transceiver chain, the relevant nonlinearities need to be understood
well and their effects minimized. It is also important to relate the nonlinearities
to overall system performance. This leads to different figures of merit for defining
power amplifier nonlinearities. Some specifically relate only devices and circuit ele-
ments, while others also depend on a communication system characteristics such as

the modulation scheme being used.

2.3.1 1-dB Compression Point (P;_;5)

The 1-dB compression point is primarily used to quantify the gain compression char-
acteristic of a power amplifier. It has been seen that transistors have physical limits
and as such maximum voltage or current waveforms corresponding to a certain drive
level. Above, this drive level waveform clipping occurs and gain decreases. The point

at which the gain drops to 1 dB below the small-signal/linear gain is referred to as the
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1-dB compression point, P;_4g,which refers to the input level. The corresponding

output power at Pi_gp is referred as Poy1-a5.

P,_45 does not completely defines PA linearity. The 1-dB compression point is a
single-tone figure of merit and only indicates nonlinearity in amplitude (AM-AM).
It is most useful and practical in modulation schemes where information is send
by modulating the amplitude. In other words, a RF system where only phase is
modulated, the AM-AM figure-of-merit is not very useful. Other system-related
linearity figure-of-merit, explained below, fully define a PA linearity. Nevertheless,
P1_45 can be well correlated with other figure-of-merits, as explained later in this

chapter.

2.3.2 AM-PM Distortion

In power amplifiers, it is also important to observe phase shifts versus input power
drive levels for modulation schemes where information is transmitted by modulating
the phase. This is usually referred to as AM-PM distortion, where PM stands for
phase modulation. A typical AM-PM plot is shown in Figure 2.6 [25]. The unit
used for this figure of merit is degree of phase/dB. Ideally, phase shift should be
constant as input drive is increased, indicating little phase distortion with increasing

input power levels. However, in reality, severe phase distortion can occur.

It has been suggested that in bipolars such as HBTs, the nonlinear base-collector
capacitance is a crucial source of input level-dependent phase shift [25]. This depen-
dence on transistor parasitic element can lead to phase distortion in what is usually
assumed to be the low-level, linear region of operation for power amplifiers. For ex-
ample, Figure 2.6 shows a typical AM-PM plot of a low-linearity PA where phase

shift is increasing steadily even at low drive levels.

2.3.3 Intermodulation Distortion (IMD)

The AM-AM and AM-PM figures of merit described above are derived from single-
tone signals. However, amplifiers are often analyzed using two-tone input because

this is representative of common frequency spectra, where signals are spaced together
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Figure 2.6: Typical AM-PM plots for high- and low-linearity PAs

within a band. Power amplifier nonlinearities produce harmonics at multiples of a
fundamental frequency, w,. Intermodulation distortion (IMD) occurs due to mixing
of any two higher harmonic frequencies. This can give rise to unwanted IM products

that fall in the frequency band of interest and corrupt the desired information.

Earlier, a simple power series was described (Equation 2.3) that showed the relation-
ship between the output and the input signal. Assume that the input voltage is a

two tone input (w; and ws) where

v;i(t) = V cos(wit) + V cos(wat) (2.7)

Using Equation 2.7 and Equation 2.3 and appropriate trigonometric identities the

output voltage can be written as:

V,(t) = ayv[cos(wit) + cos(wat)] + agv?[cos(wit) + cos(wat)]® + ..., (2.8)

where the terms are infinite and can be expanded to show IM products explicitly.

Equation 2.8 can be expanded to show different intermodulation products, such as
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second-, third- and fifth-order intermodulation products (2wy, 2wz, wy £ws; 2wy £ ws,
2wy + wy; and 3wy + 2ws, 3wy + 2wy, respectively) that fall in band as shown below,

where part of expanded v,(t) is shown:

Vo(t) 1 agv? cos(wy + wo)t + axv? cos(wy — wy)t (2.9)
V(1) 3asv” cos(2wy + wy)t + 3as0” cos(2wy — wo)t (2.10)
U,(t) 3asv” cos(2wy +wy)t + 3as0” cos(2wy — w1t (2.11)
Vo(t) bast” cos(3w1 + 2wy)t + bast” cos(3wy — 2wo)t (2.12)
v, (t) Sasv” cos(3wg + 2wy )t + Sa50° cos(3wg — 2wy )t (2.13)

Figure 2.7 is a graphical representation of some of these components. Note the
decrease in amplitude for higher intermodulation products. The third-order IM
products 2w; — wo and 2ws — w; are of most interest because are close to the fun-
damental frequencies. The ratio of IM3 amplitude, 34“;1”—3, to ajv defines the level
of IM distortion. Detailed analysis in [25] has shown that the AM-PM distortion
generates additional terms at the same frequencies as the normal third-order inter-
modulation (IM3) products. This means that they will be added to IM3 products
generated by the amplitude distortion, making IM3 products even more prominent
in the frequency band. FEven-order IM products of closely spaced and equal am-
plitude fundamental frequencies w; and wy such as 2wy, 2ws, w1 + wo are generally
far away from center/operating frequency. Thus, they are usually less of a concern
compared to odd-order IM products. However, depending on system bandwidth, it
is possible that they may fall within the spectrum of interest. Nevertheless, it is
advantageous to suppress even-order harmonics and their intermodulation products
as much as possible especially for large bandwidth amplifiers that are proposed for

mm-wave applications.

Intermodulation distortion is critical and very common in RF system, and identifying
its presence can lead to better component, i.e. PA, design to mitigate its effects
through unique circuit implementations. Also, IM is the source of an important

performance metric for RF components, nth-order intercept point, which is explained
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Figure 2.7: Output spectrum showing intermodulation products for two-tone excitation.

below.

2.3.4 Intercept Point

The 1-dB compression point characterizes the amplitude nonlinearity at the amplitude
fundamental frequency. A similar figure of merit can be obtained for higher harmonics
and intermodulation products. From Equation 2.9 it can be seen that the third-
order IM product has an amplitude term %CL:;US while the fundamental term is aqv
(corresponding to the case of no nonlinearity). If the power magnitudes of these two
terms are plotted versus input power on a log scale (Figure 2.8, [27]) the fictitious
point at which the linear asymptotes of the two curves would intersect is called the
third-order intercept point (IP3). Similarly, second-order IM product, with amplitude
term aov?, and the fundamental term intersect at some fictitious point. This point is

known as the second-order intercept point (IP2), which is also shown on Figure 2.8.

These points cannot actually be measured since in reality the fundamental, the
second-order, and the third-order IM responses compress significantly before this
point, and thus the two curves do not actually intersect. A quick way to estimate the

input referred second- and third-order intercept points (IIP2 and ITP3, respectively)
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from Py_4p is [25]:

IIP2(dB) = Pi_45+19.6 (2.14)
IIP3(dB) = Pi_45+96 (2.15)

However, it should be noted that the above relationship is a rule of thumb and not a

substitute for actual simulations or measurements.

2.3.5 Error Vector Magnitude (EVM)

The classical linearity figures of merit discussed above do not take into consideration
the actual communication system modulation scheme. Alternatively, the error vector
magnitude (EVM) is dependent upon the type of modulated information that is
passed through the power amplifier. Millimeter-wave applications such as LMDS at
30 GHz use complex modulation schemes such as Quadrature Amplitude Modulation
(QAM) to further increase spectral efficiency. QAM modulates the amplitude and
the phase of two carrier signals that are 90° out of phase with each other (I and Q

signals).

The EVM measurement is a primary measure of transmitted modulation accuracy
[28]. Error Vector Magnitude is defined as the difference between an reference (ideal)
waveform or signal and the measured (detected) signal as shown in Equation 2.16 [17]

and depicted in Figure 2.9 [29] for a general case.

EVM = /(I = Liwa)? + (Q — Quetuat)? (2.16)

where I and Q are the quadrature components of the measured signal, and I, and
Quctuar are the quadrature components of the ideal signal. Also, note that EVM
takes into account both the amplitude and phase error. Thus, since power amplifier
designed in this work would operate in a RF system using modulation scheme such

as 64-QAM, EVM simulations are required during design to verify high linearity.

Figure 2.10 shows a qualitative example of constellation diagrams for a 16-QAM signal
[30]. A constellation diagram shows the position of signal points in 1/Q space, and

the deviation of these points from their ideal locations represents errors/distortion
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Figure 2.9: Illustration of Error Vector Magnitude for a quadrature signal.

in the signal. For example, Figure 2.10(a) shows how the ideal 16-QAM signal
would look like with no error (or EVM of zero). This case would occur if there are
no nonlinearities, and thus no errors in amplitude or phase of the signals. Figure
2.10(b) shows distortion that my occur from gain compression of a power amplifier,
not considering any other nonlinearity. This results in worst-case EVM of 0.5%. Note
that the constellation points have become skewed from the ideal case. Figure 2.10(c)
shows what a more realistic signal would look like, with higher nonlinearities; this
resulted in worst-case EVM of 5.1%. Finally, Figure 2.10(d) shows highly nonlinear
signal transmission, where the worst-case EVM is 8.5%. Such high power amplifier

EVM results are unacceptable for practical system implementations.

2.4 Efficiency

The goal of an RF power amplifier is to drive a load (e.g. an antenna) with enough
power to reliably transmit a signal. The ratio of transmitted power to the DC
power consumed by the amplifying device is called efficiency. Thus, the efficiency,

also known as DC to RF efficiency or collector drain efficiency, can be defined as:

P,
Ef ficiency =n = P—RF (2.17)
DC

An ideal power amplifier has an efficiency of n = 1 or 100%. Of course, that is not the
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Figure 2.10: Constellation diagrams for a 16-QQAM modulated signal for: (a) an ideal signal,
(b) signal with EVM of 0.5%, (c) signal with EVM of 5.1%, (d) with EVM of
8.5%.
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case in reality—efficiency is always below 100% because some power is dissipated in
the active device and other PA components such as matching networks. At mm-wave
frequencies and in silicon-based technologies, efficiency drops even more significantly.
This limitation can be further understood by considering the Power-Added Efficiency
(PAE).

Note that the above efficiency definition does not account for the input drive level.
On the other hand, PAE is defined as

Pout - Pz Pout - %ut Pout 1
PAFE = = T — 1 —— 2.18
Ppc Ppc PDC< GT) (2.18)

which accounts for the gain (G7) through the PA. This definition is more insightful
than the collector efficiency definition because it indicates what input drive level is
needed to achieve a particular efficiency value. Hence, to increase efficiency while
keeping the same output power the gain needs to be increased. However, for higher

amplification (higher gain), more DC power is required.

Efficiency is one of the more important parameters that define a power amplifier,
especially in mobile communications where battery life is very important. However,
currently envisioned commercial mm-wave applications are not designed for portable
devices or for systems where battery life is crucial. In such cases, efficiency is not
as critical a specification, although it is always desirable to optimize efficiency while

meeting the other specifications.

2.5 Power Amplifier Classification

Power amplifier classes are well known and are based on where the quiescent current
or voltage is biased in relation to the peak current excursion. The PA classes range
start from most linear (Class A) to highest efficiency (Class F, G, etc.). Unlike
Class A, AB, B and C, Class D, E, F, etc. are known as switching amplifiers, where
transistors operate like a switch. In other words, the collector/drain voltage as
well as the current are non-sinusoidal. Figure 2.11 shows IV-loadline curves for
Class A, AB, B and C and the corresponding output voltage and current swings.

It can be seen that to achieve high efficiency, the transistor is biased such that the
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Figure 2.11: Loadlines for different classes on IV curves with collector (output) voltage and
current waveforms.

waveform excursion turns the transistor off (i, = 0) for a certain amount of time
in each cycle/period; power dissipation is zero during that time, thus increasing the
efficiency. However, the non-sinusiodal waveforms introduce significant non-linearity.
It should be noted that, theoretically, higher classes like B and C produce the same
output power as Class A because the peak voltage and current should be the same
(Figure 2.11).  Also, observe that for higher classes (non-black lines) the slope of
the loadline is steeper, which indicates a smaller load resistance. Therefore, as the
transistor is biased closer to the cutoff threshold, such as in deep Class AB, B and C,

the load resistance must be reduced to produce the maximum output power possible.

2.6 Biasing

Providing reliable dc bias to a RF power transistor is a crucial step in PA design
process. As shown in the section above, the PA operating classes are strongly related
to the bias point selected, and different classes can be achieved by simply changing
the bias point. Consequently, any change in the bias point can result in moving into
an undesirable region of operation for a power amplifier from the point of view of
efficiency or linearity. Low-frequency oscillations (instability at very low frequencies)

are also an important issue, and bias circuits need to be designed to prevent such
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oscillations. Based on the technology /transistor type being used, bias circuits may
also need to perform additional tasks. For example, as will be discussed further later,
in SiGe HBT technology the bias circuits are usually designed to provide impedance
looking from the base of the HBT to be no more than 500 2 [31] [32]. Other issues
that are important in bias design are insensitivity to temperature variations, and good
electrical isolation between dc and RF signals. Two basic types of biasing techniques

are used: Constant Current Biasing and Constant Voltage Biasing

2.6.1 Constant Current

When a bias circuit provides constant current base bias to a BJT/HBT, it is catego-
rized as Constant Current Biasing (CCB). A typical bias circuit of this type is shown
in Figure 2.12. Bias transistor Qy effectively forms a current mirror with the power
transistor, Q, and is scaled in area by the ratio of the reference current to the desired
power transistor collector current. Rjand Ry are known as ballasting resistors, and
the ratio between their values should be equal to that of Q;/Q2 [27]. Ideally, this
bias circuit provides constant current to the transistor base, and this is usually the
case with linear small-signal amplifiers. However, due to the high temperature and
high current exhibited in power amplifiers, this bias circuit deviates from its ideal
performance and at some bias levels may not be able to provide the required current
[33]. Constant current biasing may also degrade linearity since as the drive level
increases, the base current does not change because it is set by the constant current
biasing, while the base-emitter bias voltage, Vgg, drops, which drops the collector
current bias point, and thus causes the lower swing of collector current to clip at high

input levels.

2.6.2 Constant Voltage

The other basic biasing approach is to provide constant voltage across the base-
emitter junction of a BJT or HBT; thus, this is referred to as Constant Voltage
Biasing (CVB). CVB does not suffer as much from the clipping problem seen with
CCB because as input power increases, the base dc current of CVB increases, and

so does the collector dc current. However, in monolithic designs, the standard CVB

28



Power
1 §R2 lc ' Amplifier
Rin -
b Q1
O I I > KArea:n*A

Figure 2.12: Constant current bias circuit. Q1 has area that is n times larger than that of

Q2.

technique is not feasible because of the need for a large inductor as an RF choke at
the base. This has lead to use of an op-amp to provide a constant voltage at the base,
doing away with the need for an RF choke [18]. However, such a scheme is difficult
to implement at mm-wave frequencies, where the output impedance of op-amp would
drop sharply. Although bias through a resistive divider network could be used in
place of an inductive RF choke, it is undesirable because resistors are susceptible to
temperature variations, and thus constant bias source might not be achievable at high
power levels. Also, isolation between RF and dc might be degraded. In many cases
where the impedance looking into the input of an active device is large, a resistive
divider with prohibitively large equivalent resistance might be required to prevent RF

signal from leaking through the bias network.

2.6.3 Temperature-Compensation Biasing

As mentioned above, undesirable shifts in bias can occur as the drive level is increased;
in BJT/HBT designs this problem is usually associated with junction temperature
increase with drive level, which causes the Vgg to drop. The drop in Vg can
significantly change the PA operation region. For example, a PA biased in Class B,

close to cut-off threshold, can easily enter the more nonlinear Class C operation with a
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Figure 2.13: Typical temperature-compensation bias circuit.

slight drop of Vgg. The bias circuit in Figure 2.12 is highly sensitive to this problem.
A small modification and careful selection of ballasting resistors Rjand Ry can lead
to a temperature compensating Vpg bias (Figure 2.13), where Vg drop is lower and
more gradual. This gradual drop is achieved because the ballasting resistor share the
base voltage with the base-emitter junction. Hence, variation in base voltage is not
fully reflected on Vgg. Note that the capacitor C; is advantageous because it forms

a low-pass RC filter, isolating the RF signal from the bias circuit.

The required values of base current is relatively high in power amplifiers, and usually
the supply voltage V. in Figure 2.12 is often unable to provide such current levels.
Thus, device Qy is used to increase Qp4 (Figure 2.13) base current levels [33]. More
complex and robust temperature and process insensitive bias circuits can be designed

and are used frequently in appropriate applications [33] [31].

2.6.4 Current Source Biasing

In RFIC design, differential pairs are typically biased by a current source connected
to the emitters of the differential pair, as shown in Figure 2.14. However, this bias
implementation is often not used in power amplifier design, where highest output

voltage swing is desired, due to the fact that the available output voltage headroom
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Figure 2.14: Biasing of differential pair using a current source connected to the emitters.

is reduced. In addition, the current source increases the standby power dissipation
which in turn degrades the efficiency. Nevertheless, such an implementation has
some benefits such as improving common-mode rejection ratio (CMRR), stability,

and improving RF to dc isolation.

2.7 Design Goals

The purpose of this research is to further the development of silicon-based power
amplifier design at microwave/mm-wave frequencies. To this end, silicon-based tech-
nologies such as RFCMOS or Silicon Germanium (SiGe) are considered. The power
amplifiers designed in this research use Silicon Germanium Heterojunction Bipolar
Transistor (HBT) technology. Even though silicon-based technologies lag behind
GaAs in terms of PA design maturity and have some drawbacks compared to III-
V technologies as discussed in Chapter 1, the market is ultimately driven by cost-
effectiveness, even at the expense of lesser performance. Therefore, the possibility
of higher level of integration, which would significantly reduce cost, has been driving

research in this area.

Before starting any design it is necessary to understand what the goals and parameters
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that needs to be met in order to achieve a successful product. Since the use of
silicon-based technology for microwave power amplifiers is still in its infancy, the
main objective of this work is to demonstrate a working circuit design at 30 GHz
with reasonable output power while exhibiting high linearity. FEfficiency is not as
important due to the fact that applications such as LMDS, WLAN, etc. do not
operate on a portable power supply, and thus, power consumption is not a crucial
aspect. Moreover, since the specific application at mm-wave frequencies was open at
this time, detailed system other specifications were not established. However, some

general goals were defined for the power amplifiers.

2.7.1 Linearity

Figures of merit concerning linearity have been defined earlier. The two figures of
merit used here are 1-dB compression point, P;_;5 and EVM. One future application
at 30 GHz is that for local multipoint distribution service (LMDS), which is a high
data rate application based on IEEE802.16 standard. For such a system, an EVM

value of 3-5% or less is required for a PA.

2.7.2 Output Power

Point-to-point applications usually operate at distance of 1000 meters or less. There-
fore, lower output powers are required, compared to a mobile phone which requires
high output power to transmit signal to base stations that may be on the order of
a km or more away. If the PA is operated at saturation, where output power does
change much with increase in input power, nonlinearities would be too high and
EVM requirement would be difficult to meet (Figure 2.10). The output power for
millimeter-wave applications, such as LMDS, range between 12 to 15 dBm [1] [11].
Hence, the goal is to operate the PA at its 1-dB compression point with output power

in the vicinity of 13 dBm or approximately 20 mW.
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Table 2.1: Atmel SiGe2RF power amplifier design goals

Design Parameters Goal

Output Power ~12—-13dBm Q Py_y4p
Linearity EVM of 3 — 5% @ Py_4p
Efficiency unde fined

Die Size < 2.0mm?

2.7.3 Efficiency

Battery life is not as critical an issue in fixed point-to-point applications as it is
with mobile wireless devices such as a cellular phones. Applications such as inter-
vehicle communication, LMDS or WLAN typically do not depend on a limited battery
supply. Thus, there is no specific efficiency target for this project. However, since in
these applications linearity is a much higher priority, in this work efforts are made to
optimize linearity, which will obviously degrade the efficiency. Note that, however,

it is always beneficial to improve efficiency as long as all other targets are met.

2.7.4 Die Size

Even today some commercial GaAs PA ICs, mostly at lower frequencies, still have
some parts off chip, such as matching networks. The motivation to design microwave
power amplifiers in silicon-based technologies is to demonstrate integration possibil-
ities of PA with other transceiver components. Therefore, in this research fully
monolithic power amplifiers are being designed where the bias circuits, RF chokes,
DC blocks and matching networks are on-chip. However, available wafer space is

limited. Therefore, the target die area is less than 2.0 mm?.

Table 2.1 summarizes the design goals explained above.

2.8 Approach

For millimeter-wave range power amplifier design the most fundamental design, step

is the selection of a technology that can produce reasonable gain at 30 GHz and
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above. Amplification is directly related to the maximum output power that can be
achieved, and together with the requirement of high linearity, the overall approach
is established. SiGe HBT technology has been discussed compared with GaAs and
RFCMOS in Chapter 1, and its merits over GaAs and CMOS have been explained,
leading to the selection of SiGe HBT as the technology of choice. The remaining
discussion in this section is devoted to explaining the overall approach such as number
of amplification stages, PA classification, monolithic matching network implementa-
tion and circuit topology for the power amplifier. As has been mentioned earlier, two
different power amplifiers were designed, one in Atmel SiGe2RF technology and the
other in IBM 8HP technology; the design approaches detailed below generally apply

to both cases.

2.8.1 Monolithic Design

Monolithic designs in silicon are a challenge because of the higher loss incurred in
passive structures, such as on-chip input and output matching networks. These
losses will degrade the gain, the output power, and also whatever PAE that can be
achieved. As shown in Chapter 3, matching networks will be designed using CPW
lines and the loss (dB/mm) has been estimated for various structures. Provided that
reasonable gain can still be maintained and all the parameters are met, it is safer to
over-estimate the loss during computer simulations to avoid any unexpected results

during measurements.

2.8.2 Single-stage Design

When the required gain cannot be achieved from a single amplification stage, the
logical extension is to use multi-stage amplification, where a number of stages are
cascaded together to produce required overall gain. Also, power amplifier output
stages usually have large peripheries for carrying high currents and thus have larger
parasitic capacitance, which presents problems in integrating the PA with other trans-
mitter or transceiver blocks. Thus, it is seen that generally a multi-stage PA designed

is preferred.

For short-range point-to-point mm-wave applications, the required output power is
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only in the range of 12-13 dBm, and advanced SiGe HBT technologies like IBM’s S8HP
or 9HP provide enough gain with single transistor that acceptable low drive levels can
achieve the target output power. Hence, considering wafer space limitations for this

research, it was decided to use single-stage amplification for the power amplifiers.

2.8.3 PA Class Choice

The two fundamental parameters that need to be met in this PA design work were
the output power and high linearity. Power amplifier classifications were briefly
mentioned in Section 2.5, and it was seen that Class A is the most linear region
of operation. As has been detailed earlier, the efficiency is not as important a
parameter in this work and hence it was decided to bias the power amplifiers in Class
A for maximum linearity possible. Also, one underlying issue that has been discussed
earlier is the lack of accurate large-signal /nonlinear modeling of power transistors. A
side benefit of operation in Class A is that the simulation results from the given model
in the design kit can be trusted to a greater degree than if the PA were to be biased
in more nonlinear classes such as AB or B. However, caution is still needed for this

mm-wave frequency design even with Class A biasing.

2.8.4 Differential Topology

The last step in finalizing the design approach was to select a single ended or dif-
ferential (balanced) topology. In particular, the design will be fully differential one
with both input and output ports being differential. Since power amplifiers typically
do drive a single-ended antenna, they are often designed as single-ended. However,
most of the integrated transmitter blocks are differential topologies, and especially
the system that was the basis of this design was fully differential as well. One of the
most important advantages of using a differential topology, especially in this design
where linearity is critical, is the suppression of even-order harmonics that would be

present in a single-ended topology.

Using balanced circuit design is also a way of power combining. Large voltage swings
are needed to produce desired output power. However, the breakdown limits in SiGe

are much lower than that of GaAs and a single SiGe power transistor might not be
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Figure 2.15: (a) Single-ended toplogy, (b) differential topology showing waveform combina-
tion.

able to handle the entire swing. In this case, a differential topology helps in easing
the voltage requirement at all the nodes including the output (collectors). In an
ideally balanced circuit, each side of the differential pair carries identical 180° out-of-
phase signals with equal amplitude. The differential output is the difference of these
two signals, as can be seen from Figure 2.15(a), but since they are out-of-phase each
side will add to give differential output signal of twice that of each transistor. Hence,
required output power can be obtained by adding power generated from each device.
On the other hand, generating the required output power through just one device
(Figure 2.15(b)) may lead to device breakdown due to the larger required output

voltage waveform.

A differential topology has several other significant advantages. Since each device is
180° out-of-phase, a virtual ground node is established at the connected emitters of
the transistors (Figure 2.15) which helps in increasing common-mode rejection ratio
(CMRR). CMRR is important because undesirable signals such as noise, variations

in power supply,etc. appear as common mode components.

Also, ground lead inductance is of major concern in power amplifiers. Not taking
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inductance of a ground lead connected to differential pair emitters into consideration
can significantly affect linearity [34]. Moreover, power amplifiers generate large ac
current and emitter-connected lead inductance can result in large voltage spikes that
can alter the potential of the common port and thus make a ground connection
unreliable. With a differential implementation, such spikes appear as common-mode
components and their effects would be reduced. Another advantage of having an
established virtual ground, is the possibility of creating desired isolation between RF
and dc signals by connecting bias signals/lines to this virtual ground, thus attenuating
any RF signal from entering the bias circuit, as will be seen later. While integrating
several devices or circuit blocks together, loading at the output due to subsequent
cascade stages is a common concern. Usually, a buffer stage, such as an emitter
follower, is used at the output of a device or circuit block to avoid loading issues.
However, by implementing balanced topologies, which increase the input and output

impedance compared to the single-ended case, the loading problem can be mitigated.
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Chapter 3

Finite Ground Coplanar

Waveguide Transmission Lines

Microstrip line and CPW are the two most widely used transmission structures in
conventional (GaAs) millimeter-wave monolithic integrated circuits (MMIC) design.
Coplanar waveguide transmission lines have advantages that make them attractive for
use in MMIC compared to conventional microstrip lines. Some of these advantages

are:

e CPW technology can operate in quasi-static mode up to very high frequencies

because it displays less dispersion compared to microstrip on a given substrate.

e In CPW technology, ground planes are at the top plane, eliminating the need
for via holes in a III-V process (which are required for microstrip structures to

make connections to the backside ground plane) thus, reducing the cost.
e Coplanar ground planes improve isolation between adjacent signal lines.

e Balanced/differential circuit topologies can be realized more easily in CPW /slotline

environment [35].

e Due to the coplanar ground planes, on-wafer measurements using standard
ground-signal-ground (GSG) or, in case of differential measurement, ground-
signal-ground-signal-ground (GSGSG) probes is highly compatible with CPW

structures.
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Figure 3.1: (a) Standard microstrip, (b) standard coplanar waveguide CPW with lower
ground plane.

This chapter first provides an introduction of standard mm-wave transmission line
structures such as those used in III-V technology, and then the design of FGC lines
for use in the integrated millimeter-wave monolithic power amplifier is presented. A
comparison between finite ground CPW (FGC) and TFMS used in Si IC technology

is then presented.

3.1 Conventional MMIC Transmission Lines

Due to the typical high-resistivity (low-loss) substrate, transmission line structures
can be directly fabricated with the bulk substrate (e.g. GaAs) acting as the dielec-
tric. Figure 3.1 shows conventional Microstrip and CPW in GaAs technology. The
distributions of electric fields for both Microstrip and CPW are also shown. Note
that the electric fields penetrate the substrate more so for microstrip than for CPW.
Microstrip technology has been preferred in MMIC design because it has higher effec-
tive permittivity (e.s¢) compared to CPW, which leads to smaller dimensions. CPW

also has higher conductive losses than microstrip (for a given conductor width).
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Coplanar waveguide transmission lines can be easily analyzed by assuming that the
ground planes are infinite in width as shown in Figure 3.2(b). However, in practice
this is not the case and finite ground plane width must be taken into consideration

for more accurate analysis [36] [37].

3.2 Transmission Lines in Si Technology

Unlike conventional ITI-V technology, in standard silicon based technologies, the bulk
substrate cannot be used as a dielectric for transmission line structures due to high
losses at microwave/millimeter-wave frequencies, which would result in unacceptable
levels of line attenuation!. Therefore, interconnect (metal) levels above the substrate
are rather used with inter-metal dielectric as the transmission line dielectric. The
two primary options are thin-film microstrip (TFMS) and finite ground CPW (FGC).
Figure 3.2 shows a TFMS structure and a FGC structure. The conductor strip of
a TFMS is fabricated on a higher metal layer and a ground plane is placed above
the silicon substrate to contain the electric fields, preventing them from interacting
with the substrate. Since the dielectric height is much reduced in TFMS, narrower
conductor width is required to achieve standard 50 €2 characteristic impedance. It
has been shown that at mm-wave frequencies, FGC structure can provide better
performance compared to TFMS line [38] by carefully selecting the CPW dimensions
for a given characteristic impedance. In addition, FGC has higher €.¢; than TFMS,
which leads to smaller physical lengths for a given electrical length. Based on this,
and the other advantages described above, FGC technology was chosen for the PA

designs in this thesis.

The FGC structure has some unique issues that should be taken into consideration
during the design. The remainder of this section discusses issues such as truncated

ground planes, parallel plate resonance and slotline mode suppression.

INote that some technologies provide an option for "high-resisitvity" silicon substrate. Al
though this would reduce losses in passive components, the cost could be high enough to offset cost
effectiveness of using a silicon technology.
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Figure 3.2: (a) Thin-film microstrip, and (b) finite ground CPW on a silicon substrate.

3.2.1 Truncated Ground Planes

In a coplanar waveguide, the majority of high-frequency current in the ground planes
is conducted at their inner edges parallel to the center conductor. However, due
to the presence of the lower ground plane, a parallel plate waveguide structure can
be formed between the top and bottom ground planes [39]. One solution to this
problem is to short the top and bottom planes together using rows of vias. However,
a simpler solution is to truncate the upper ground planes as shown in Figure 3.2(b)
while keeping the overall structure width (w + 2, + 2W,) less than a quarter of a
dielectric wavelength (< A,/(4y/€)) [36]. This dimension ensures that no parallel

plate resonance occurs below the upper limit of operating frequency.

3.2.2 Slotline Mode Suppression

Another aspect of FGC design is the need for suppression of the slotline, or even,

propagation mode [40] [41] . This is a parasitic mode that can arise from voltage
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differences between the two ground planes. Such potential differences can occur due
to asymmetries in the slot lengths of the surrounding ground planes that result from
discontinuities such as T-junctions, where transmission line stubs join the through
line. It is evident that the two ground planes should be somehow connected together
near any discontinuity such as T-junctions to force them to the same potential and
suppress any even mode propagation. There are three common ways to provide such
a connection: bond wires, airbridges and dielectric crossovers [41]. Figure 3.3 shows

these types of ground plane connections [42].

At mm-wave frequencies, typical bond wire lengths result in a high impedance due to
their inductive component, and thus do not provide the required potential equaliza-
tion. Airbridges are prone to damage, and incorporating additional process steps for
such structures in commercial IC technology can be expensive. On the other hand,
dielectric crossovers do not suffer from these drawbacks and are often used. However,
in order to use this method a dielectric crossover technology must be included in
the IC process and be available for use. The Atmel SiGe2RF technology does not
specifically provide a crossover dielectric layer. However, a straightforward alterna-
tive is to use inter-metal vias to connect the two ground planes to a lower metal layer
crossunder, metal-2 in the Atmel case 3.4. The disadvantage of dielectric crossunders
is the higher capacitance, which impacts matching network design. Nevertheless,
the finite ground planes of all the FGC lines designed in this work used cross-under

connections.

3.3 FGC Design Considerations

Before designing on-chip transmission line structures, it is important to examine the
integrated circuit (IC) process in which the structures are to be fabricated. Parame-
ters such as the substrate thickness, metal thickness, and dielectric layer primitivities
are important factors that impact the selection of the type of transmission line and
its structural dimensions. The Atmel SiGe2RF IC process used in the design is a
three-metal process with a low-resistivity silicon substrate and silicon-dioxide dielec-
tric between its metal layers Figure 3.5. The 180 pum-thick silicon substrate has a low
resistivity of p = 20 €2 — em and permittivity of ¢, = 11.9. The SiO, dielectric has a

permittivity of €, = 3.9. There is also a 0.4 um thick silicon nitride passivation layer
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Figure 3.3: Methods of slotline mode suppression: (a) bond wire, (b) airbrdige, (c) dielectric
crossover. Permission granted by Michael Chapman to reproduce the figure [42].
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Figure 3.4: Connection of coplanar ground plane using inter-metal substrate vias.
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Figure 3.5: FGC substrate definition and dimensions used for simulation in TE3D.

with €, = 7.0 over the chip. The top metal (Aluminum) layer is 2.55 gm thick and is

6.4 pm away from the substrate.

In designing transmission line structures, the two most important design parameters
are the transmission line characteristic (Z,) and the attenuation loss (). The finite-
ground coplanar waveguide lines were chosen to have a characteristic impedance of
50 Q. Unlike standard CPW, Figure 3.1(b), where the characteristic impedance
depends on the ratio of the signal conductor width to total cross section, FGC, Figure
3.2(b), line’s characteristic impedance is determined mostly by the ratio of the signal
conductor width to the overall slot width and is not as significantly affected by the
width of the ground planes. Line attenuation for FGC comparable to that of CPW
can be produced if the ground plane width is set to the overall slot width (w + 2g) or
larger [42]. However, it is important to verify that indeed this results in low dispersion

and CPW mode is maintained once conductor width is chosen.

It is not easy to analytically determine the characteristic impedance and the atten-
uation loss of a FGC line. However, EM simulations through TE3D can be used to
simulate different dimensions that would result in a line with a particular Z, (e.g. 50
). The conductor width (w) and the slot width (g) are the two dimensions that are
varied during simulation while the ground plane widths (W) are set according to the

guideline W, = w + 2g. Although larger combinations of conductor width and slot
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width can produce required characteristic impedance, practical considerations such
as high attenuation, dispersion and power loss, moding, etc. limit the range of such
combinations. Line attenuation and center conductor width are important consider-
ation but are inversely related. As the conductor width is reduced, significant line
attenuation can occur because the cross sectional area of the conductor is reduced;
hence lowering the conductivity of the metallic plane. Therefore, narrower conductor
widths will not yield attenuation levels that would be acceptable, especially in the
case of high-frequency power amplifier design where gain and output power are of

premium.

3.4 Simulation of FGC Lines

The substrate in IE3D was defined as shown in Figure 3.5. Note that to reduce com-
putation time the actual 180 pm substrate, the oxide dielectric and nitride passivation
layers can all be replaced in IE3D with a single substrate with weighted average dielec-
tric parameters calculated from the individual values of the layers mentioned above.
However, due to the different modes supported by FGC and the need for highest level
of accuracy at millimeter-wave designs, the substrate structure was defined exactly
as shown in Figure 3.5. Several combinations of center conductor width and slot gap
were simulated to achieve a 50 2 FGC line. First, a conductor width was chosen and
then an approximate slot gap was chosen to produce a 50 €2 characteristic impedance.
The ground plane widths were set equal to w +24. The structure was then simulated
to see if the required characteristic impedance was achieved. Together with Z,, other
important transmission line parameters were calculated such as attenuation loss ()
and effective permittivity (e.rr). Several iterations were carried out to choose an

appropriate structure.

The overall dimension (w + 2, 4 2W)) is restricted to \,/(4,/€1) as detailed above for
the suppression of parallel plate mode. Although the expected operating frequency in
this work is at 30 GHz, as a safety factor it was decided to use a frequency of 40 GHz to
calculate the dielectric wavelength. For a highest frequency of interest of 40 GHz, the
overall line width should be less than 490 pm. This in turn limits the conductor width
to not exceed approximately 70 pm. Figure 3.6 shows the attenuation loss versus

frequency. Figure 3.7 shows the effective permittivity (e.ss) of different conductor
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widths versus frequency. Dispersion can be inferred from variations in the effective
permittivity. Choosing a large conductor width would enhance the possibility of
even propagation mode and would require excessive die area. In order to minimize
die area, which was a major design concern, and considering the simulated results
for attenuation and effective permittivity, a conductor width of 30 pum was chosen,
corresponding to slot gap of 15 um and ground plane widths of 60 um. Figure 3.7
also supports the selection of the conductor width because the 30 um line does not
exhibit high dispersion; in other words, its effective permittivity is relatively flat over

the frequency range of interest.

The reason to set W, equal to w + 2g was to obtain attenuation performance com-
parable to that of infinite ground plane CPW. Hence it is useful to verify that the
chosen FGC structure approximate ideal CPW. Figure 3.8 shows the characteristic
impedance and line attenuation versus the ratio of ground conductor width to center
conductor width (W, /w), where w is fixed to 30 um with ¢ of 15 pm. It can be seen
that both the characteristic impedance and line attenuation change significantly as
(W, /w) is varied, which is similar to standard CPW trends [36] [43]. Also, note from
Figure 3.8 that beyond a W, /w ratio of 2.1, the change in the attenuation parameter

is minimal, which validates the choice of W, = 60 pm.

3.5 Thin-film Microstrip vs. Finite-ground Copla-
nar Waveguide in Atmel Technology

A Full-wave electromagnetic (EM) simulation software, such as IE3D [44], is typically
used to obtain accurate simulations for analyzing transmission line structures, such as
FGC and TFMS. Acceptable line attenuation and reasonable structure dimensions for
a b0 () characteristic impedance were the two requirements analyzed when comparing
TFMS and FGC. Even though matching stubs can be designed with a characteristic
impedance not equal to 50 €2, due to the number of iterations of EM simulation
required for different line geometry cases, a standard 50 €2 line geometry was used

through out the design to simplify design process.

Although a TFMS with the same conductor width dimension as a FGC center conduc-

tor (w) will produce lower loss due to electric field confinement within the dielectric, a
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Figure 3.8: Simulated characteristic impedance and attenuation loss vs. ratio of the ground
plane width (W) to center conductor width (w) for w = 30 pm, g = 15 pm.

much narrower conductor width is required to achieve 50 €2 characteristic impedance.
(Note that in the Atmel SiGe2RF process the dielectric substrate thickness if fixed to
5.1 wm between the top metal-3 and metal-1). Figure 3.9 and 3.10 shows the char-
acteristic impedance and attenuation loss of various TFMS conductor widths versus
frequency, respectively. It can be seen that wider conductor widths result in lower
characteristic impedances and to achieve a Z, of 50 €2, a narrower conductor width
of =7 um is required, which increases the attenuation loss. Looking at Figure 3.11,
line attenuation of 7 pm TFMS is approximately 0.7 dB/mm, which exceeds that of
30 um FGC at approximately 30 GHz. Moreover, as explained in the introduction,
using balanced transmission line structures such as CPW/FGC are more suitable for
millimeter-wave, differential circuit topologies. Additionally, FGC lines have higher
effective permittivity compared to TFMS, and thus the physical length would be
shorter for a required electrical length. Hence, the choice of FGC over TFMS is
validated.
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Figure 3.10: Simulated line attenuation of TFMS vs. frequency for various conductor width

49



—— TFMS:10um | - - - -
—&— TFMS: 20 um
—— TFMS: 30 um
—— TFMS: 7 um

—+— FGC:10um
—e— FGC:20um
—%— FGC:30um

[wwygp] uonenuany aui

45

30 35

25

Frequency (GHz)

Figure 3.11: Line Attenuation for FGC vs. line attenuation for TFMS.

50



Chapter 4

Atmel SiGe2RF PA Design and

Simulation

In Chapter 2 the design goals and approaches for the power amplifier designs in this
work were detailed. If a successful design is achieved, the proposed 30 GHz SiGe
HBT power amplifier will represent only a handful of silicon-based millimeter-wave

monolithic, fully differential power amplifiers reported in the literature to date.

This chapter describes the detailed circuit design using the approach presented earlier

in Section 2.7, as well as key simulation results for the final power amplifier circuit.

4.1 Iterative Design Process

Power amplifier designs are often quite iterative in nature. This is mainly due to
the lack of robust CAD models that accurately predict the high power, large-signal
behavior of such circuits, which in turn leads to longer design cycles (design-fab-
measurement) and increases the overall cost of power amplifier modules. An im-
portant contributor to PA design inaccuracy, especially for high-power designs, is
the prediction of optimal load for maximum output power based on device output
impedance behavior under large-signal operation. This calculation is typically ac-
complished through the use of loadpull techniques. However, CAD based loadpull

simulations are still not sufficiently accurate, primarily due to lack of precise models
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Figure 4.1: Differential architecture with tail current source and differential collector load
shown.

for large-signal output impedance behavior. In any case, this SiGe2RF PA design
and other PA designs are heavily dependent on loadpull results.

4.2 Optimum Load Resistance

For single stage power amplifier design, it is best to use the common emitter (CE)
configuration because common emitter amplifiers have highest power gain compared
to other basic circuit configurations such as common base (CB) and common col-
lector /emitter follower [45]. However, CE suffers from lower breakdown voltages as
compared to common base. In CB configuration the base is ac grounded and es-
sentially a short is seen from the base. Therefore, the base-emitter voltage does
not increase because the reverse current (from breakdown) ideally shunts to ground
instead of entering the emitter. Since the base-emitter voltage does not increase,
the collector current remains the same and the device does not push into avalanche
breakdown [31]. However, since gain is at a premium, CE configuration is still the
most suitable choice for this design. As discussed in Chapter 2, a differential topology
was chosen; i.e. two common emitter HBTs are emitter coupled and an out-of-phase
RF output is delivered. A load that provides optimal output power is connected at

the collectors as shown in Figure 4.1.

As mentioned earlier, PA design is iterative in nature and hand calculations are only

used as a starting point; extensive simulations are used to verify or modify calculated
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design parameters. To generate an output power of around 12 dBm with Vg bias of
2.4V, an initial approximate load impedance was R = ZL;L“ = 2(1.'T1125) ~ 40 2. However,
this meant that the maximum voltage swing would be 2.4V 4 1.1V = 3.5V, which
is more than 1V higher than the CE breakdown voltage. Although, as mentioned in
Chapter 1, common-emitter voltage swing can exceed BVog, in SiGe HBTs, to be
on the safe side, it was decided to limit the voltage swing to or near BVcpg,. Hence,
required power is generated by reducing the resistance (increasing the current). The

optimal resistance is recalculated as R, = 2(%2;5) ~ 27 ), where voltage swing is .9
V on a 2 V bias, which means the peak voltage will be 2.9 V', which is above but

close to the 2.4 V breakdown limit.

This estimated resistance value is subject to change based on loadpull/large-signal
simulations. Since power equal % x I x V and voltage swing is only .9 V, it can be
seen that most of the power will be generated from the current swing. The optimal

load value calculated above is used to approximate the required peak current as:

2 % (01
Ly = w — 33.33 mA. (4.1)

This is a relatively high level of current for a silicon-based RF device, and there are
some important aspects to consider. First of all, the device should be able to handle
this type of current density without causing any reliability issues, such as change in
gain characteristics, device failure and degradation mechanisms caused by hot carrier
effects, electromigration, etc [46]. In particular, electromigration—a limitation on the
current handling capability of the metal layers—must be avoided by designing wider

metal interconnects.

Recall from Chapter 2 that this is a Class A PA design. For the peak current
excursion calculated above, the device will be biased such that I, = Ipc. Therefore,

the total current will be Itotal = ka + IDC = Zka = QIpc.

4.3 Selection of Device Size

The next step is the selection of appropriate active device geometry. The device size

is chosen in order to maximize the gain at the expected current density (bias). In
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other words, a device with its fr close to the maximum possible at the calculated bias
collector current of 33.33 mA is required. The fr for a device in CE configuration
is simulated by shorting its output and measuring the high frequency current gain;
the frequency at which the current gain drops to unity or 0 dB is the f;.  This
was accomplished in ADS for a range of device sizes (Figure 4.2). As explained
further below, an initial device size of 2x0.5x20 um? was chosen; a device size of
2 x 0.5 x 10 pm? means the device has an emitter stripe area (width x length) of
0.5x 10 um? and two (2) emitter stripes. The HBT device in SiGe2RF technology has
two layout options: Collector-Base-Emitter (CBE) or Collector-Base-Emitter-Base
(CBEB). However, for the 0.5 x 10 um? device dimension, only the CBEB layout
is available. The 2 x 0.5 x 20 device ultimately proved to be insufficient. Based on
Figure 4.2, it can be seen that a device size of 5 x 0.5 x 10 gm? has maximum fr at
around 33 mA. Note that the bias value in Equation 4.1 were obtained in conjunction
with the the DC/fr and loadpull (explained below) simulations, which involved many

iterations and update of the calculations or values.

Once the device size is selected, it is important to verify the maximum available gain
(MAG) and stability. Figure 4.3 shows the MAG and the Rollett’s stability factor,
K, which should be greater than 1 [45]. The MAG of 4.8 dB at 30 GHz is close
to what is given in the design manual [47], and the device is unconditionally stable
around the frequency of interest. As has been discussed earlier, some gain is traded
off for higher output power, but the MAG value gives an idea as to the power gain

limit for the power amplifier.

4.4 Loadpull

Loadpull simulation is perhaps the most important step in power amplifier design.
The R,,+ and I, or Ipc values calculated above need to be optimized in order to
achieve the target output power in simulation. Usually, it is seen that the simulated
values are different than the calculated ones because the interaction between different
factors cannot simply be modeled using R = %and 4.1.  The basic idea behind
loadpull is straightforward. To explore the effects of different load impedances on
the delivered output power, the real and imaginary parts of the load presented to

the device are systematically varied in the simulator and contours of constant output
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power are plotted on a Smith chart. It should also be noted that this can be done
experimentally and dedicated load-pull systems are available. However, at mm-wave

such systems are not readily available, and are extremely expensive.

4.4.1 Loadpull Theory

The detailed theory behind loadpull and the power contours that are generated is

explained in [25] [48]. This process is summarized as follows:

e There are two resistive terminations that result in a maximum linear power—
one smaller than R,y (R ) and the other larger than R,y (Rpign). This is
the case because while operation in linear region (not maximum output power),
both the voltage and current swing do not have to be maximized. In the case of
Rpign there is maximum voltage swing with smaller corresponding current swing;
in the case of Ry, there is maximum current swing with smaller corresponding

voltage swing.

e At Ry, the peak output current limits the output power. The contour of
constant delivered power is a line of constant load resistance with varying se-
ries reactance as shown in Figure 4.4(a). For a constant output power, since
reactance is being added, the maximum current remains unchanged, but the
voltage swing is increased. In other words, the voltage swing and the im-
pedance change together to keep the output power constant (P = V?/|Z|). The

maximum value of series reactance, X,,, and the constant resistance R, give

a complex magnitude, /X2 + R? . equal to Rp.

o At Rpgn, the peak output voltage limits the output power. Since here the
power is voltage-limited (voltage is constant), it is more convenient to consider
the admittance. The contour of constant delivered power is a line of constant
load admittance (1/resistance) with varying shunt reactance as shown in Fig-
ure 4.4(b). For a constant output power, since susceptance (1/reactance) is
being added, the maximum voltage remains unchanged, but the current swing
is increased. In other words, the current swing and the impedance change

together to keep the output power constant (P = I2|Z|). The maximum value
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Figure 4.4: Generation of constant output power contour: (a) current-limited power, (b)
voltage-limited power, (¢) combination of the two.

of shunt susceptance, B,,, and the constant resistance Rz, give a complex

magnitude,, /B2, + R}, ;,, equal to Rop.

e The derived loadpull contour is closed by the intersection of the two arcs.

Loadpull contours are generated in simulation by varying the load resistance/conductance
and load reactance/susceptance for different levels of delivered output power, which
leads to different power contours. Agilent Advanced Design System (ADS) has a
robust simulation engine that carries out nonlinear simulations using the harmonic
balance technique [30]. Varying the load is accomplished by using a load tuner

component.
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Figure 4.5: Power delivered contours for the 2 x 0.5 x 20 um? device size. Contours are in
.5 dB step, ending in 10.5 dBm.

Initially, loadpull simulations on a device with two emitter stripes and same emitter
area as mentioned earlier (2 x 0.5 x 20 um?) provided less than 12 dBm of output
power as shown in figure 4.5. This meant more current was required to generate the
output power, and after a few iterations, the device size of 5 x 0.5 x 20 m? was chosen
in conjunction with f; simulations. The delivered power contours for the selected

device size of 5 x 0.5 x 20 um? generated by loadpull simulation are shown in Figure
4.6.

4.5 Matching Networks

Different matching network topologies are used in RF /microwave amplifier design and
each are advantageous in particular cases. The two most common types of matching
network topologies are shown in Figure 4.7. One type consists of two passive elements
and the other type consists of three passive elements. As shown in Figure 4.7(a) , a
matching network with two elements is called an L-transformer. On the other hand,
three-element matching networks can have either = (4.7(b)) or T' (4.7(c)) transformer

topologies. The w-transformers are typically used for output matching networks for
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Figure 4.6: Power delivered contours for the selected device; size is 5 x 0.5 x 10 ym?. Con-

tours are in .5 dB step, ending in 12 dBm.

high power PA designs. They are also typically used as inter-stage matching networks
where it might be necessary to achieve a sinusoidal voltage waveform at the input of
subsequent stage by attenuating harmonics [27]. On the other hand, for high power
PAs with low input impedance, T-transformers are usually used as input matching
networks, especially the two-capacitor/high inductance topology, in order to generate

a sinusoidal current waveform at the input.

In any matching network, the two important issues are the resonant frequency, f, and
the quality factor of the matching network, (). Note that this is not the same as the
"Q" of lossy passive components. The three-element transformers provide flexibility
in choosing the resonant frequency, bandwidth and quality factor but occupy more
die area. On the other hand, the L-transformer is restricted in that the Q is fixed

by the load and source resistances as:

Rin
= -1 4.2
Q Rout ’ ( )

where R;, and R,,; are the input and output resistances as seen by the matching
network. Hence, L-transformers are usually used for narrow-band, low-power design,

and in designs where a specific impedance-match () is not required. L-transformers
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Figure 4.7: Different matching networks: (a) L- (b) 7- (c) T-transformer. X;, X3, X3 rep-
resent the reactances of the passive elements.

are advantageous to use here because fewer passive elements are required (and there-
fore less die area), and tuning can be easily achieved both at the input and output.
Either a low pass or high pass topology for L-transformers can be used. A low pass
topology was chosen for this design for easier implementation with transmission lines.
However, this requires that dc blocking capacitors be placed in series with the series

element (i.e. the series element X5 in Figure 4.7).

4.5.1 FGC Transmission Line Matching Networks

At higher microwave/mm-wave frequencies, lumped elements are harder to realize
because much smaller values are required, which is particularly an issue in the case
of inductors. Also, the self-resonance caused by inductor parasitic capacitances is a
major concern at mm-wave frequencies because at such high frequencies capacitive
components become comparable to the inductance. Moreover, realizing high-() in-
ductors is difficult due to high parasitics and resistive loss. At 30 GHz, distributed
matching networks were implemented using FGC transmission lines. The free-space
wavelength at 30 GHz is:
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N & 3 x 108

This is relatively large on the length scale of typical RFICs (few millimeters). In
addition, transmission lines in silicon technology would suffer higher power loss at
such lengths due to line attenuation. Consequently, at 30 GHz, with today’s 1C
technologies, using lumped passive elements for designing matching network are de-
sirable. However, the Atmel SiGe2RF technology used here has not been optimized
for microwave/mm-wave design, and it was seen that the required inductor values
could not be achieved with the available inductor libraries [47]. Therefore, to avoid
additional uncertainties arising from custom inductor design in this technology, dis-
tributed elements were used for better control over the final design. Also, the Q
of distributed elements is higher than what could be achieved with passive lumped

components at these frequencies.

A low-pass L-transformer topology means that the matching network consists of a
series inductance and shunt capacitance. As shown in Figure 4.8 [27], a series induc-
tance can be modeled as a short transmission line section, while a shunt capacitance
with electrical length less than 90° can be modeled as open-circuit shunt stub. There-
fore, the matching networks are based on a series line and an open-circuit shunt stub.
Initially, ideal ADS transmission line components were used to simulate the matching
networks in the PA design, which were specified in terms of their electrical length in

degrees, 0, at 30 GHz. The guided wavelength is given by:

Cc

- f\/eeff,

where e.sr is the effective permittivity.  Distributed elements in this design are

Ay (4.4)

implemented in FGC technology (Chapter 3). The simulated electrical length from
ADS for each ideal stub and through line was used together with the equation below
to approximate the physical length.

0 x Ag
3600

Physical Length = L = (4.5)
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Figure 4.8: Equivalent lumped and distributed elements

Finally, extensive EM simulations using IE3D were performed on the different FGC
stubs and through lines required in this design to obtain accurate physical lengths for
each stub and through line. The performance (i.e., mainly phase(Ss;)) of the designed
FGC stubs and through lines were similar to that of the ideal ADS transmission line
components, and the ideal components were replaced by the EM simulated FGC

structures using their s-parameters.

4.5.2 Input and Output Matching

A similar concept to loadpull can be applied to the source side of the amplifier. In
other words, different impedances can be presented at the source or input to see what
impedances or load provide the best gain and power results. However, in most PA
designs, for simplicity, the source is conjugate matched at the input because optimal
source impedance usually does not have any appreciable affect on the overall results.
Hence, in this design the input matching is designed to conjugate match the input
at 30 GHz. The L-transformer topology described above was used for the input and
output matching networks. Note that, unlike the input match, the output match

transform a 50 2 load to the impedance found using the loadpull simulations.

Table 4.1 shows the simulated electrical length and the corresponding physical length
for input and output match. The electrical lengths were optimized using IE3D EM

simulations and included in the PA simulations.
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Table 4.1: Electrical and corresponding physical lengths of stubs for input and output
matching network at 30 GHz.

| Electrical Length ‘ Physical Length
Input Match
Series Line 27° 215 um
Open-circuit Stub | 72° 39.5 um
Output Match
Series Line 52° 525 pum
Open-circuit Stub | 47° 148 pum

4.5.3 Bias Network

Several biasing networks for power amplifiers were described in Section 2.6. In the
Atmel power amplifier design, a current source connected to differential pair emitters

was used to provide the bias.

It was seen above that a bias current of approximately 33 mA was required to obtain
desirable output power. Therefore, the current mirror needs to provide 66 mA of
current for the two devices connected to the current mirror. DC simulations led to
a current mirror device size of 2 x 25 x 0.5 um? with Vg bias of 2V for the devices.
The ratio of emitter area of diode-connected device and current mirror output device
defines the current gain of a current source. For example, if the output device
is twice as large as the diode-connected device, then the output current (collector
current for output device) is twice that of the input collector current. However,
to avoid mismatch issues and breakdown due to high current densities, both the
input and output devices were large and of the same size. Typically, the output
current of a current source changes with variation in the output voltage. This
phenomenon is typically characterized by finite output resistance of a current source,
r,. Finite r, can lead to difference between the input and the output currents—in
other words, the current source does not exactly "mirror" the current from the input
to the output. Usually, the output current is greater than the input current [49].
Thus, the input current was set at a level to ensure that the current-source output

current was approximately equal to the required bias.

Transistors used for the current source were high power/high breakdown devices with

lower f7 of around 50 GHz compared to the RF devices that have been enhanced for
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high performance (high fr of 80 GHz). A resistive divider network was connected
to the base of the PA device to maintain close to 2 V' at the emitter, and collector

voltage was provided from the supply through an on-chip (1.3 nH) RF choke.

The final circuit design based on the approach and methods discussed above is shown
in Figure 4.9. The figure shows the balanced amplifier stage. Each side is matched to
50 © (or 100 Q differential) at the input and the output. The low-pass L-transformer
matching networks are depicted by through lines (i.e. through line of § = 27°) and
open-circuit shunt stubs (i.e. stub of § = 72°). Complete bias network with emitter-
connected current source, resistive divider and RF choke for voltage supply feed is
shown as well. Note that dc blocking capacitors were placed in series with FGC
through lines at the input and output. Also, by-pass capacitors were connected to

RF chokes at the voltage supply node.

4.6 Power Amplifier Simulation Results

This circuit was simulated to analyze the small-signal as well as the large signal
performance at 30 GHz. It has been explained in Section 3.2 that ITE3D was used
for EM simulation for the FGC lines/stubs and their s-parameters were included in
ADS using two-port s-parameter blocks. The rest of the circuit simulations were
carried out in ADS, using both its RF engine and its system-simulation engine called

Ptolemy [30]. The simulation results for the final design are discussed below.

4.6.1 Small-signal Simulations

Small-signal simulation was carried at extremely backed-off operating point—around
-30 dBm input power. This ensures no effects due to nonlinearities. The input
and output matching network designs were described earlier, and their small-signal
behaviors are shown in Figure 4.10. Sy; is -11.9 dB while Sgs is -8.2 dB at 30 GHz.
The Ssy plot indicates a mismatch condition exists (referenced to 50 2); however,
that is not of concern because the output is being matched for optimal output power.
The stability of the active device was shown earlier but the overall amplifier small-
signal stability needs to be checked. The Rollett stability factor, K, which should be
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Figure 4.9: Simplified circuit diagram

greater than 1, is shown in Figure 4.11, confirms that the amplifier is stable at and

around 30 GHz. The small-signal gain is around 3.3 dB as shown in Figure 4.11.

4.6.2 Large-signal Simulations

As discussed in Chapter 2 output power, linearity and efficiency are typically the main
performance parameters for power amplifiers. Moreover, linearity parameters such
as 1-dB compression point, harmonic suppression, AM-PM distortion and EVM were
discussed. In this work, these were all simulated. Figure 4.12 shows the AM-AM
(Pout versus Py,) and the gain versus the P;,. The output power at 1-dB compression
point is 12.3 dBm . The gain versus power is 3.3 dB, as expected. Although efficiency
was not a target, the Power Added Efficiency (PAE) is also simulated and is shown

in Figure 4.14. As expected, it is much lower than for PA’s in mobile applications.

Amplifier stability parameters are derived for small-signal operation. The Rollett
factor was verified at 30 GHz but that simulation was done for the amplifier back-off
into small signal operation. There is no comprehensive theory or technique to char-

acterize stability in large-signal operation or versus power levels. Hence, only after
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fabrication and measurement, it is known with confidence whether a power amplifier
is stable at high input power levels by observing the presence or absence of oscilla-
tions. However, a theory has been proposed by Agilent and has been incorporated in
the ADS simulator. The proposed simulation for large-signal stability is supposed to
accurately predict whether an amplifier oscillates or not at large signals [50]. Using
this ADS simulation, the large signal K factor versus power level at 30 GHz was
simulated and is shown in Figure 4.13. This K factor is to be greater than 1 as well

to indicate stability.

The AM-PM plot (in other words phase distortion versus input power) is shown in
Figure 4.15. This plot conforms closely with what would be expected by a Class A
power amplifier. The phase shift is essentially flat until the PA starts to compress,
at which point the phase distortion level increases markedly. At 1-dB compression
point, the phase shift is 4 deg./dB. Figure 4.16 shows the harmonics generated by
the amplifier. Due to differential operation, the even harmonics are suppressed, as

is expected. The worst case harmonic distortion (due to the third harmonic) is —41
dBc.

Finally, the EVM simulation was carried out in ADS Ptolemy, which employs the ADS
large-signal simulation engine (harmonic balance/envelope simulation) and ADS DSP
simulator. Refer to Section 2.3.5 for more information on EVM. A 64-QAM modu-
lation scheme was used at RF carrier frequency of 30 GHz for the EVM simulation.
Figure 4.17 shows the results. At 1-dB compression point, P;_45, the EVM is 2.2%,
which is well under the EVM limit set as a design goal.
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Figure 4.16: Simulated Output spectrum vs. frequency. P;, = 10 dBm.

Figure 4.17: Simulated EVM vs. P;,.
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Chapter 5

Atmel SiGe2RF Power Amplifier

Fabrication and Measurement

The PA design described in the previous chapter culminate in chip layout, verification
and fabrication by the Atmel foundry. After fabrication, the chip was tested at
Virginia Tech using on-wafer measurement techniques. This chapter details issues
involving layout of the Atmel power amplifier design, and explains test plans for both
small-signal and large-signal measurements. Due to the lack of access to a fully
differential test set or appropriate baluns, single-ended measurements for each side
of the circuit were made independently and the results were combined to synthesize

differential measurements.

5.1 Layout

In the production of MMICs or RFICs, the layout of the circuit is as important as the
design itself. Poor layout can lead to degradation in performance, and sometimes even
failure, if issues such as asymmetry interconnect parasitics and electromigration—are
not adequately considered. For power amplifiers, high current densities and output

power require more careful layout.
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Table 5.1: Resistors used in fabrication of bias circuit.

Resistor | Sheet Resistance | IC Layer | Current Condition!
R500 425 Q/sq poly-1 2 mA
R1500 1450 ©2/sq poly-2 1 mA

In Chapter 3, the SiGe2RF technology process was briefly discussed. It is a three-
metal process and has a library of RF-enabled passive elements such as resistors,
capacitors and inductors. For this design, transmission lines were used for distributed
matching, which required custom layout and EM simulation. However, inductors
and capacitors were used for RF choke to provide bias voltage from the supply and

as dc-blocks respectively. Capacitors were also used for by-passing at the supply.

5.1.1 Resistors

There are four different types of resistors available in the process, ranging from low
sheet resistance to very high sheet resistance. The resistors are fabricated using poly
layers. In order to save space and realizing that the resistors used in bias circuits have
relatively high values, high-sheet resistance resistors were used. Specifically, R500
and R1500 resistors were used. Table 5.1 shows some parameters of the resistors

used.

5.1.2 Capacitor

Two distinct types of capacitors are available: Nitride MIM capacitors with 1.1
fF/pum? and standard MIM capacitors with 0.93 fF/um?. MIM capacitors in this
technology are built between metal-2 and metal-1, with Nitride being the dielectric
between the metal layers. Nitride capacitors are different from MIM as the upper
plate is not a standard interconnect metal layer but is TiSi, located much closer to
metal-1 so the dielectric is much thinner. Since the MIM capacitors are used for
dc blocking in this design, relatively large capacitor values are needed to reduce the

impedance seen by the RF signal. High frequency operation in the millimeter-wave

ISheet resistance calculated at this current level current level.
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range inherently helps in this cause as well. It was found that capacitors around 8
pF and with aspect ratio (LxW) of 1.5 produced the desired results with reasonable

capacitor dimensions with regard to overall chip area.

5.1.3 Inductors

There are two types of circular spiral inductors available in this process; circular
inductors are advantageous over octagonal or square inductors since they provide
higher Q. At 30 GHz, the impedance of approximately 4-5 nH inductor is |jwL| ~
6.28 x 30e9 x 4e — 9 ~ 755 (2. This impedance is sufficient to choke the RF signal
and provide a low-resistance path for the dc bias. Hence, simulations on the circular
inductor model were performed to select an appropriate inductor with 4-5 nH of
inductance or more, while keeping the self resonant frequency (SRF) of the inductor
well above the operating frequency of 30 GHz. Varying the width of the metal, spacing
between adjacent turns, number of turns? and the inner radius of the inner-most turn.
It was seen that an inductor with dimension values listed in Table 5.2 provided about
3.6 nH of inductance with its SRF above 30 GHz. The simulated SRF is 36 GHz.
Figure 5.1 shows the inductance versus frequency plot of the chosen inductor. The
inductance was calculated by performing ac simulation on the circular inductor model
and dividing the imaginary part of inductor’s input impedance by 2 x 7 x f as shown

below:

:2X7T><f (5.1)

5.1.4 Symmetry

In order to maximize the advantages of a differential design discussed in Chapter
2 mismatches between the two sides of the differential amplifier must be reduced.
Therefore, the most important goal in any differential circuit layout is to maximize

symmetry. Here, it is critical to keep the circuit symmetric from the RF perspective.

2Note that in the Atmel design kit, the "number of turns" have to be specified in terms of quarter
(1/4) turns. For example, 13 turns means 13/4 = 3 and 1/4 turns.
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Inductance (nH)
o

Frequency (GHz)

Figure 5.1: Simulated inductance vs. frequency using of the chosen inductor with parame-
ters summarized in Table 5.2. Note that the SRF for this inductor design is
around 36 GHz.

Table 5.2: Chosen inductor parameters.

Parameter Value
Width of turns 6 um
Spacing between adjacent turns | 5 um
Number of quarter turns 13
Inner radius 27.5 pym
Total inductance 4.02 nH
Self-resonant frequency 36 GH~z
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This means that signal lines should be of exactly the same dimensions and follow
the same routing. Fortunately, in this design such symmetry is inherently achieved
through the use of balanced CPW (or FGC) lines connected on both sides of the
circuit. Some asymmetry arises from the dc bias routing because the placement of
supply voltage node for resistive divider network symmetric routing with respect to
current-source supply voltage node. Symmetry is also maintained for the supply volt-
age connections to both power devices through the respective RF chokes. However,
the base voltage bias circuit (resistor divider) connected to device bases inherently re-
sults in some asymmetry because of the need to place the current mirror very close to
the connected device emitters. However, this is not a significant a mismatch because

the asymmetry is in the bias circuit and not in the RF path.

5.1.5 Electromigration

Electromigration is the process of metal dislocation in interconnects due to excess
current densities. In power amplifiers where high current density is carried through
metal interconnects, it is crucial to keep in mind the current handling limits of the
metal layers, and increase the width of traces as appropriate to prevent electromigra-
tion effects. For this design, the SiGe2RF process has current density, Jy.x, limit
of 8 mA/um of metal width for metal 3 at 125 °C. The chosen signal line center
conductor width (Section 3.4) of 30 um therefore has a current handling capability
of 30 x 8 mA = 240 mA, which is well above the expected peak current of around 66
mA. Similarly, the dc lines were appropriately widened so that they could handle dc

bias current of around 33 mA.

5.1.6 Final Layout

Taking into consideration the aspects explained above, and other issues such as Design
Rule Checks (DRC) and antenna rules, the resulting final layout is shown in Figure
5.2. The circular pads are 80 pum in diameter, and the distance between each RF
pad is determined by the pitch of probes used during measurements. The available
ground-signal-ground-signal-ground (GSGSG) probes have a pitch of 150 pm for their

pins. This means that the pads are placed such that the distance between the center
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Figure 5.2: Complete layout of the Atmel SiGe2RF power amplifier design. Die area =
1.75 x 1.15 pm?.

of a pad to the center of the next pad is 150 um. DC blocking capacitors are placed
in the RF path near the pads. The complete layout was verified versus the schematic
(LVS check) to ensure that all connections were made properly and there were no short
circuits, floating nodes, etc. The layout data was subsequently submitted to Atmel
for fabrication via M/A-COM. Figure 5.3 shows the actual die after fabrication. The

total die area is 1.75x1.15 mm?2.

5.2 Small-signal Measurements

Small-signal measurements (S11, Se; and Sgy) were taken for comparison with the
previously simulated results. Stability was verified since the circuit operated as an

amplifier rather than having undesired oscillations.

Figure 5.4 shows the measurement setup. The Agilent E8364B Vector Network
Analyzer (VNA), or "PNA" Network Analyzer as it is called, was used to carry
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Figure 5.3: Actual die photograph of the fabricated PA with Area=1.75 x 1.15 mm?.

out the measurements. First, the PNA was calibrated using Cascade Calibration
Standard and the PNA built-in Short-Open-Load-Thru (SOLT) calibration routine
for the full on-wafer 2-port system. This calibrates out the losses to the reference
plane of the probe tips. The calibration was carried out over the frequency range
of 20 to 40 GHz. Two 2.92 mm (K-connector) coaxial cables were used to connect
each port of the PNA to each port of the device under test (DUT). A 2.92 mm
cable is appropriate for this use because it has an upper limit of mode-free operation
of approximately 40 GHz [51]. Infinity GSGSG differential probes from Cascade
Microtech were employed. For each measurement, one side was terminated with a
50 Q load while RF signal was passed through the other side of the circuit. The
results from each measurement (each side) were combined in ADS using ideal baluns.

Hence, the measurements show the synthesized results obtained from ADS.

Figure 5.5 shows the small signal measurements. Sy; is -11.7 dB, Sg; is 2.9 dB and
Soo is -12.5 dB at 30 GHz. These results were obtained at input power level of -30
dBm.
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Figure 5.4: Small-signal measurement setup. The DUT is the power amplifier under test.
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Figure 5.5: Measured S1; and Sos verses frequency of the fabricated power amplifier.

Table 5.3: Comparison between simulated and measured results at 30 GHz

Parameters Simulated | Measured
Gain (Sg;) [dB] 3.3 2.9
P, @ 1-dB compression [dBm] 12.3 11.9
Si1 |[dB —11.9 —11.7
Sos |dB —8.2 —12.5

Figure 5.6 shows the measured small-signal gain. The measured gain is 0.4 dB below
the simulated small-signal gain. Table 5.3 summarizes some simulated and measured

parameters.

5.3 Large-signal Measurements

Large-signal output power versus input power measurements were taken to determine
the measured 1-dB compression point. Other large signal measurements such as AM-

PM compression, EVM and harmonics were not possible due to the lack of appropriate
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Figure 5.6: Measured differential Sojverses frequency of the fabricated power amplifier

equipment and time limitations. Before doing the measurement, the PNA system
was SOLT calibrated again in the power domain. In other words, the power source
(VNA) was calibrated to generate correct power levels at around 30 GHz so that it

provided stable, accurate input power to the DUT.

Figure 5.7 shows the measurement setup. The large-signal measurement required the
use of external pre-amplifier to drive the DUT sufficiently into compression, power
sensor and power meter. The Agilent 8487A power sensor was calibrated using
the HP E4418B power meter, which had the sensor’s calibration data stored in it.
The external amplifier was an HP 83050A microwave amplifier that had the upper
frequency limit of 50 GHz.

Figure 5.8 shows the AM-AM plot, showing the output power versus input power.
The input referred 1-dB compression point, P;,, 145 is approximately 10 dBm, and the
output power at the compression point is approximately 12 dBm. Although harmonic
content of the power amplifier is shown in simulation results, such measurement
using a Harmonic Mixer and Spectrum Analyzer were not successful in the test lab.
Unstable measurement were seen, and the power levels at the harmonics were nearly

undetectable. Table 5.3 summarizes some simulated and measured parameters.
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Figure 5.7: Large-signal measurement setup. The DUT is the power amplifier chip under
test.
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Figure 5.8: Measured P, vs. Py, of the fabricated power amplifier at 30 GHz.
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Chapter 6

IBM S8HP PA Design and

Simulation

In order to achieve higher performance for potential mm-wave applications, a second
PA design was completed in IBM BiCMOS 8HP technology. In this chapter, the
IBM 8HP PA design will be described briefly. The basic design is very similar to
that of the Atmel amplifier presented in previous chapters with same design goals.
However, some changes are made in the implementation of the input and output
matching networks, and the bias circuitry. Simulation results and full custom layout
for this design are presented. This circuit has not yet been fabricated; therefore, no

measurement data is available.

6.1 Circuit Design

In order to perform ADS simulation with the IBM 8HP design kit, schematic capture
had to be done in Cadence and then exported to ADS using ADS RFIC Dynamic
Link (DL) [30]. RFIC DL is an interface that allows communication between ADS
and Cadence. In addition, final design was also simulated in Cadence to compare the
large-signal simulations with those in ADS. Since this design is basically the same as
that of the Atmel design discussed previously, only the differences will be highlighted

below.
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Figure 6.1: f7 versus collector current of different transistor device sizes.Device 1 =4x.12x6
pm?2.Device 2 = 3 x .12 x 12 um?.Device 3 = 3 x .12 x 18 um?.

The HBT devices in IBM 8HP technology provide much higher gain compared to
the Atmel SiGe2RF technology, with a peak fr close to 220 GHz. Figure 6.1 shows
simulated fr for three different device sizes. The chosen device size is 3x0.12x 18 pum?,
which was selected on the basis of a near-peak fr at the bias point of 30 mA. The
simulated MAG at 30 GHz is 11.9 dB, and Rollett’s stability factor K is 1.8; and thus
the amplifier is unconditionally stable around 30 GHz. The loadpull output power

contours are shown in Figure 6.2 for the selected device.

6.1.1 Matching Networks

As described in Chapter 4, a shunt capacitor is equivalent to open-circuit shunt stub,
given that the electrical length of the stub is less than 90°. The shunt elements
in the input and output matching networks need to provide a susceptances of 38.6
mS and 19.8 mS, respectively. The lower values of susceptances translate to small

values of capacitors since capacitance = C' = g, where the susceptance is denoted by
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Figure 6.2: Power delivered contours for the device size of 3 x 0.12 x 18 um?. Contours are

in 0.5 dB step; maximum P,,; is 13 dBm.

Table 6.1: Input and output matching network parameters.

‘ Electrical Length | Physical Length or Value
Input Match
Series Line 25.2° 290 pum
Shunt Capacitor | — 205 pF
Output Match
Series Line 44.2° 520.8 um
Shunt Capacitor | — 105 pF

B. The IBM technology is enhanced for much higher frequency design, and provides
excellent models and parasitic information for passive components valid well into
millimeter range. Thus, small values of capacitors can be used in a design with
more confidence. Therefore, in order to conserve area, mixed distributed and lumped
matching networks were used at both the input and output. Again, the series FGC
elements were simulated in IE3D and the results used in ADS as 2-port s-parameters
blocks, which replace the ideal transmission lines used in initial simulations. Table
6.1 provides the corresponding electrical and physical lengths of the series lines and
the shunt capacitor values used in the matching networks. As with the Atmel design,

dc-blocking capacitors were placed in series with the through lines.
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Figure 6.3: Simplified PA circuit diagram. Resistances are in Ohms.

6.1.2 Bias Circuit

Unlike the Atmel design that provided active stage bias using a current mirror, the
bias circuit used in the IBM design is a more conventional one for PAs. A tail
current source, such as in the Atmel design, was not used here due to the fact that
the breakdown voltage of HBTs in the IBM process is lower than that of Atmel
process (1.6 V to 2.4 V' BV¢p, ), which reduces allowable supply voltage, and a tail
current source reduces the output voltage swing available for generating output power.
Another advantage of using this type of bias, as explained in Section 2.6, is that it
keeps the base-emitter bias voltage, Vg, relatively constant over input power levels;

thus, preventing PA class (bias) from changing as the amplifier is driven harder.

In this case, two identical bias circuits are connected to the base of each power device
in the differential pair. This is so because the designed bias circuit is connected to
base of one of the device and does not support the base current /voltage for the other
side of the differential pair. The bias circuit is similar to Figure 2.13 discussed in
Section 2.6. Figure 6.3 shows the complete circuit for this design. For simplicity,

the bias circuit is shown for only one side of the power amplifier circuit.
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Figure 6.4: Simulated S1; and Ses verses frequency.

6.2 Simulation Results

The simulation results for the final design are shown below and were obtained using
Cadence SpectreRF tools. Note that FGC lines were simulated using IE3D, and their
results were included in the overall power amplifier simulation using s-parameters
blocks. Both the s-paramters (small signal) and periodic steady state, PSS, (large

signal) SpectreRF simulators were used to perform the simulations.

6.2.1 Small-signal Simulations

The input and output matching results are shown in Figure 6.4. Sy, is -12.4 dB while
Soo is -8.3 dB at 30 GHz. The Rollett’s stability factor, K, is shown in Figure 6.5
along with small-signal gain. The corresponding small-signal gain is around 9.6 dB
at 30 GHz and the amplifier is unconditionally stable around 30 GHz as indicated by
K > 1. Note that Figure 6.5 is not a plot of MAG versus gain; rather, it is the plot

of transducer gain, So;, versus frequency of the power amplifier.
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Figure 6.5: Simulated S9; and K verses frequency.

6.2.2 Large-signal Simulations

Large-signal simulations were done using the PSS engine in Cadence. The design pro-
cedure was carried out using RFIC DL because simulation for loadpull using Cadence’s
portAdapter component failed due to simulator/design kit issues. Also, Harmonic
Balance simulator in ADS/RFIC DL is faster than and as accurate as PSS. Figure
6.6 shows the AM-AM plot, with the gain versus the input power super-imposed.
The P;_4p is 7.5 dBm and the output power at this point is 16 dBm. The peak gain
is 9.6 dB at 30 GHz, which agrees with the plot shown in 6.5. Although the design
was not optimized for efficiency, the Power Added Efficiency (PAE) is also simulated
and is shown in Figure 6.7. As predicated, the PAE is much higher than that of the
Atmel design, with a peak PAE of greater than 16%. Figure 6.8 shows the harmonics
generated by the amplifier; as seen with the Atmel design, due to differential opera-
tion, the even harmonics are suppressed. The worst case harmonic distortion (due
to the third harmonic) is —37 dBc.
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6.3 Layout

As with the Atmel design, layout issues such as symmetry, parasitics and electro-
migration needed to be taken care of. The 8HP provides option for five, six or
seven metallic layers. Seven metals layers were chosen so as to locate the passive
components (transmission lines, inductors, etc.) as far as possible from the silicon

substrate.

6.3.1 Resistors

There are four different types of resistors ranging from low sheet resistance to high
sheet resistance. This PA design involved small resistor values in the bias circuit.
Hence, a resistor type was chosen that had relatively low sheet resistance so that the

resistor sizes were reasonable. The characteristics of this resistor is shown in Table
6.2.
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Table 6.2: Resistors used in fabrication of the bias circuit.

Resistor | Sheet Resistance | IC Layer Current Handling
KQ BEOL 60.5 ©2/sq Above MQ (metal-5) 5 mA/um

6.3.2 Capacitors

Three types of capacitors are available in the 8HP process: MOS varactors, Hyper-
abrupt (HA) Junction varactors and MIM capacitors. The MIM capacitors were used
in matching networks as dc blocks because the cutoff/SRF frequencies of MOS and
HA varactors were lower than or too close to the operating frequency of 30 GHz [46].
Also, varactor capacitance changes with voltage variation, introducing nonlinearity
and variation in matching networks. Moreover, varactors need to biased, which might
require a separate bias circuit other than the ones used for biasing power devices. The
MIM capacitors in this technology are built between thin metal-5 and metal-6 lay-
ers, metal-5 being the top plate, and the capacitance per unit area for the MIM
capacitors was 1.0 fF/um?. The shunt capacitor value needed in the input matching
network resulted in capacitor dimensions with aspect ratio (WxL) of 2:1, while for
output match the resultant capacitor dimensions had aspect ratio (WxL) of close to
1:1. Since the values of capacitors in the matching networks are relatively small, the
parasitic bottom-plate capacitance of .0045 fF/um? was taken into account for the
capacitor design. Finally, 4 pF/" MIM capacitors were used as dc-blocks with aspect

ratio of 1:1.

6.3.3 Inductors

There are two types of inductors available in this process. Both inductors are fab-
ricated in 4 pm-thick analog metal (AM), which is the topmost metal, but differ in
the type of ground plane used. DT inductors have deep trench as the ground plane
while metal-1 is the ground plane for M1 inductors. As was the case with the Atmel
design, the inductance of the different inductors was simulated using the inductor
model to verify that the SRF was sufficient for use in mm-wave applications. In-
ductance simulations were performed by varying DT vs. M1 plane, the width of the

metal, spacing between adjacent turns, number of turns and the inner radius of the
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Table 6.3: Chosen inductor parameters.

Parameter Value
Width of turns 5 pum
Spacing bet. adjacent turns 5 pum
Number of turns 2.5
Radius (outer dimension) 125 pum
Total inductance 1.1 nH
Self-resonant frequency 38 GH~z
Ground plane Deep trench

inner-most turn. It was seen that inductors with deep trench as the ground plane had
higher SRFs compared to same inductors with metal-1 as the ground plane. Unlike
with the Atmel technology, inductors in the 4-5 nH range were difficult to realize at
mm-wave frequencies because their SRF fell below the target operating frequency of
30 GHz. Ultimately, it was found that a 1.1 nH inductance had SRF of 38 GHz while
sufficiently blocking the RF signal from shunting to ac ground. Table 6.3 shows the

parameters of the chosen inductor.

6.3.4 Final Layout

Taking into consideration all the aspects explained above, the final layout shown
below in Figure 6.9 was realized. The layout passed all the Design Rule Checks
(DRC) including antenna rules. Also, the Cadence Assura tool was used for layout
versus schematic (LVS) check, which completed without errors. As with the Atmel
design, the probe pitch determined the distance between the 1/O pads, which were
(WxL) 88 x 100 um? in size. The total die area is 1.74 x 0.89 mm?.
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Figure 6.9: Complete layout of the IBM 8HP power amplifier. Die area is 1.74 x 0.89 mm?.
Note that components of the layout are symmetric about the plane of symmetry.

93



Chapter 7
Conclusion and Future work

The objective of this thesis was the development of silicon-based microwave /millimeter-
wave power amplifiers for use in wireless communication applications at microwave/mm-
wave frequencies. Millimeter-wave applications include inter-vehicle communica-
tion (IVC), local multipoint distribution systems (LMDS) and WLAN. Applications
at mm-wave frequencies tend to be point-to-point and use higher-order modulation
schemes such as quadrature amplitude modulation (QAM), and hence high linearity
is required at the cost of lowered efficiency for power amplifiers. The PA designs
developed in this thesis demonstrated mm-wave range operation with output powers
in the range of 12-16 dBm and high linearity. This chapter briefly summarizes the
accomplishments of this thesis and suggests future research directions to further this

work.

7.1 Summary

The SiGe HBT is historically advantageous over RFCMOS devices due to high gain
availability and higher fr, and therefore SiGe HBTs were used for the PA designs.
However, the most significant advantage of using SiGe HBT is higher breakdown
voltages compared to RFCMOS technology at comparable f;. This allows for larger
voltage swings and thus higher output power. The PA designs in this thesis were
designed in Atmel SiGe2RF technology, which has fr of 75-80 GHz for high frequency
HBTSs and IBM BiCMOS 8HP, which has fr of around 220 GHz for high frequency

94



HBTs.

Several factors must be considered before selecting a device to deliver high output
power, such as collector-emitter breakdown voltage, collector current density and
maximum gain for a given bias. The breakdown voltage in silicon-based technologies
is lower than that of GaAs or other III-V technologies. Hence, a large part of output
power is developed by driving a high current into the load. Different device sizes were
simulated to select those that met the specifications for collector current density and
peak fr performance, which would ensure maximum gain availability. Differential
circuit topologies were used for both designs to ease the peak voltage swing on each

device, and to exploit the inherent linearity advantages.

Initially, on-chip input and output tuned distributed matching networks using open-
circuit shunt stubs and series lines were implemented in CPW (FGC) technology.
Implementation in subsequent designs used lumped shunt capacitors in order to con-
serve die area. FGC structures were optimized using IE3D Full-wave E'M simulator.
The power amplifier designed in Atmel SiGe2RF technology was fabricated and mea-
sured, while the IBM 8HP BiCMOS design has not yet been fabricated. The most
evident difference between the two design is the power gain. The Atmel PA has mea-
sured power gain of 2.9 dB at 30 GHz while the IBM design has a simulated power
gain of 9.6 dB at the same frequency. Also, the circuit implementation for the IBM
design resulted in better efficiency, but lower linearity as indicated by lower P;_4p
point of 8 dBm, whereas Atmel PA design has measured P;_4p of approximately 10
dBm. High linearity of Atmel PA is seen by simulated EVM of just 2.2% at Py_g4p.

7.2 Future Work

This work represents initial prototypes for silicon-based power amplifiers at microwave /mm-
wave frequencies (particularly 30 and 60 GHz bands). Several enhancements can be
made to the designs such as higher power gain, output power, and better efficiency
while keeping the high linearity. Furthermore, this work can be a basis for other

silicon-based PA designs at higher frequencies.
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7.2.1 Power Gain and Output Power Improvement

One of the key improvements that can be made to the designs detailed above is
increasing the power gain of the PAs. SiGe HBT multi-stage PA designs have been
demonstrated at very high microwave/mm-wave frequencies with gain in excess of
15 dB [13] [12]. Such power gain levels are desirable to reduce input drive level
requirements. Due to the lack of wafer space, multi-stage designs were not pursued
initially. In multi-stage PA designs, obtaining high linearity requires careful design of
each stage, starting with the output or power stage. Careful planning is required for
selecting the optimum ratio of device sizes between the different stages and designing
inter-stage matching networks for the best possible linearity. However, due to the
larger number of active devices in a multi-stage design, the overall efficiency would

decrease.

As has been discussed in Chapter 2, the common-base configuration has higher break-
down voltage compared to common-emitter. Therefore, the CB configuration is an
attractive option in silicon-based technologies, where BV, is typically quite small.
On the other hand, due to sub-unity current gain, CB suffers from lower power gain
and several stages might be required to obtain a reasonable value. Hence, CB con-

figurations need to be carefully studied option to CE.

7.2.2 Linearity Improvement by Forced Input Mismatch

In a multi-stage design, the linearity of each of the amplification stage needs to be
taken into consideration. Where output stage device is mainly constrained by the
output power requirement, the driver stage can be optimized to achieve best overall
linearity. As the drive level is increased beyond the small-signal regime, the input
impedance will change. Hence, a match that works well for a specific power range
will degrade with change in the drive level. By deliberately mismatching the input
of the driver stage at a point approximately closer to the 1-dB compression point,
better linearity performance can be achieved [52]. As shown in Figure 7.1 [53], this
would result in some loss of gain at small-signal or linear region, while gain expansion

will occur ideally at the 1-dB compression point.
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Figure 7.1: Gain expansion by mismatching.
7.2.3 60 GHz Two-stage Power Amplifier

The available unlicensed spectrum between 59 to 64 GHz has generated significant
interest for high speed, wide-band communication, especially for short-range and in-
door applications [54]. Hence, this thesis work can be extended to a mm-wave PA
design at 60 GHz. 60 GHz and a 77 GHz power amplifiers have already been demon-
strated in [14] and [55], but they suffer from very low efficiency and their linearity
was not characterized. The goals of this design will be to improve efficiency while
maximizing the linearity. Implementation of a prototype 60 GHz power amplifier
has already been initiated. The design is biased in Class A, has two amplification
stages, distributed/lumped on-chip matching networks, and a temperature and para-
meter insensitive bias on-chip circuit. This bias scheme will also potentially help in

improving linearity.

7.2.4 Shielded-substrate Coplanar waveguide

As discussed previously, power-added efficiency is dependent upon the amplifier gain—
the higher the transducer gain at a given bias, the higher the PAE. Thus, one way to

improve efficiency without having to employ different efficiency-enhancing techniques
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Inter-metal Vias

Figure 7.2: Shielded-substrate coplanar waveguide can be used to reduce attenuation loss
caused by lossy silicon substrate. Permission granted by Abbas Komijani to
reproduce the figure [12].

is to reduce losses in passive components. Shielded-substrate coplanar waveguide
(SCPW) is one such option to reduce attenuation loss in distributed structures on
silicon substrate. Figure 7.2 [12] shows the basic structure of such a SCPW line.
By placing a shield below the signal line, electric fields can be prevented from pene-
trating into the lossy silicon substrate. Comparing this to a standard CPW or FGC
where there is no shield between the top plane and substrate, stray fields can enter
the substrate, thus increasing the component loss. The slotted shield is introduced
to force most of the return current through the coplanar ground planes, thus SCPW
current flows resemble that of conventional CPW. On the other hand, the structure
is more likely to develop microstrip mode component, which requires careful modeling

to achieve the desired line parameters.
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