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ABSTRACT

Isolated inverters feature the freedom in voltage step-up/down, electrical safety, and
modularity. Among them, pseudo-dc-link inverters have the advantage of high efficiency due to
their single-stage structure. Traditionally, pseudo-dc-link inverters are based on pulse-width-
modulated converters, which suffer from hard switching, the need for auxiliary components, and/or
high current stresses. Meanwhile, the series resonant converter has been prevalent in past decades
due to its simplicity and high efficiency. Therefore, it is intriguing to design a single-stage inverter
based on a series resonant converter.

However, there are limited papers regarding such an inverter topology. To figure out the
reason, basic modulation methods proposed or implied in the literature are summarized and
evaluated through circuit simulation software. It turns out each basic modulation method has at
least one critical drawback in modulation range, hard switching, and/or high current stresses.

Given the deficiencies in the basic modulation methods, a hybrid modulation method is
proposed here. The proposed method combines variable-frequency modulation in the high-output
region and short pulse-density modulation in the low-output region. In this way, all the
aforementioned critical drawbacks can be greatly alleviated. The hybrid modulation method is
compared to the basic modulation methods based on three design metrics: the rms value of the
resonant current, the magnetic flux of the transformer, and the turn-off current. By these design
metrics that directly related to power losses, the benefit of the proposed method in terms of

efficiency can be explained. Moreover, a power loss model is also established to provide more



insights into the inverter’s efficiency performance. It helps demonstrate how the selection of
resonant tank and other factors affects the power loss distribution. Also, an inverter design
procedure is introduced and a prototype is built to verify the proposed modulation method. The
results show that the switching losses, especially the turn-on loss, can be well suppressed, and the
losses in other passive components are well restrained. This implies the proposed method is
suitable for high-frequency applications.

Other than efficiency, output waveform quality is also important for an inverter. However,
the changing plant model makes the controller design difficult. Therefore, a third-order model
established by other researchers has been adopted to identify the pole locations. In addition, a gain-
varying method is proposed for the compensator to reduce the gain variance caused by different
operating conditions. The experimental results show that without the gain-varying method, the
inverter may have issues in slow tracking and/or instability.

Finally, in some scenarios, the inverter based on a series resonant converter can be regarded
as a module. A multi-modular inverter can be formed by connecting the modules in an input-
parallel-output-series configuration. In this case, a technique termed sequential waveform
synthesis can be applied. The proposed technique can extend the region of variable-frequency
modulation and shorten the region of short pulse-density modulation. This is beneficial to
efficiency based on an analysis. With more than a certain amount of modules connected, the short
pulse-density modulation can even be waived, which means the multi-modular inverter can be free
from turn-on loss.

In summary, this dissertation focuses on developing modulation methods for inverters
based on the series resonant converter. Soft-switching feature and high efficiency are the two top

priorities. The analytic and experimental results are provided based on standalone applications.
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GENERAL AUDIENCE ABSTRACT

Inverters are an important part of a modern electric power system, as they convert dc
electric power into ac electric power. In some applications, inverters with electrical insulation
(isolated inverters) are preferred due to the need for engineering freedom, safety, and other reasons.
However, each conventional isolated inverter has some of the following drawbacks: hard-
switching in semiconductor devices, high circulating current, poor transformer utilization, and
high complexity. These drawbacks limit the efficiency and compactness of an inverter system,
making the system less attractive to practical applications.

An inverter based on a series resonant converter seems to be a solution because the series
resonant converter is known for being simple and highly-efficient. However, there has yet to be a
proper modulation method for it. Therefore, the main contribution of this dissertation is to propose
a hybrid modulation method. With the proposed method, the inverter can operate with high
efficiency. Furthermore, the hard-switching can be well suppressed, which means a high-
frequency, compact design is possible.

Besides the theory of the proposed method, this dissertation also includes a power loss
model, a hardware design procedure, and analytic comparisons with other methods. In addition, a
digital approach to control the inverter is proposed. Without it, the output voltage waveform may
be highly distorted.

Finally, another sequential control strategy is proposed in this dissertation for an integrated

system. The integrated system is composed of multiple inverters based on a series resonant



converter. With the sequential control strategy, the overall output waveform quality of the

integrated system can be improved.
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Chapter 1

Introduction

1.1 Background

The future electrical grid is predicted to be integrated with various energy sources,
including solar photovoltaics (PV), wind turbines, and other renewable energy sources [1]. This
reduces our reliance on fossil fuel and other unsustainable energy sources, along with their
negative impacts on the environment [2]. In the transformation of the electric power system, the
development of inverter technologies plays an important role. For instance, the market of central
PV inverters is projected to grow with a compound annual growth rate of 4% to 2026 [3]. The
residential PV inverters are also promising, given the electricity generated by end-use solar PV
(e.g., rooftop PV systems) is projected to reach 3.5% of the generation by 2050 in the United States,

as shown in Figure 1.1 [4].

Electricity generation, end-use solar photovoltaic share (AE0Q2020 Reference case)
billion kilowatthours percent share

6,000 4.0% end-use solar
history | projections photovoltaic
3.5% share of generation

5,000
3.0%
4,000
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other end-use
3,000 2.0% generation
2,000 1.5% electricity generation

) from the power
1.0% sector

1,000 0.5%

0 0.0%

2015 2019 2030 2040 2050

Figure 1.1. Electricity generation and end-use solar PV share [4].



Since the power generated from renewable energy sources may be inconsistent and not in
accord with the demand, the significance of energy storage systems also rises [1]. There are
multiple ways to integrate energy storage systems into the electrical grid. For instance, in
residential applications, battery storage systems can be connected to a local dc or ac bus (e.g,
Figure 1.2), and either option eventually requires an inverter to interface between the battery and
the grid [5]-[6]. In utility-scale battery storage systems, an inverter is also needed to send out the
power [7]. This exemplifies the diverse applications of inverters in emerging renewable energy
technologies. Therefore, it is worthwhile to investigate the structure, topology, and control of

inverters, for the sake of energy saving, cost reduction, and miniaturization.

] —
> ==
—] | e
central grid - L = ==
- :::;?; main circuit main circuit
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/ \ | ; \
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subpanel solar array grid-tied
inverter

energy storage energy storage
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meter

{ |
] \

(a) DC-coupled system. (b) AC-coupled system.

Figure 1.2. Conceptual diagrams of a residential PV system with an energy storage system
installed [5].

1.2 Isolated Inverters

Line-frequency inverters condition a dc source into a 50-Hz or 60-Hz ac output. The
common uses of them include utility interfacing and motor driving. In the applications of utility
interfacing, an inverter ought to deliver energy to a utility grid or a local ac system, and thus the
inverter can be further referred to as a grid-tied inverter or a standalone inverter [8]. In many cases
out of these applications, having a transformer in an inverter system can be beneficial for three

main reasons:



(i) Although galvanic isolation is not mandatory for all safety standards, it contributes to
additional safety margins against electric shock and other hazards [9]. A common example is PV
inverters, which may have the issue of ground leakage current if the inverters are not isolated [10].
As depicted in Figure 1.3, the return path of leakage current through panel capacitance (Cpv) could
be interrupted if a transformer existed. In addition, a transformer can also block dc current injection
to the grid [11], preventing nearby distribution transformers and grounding cables from
overheating, corrosion, and other problems that affect system lifetime [12]-[13].

Transformerless

PV array inverter
-]

Figure 1.3. The leakage current path in a transformerless PV inverter.

(if) In the design stage, the voltage conversion ratio can easily be adjusted with the
transformer turns ratio. This is particularly helpful to high step-up applications like PV micro-
inverters [14], medium-voltage grid-tied inverters [15]. On the other hand, some impedance source
inverters (e.g., current source inverter, Z-source inverter) [16]-[17] and boost-type inverters [18]-
[19] are also capable of voltage step-up, but their boost ratios are limited. Adding additional
components is also essential for these transformerless step-up inverters.

(iii) By connecting transformer terminals in series/parallel, inverters can be tied together
to share voltage/current stresses. Therefore, using transformers allows a large inverter system to
be realized by multiple lower-scaled inverters. Such modularity equals the scalability of a system’s
voltage and power levels. Besides, it can often lead to a better output waveform and less switching

losses [20].



Following the concept of isolated dc/dc converters, inverters with a transformer separating
primary and secondary sides can be termed as isolated inverters. Traditionally, the isolation is
achieved by adding a line-transformer to the back-end of an inverter system (cf., Figure 1.4). It is
a simple solution, but the massive size and weight of line-transformers are apparent disadvantages
[15]. Therefore, different approaches have been taken to replace the line transformers with high-
frequency transformers.

decoupling .
capacitor dc/ac stage Line transformer

STER] e

Figure 1.4. The system structure of line-transformer-tied inverters.

isolated dc/dc  decoupling
stage capacitor

= TH=<T 3w

Figure 1.5. The system structure of high-frequency dc-link inverters.

dc/ac stage

Vl' n

The first approach is high-frequency dc-link inverters and the system structure is illustrated
in Figure 1.5. The isolation of this type of inverters is provided by an isolated dc/dc stage, which
can be an isolated dc/dc converters (e.g., flyback converters [21], LLC resonant converters [22],
and dual active bridge converters [23]). One of the applications for this approach is inverters with
input ripple requirements since it is possible to divert the ripple to the dc-link. The diversion not
only changes the position of decoupling capacitors but also reduces the volume of capacitors
needed for energy buffering [24]. Despite the potential for decoupling capacitor reduction, high-

frequency dc-link inverters are not a perfect solution, since the system is composed of two stages.



The additional stage introduces more components, causing a more complex and less efficient
circuit [25].

The second approach is high-frequency pseudo-dc-link inverters (PDIs) and the system
structure is illustrated in Figure 1.6. Instead of maintaining a constant dc voltage, the isolated dc/dc
stage generates an m-shaped rectified sinusoidal output waveform. This implies that the
decoupling capacitors have to be placed at the source side, and the capacitors at a pseudo-dc-link
ought to be limited. PDIs are favorable for high-efficiency design because they are typically
referred to as single-stage inverters [25]. Such merit is attributed to the unfolder stage, where
switches operate at the line frequency only to turn a rectified sinusoidal wave into a sinusoidal
wave. The unfolder creates nearly zero switching losses. Therefore, the structure of the PDIs is
attractive and adopted in this dissertation. The past research related to PDIs will be discussed in

the next section.

decoupling isolated dc/dc
capacitor stage unfolder

WSHELT ™ T

Figure 1.6. System structure of high-frequency pseudo-dc-link inverters.

decoupling dc/hfac stage  HF transformer cycloconverter

iyt

ETIZAR

Figure 1.7. System structure of high-frequency ac-link inverters.

The third approach is high-frequency ac-link inverters. Their system structure is illustrated
in Figure 1.7. Their ac/ac cycloconverter stage works similar to the rectifier (in the isolated dc/dc

stage) plus the unfolder of PDIs. Yet, it is composed of bidirectional switches [26]-[27]. Therefore,



the inverters using this approach own similar characteristics with PDIs and are considered as a

variation of PDIs.
1.3 State-of-the-Art Pseudo DC-Link Inverters

The performance of PDIs is dominated by its isolated dc/dc stage, and out of many options,
flyback converters are the most popular due to simplicity [28]. The circuit topology of a basic
flyback-converter-based PDI (FC-PDI) is plotted in Figure 1.8 with gate signals shown in Figure
1.9. S; to S4 form the unfolder and each diagonal pair of switches work simultaneously to manage
the direction of output current. The duty cycle of S, determines the voltage gain of the flyback

converter, and therefore it varies with the phase of the output voltage.
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Figure 1.8. The topology of a basic flyback-converter-based PDI.
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Figure 1.9. Gate signals of a basic FC-PDI.

The operation of an FC-PDI can be categorized into continuous conduction mode (CCM),

discontinuous conduction mode (DCM), and boundary conduction mode (BCM). The mode of



operation is determined by the magnetizing current (cf., Figure 1.10), just like a regular flyback
converter. Ina CCM FC-PDI, a continuous magnetizing current has lower ripples, but S, suffers
from switching losses. Additionally, a right-half-plane (RHP) zero exists in the circuit, causing
difficulty in controlling output waveforms [29]. In a DCM FC-PDI, S can turn on with zero-
current-switching (ZCS), but the current ripples are higher. BCM can alleviate the current ripples
in DCM, but variable-frequency control may be required [30]. In general, BCM and DCM are
preferred due to the absence of the RHP zero and the chance to reduce device output capacitance
(Coss) loss by a quasi-resonant operation [31]-[32]. Once the magnetizing current becomes depleted,
the Coss OF Sa resonates with the primary-side inductance, being discharged before Sa turns on.
When S, turns on, the remaining voltage of the Coss is even lower with BCM, as voltage valley
detection can be implemented [33]. However, the effect of the quasi-resonant operation is subject
to the phase of the output voltage, and therefore only a part of the Coss l0ss can be removed. Some
methods have been proposed to enhance the performance of basic FC-PDIs. In [31],a BCM-DCM
dual-mode strategy is developed to lessen current ripples while restraining the switching frequency
range. In [32], bidirectional switches are utilized to replace the diode rectifier, allowing a reverse
current flow that assists in soft-switching. However, the issue of the Coss 0ss remains and affects

inverter efficiency, even with the advanced methods.

(2) CCM. (b) DCM. (c) BCM.

Figure 1.10. The magnetizing current of a basic FC-PDI under different operation modes.

Besides the difficulty in choosing a proper operation mode, another issue basic FC-PDIs
are faced with appears every time S, turns off. When S, turns off and cuts off the current path, the

7



transformer leakage inductance leads to a voltage spike across the drain-source of Sa. The
consequent problems of overvoltage, noises, and power losses can be solved by using an active
clamp (cf., Figure 1.11), but at the expense of one additional switch [34]. Furthermore, flyback
converters always have the issue of poor transformer utilization, which makes losses hard to be
suppressed [35]. The same drawback is inherited by FC-PDIs and therefore they are deemed to
lack power capability. To process a higher power, FC-PDIs are often paralleled to share current

stresses through interleaving techniques [36]-[37].

Figure 1.11. The topology of an active clamp FC-PDI.

Aside from FC-PDIs, there are many other pulse-width-modulated (PWM) converters
being used in a PDI structure. Cuk converter has been selected in [38] due to a higher power
capability and low input and output current ripples. However, the PDI based on a Cuk converter
(cf., Figure 1.12) requires two more inductors than that of FC-PDIs, which causes additional power
losses. In [39], a forward converter is selected (cf., Figure 1.13) considering its output inductor
that can work as a current source. Although the discontinuity of the output current is eliminated, a
third winding is essential for balancing the transformer. In [40], a PDI based on an isolated dual-
active-bridge converter is proposed, as shown in Figure 1.14. It allows bidirectional power flow
and features a wide soft-switching range. However, the wide range is achieved by extra
commutation inductances (i.e., Lcx and Lc2 in Figure 1.14), which result in an extra component

count and high current stresses. Moreover, there is still a “dead-zone” where the turn-on loss



cannot be wiped out. Besides these converters, push-pull converters [41], full-bridge converters
[42], isolated dual-boost converters [43], and zeta converters [44] have also been chosen as a base

for PDls.
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Figure 1.12. The topology of a PDI based on a Cuk converter.
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Figure 1.13. The topology of a PDI based on a forward converter.
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Figure 1.14. The topology of a PDI based on a dual-active-bridge converter.
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A different choice of the base converter leads to a PDI with different characteristics.
Nevertheless, the aforementioned PDIs based on PWM converters have some common drawbacks
that are also seen in FC-PDlIs:

(1) To avoid switching losses, most of the PWM converters have to operate in DCM/BCM,

which yields high current stresses.



(if) Even in DCM/BCM, the effect of soft-switching is subject to the phase of the output
and/or the load condition. In other words, the PDIs still run with hard-switching in an interval
every line-frequency cycle. This eventually stops the PDIs from efficiently operating at a high
switching frequency.

(iii) Auxiliary circuits may be needed. More specifically, many PWM converters are
vulnerable to transformer leakage inductance and require a snubber or an active clamp like the one
used in Figure 1.11.

(iv) The transformer of the PDIs may be poorly utilized or require an additional circuit for
flux balancing. This is especially of great concern for the most popular FC-PDlIs.

Given the limitations of PWM converters, it is intriguing to investigate the PDIs based on
resonant converters. Out of various kinds of resonant converters, a series resonant converter (SRC)
seems like a proper candidate due to its simplicity and proven high efficiency in dc/dc applications
[45]. It has one of the simplest resonant tank structures. Also, it performs the desired soft-switching
without the need for an auxiliary circuit, being able to utilize transformer leakage inductance, and
owns a rotationally symmetric hysteresis loop in the transformer [46]. As a result, it does not have
the drawbacks (iii) and (iv) in the PWM PDIs. However, as the author kept digging into the
literature, it appeared that there were only a few relevant papers and most of them provided limited

analysis and experimental results.
1.4 Research Objectives and Dissertation Outline

Given the potential of SRC in PDI applications, it is worth further research despite limited
past works. The research begins with revisiting the basic modulation methods directly or indirectly
been used by others. Additional analysis and simulation works are performed to reveal the details

and insights of these basic methods. However, it turns out that each basic method has at least a
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crucial drawback, which is why using SRC has yet to be a prevalent option in PDIs. The works
regarding the basic modulation methods will be covered in Chapter 2.

In order to restrain both conduction and switching losses, a hybrid modulation method is
proposed in this dissertation. With the proposed method, the switching loss of the SRC in PDIs
can be reduced substantially in full range, which facilitates high-frequency operation and size
shrinking. The principle of the hybrid modulation method will be explained in Chapter 3. Next, a
400 V to 230 Va, 2 kW prototype is built and tested to verify the idea. The hardware design based
on a power loss model will be discussed in Chapter 4.

Besides soft-switching and efficiency, output waveform quality is another key factor
determining an inverter’s performance. Due to the non-linearity of SRC, there is no simple
equation to output a sinusoidal wave and therefore a feedback loop is essential for tracking a
sinusoidal reference. In addition, a gain-varying method is applied to compensate for the non-
linearity. The relevant modeling and control will be discussed in Chapter 5.

It has been previously mentioned that isolated inverters are capable of modularity. In
Chapter 6, a control strategy will be introduced specifically for input-parallel-output-series multi-
modular inverters composed of SRC-based PDIs. It extends the upper region of the hybrid
modulation method, where the turn-on loss is eliminated.

In summary, the main research objective of this dissertation is to develop proper
modulation methods for SRC-based PDIs and achieve the following characteristics:

e The switching loss has to be curtailed in full range.
e The current stress has to be maintained in a reasonable range.
e The losses in passive components should also be well restrained.

e The output waveforms should have low distortion.
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Chapter 2

Basic Modulation Methods for
SRC-Unfolding Inverters

2.1 SRC-Unfolding Inverters
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Figure 2.1. The topology of SRC-unfolding inverter.

The topology of a PDI based on an SRC is shown in Figure 2.1 and it is also coined as an
SRC-unfolding inverter (SRCUI). Q1 — Q4 are primary-side high-frequency switches. D1 — D4 are
secondary-side rectifiers. Qs — Qg are the line-frequency unfolder. Ct is an output filtering capacitor
which has a rectified sinusoidal voltage across. A resonant inductor (L), a resonant capacitor (Cy),
and the magnetizing inductance (Lm) of an n:1 transformer form the resonant tank of the SRC.
Traditionally, the circuit with such a resonant tank is regarded as an LLC resonant converter, but
it is treated as an SRC in this dissertation for two main reasons. (i) Later with the proposed
modulation method, the switching frequency (fs) of the converter is higher than the series resonant
frequency (fr) defined in (2.1). Therefore, the converter operates in the above region (fs > f;), where

LLC resonant converters and SRCs have similar characteristics [46]. (ii) Assuming the converter
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to be an SRC can substantially simplify many mathematical expressions, leaving more concise and
meaningful equations.

1
21 LC,

(2.1)

r

2.2 Variable-Frequency Modulation

To generate a rectified sinusoidal voltage across Ct, the voltage gain of the SRC has to vary
over time. The most typical way to vary the voltage gain is by changing fs. Under the fundamental
harmonic approximation [35], the equivalent circuit model of the SRC can be illustrated as Figure
2.2, where Re is the equivalent load resistance defined in (2.2). The normalized voltage gain (M)
can then be derived in (2.3), with the effective quality factor (Qe) defined in (2.4). The gain curves
are plotted in Figure 2.3(a) using the horizontal axis of the normalized switching frequency (fs/fr).

By comparing to the gain curves of an LLC converter plotted in Figure 2.3(b), the similarity in the

+ YL - I +
Vgeé\) L,. (/F V()L’
K. %

Figure 2.2. The equivalent circuit model of an SRC under the fundamental harmonic
approximation.

above region can be observed.

8
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Figure 2.3. Voltage gain curves of resonant converters.

In [47], the fs of an SRCUI varies in the below region (fs < f) to obtain ZCS for IGBT, but
the test was only performed with the full load and the half load. The main reason is the load-
dependency of SRCs. When the load decreases, Q. also decreases and the gain curve becomes
flatter (cf., Figure 2.3(a)). As a result, it is difficult to achieve low output voltage in a light load,
even with the wide fs range (20 kHz to 100 kHz) in [47]. In modern MOSFETS, zero-voltage-
switching (ZVS) is preferred over ZCS [48], because the turn-on loss of one MOSFET is
commonly a few times higher than the turn-off loss. Therefore, the variable-frequency modulation
(VEM) in [49] is operated within the above region. However, it requires an unrealistic infinite fs
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to obtain a zero voltage gain, so a duty cycle control is used for the region with low absolute output
voltage (i.e., low-output region). The mechanism of the duty cycle control in [49] is not explained
at all, but a reasonable guess of it is a synonym for the phase-shift control introduced in the next
section, according to another paper with the phrase “duty cycle control” [50]. In conclusion, an
SRCUI using VFM has trouble modulating in a low-output region, whether it operates in the above
region or the below region.

Table 2.1. Circuit parameters for simulation and analysis of modulation methods.

Parameters Value Parameters Value
Vin 400 V Lr 120 uH
Vout 230 Vrms Cr 333 nF
Pout 0-2kw Lm 517 pH
n 1.2 fr 79.6 kHz
10 pF for PDM, 80 — 250 kHz for VFM,
Ct fs
1 pF for the others 80 kHz for the others

The operation of VFM is simulated with PSIM software, using the parameters summarized
in Table 2.1. The SRC in the inverter operates in the above region and has high-frequency
waveforms shown in Figure 2.4, where Ts indicates the switching period and corresponds to the
explicit definition of fs in (2.5). The gate signal of Q: is always synchronous with Qs and
complementary to Q2 and Qs. As a result, the SRC consistently delivers power to the unfolder. In
addition, the resonant current pointed by the blue arrow flows through the Coss of Q1 — Q4 and
assists in the ZVS turn-on of Q2 and Qs. However, such a turn-off current is subject to two factors,

the load current and fs. In addition to a light-load condition, the turn-off current can also be
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insufficient in a low-output region, since a high fs results in an early turn-off timing. The

quantitative analysis of the turn-off current will be provided in the next chapter.

f=2 (2.5)
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Figure 2.4. High-frequency waveforms of VFM in the above region.

The line-frequency waveforms of VFM are shown in Figure 2.5. Since the SRCUI loses
both modulability and the ZVS in the low-output region, Q1 — Qa are all turned off around the zero-
crossing points (ZCP). Consequently, the SRC is turned off and a distortion appears in the output
voltage waveform. The distortion can be alleviated by widening the range of fs, but the upper limit
of fs cannot violate practical concerns like magnetic permeability, controller speed, device
switching speed, gate driver capability, etc. Besides, the effect of raising the fs range on reducing
distortion gradually diminishes because the slope of the SRC’s gain curves gradually flattens as
well. Furthermore, the distortion is only worse in a light-load condition due to the previously
mentioned load-dependency of SRCs. The degree of distortion can be evaluated by the total
harmonic distortion (THD). With the full load in Figure 2.5, the output voltage has a THD of 4.2%,
but with the half-load in Figure 2.6, the output voltage has a much higher THD of 10.4%. In

summary, VFM can eliminate the turn-on loss without creating a circulating current, but it has
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critical drawbacks in the low-output region. Therefore, it is very difficult for an SRCUI to meet

the needs of practical applications by using only VFM.
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Figure 2.5. Full-load line-frequency waveforms of VFM in the above region.
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Figure 2.6. Half-load line-frequency waveforms of VFM in the above region.

2.3 Phase-Shift Modulation

The voltage gain of an SRC can also be decreased by making the operation of two primary-
side half-bridges asynchronous. Creating a sinusoidal output accordingly is termed the phase-shift
modulation (PSM). The gate signals of Q1 and Q: are still complementary, and so do Qs and Q.
However, both top switches turn on together for a duration of Tps every cycle, and so do both

bottom switches, as shown in Figure 2.7. When both top/bottom switches are on, the SRC cannot
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import any power from the source, and thus a current circulates within the resonant tank and the

switches. Therefore, PSM has higher current stresses than VFM and tends to be less efficient.
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Figure 2.7. High-frequency waveforms of PSM.
When the phase shift duty (Dps) defined in (2.6) is 0.5, Q1 and Q4 are totally out of phase

and the SRC delivers zero power. Therefore, an SRCUI can easily reach the low-output region
with PSM and does not have the problem of modulabilty like in VFM. The equation of Dys has
been derived in another paper regarding a phase-shifting dc-dc SRC [51]. After a few
modifications, the equation of Dps for the topology here is given in (2.7). In addition, the line-
frequency waveforms of PSM are shown in Figure 2.8. The fs is fixed to the f. to obtain the
maximum output voltage range. The waveform of the output voltage does not have the distortion
near ZCP, and the SRC never totally shuts down. Due to the modulability in low-output regions,
PSM has been used to support VFM in previously introduced [49]. Furthermore, PSM has been

directly applied to an SRCUI [52] and its cycloconverter variant [53].

T
Dps :T_S (26)
2
7 cos i(PT(@M ~D -4, °C.(L-M),

PT, +4V,’C,(1-M)
a)rTs

D =05- (2.7)
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Figure 2.8. Line-frequency waveforms of PSM.
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Figure 2.9. The topology of a series dual SRCUI.

Although PSM fixed the waveform quality issue in the low-output region, the issue of

losing the ZVS remains [54]. The ZVS mechanism under PSM is the same as VFM. It also relies

on a turn-off current (cf., the blue arrow in Figure 2.7) to discharge Coss before devices turn on.

When Dys is higher, the turn-off timing is earlier and the turn-off current can be insufficient.

Therefore, an SRCUI with PSM also fails to maintain the ZVS in a light-load condition or the low-

output region. In order to ensure a full-range ZVS, a series-dual SRCUI is proposed [55], as shown

in Figure 2.9. Instead of the phase-shifting between two half bridges, the series dual SRCUI utilizes
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a phase-shifting between two SRCs to modulate the output. A full-range ZVS can be achieved by
the turn-off current generated by Lm. However, at the moment of zero output, two secondary-side
windings have voltages at opposite polarities and both SRCs still function. This reflects the fact
that the phase-shifting between two SRCs induces a high circulating current. As a result, the peak
efficiency of the prototype in [55] is only 91.1%. Aside from the high circulating current, the

almost-doubled component count is another reason making the series dual SRCUI unattractive.
2.4  Asymmetrical Phase-Shift Modulation

Besides frequency-varying and phase-shifting, other advanced methods have been
developed for dc-dc applications. These methods are generally a combination and/or a variant of
frequency-varying and phase-shifting. An example can be found in [56] with the high-frequency
waveforms shown in Figure 2.10. Similar to PSM, both top/bottom switches may jointly turn on
to restrain the output power. However, the gate signals within a half-bridge are no longer equal
since the top switches are on for a shorter duration. Therefore, modulating an SRCUI with such a
control scheme is termed the asymmetrical phase-shift modulation (APSM). Under APSM, Ton is
the variable used to modulate the output. Q2 and Qa4 turn off when resonant current (I.r) almost

reaches zero. Consequently, Q. and Q4 can turn off with ZCS but a current sensor is needed.

0, > |
: QZ T()n
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Figure 2.10. High-frequency waveforms of APSM.
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The line-frequency waveforms of APSM are shown in Figure 2.11. As the SRCUI moves
toward the low-output region, Ton gradually decreases and thus switching frequency increases.
Therefore, APSM also has difficulty in modulating in the low-output region. Furthermore, the turn-
off current for the ZVS again can be insufficient when Ton is too short. In summary, the operation
principle and characteristics of APSM are a mixture of PSM and VFM. This includes the common
drawback of the two previous methods: losing the ZVS in the low-line region or a light-load
condition. The case of APSM exemplifies that other advanced control schemes may create some
different advantages and features. But in general, it is hard to completely mitigate the turn-on loss

from an SRCUI, as long as Q1 — Q4 keep switching.
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Figure 2.11. Line-frequency waveforms of APSM.

2.5 Pulse-Density Modulation

Given the limited soft-switching function in VFM, PSM, and APSM, an alternative
approach — the pulse density modulation (PDM) — draws the attention. In PDM, the blank time
(Thiank) is added between two batches of consecutive high-frequency gate signals, as shown in
Figure 2.12. During the blank time, Q1 — Q4 are all turned off to prevent power delivery, so a longer

Thiank leads to a lower output voltage. The fs of PDM is also same as the fr, but the switching losses
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can be reduced since no switching event occurs during the blank time. In principle, the mechanism
of switching-loss reduction in PDM does not rely on the turn-off current, so efficiency does not
suffer from a light-load condition or the low-output region. Switching losses are almost gone near
ZCP since the pulse density (pp defined in (2.8)) is almost zero.

Tu =T, n
pp __p Is-(le- blank (28)

pulse

T, Thiunk
—H—>

0,
0: |
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u T, pulse ’ t

Figure 2.12. High-frequency gate signals of PDM.

Traditionally, the idea of the blank time is used in the burst mode control for improving
dc-dc SRC’s light-load efficiency [57]-[58]. It is uncommon to find the idea being used to
modulate an inverter output, especially for SRCUIs. The closest studies found in the literature
utilize PDM for cycloconverters based on an SRC [59]-[60], but they provide limited circuit
waveforms or analysis of power loss. Therefore, an SRCUI using the parameters in Table 2.1 is
simulated with PDM and the results are shown in Figure 2.13. Ideally, PDM has no trouble in
terms of modulability, but the output voltage waveform shows tremendous ripples, even with the
output filtering capacitor (Cs) being added to ten times. The reason behind the ripples can be traced
back to the I.r, which has a wave envelope trending against the output voltage. Besides, the peak
ILr is much higher than in other modulation methods. The consequent high conduction loss can

harm efficiency drastically. Since L, and C, are connected in series, the peak resonant voltage (Vcr)
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is also tremendous and even exceeds five times the input voltage. This implies high-tolerance

components are required to handle such high energy in the resonant tank.
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Figure 2.13. Line-frequency waveforms of PDM.
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Figure 2.14. High-frequency resonant tank waveforms of PDM.

The high I.r and Vcr make PDM unattractive to practical applications, so it is important to
get to the bottom of the phenomenon. The waveforms of the resonant tank are zoomed in and
shown in Figure 2.14. Before to, the SRC is shut down so I.r and Vcr can be assumed zero. From
to to t1, Q1 and Q4 are on and the equivalent circuit model of the SRC is plotted in Figure 2.15(a).
The state equations are listed in (2.9) and show that the peak Vcr reaches 2:(Vin-nVo). Next, from

t1 to to, Q2 and Q3 are on and the equivalent circuit model of the SRC becomes Figure 2.15(b).
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Since I.r and Vcr are zero and 2-(Vin-nVo) respectively at ty, the state equations can be derived in
(2.10). In this interval, the peak Vcr is increased to 4-(Vin-nVo). The remaining resonant tank energy
at the end of an interval results in a higher peak Vcr and Iy in the next interval. Therefore, if the
gate signals keep firing, the peak Vcr will be 6-(Vin-nVo), 8-(Vin-nVo) and then keep ascending. At
a certain point, the huge I.r will impact the output voltage and nullify (2.9) and (2.10). But even
with a few repetitions, the resulting high Vcr, Ir, and output voltage ripples are already unbearable.
In addition, it is clear from (2.9) and (2.10) that the resonant amplitude is larger when the output
voltage is lower. This explains why the highest I+ and Vcr appear near the ZCP. In summary,
despite an independent switching-loss reduction mechanism, PDM is not favorable to practical
applications. It inherently generates high I.r and Vcr, stressing the resonant tank components and

the semiconductor devices.
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Figure 2.15. Equivalent circuit models of the SRC in PDM.
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2.6 Summary

Table 2.2. Comparison of basic modulation methods for SRCUIs.

VFM PSM APSM PDM
Variable Ts Tos Ton (and Ts) Thiank
] o Invalid in deep
Modulation | Invalid in the low-
] Full low-output Full
range output region _
region
ZVS except for
o ZV/S except for
Switching | ZVS except for the low-output or )
) the low-output | Equivalently low
loss low-output or light- ) light-load o
) ) or light-load ) switching frequency
reduction load region ) region, extra
region
ZCS
Resonant ] ] Between PSM ]
Medium High Very high
current and VFM
) Pulse-density control
Varying frequency | The only ] ] »
) . ) _ | A mixture of is traditionally used
Comment | js 3 traditional way | practical basic _ T
PSM and VFM | for improving light-
to control an SRC method o
load dc-dc efficiency

The characteristics of different basic modulation methods are summarized in Table 2.2.
The table indicates that each basic method has at least one critical drawback written in red. The
problems in VFM, APSM, and PDM are especially serious, since their output waveforms may
have the ZCP distortion or the tremendous ripples. Failing to generate a proper sinusoidal output
means an inverter fails its basic function, and from this perspective, PSM is the only practical basic
method. However, the development of PSM in high-frequency power electronics is limited by its

deficiency in the ZVS range.
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Given the drawbacks of the basic methods, an alternative modulation method is needed to
fulfill the potential of SRCUIs. This new method has to maintain a decent output waveform quality,
restrain the resonant current, and curtail the switching loss across an entire operating range. In the
next chapter, such a new method will be introduced and then compared to the basic methods.
Therefore, more quantitative comparisons regarding the basic modulation methods can be found

in the next chapter.
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Chapter 3

Proposed Hybrid Modulation Method

3.1 General Description

In view of the critical drawbacks in Table 2.2, a hybrid modulation method (HMM) is

proposed here to combine the merits of different basic methods. VFM is chosen as the base of

HMM because it creates the least resonant current. To overcome the hard-switching in the low-

output or light-load region, a short pulse-density modulation (SPDM) is proposed and applied. The

gate signals of the proposed VFM-SPDM hybrid modulation method are plotted in Figure 3.1 over

one line-frequency cycle. By the nature of symmetry, the operation between tm and t; is enough to

represent the entire cycle. The output phase angle () is defined as 0° at ty and 90° at t,. The

controller switches between VFM and SPDM at the moment t,, which corresponds to the 6, of 6.

Therefore, the boundary angle (6y) should be between 0° and 90°. The operation of VFM and

SPDM will be introduced in the following sections in detail.

SPDM VEM SPDM VEM SPDM
; : ' [ : :
Vo i Vot costl ' |
0 : ; : | i
5 ; | ' ' 5 :
05, 0y P i : ; 5
0» 90| MM LM Mmoo
i ; : [ ; : :
05 07|l a = I |
tal0=0") 1 1.(6=90") t

Figure 3.1. Gate signals of the proposed HMM.
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To provide a general view of the operation of HMM, the steady-state waveforms of SRCUI

over 3 line-frequency cycles are also demonstrated in Figure 3.2. Figure 3.2 is generated in a PSIM

simulation using the circuit parameters in Table 2.1.
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Figure 3.2. Simulated steady-state waveforms of an SRCUI under HMM.

3.2 Operation in Variable-Frequency Modulation Region

The operation of VFM is the same as Section 2.2, but more analytical details are provided
here. Figure 3.3 is the high-frequency waveforms of the SRC. In such a short duration, the voltage
across the output filtering capacitor (vcr) is assumed to be constant. The operation can be divided
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into several intervals and the circuit status of each interval is shown in Figure 3.4. Due to symmetry,
only the positive half of a high-frequency cycle is discussed. In addition, the inverter operates in

the positive line cycle (Qs, Qs are on), but Figure 3.3 is also valid for the negative line cycle.
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(@) Interval [to, t1].
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Figure 3.4. Circuit status of each interval in the VFM region.

Interval [to, t.]: The resonant tank is charged in this interval, and power is delivered to the
load. The equivalent circuit of SRC is the same as Figure 2.15(a), but the initial conditions are
different. At to, I.r equals the peak of the magnetizing current, so the initial condition can be written
in (3.1). Next, the zero-crossing-point of I is close to to, so it is fair to assume V¢ at to equals the
peak of the resonant capacitor voltage, which can be estimated by (3.2). (3.2) is derived by
assuming average I r in the positive half cycle equals the average input current, which can be
estimated by the output voltage (Vo), the input voltage (Vin), and the load resistance (Ro) [51].

-nVv

iLr(to) :_imepk = T L:] (31)
-\ 2
Ver (f)) = —AVe, :W (3.2)

in~r'Yo’s
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The state equations of Figure 2.15(a) are written in (3.3). The solutions using (3.1) and
(3.2) can be found in (3.4), with the angular resonant frequency (wr) and characteristic impedance

(Zr) defined in (3.5) and (3.6).

Vin = nVo +VCr (t) + Lr Lt(t)

d
(3.3)
: dve, (t)
i, (t)=C, ———=
Lr() r dt
V,, =V, +AV,, ) 7
i, (1) =J[%) +iLm_pk2~sin(wr(t_to)—tan-1[\ﬁjj
r no e e (3.4)

Z,i
=— - 240, 27 % —t)—tant| ——Ctmpk -
Ve, (1) = \/(Vm nV, +AVe, )" +i, w2, cos(a)r(t t,) —tan (Vm—nVOJrAVCrDJrVi” nv,

1
O, =—— 3.5
C (3.5)

L
Z = |— 3.6
=\c (3.6)

Interval [ty, t2]: At t1, Q1 and Qa4 turn off so a current flows through the Coss of the primary-
side switches. The Coss 0f Q2 and Qs ought to be fully discharged before t, for the sake of ZVS
turn-on. Conventionally, such a ZVS condition is expressed as (3.7) [61], where the dead time (tq)
and the turn-off current (ioff) are the two major factors. The latter one is especially crucial since it
changes over the circuit’s working conditions. After the Coss 0f Q2 and Qs are depleted, the current
flows through the body diode of Q. and Qs instead and therefore their drain-source voltage can be
regarded as zero.

Iy (& —t) =148, 22C,V, (3.7)

Interval [t2, ts]: Since the drain-source voltage of Q2 and Qs is zero, they turn on with ZVS
at to. In this interval, the input voltage source is reversely connected to the SRC, as shown in Figure

3.5. As a result, I.r decreases rapidly until it meets the magnetizing current. This process can also
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be modeled by state equations (3.8) and the solutions (3.9). Note that the initial conditions applied
are iLr(t1) and ver(ty) because the device voltage commutation in the previous interval generally

takes a very short time.

+ -

L,
0 Vin h Vo 0
=l
C,

+

Figure 3.5. Equivalent circuit model of the SRC in interval [t2, t3] of VFM region.

0=V, +nV, +v, (t)+L, Lt(t)

d
(3.8)
o~ v (1)
ILr (t) - Cr dt

r Vin + nVo + VCr (tl)

i :—J(Vi” W, g ‘“’j +iu2(t1)-sin(m, (t—q)—tanl[ L t)Z, D
‘ (3.9)

= 242 z, _t)— -1 iLr(tl)Zr \/ _
VCr (t) - \/(Vin + nVo +VCr (tl)) + ILr (tl)zr COS(COI, (t tl) tan [Vin + nVO +VCr (tl)J] Vin nVo

Since Interval [to, t1] occupies most of the period, the power transfer under VFM is
efficient. Furthermore, the equation of ior can be simplified to (3.10) if we assume Interval [tz to]
and Interval [tz, t3] are negligible. In (3.10), 4Vcr and im_pk change over Vo, and Vo changes over
fs. Therefore, (3.10) can be plotted as a function of f, as demonstrated in Figure 3.6. The following
parameters are used for generating Figure 3.6: Vin =400 V, n = 1.2, Ly =120 uH, C; = 33.3 nF, L,
=400 puH and R, = 26.5 Q for the 100% load condition. All the curves meet at fr, where iof Solely
relies on the load-independent magnetizing current. As fs goes up, most of the curves first rise due
to an earlier turn-off, until they reach the peak. But after that, i« gradually decreases due to the
shrinking amplitude in (3.10). Besides, an earlier turn-off is no longer helpful after fs goes beyond

roughly 2f;. iorf is also subject to the load condition since R, affects Vo and 4V¢r. Such an effect of
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loads is exemplified in Figure 3.6 and it is quite intuitive. The lighter the load is, the lesser the

turn-off current is.

2 .
. V,, —nV, +AV, . .| o _ Zl,,
ot = —in "o T 7Cr +|Lm_pk2.5|n r_tanl| ——rimepk (310)
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Figure 3.6. The turn-off current (iorf) under different loads and switching frequencies.

The voltage gain curves under VFM have already been plotted in Section 2.2. Nevertheless,
calculating fs at a given V, or 6 is also significant for the modeling purpose. To do so, an explicit
expression can be derived from (2.3) and listed in (3.11). If a more accurate estimation is needed,
Lm should be taken into account. But in that case, finding numerical solutions is the better approach

as the explicit solution becomes overly tedious.

M2 IRVE M 2)\2
RV RV NETR @11
2MQ; 2\ M-Q, M-Q,

Based on (3.11), the curves of fs over 6, are plotted in Figure 3.7. At a fixed fs, 6 is higher
with a larger Qe. For instance, 6 is 79° at fs of 250 kHz when Qe = 2.0, but it drops to 52° when Qe
= 0.5. Consequently, the output voltage can reach a lower level at a heavier load. This paraphrases
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the lack of modulability of VFM in light-load conditions. To sum up, VFM has critical drawbacks

in light-load and low-output regions in terms of the ZVS feature and modulability.
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Figure 3.7. Switching frequency (fs, solid lines) and normalized voltage gain (M, dashed line)
over output phase angle (¢)) under VFM.

3.3 Operation in Short Pulse-Density Modulation Region

To overcome the drawbacks under VFM, SPDM is applied to low-output and light-load
regions. The high-frequency waveforms under SPDM are shown in Figure 3.8. Similar to PDM,
SPDM also has a blank time where all switches are turned off. But unlike PDM, where the fs is the
same as or very close to f, SPDM has an fs much higher than f;. In addition, the SRC always enters
a blank time after firing the exact two pulses. These create significant differences in circuit
characteristics. To explain the differences, the circuit operation in each interval should be analyzed

first. The circuit status of each interval is shown in Figure 3.9.
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Figure 3.8. High-frequency waveforms in the SPDM region.
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Figure 3.9. Circuit status of each interval in the SPDM region.

Interval [tso, ts1]: Just before tso, the SRC is in an idle state, so both I.r and V¢, are zero.
Therefore, Q1 and Qa4 turn on at tsp with ZCS. Although the channel loss can be mitigated, the loss
caused by the Coss still exists [62]. After tso, the resonant tank is connected to the input and begins
to store energy.

Interval [ts1, ts2]: At ts1, Q1 and Q4 turn off and trigger a ZVS process same as Interval [tu,
t2] and Interval [t2, t3] in the VFM region. This means during this interval, the Coss 0f Q2 and Qs is

fully discharged and a current flows through their body diode. Since the drain-source voltage is
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zero beforehand, Q2 and Qs can turn on with ZVS. After the body diodes are conducted, the input
source is reversely connected to the SRC. Therefore, I.r decreases rapidly and reaches zero at ts.
For the analysis of SPDM, the effect of the magnetizing current is neglected, as it is negligible due
to a high fs (cf. Equation (3.1)). Also, Figure 3.9(b) only shows the diagram after Q2 and Qs are on
because the ZV'S process is assumed to be completed within the dead time, which is much shorter
than the entire high-frequency cycle.

Interval [ts2, ts3]: After ts, the output is reversely connected to the SRC, since I, flows in
the opposite direction. Due to the remaining Vcr, the changing rate of I, is even higher than the
first interval. But note that this interval is shorter than the first interval since Interval [ts1, ts2]
already occupies part of the on-time of Q2 and Q.

Interval [tss, tsa]: At ts3, Q2 and Qs turn off and both I, and Vcr start to decrease. All the
switches are turned off, but the current can still freewheel through the body diode of Q1 and Qa.
The energy in the resonant tank is fully released in this interval.

Interval [tss, tss]: All switches are turned off in this interval, so the SRC is in an idle state.
The duration of this interval is the blank time (Toiank) in Section 2.5. Ideally, I.r and Vcr are both
zero in this interval, which greatly simplifies the later time-domain analysis. However, when fs is
too close to fr, or when Interval [ts4, tss] is too short, the ideal assumption may no longer hold.

To analyze the operation in each interval, the equivalent circuit model of the SRC is plotted
in Figure 3.10, where Vie and Vqe depend on the working interval. If the input and output voltages
of the SRC are assumed to be constant over one cycle, then Vie and Vqe can be given in Table 3.1.

+ S [

I
L C.
Voo

Vie

Figure 3.10. Equivalent circuit model of the SRC in the SPDM region.
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Table 3.1. Parameters of the equivalent circuit model in the SPDM region.

Interval [tso, ts1] [ts1, ts2] [ts2, ts3] [tss, tsa]
Vie Vin 'Vin 'Vin Vin
Voe nVo nVo -nVo -nVo

With Figure 3.10, the state equations for each interval can be derived as (3.12) — (3.13).

represents the initial angle in each interval; ki and «y are the signs for individual state equations. O

represents the horizontal center of the state trajectory. r represents the radius of the state trajectory,

implying the energy stored in the resonant tank. The parameters of the state equations are

summarized in Table 3.2. Some of the parameters require information from the previous interval,

so the explicit solutions can be tedious. Alternatively, the state equations can be solved in the order

of the intervals, with the aid of calculating software.

Table 3.2. Parameters of the state equations (3.12) — (3.13) in the SPDM region.

Interval | [tso, ts1] [ts1, ts2] [ts2, ts3] [ts3, tsa]
ti tso ts1 ts2 ts3
r Vio =V, | OV, +0V, Ve (6))2 + Gy, (6)Z,)2 | Vi =NV, 4V, (6) \/(\/m +nV, =V, (t))* + (i, (t)Z,)°
B 0 tan” [vm +i;\2i )+Zvc \ )] o tan” [vm . rliLV(t—) i ® ]
O V,, —nv, -V, —nVv, -V, +nV, V,,+nV,
ki 1 -1 -1 1
Ky -1 1 1 -1
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L (0= 55sin(o, (1)~ 5) (3.12)

Ve, (t) =k, rcos(mw, (t—t)— ) +0O (3.13)
The state equations not only describe the operation in SPDM but also provide other
valuable information like the voltage gain equation. To begin with, the duration of each interval
should be derived, as summarized in Table 3.3. Tsx and fx represent the duration and S of Interval
[tsc-2), tsx]. In every cycle, from tso to tss, the total charges (Qtwt) sent to the load can be calculated
by integrating the equations of I r as shown in (3.14), where ry is the r of Interval [tsx-1), tsx]. Since
the period of each cycle can be expressed as (fspp)?!, the pulse density can be derived by
considering the average output current, as shown in (3.15).

Table 3.3. Duration of each interval in SPDM region.

Interval [tso, tsl] [tsl, tsz] [tsz, tsS] [tSS, ts4]
1 B 1 B A
Tsx 2f, o, 2f, o o,
tot = k= " -Lr t dt
Qu=2Q=n2( fi®ldy (3.14)
=nC, [r,(1-cos(o,T,)) +1,(1—cos(f3,)) + I, (1—cos(w, T,)) +r,(1—cos(,))]
V
= 0 3.15
pp QtOI fS R0 ( )

Using (3.12) — (3.15), voltage gain curves in the SPDM region can be plotted in Figure
3.11. All the component parameters are the same as the last section and fs = 250 kHz. When p, is
unity, the inverter works under VFM. At a lighter load, pp drops earlier since the inverter enters

SPDM earlier to cover the shortage of the modulation range with VFM.
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Figure 3.11. Pulse density (pp, solid lines) and normalized voltage gain (M, dashed line) over
output phase angle (6)) under SPDM.

In addition to the voltage gain curves, the state equations also provide an insight into how
SPDM reduces current stresses over PDM. A simple indicator is the positive and negative peaks
of Ir in a high-frequency cycle. In other words, they are the I, at ts1 and ts3 in Figure 3.8,
respectively. During Interval [tso, ts1], r is only subject to Vin and Vo, so fs only affects the
trigonometric part of (3.12). If fs < 2f;, then r1-Z, 1 is the positive peak value i ((ts1). Otherwise, the
positive peak value reduces as fs increases. In Interval [ts2, ts3], the Vcr left in the previous interval
contributes to rs. Such a voltage tends to be higher at a lower fs because I.r brings charges to C;
for a longer period. This is why the radius of the state trajectory keeps expanding in PDM, as
earlier explained in Section 2.5. Additionally, the trigonometric part also lessens when fs increases
in a segment higher than 2f,. As a result, the negative peak value |i.r(ts3)| reduces as fs increases. In
a nutshell, SPDM has lower current stresses than PDM because of a higher fs. With a higher fs, the

energy accumulation in the resonant tank can be broken up earlier, which prevents high resonant
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current peaks and the resulting high current stresses. For the same reason, the circuit under SPDM
enters the blank time after only two pulses.

The positive and negative peaks over different fs are plotted in Figure 3.12. Both peaks can
be reduced by choosing a higher fs, which strictly speaking, is on the premise that the fs is higher
than 2f, (=160 kHz in Figure 3.12). In addition, the impact of the output voltage is also illustrated
with different M. The peaks are the highest when M = 0.01 and lessen with a higher output voltage.
This is also hinted by the equation of r1 and rs, where V, can only decrease their magnitude.
Consequently, the highest resonant current peaks in an SPDM region appear at ZCP and the

positive peak at ZCP can be expressed as (3.16).

. V. .
I zce (ty) = Z_Ir:sm (wars ] (3.16)
15k T w
—M=0.01(pos)
---M=0.01(neg)
s : i M=0.05(pos)
: Negative peak I, |iits
A e ---M=0.05(neg)
= —M=0.1(pos)
10" M=0.1(neg)
T —M=0.15(pos)
= ---M=0.15(neg)
=
o
X
5
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Positive peak I, i ts1)
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Figure 3.12. Resonant current peaks in a high-frequency SPDM cycle over switching frequency

(fs).
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Unlike PWM converters, the calculation of component rms currents is complicated for
resonant converters, not to mention using them in a dc/ac scenario. Therefore, by introducing the
positive and negative peaks, the circuit designer can have a tool to preliminarily evaluate the
performance of a design. For instance, the peaks of I.r should not exceed the current rating of the
devices and the resonant inductor. Also, they are an important reference to choose the maximum
fs (i.e., the fs in the SPDM region) for the system. More details regarding the usage of the peaks in

the hardware design process will be covered in the next chapter.
3.4 Control Strategy

Through previous sections, the benefits of the proposed HMM have been explained. With
that being said, the inverter system requires a control strategy to decide which modulation method
should be adopted at a moment.

The flowchart of the control strategy is illustrated in Figure 3.13. It can also be interpreted
as the program flowchart used by a digital controller of the inverter. First of all, HMM requires at
least two pieces of information from the system regardless of its application scenario, and here, Vo
and |, are sensed. Next, the output phase angle (¢1) and boundary angle (6) should be calculated,
and again, both angles are bounded between 0° and 90°, as stated in Section 3.1. In a standalone
application, 6, can be provided internally, and in a grid-tied application, 6 can be acquired by
detecting Vo. Meanwhile, 6y is subject to the load condition, Ro, which can be estimated when both
Vo and I, are known. Aside from using a lookup table, 6, can also be estimated by (3.17), an
equation derived from (2.3) with Qe related to Ro. In Figure 3.13, the acquisition of 1, and the
calculation of 6, are marked purple, because in a standalone application, these processes are

allowed to be completed at a much lower speed than acquiring Vo[n].
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Figure 3.13. Control strategy of the proposed hybrid modulation method in a standalone
application.
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The modulation method can then be determined by comparing 6, and 6. If 6 < 6, the

voltage Vi[n] (which can easily be generated from 4)),
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inverter adopts VFM and no blank time exists. Based on the error between Vo[n] and the reference
a compensator can update fs[n] to perform

reference tracking. Due to the characteristics of the resonant converter, the compensator design is




not trivial and will be discussed separately in Chapter 5. On the other hand, if 8 > 6, the inverter
adopts SPDM and operates with the maximum switching frequency (fmax). To follow the sinusoidal
reference, a simple on-off control can be used to control the output voltage. When Vo[n] > Vi[n],
all gate signals should remain low to shut down the SRC. Otherwise, two consecutive pulses should
be fired to deliver power to the output.

When the inverter operates near ZCP, the theoretical pulse density may be very low. In this
case, even two pulses can bring excessive power and create a spike on the output waveform. To
mitigate such a spike, an optional way is to introduce the stop angle (6s) as illustrated in the gray
path in Figure 3.13. 6s should be an angle lower than but very close to 90°. When 6 goes beyond
s, the SRC is shut down, not firing any pulses. This mitigation method helps reduce the distortion

near ZCP and improves output waveform quality.
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Figure 3.14. The dynamic change of 6.

Figure 3.14 is an illustration of how 6, changes based on the load condition. The dots on
the output voltage waveform indicate the moments when the controller acquires the load condition
and then updates d». Some delay is inevitable in this case. For example, if a load transition occurs
at the red cross, it will not be reflected on the & until the red dot. In addition, Figure 3.15 is an
illustration of how an SRCUI transfers from the VFM region to the SPDM region. The transition
occurs when @, hits y. In a standalone application, 6, is generated within the controller, so ideally
no additional control is required to smoothen the transition.
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Figure 3.15. The transition from VFM to SPDM.

3.5 Comparison with Basic Modulation Methods

In this section, the performance under HMM will be compared to basic modulation
methods for SRCUI. The basic methods have been introduced in Chapter 2. Since APSM is
regarded as a mixture of other basic methods, only VFM, PSM, and PDM are included in the
comparison. The bases of the comparison are given as follows:

e The purpose is to compare design metrics in terms of circuit characteristics
irrelevant to actual implementation (e.g., device selection).

e The circuit parameters are the same (except Cr) for all modulation methods, as
listed in Table 2.1. The range of fs for HMM is the same as that of VFM.

e The data is mainly generated by simulation software PSIM and computing
software MATLAB. All switches are assumed to be ideal. The equivalent series

resistance (ESR) of all passive components are assumed to be zero.
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3.5.1 Comparison of Resonant Current

The comparison starts with one of the most crucial factors, the resonant current (I.r). The
magnitude of I r directly impacts the conduction losses in semiconductor switches and winding
losses. Figure 3.16 shows the comparison between HMM and PSM and their resonant current
waveforms are overlapped in the third row. In the high-output region, the waveform envelop of
HMM is lesser than that of PSM due to the advantage of using VFM. In the low-output region,
PSM has a lower waveform envelop that smoothly diminishes with the output voltage, and the I,
with HMM seems higher. However, one has to keep in mind that the losses under SPDM are
weighted by its pulse density. Figure 3.17 shows the comparison between HMM and PDM. With
the resonant current waveform under both methods being overlapped, the drawback of PDM
becomes more apparent. The current spikes of PDM exceed HMM in both high-output and low-

output regions, leading to a high rms value of current.
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Figure 3.16. Resonant current comparison between HMM and PSM with the full load.
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Figure 3.17. Resonant current comparison between HMM and PDM with the full load.

The I under different modulation methods is summarized in Figure 3.18. HMM has
current stresses lower than PSM, and much lower than PDM. At the full load, the ohmic conduction
losses under HMM are 7% less than PSM, and 50% less than PDM. Furthermore, the benefit in
current reduction is valid across the entire load range. On the other hand, VFM has current stresses
very similar to (or to be precise, slightly lower than) HMM, since with a heavy load, the VFM
region in HMM dominates the operation of SRCUI. The curve of VFM only extends down to the
half load, because the output waveform under VFM is highly distorted with a light load. The
comparison would be unfair if one of the modulation methods did not need to process power in

the low-output region.
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Figure 3.18. Resonant current comparison under different load conditions.
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3.5.2 Comparison of Maximum Magnetic Flux
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Figure 3.19. Transformer voltage waveform.
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Figure 3.20. Transformer magnetic flux waveform.

Next, the magnetic flux of the transformer is also important, since it directly affects the
core loss. In here, the resonant tank of SRCUI is located at the primary side, so the voltage applied
to the transformer is subject to V. This can be explained by the waveform of the voltage across Lm
(Vum), as shown in Figure 3.19. The positive and negative voltages of Vim are the same and equal
to £nV,. Therefore, the volt-second seen by L in a half switching cycle can be calculated by (3.18).
Under VFM and PSM, the B-H curve of the transformer is symmetrical, so according to Faraday’s
law, the maximum magnetic flux (@max-a) can be written in (3.19), where N, is the number of turns
of the primary-side winding. Note that the ®max-a Of PSM is independent of the phase shift duty
(Dps). On the other hand, the situation for PDM and SPDM is different and a little more

complicated. Ideally, during the blank time, the resonant tank is completely depleted, and the
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magnetic flux returns to zero. In this case, the B-H curve of the transformer is asymmetrical, and
its maximum magnetic flux becomes (3.20). However, in the high-output region under PDM, there
may be many consecutive pulses and limited Toiank. In that case, the maximum magnetic flux may

not follow (3.20). The magnetic flux waveforms in the two different scenarios are compared in

Figure 3.20.
Vs, , = 2\]{ (3.18)
o - 4?:/&],) (3.19)
=

s p

The product of @max-a/ Pmax-b and Np under different modulation methods are compared in
Figure 3.21. @max'Np can represent the stress of magnetic flux without involving transformer design
details. For PSM and PDM, the curves are load-independent. For HMM and VFM, the curves are
load-dependent since fs and 6, change with the load. Based on Figure 3.21, PDM has the highest
stress that is more than double the others, so it is vulnerable to core saturation. As to PSM and
VFM, they share the same equation. But since the fs of PSM always stays at the minimum, the
stress of PSM is greater than VFM/HMM.

One should be aware that Figure 3.21 represents more about the difference in maximum
magnetic flux, rather than the core loss itself. In PDM and SPDM, the core loss should be reduced
since the effective switching frequency fmaxpp is lower. In [63], the author suggested that the core
loss involving re-magnetization processes (like in PDM/SPDM) is proportional to the effective
switching frequency. On the other hand, the core loss calculation for PSM and VFM can refer to
regular Steinmetz’s equation. Steinmetz’s equation states that the core loss density is proportional

to fs to the power of ks and peak flux density to the power of k. Since @max-a is proportional to the
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reciprocal of fs, the comparison of core loss comes down to the comparison of the Steinmetz
coefficients. For the ferrite materials in a proper operating range, typically, 1 <ks<2.5and 2 < kg
< 3. In most cases, kg is higher than ks [64]-[67]. Therefore, the core loss under PSM is generally
higher than the VFM/HMM. In conclusion, VFM/HMM has the lowest @macNp. This not only
makes the transformer less vulnerable to saturation but also implies less core loss according to the

Steinmetz coefficients of general ferrite core materials.
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Figure 3.21. @maxNp over output phase angle (4)) with the half load.

3.5.3 Comparison of the Turn-off Current for ZVS

The soft-switching function is another critical factor affecting the performance of SRCUI.
As previously explained, eliminating the turn-on loss is more important than eliminating the turn-
off loss. Therefore, the turn-off current (ior) is selected to measure the capability of the ZVS turn-
on. If iqf is insufficient, the device voltage commutation during the dead time cannot be completed
in time to perform ZVS. The it under VFM has been explained in Section 3.2 in detail. As to
PSM, its mechanism of ZVS and the calculation of i are very similar to VFM, except that the
cutoff angle is altered by Dys rather than fs. Since the inverter under PDM has a fixed fs and no
early turn-off, its ior Simply follows the magnetizing current. Lastly, the ior of SPDM can be

calculated through the state equations introduced in Section 3.3. With all the calculation methods
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being described, the ioff under different modulation methods are plotted in Figure 3.22 with the half

load and the quarter load conditions.
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Figure 3.22. Comparison of the turn-off current (ior).
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Higher iof implies a stronger capability of ZVS. In Figure 3.22, PDM has the worst
capability because its ioff follows the magnetizing current, which diminishes with the output voltage.
The ot of PSM exceeds VFM in the high-output region, which reflects the higher resonant current
stress of PSM (cf., Figure 3.18). However, such a high i does not provide extra benefits, as iof
only needs to be “enough” for ZVS. In the low-output region, the iot of PSM becomes lower and
reaches zero at ZCP. This concurs with the fact that the resonant current under PSM is zero at ZCP.
Although the iot of VFM decreases slower than PSM in the low-output region, it may still fall short
after a certain point. On the other hand, HMM adopts SPDM for the low-output region and it is
able to maintain the strength of ios.

Just like the case of magnetic flux comparison, the comparison of iof is an indicator of ZVS
capability, but it cannot be directly translated as a comparison of switching loss. The main reason
comes from PDM and SPDM since the switching losses for both of them should be weighted by
pulse density. In other words, PDM and SPDM utilize a different mechanism for switching loss
reduction that does not show up in Figure 3.22. Under SPDM, due to its two-pulse pattern, only
half of the switches experience the ZVS brought by io, and the other half always have the Coss

loss.

3.5.4 Summary

At the end of Chapter 2, Table 2.2 told us all basic modulation methods have their critical
drawback. The analysis in this chapter should provide enough insights on how the proposed HMM
overcomes all these drawbacks and meets the objectives set in Section 1.4: full-range switching
loss reduction, resonant current restraint, and passive component loss restraint.

Firstly, by adopting SPDM in the low-output region, HMM has the ability to modulate

output waveform in the entire operating range. Next, in the VFM region, all the primary-side
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switches can obtain ZVS turn-on. In the SPDM region, although half of the switches do not have
ZV/S turn-on, they only generate Coss loss that is further weighted by pulse density. Finally, based
on Figure 3.18, HMM basically has the lowest resonant current stress. As a result, HMM is free
from the critical drawbacks in Table 2.2.

In addition to the advantages of soft-switching and low resonant current over basic
modulation methods, HMM also tends to have a low magnetic flux. Therefore, the losses in passive
components (mainly from the transformer) can be well restrained under HMM. Despite that the
hardware design of SRCUI has not been discussed, through the circuit analysis, HMM already
shows great potential in reducing power losses. Therefore, HMM is an attractive approach that

meets the first three objectives listed in Section 1.4.
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Chapter 4
Inverter Design, Loss Analysis, and

Experimental Results

4.1 Power Loss Model

In this chapter, an efficiency-oriented inverter design process will be established. To

evaluate the performance of each design, a model for power losses should be established as well.
4.1.1 Losses in Primary-side Switches

The modeling work starts with the semiconductor switches. The total conduction loss of
primary-side devices (Pcond) Can be calculated in (4.1). Note that the current stress of Q1, Qs are
not the same as Q2, Qs in the SPDM region, but the difference is minor and neglected in (4.1).
Also, note that the on-resistance of Q1 — Q4 (Ras_on pri) may be affected by their operating
temperature and driving voltage. The critical part for (4.1) is to know the rms value of Iy (ILr rms).
An easier approach is to gather the data from circuit simulation software. Alternatively, it can be
calculated through the state equations introduced in Chapter 3. The derivation and the solution
may be tedious, but it helps understanding some processes and assumptions used to calculate other
power losses under HMM.

(4.1)

=2l

Lr_rms

P

cond

Rds_on_Pri

Step 1: For a general piecewise waveform, the rms value can be calculated by (4.2) [35].

D is the duty ratio of the k™" segment. ux is the rms value of the ki segment based on its own time
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frame. ui? is also called the contribution of the ki segment. In HMM, the operation of SRCUI is

divided into the VFM region and SPDM region, so I.r rms Can be written in (4.3).

rms = fzn: Du,’ (4.2)
k=1

29 26,
Iir ms Ifr _rms(VFM) Iir rms SPDM)(]'_ b) (43)
T T

Step 2: The rms current of individual regions is calculated by summing up the contribution
of the segments divided by different output phase angles. When the division of the angles is
infinitely fine, it can be written in the form of an integration formula, as listed in (4.4) — (4.5).
iLr_rms(vem)_hf @nd iLr_rmsspom)_nf represent the rms current of 1., in a high-frequency cycle under

VFM and SPDM respectively. They are both a function of 4.

1 &
Lr _rms(VFM) _; J. Lr_rms(VFM)_hf (el )del (44)
12 2 j i @) (4.5)
Lr rms(SPDM) —29b o2 Lr_rms(SPDM)_hf | |

Step 3: In order to find out the rms current value in a high-frequency cycle, another
integration should be performed. The formula for the VFM region is listed in (4.6) based on the
state equation in Section 3.2. Note that we assume the main Interval [to, t1] takes up the whole
period. For SPDM region, the formula is listed in (4.7), where iLrxsppwm) IS the state equation (3.12)

in Interval [tsx-1), ts].
Jas 2 i
_ ‘[ (V. —nV, + AV . : Z1
|2r rms =2 fs [MJ + 1l 2 °S|n2 {a)rt — tan’l ($jjdt (46)
Lr_rms(VFM)_hf J.o [ Z, Lm_pk V,, —nV, + AV,
tSX

4
iIfrfrms(SPDM)fhf = fsppZ[ I iirx(SPDM)dt} (47)

x=1 ts (x-1)
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Step 4: Finally, I.r rms can be calculated by summarizing (4.3) — (4.7). Note that variables
like Vo, fs, 4Ver, iLm_pk, @nd pp require equations derived in Chapter 3 to transfer into an expression
of 4. In that way, the integration in (4.4) and (4.5) can then be performed.

In addition to the conduction loss through the device channel, the body diode of a device
also generates power loss when a current flows through. This happens when the SRC enters the
dead time, so the loss from the device body diode is also termed the dead-time loss. To simplify
the model, the device voltage commutation after switches turn off is assumed to finish immediately,
and a constant current goes through the body diodes within the dead time. Therefore, in the VFM
region, such a loss is mainly determined by the product of io, fs, ta, and the voltage drop of the
body diode [62]. The formula of the dead-time loss in the SPDM region is similar, but i is
replaced by the positive peak iLr(ts1) and negative peak |iLr(ts3)|. The equation for the total dead-
time loss (Pqt) can be found in (4.8). Lastly, just like regular diodes, the forward voltage drop of a
body-diode (vsd) is subject to its forward current. In a reasonable range, such a relationship with
the forward current can be modeled by an equivalent resistance Rt [68]. Therefore, vsq can be

written in (4.9), where vy is the vsg when the current is infinitesimal.
2( ¢4 ,. Z 0 .
Pdt = ;[J.O 4|0ff (9| )Vsdtd fs (el )d9| +J‘6§ 2I:ILr (tsl7 6| )td + ||Lr (ts3' 9| )|Ts4 ]Vsd fmaxpp (9| )d9| J (48)

Vo =V, +iyR; (4.9)

The soft-switching function of HMM focuses on eliminating the device turn-on loss since

the device turn-off loss is relatively low. But in the loss breakdown, the total turn-off loss (Pof) is
non-negligible as the inverter always operates with hard turn-off. The estimation of P requires
information from device testing or datasheet. For example, the turn-off energy (Eox) of
SCT3030AL can be found from its datasheet [69], representing the energy lost in each turn-off

event. Posr can then be calculated by (4.10). Most of the time, the test conditions of Eosr are different
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from real working conditions. To adapt Eo for various switching currents, we can use the approach
of curve fitting to obtain a quadratic equation (cf., Figure 4.1). As to various switching voltages,
we can assume Eor is proportional to the switching voltage [70]. In these ways, Eo can be
expressed as a function of the switching voltage and current. In an SRCUI, the switching voltage
is always Vin so it is omitted from (4.10).

The equations for Pots and Pgt may seem complicated, but in fact, they simply follow some
of the processes previously introduced: splitting the losses into VFM and SPDM regions,

integrating the power losses with respect to 6.

P =3(j % 4E (i () 1,600+ [ 2] (s (1, 00) + En (i, (1,0 fmaxpp(eode.j (4.10)
T 0 6,
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Figure 4.1. The switching energy of SCT3030AL [69].

Under HMM, the turn-on loss has been substantially curtailed. However, it is still
interesting to see how much turn-on loss is left. The total turn-on loss (Pon) can be calculated by
(4.11) and only comes from Q1 and Qs in the SPDM region. In addition, the channel loss is
eliminated by ZCS turn-on, so only Coss l0ss counts. Coss 10ss is caused by the energy wasted in
charging and discharging Coss every cycle, which can be estimated by the Coss stored energy (Eoss)

in a datasheet [62]. If Eoss is not provided in a datasheet, it can be estimated by (4.12) [71].
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I:)on ZE(J‘EZEOSS(VH‘I) fmaxpp(gl )dglj (411)
T\'%

Eoee = J.V\::O Vs Coss (Vs )V (4.12)

Finally, there is the total gate driver loss (Pdrive) that is consumed for driving Q1 — Qa. Parive

is proportional to the driving voltage (Varive) and the corresponding gate charge (Qg). The gate
charge can typically be found in the device datasheet. In addition, since the circuit operates with
ZVS in most switching events, the gate charge related to the plateau region of Vgs can be subtracted

from Qg [62]. In Figure 4.2, such a plateau gate charge is approximately 43 nC (= 67 nC — 24 nC).

8Q Vdrive & z
|:)drive = QT(J.O fs (9| )dgl +_[9§ fmaxpp (0I)d6| (413)
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Figure 4.2. The gate charge curve of SCT3030AL [69].
4.1.2 Losses in Magnetic Components
On top of the primary-side devices, the magnetic components of SRCUI are also critical to
its efficiency performance. Though it is possible to integrate the resonant inductor and the
transformer to reduce volume [72], such an approach is usually available only when the ratio of
Li/Lm is low. But in HMM, L/Ln affects &, and should not be overly small. Therefore, the resonant

inductor and the transformer are assumed to be separate components here.
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Since I.r_rms has been obtained in the last subsection, the estimation of copper loss becomes
easier, as shown in (4.14) and (4.15). Rpri, Rsec, and Ryr are the primary-side, secondary-side
transformer, and resonant inductor winding resistance. In the scope of this dissertation, ac winding
resistance is identical to dc winding resistance. Since the prototyped SRCUI operates at no more
than 300 kHz, the proximity effect and fringing effect are assumed negligible. The skin effect is
also assumed negligible when proper litz wire is selected.

PCu_XF = Iir_rms(Rpri + ansec) (414)

=12
— "Lr_rms

P

Cu_Lr

R, (4.15)

The flux density of HMM has previously been discussed in Section 3.5, and here, it should
be used for modeling transformer core loss. In the VFM region, the core loss can be estimated by
regular Steinmetz’s equation as (4.16). Ve is the volume of the magnetic core and ki is another
Steinmetz coefficient. B is the maximum magnetic flux density and Ae is the cross-sectional area
of the core. In the SPDM region, the core is re-magnetized every cycle, so the core loss can be
estimated by a modified Steinmetz’s equation as (4.17) [63]. The total core loss of the transformer

(Pre_xF) can then be calculated by integrating both Steinmetz’s equations, as shown in (4.18).

ke
f f nVO
I:)Fe_XF(VFM)_hf =Vek1 fsk Bnkws :Vekl fsk (4 fSNpA% (416)
v )"
_ _ n

Pee XF (SPDM)_hf :VeklfskT 1(fmaxp )Brlr(18 :Vek1fskf l(fmaxp ) > J (4.17)

- - P "L 21N, A

2( & z

PFefXF = ;[L PFefXF(VFM)fhf (0| )d 0| + L,i PFefXF(SPDM)ihf (0| )d9| } (418)

The resonant inductor also generates core loss, but its magnetic flux is not subject to the
output voltage. Instead, the core loss is related to the resonant current. By the definition of an

inductor, the maximum flux density should satisfy (4.19). Therefore, the core loss equation used
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in the VFM and SPDM region can be written in (4.20) and (4.21) respectively. Ve, and Ae are the
volume and cross-sectional area of the core of the resonant inductor. N is the number of turns of
the resonant inductor. The form of (4.20) and (4.21) are basically the same as (4.16) and (4.17),
except the estimation of Bm, which utilizes the state equation derived in Chapter 3. Note that in
(4.21), we assume the positive peak of 1., represents the current peak in a high-frequency cycle.

Finally, the total core loss of the resonant inductor (Pre_Lr) can be obtained by (4.22).

CI)max_Lr = LrILr_max (419)

kB
2
V,,—nV, +AV, . L
Pre_ Loy = Veok f B =Vook, £, (m] +|Lm_pk2[ ' J (4.20)
Z NLr'%Z

r

K
§ o I-r \/in — nVo H @
PFe_Lr(SF’DM )_hf = e2k1 fsk 1( fmaxpp)BrI:wB :VeZkl fsk 1( fmaxpp)(( NLr A\gZ j Z - (2 f ax jj (421)

r m

2( 6 z
Pre_1s = ;[ o Pre_tecwran e (B)AG, + [ 2 Py soomn (e.)de.J (4.22)

4.1.3 Other Power Losses

Other power losses are significant but relatively easy to calculate. The total rectifier diode
loss (Pdiode) coming from D1 — D4 can be roughly estimated by (4.23). (4.23) is valid because the
average current flowing through a rectifier diode is half of the absolute output current. Note that
Pout and Vout are the overall output power and voltage, rather than an instantaneous value. Vs is the
diode forward voltage drop at the device average current. If the resistance of the diode needs to be
considered, the calculation has to go through double integration just like for I.r rms. The process
will be tedious because the actual current waveform at a rectifier diode contains high-frequency

components.

a2 P,
Pdiode = 2<|Iout|>vf =—c" Vf (423)

7 V

out
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Since Cy is connected in series with Ly, it also has the entire I.r flowing through. Therefore,
the ESR of C (Rcr) creates a resistive resonant capacitor loss (Pcr) that is calculated by (4.24).
Per =17 msRe, (4.24)
The unfolder Qs — Qg switches at the line frequency and in theory with ZVZCS. Therefore,
the relevant switching losses are negligible. Only the total conduction loss of unfolder (Puf) matters

and can be calculated by (4.25), where Ryt is the on-resistance of Qs — Qs.

2 2
P =4(|°—\/“2_‘j R =2(%] Ry (4.25)
out

4.1.4 Summary

Table 4.1. Summary of power loss formulas

Category Formula Metrics
Total conduction loss of primary-side devices (Pcond) 4.2) ILr_rms
Total dead-time loss (Pat) (4.8)- (4.9 loff
Total turn-off loss (Pof) (4.10) loff
Total turn-on loss (Pon) (4.11) N/A
Total gate driver 10ss (Parive) (4.13) N/A
Copper loss of transformer (Pcu_xr) (4.14) ILr_rms
Copper loss of resonant inductor (Pcu_Lr) (4.15) ILr rms
Core loss of transformer (Pre_xr) (4.16) — (4.18) Dax
Core loss of resonant inductor (Pre_Lr) (4.20) — (4.22) N/A
Total rectifier diode loss (Pgiode) (4.23) N/A
Resonant capacitor loss (Pcr) (4.24) ILr_rms
Total conduction loss of unfolder (Puf) (4.25) N/A

The power losses modeled in this section are summarized in Table 4.1. Needless to say,

other equations and information from datasheets are also necessary for calculating the actual power
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losses in an inverter. These equations include but are not limited to: the calculation of I.r ms (4.3)
— (4.7), state equations (3.1) — (3.6), (3.12), and voltage gain equations (2.3) — (2.4), (3.11), (3.14)
—(3.15).

Table 4.1 also explains the choice of design metrics compared in Section 3.5. Those design
metrics were specifically selected based on the power loss model. Over half of the items are related
to either the resonant current, the turn-off current, or the maximum magnetic flux. Some other
items like Py and Pdioge receive little to no effect from the choice of modulation method. This
justifies that the design metrics in Section 3.5 can effectively predict the efficiency performance

of SRCUI.
4.2 Inverter Design Procedure

With the power loss model established, the design of the inverter can be carried out. Figure
4.3 is an efficiency-oriented design procedure. To explain the procedure, each process has been
labeled by a green note at its upper-left corner.

Process P1: The selection of switching frequency is crucial to power electronics, as it
directly impacts the size of the system. In contrast to conventional converters operating with a
fixed frequency, the fs of SRCUI varies under HMM. In this case, the minimum switching
frequency (fmin) can be used as a basis for high-level trade-off analysis, because the magnetic flux
in the transformer and the resonant inductor reaches the maximum at the crest and trough of the
output, where fs = fmin. In the example of this section, we assume fmin is predetermined at 80 kHz
according to size and other considerations.

Process P2: To initiate the design iteration, some guesses have to be made for the first

attempt. The initial fmax can be set at 4fmin as a rule of thumb. For example, fnax = 4fmin = 320 kHz.
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Process P3: Once the initial fmin and fmax are decided, a quick scan can be carried out to
confirm whether the frequency range is reasonable. For instance, the candidates of magnetic
material should work from fmin t0 fmax, and avoid the roll-off in the permeability (). In Figure 4.4,
the complex permeability of 3C95 is plotted and the roll-off does not take place before 320 kHz.
Also, the loss tangent (=u’/ i) is still low at 320 kHz, so conventional formulas are still available
[74]. In addition, if any controllers, ICs (e.g., gate drivers), or semiconductor devices is already

selected, it should also satisfy the working frequency from fmin to fmax.
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Figure 4.4. Complex permeability of 3C95 as a function of frequency [73].

Process P4: Similar to Process P4, an initial design of the resonant tank is needed for the
design iteration. The series resonant frequency in (2.1) should be the same or slightly lower than
fmin to process the largest instantaneous power with the optimal point of SRC [46]. Later, L and
C: can be found out once the characteristics impedance (Zr) is decided. Z can be set to let 8, = 60°
at the half load (Ro_naif), which means it can be calculated by (4.26) based on (3.17). In this way,

the inverter with Rq_nhaif Switches the modulation method when V, reaches half of its peak value.

2
z :8n Roz_half f 3 f (4.26)
T Jmax . 'r

f f

r max
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Process P5: After the initial resonant tank and switching frequency range are known, one
can assume an initial Ly that equals 4Ly, since the impact of Ly is relatively minor. In addition,
turns ratio n can be decided by (4.27). Dead-time tq can be selected as a certain percentage of a
high-frequency cycle (e.g., 1% of fmax'). From now on, the inverter has all the parameters it needs
for simulation and modeling. Therefore, the losses in the primary-side switches (Pgpri) can be
calculated by adding up Pcond, Pdt, Poff, Pon, and Parive. Pqpri Should be estimated for each candidate
of the primary-side switches to identify the one with minimal loss. To be a candidate, the voltage

and current rating of a device should at least satisfy (4.28) and (4.29).

V. V.
n<n —_Vin (4.27)
Vom \/Evout
voltage rating of Q1 — Qs > Vin (4.28)
average current rating of Q1 — Q4 > Pout_max/(2Vin) (4.29)

Process P6: After Q1 — Qs is selected, Lm should be re-selected to satisfy the ZVS condition.
At the crest and trough of the output, fs is very close to fr and the turn-off current is basically solely
contributed by the magnetizing current. Therefore, based on (3.1) and (3.7), the constraint on Ln
can be written in (4.30). Vom is the maximum absolute output voltage. Also, note that Coss is not
constant in a real device. So the Coss in (4.30) is a time-related Coss(try defined in (4.31).

NVt

S— 4.30
Lm 8 fscossvin ( )
1 Vin
Coss(tr) = \Z .([ Coss (Vds)dvds (431)

Process P7: The design of the transformer starts with an estimation through the area
product (Ap). Related to both power loss and size, Ay is defined as the product of the core cross-
sectional area (Ae) and the window area (Wa) as (4.32). According to [75], the volume of the

transformer can be seen as a function of Ap as (4.33), where Ky is a constant determined by core
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configuration (e.g., Kvol = 14.5 for pot core). Therefore, the maximum A, can be obtained once the
volume restriction and desired core configuration are known. In a power converter design, there is
a trade-off between efficiency and power density [76]. Since the procedure here is supposed to be

efficiency-oriented, a larger A, is preferred in general.
A =W,A (4.32)

V, = K, A7 (4.33)

vol

Up until now, the designer should already have candidates for core material and core
configuration along with the limitation on Ap. So by finding the cores that have high A, without
violating the limit, a list of candidates for the core can be generated. For each candidate, a different
winding design also leads to different power loss. To sweep over the possible options, one can
starts with Np (number of turns of the primary-side winding) = 1 and then gradually increase.
Before launching the loss calculation process, the magnetic flux density needs to be inspected first
to avoid saturation, as shown in (4.34). The saturation flux density (Bsat) is usually provided in the
datasheet of the core material. If the core is not saturated, the core loss can then be calculated using

the model in Section 4.1.

B ——MWom _pg (4.34)
4 fmin N p A%

Next, the actual windings should be designed based on window utilization as (4.35). K is
the window utilization factor. Awp and Aws are the cross-sectional area of the primary and
secondary-side windings. If the current density at both sides is designed to be the same, Awp and
Aus satisfy (4.36). To facilitate the estimation of transformer copper loss, (4.14) is further written
into (4.37), providing the mean length per turn (MLT) is the same for both sides. p is the electrical

resistivity of copper.
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Figure 4.5. Sweeping program for transformer loss estimation.
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The calculation of core loss and copper loss has to be repeated to find out the design with
the least total loss. This can be achieved by a sweeping program shown in Figure 4.5. The program
sweeps over two loops — one for N, and the other for the candidates of the core. At the end of the
program, the transformer design with the least power loss is accomplished. Finally, to adjust Ly to

the desired value, the air gap (lg) can be estimated by (4.38).

_1MNGA
T2 L

m

| (4.38)

Process P8: In here, the resonant inductor is also realized by a high-u core and an air gap,
so the design process is very similar to Process P7, including the initial screening with Ap. The
difference mainly lies in the calculation of core loss and copper loss, as the formulas are much
different. Also, the magnetic flux density is controlled by the resonant current rather than the
output voltage, so the saturation should be checked by (4.39) instead. (4.39) involves with the
maximum current of L at the peak of the output, where AVcr and iLm_pk also reach their maximum.
In addition, the window utilization restriction (4.35) should also be modified since only one

winding presents.

Bmax -
N A Z

L Vin _nvom +AV, r_max ’ .
= - \/[ <= j + ILm_pk_max2 < Bsat (439)

Process P9 and Process P10: Now the losses in Q1 — Q4 and magnetic components are
obtained. However, these are only the losses in terms of the initial attempt. To find out the design
with the least power loss, the previous Process P5 — P8 should be iterated. For each iteration, a
new combination of fmax and Z, should be used. As a matter of fact, these two parameters affect 6y

(cf., (3.17)) and many other characteristics. They are crucial and special design parameters of

HMM.
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Process P11: However, each iteration has to sweep through many candidates of the device
and magnetic parts. To accelerate the search, some constraints can be set to rule out the
unreasonable options before entering Process P5 — P8. Firstly, if Z, is too large, the resulting small
Cr may lead to an excessive resonant capacitor voltage. So based on (3.2), the first constraint can
be written in (4.40), or (4.41) with respect to Zr. Vcr rate IS the voltage rating of Cr and Ro _fun is the
load resistance at the full load. On the other hand, the resonant current can be excessive if Z; is too
small. The peak resonant current (iLr peak) in @ line-frequency cycle is estimated by (4.42). If an
upper limit is set for iLr peak, @ lower bound can be obtained for Z;. For example, we can set the

upper limit as twice of the iLr peak derived in the initial iteration.

V 2
AVCr max — <VCr rate (440)
- 4VinCr Ro_full fmin h
V.V R
Zr < in Cr_rate2 o_ full (441)
7Nom
iLripeak _ \/[Vin —nVomZ+ AVcr_max ] 4 iLmipkimaxz (442)

To avoid going through Process P3 again, fmax should not exceed the value chosen in
Process P2. In addition, the turn-off current (iof) may be insufficient if the fnax is too high. This
can be prevented by checking the ZVS condition of Q1 — Q4 at the boundary (when 6, = 6,). To do
so, one can apply (3.7) and (3.10), which have been explained in Section 3.2.

On the other hand, the lower bound of fmax can be set by using the resonant current peaks
in the SPDM region discussed in Figure 3.12, Section 3.3. With a lower fmax, the current peaks tend
to be higher and therefore a current threshold I can be set. A lower bound for fmax is drawn when
the resonant current peaks have to comply with (4.43) and (4.44). As a rule of thumb, Il should

be lower than 0.5-iLr_peak.
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i, (ty) <l (4.43)

lic, (ts)| < 1 (4.44)

Process P12: When Process P9 outputs “yes”, the procedure should have gained all the

circuit parameters and the design of Q1 — Q4 and magnetic components. The rest of the components

are not that sensitive to circuit parameters, so they can be designed in the last process. Besides the

capacitance and voltage rating, the design of C; should also take ESR, current capability, and the

ability of dv/dt into consideration. These properties may be degraded when C, operates with a high
frequency.

The rectifier D1 — D4 is also important to system efficiency. Its voltage stress is Vom and the

average current stress is written in (4.45). Here, the effect of the junction capacitance of D1 — D4

is not included in the analysis. However, it is worth mentioning that overly large junction

capacitance may hinder Q1 — Q4 from ZVS [77]-[78].

2P
Idiodeiavg = 05<| Iout|> =§Voul (445)

out

Finally, the power loss in the unfolder Qs — Qs can always be reduced if a lower on-
resistance device is used. The typical trade-off between conduction loss and switching loss does
not apply, since Qs — Qg are line-frequency switches with ZVZCS. Its voltage stress and average

current stress are the same as D1 — Da. The unfolder is commonly realized with low-cost devices.
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4.3 Prototype and Experimental Results

100mm Q—-Q

height: 65mm
™ =

Figure 4.6. SRCUI prototype.

Table 4.2. Key components of the SRCUI prototype

Components

Part numbers/ Design details

Primary-side switches

(Q1—Qa4)

SiC MOSFET SCT3030AL

Rectifier (D1 — D)

Si diode STTH6006W

Unfolder (Qs — Qs)

CoolMos IXKK85N60C

Transformer

Core: EE65/32/27, 3C95
Primary-side winding: 660 strand #44 AWG litz wire, 18 turns
Secondary-side winding: 660 strand #44 AWG litz wire, 15 turns

Resonant inductor (L)

Core: EE65/32/27, 3C95
Winding: 660 strand #44 AWG litz wire, 21 turns

Resonant capacitor (Cy)

942C16P1K-F * 3 (in series)

Output filtering capacitor
(Cy)

B32922C3474M000 * 2

Gate driver

uCcCz21521

To verify the concept and analysis of HMM, a prototype is built with the circuit parameters

listed in Table 2.1, and the photo is shown in Figure 4.6. The components of the prototype are
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summarized in Table 4.2. The controller is implemented by a digital signal processor (DSP)
F28379D.

The low-frequency steady-state waveforms under HMM are shown in Figure 4.7, proving
that the prototype successfully outputs a sinusoidal voltage. The discontinuity can be observed
from the waveforms of I.r and Vcr, marking the boundary between VFM and SPDM region. At the
crest and trough of the output, the instantaneous power is the largest, so I.r and Vcr are also at their
peak. By comparing Figure 4.7(a) and (c), it is clear that the SPDM region is longer at a light load.
In addition, the magnitude of I.r and Vcr in the SPDM region is independent of the load condition,
as discussed in Section 3.3. Therefore, the peak I.r and Vcr in the SPDM region can even exceed
the VFM region at a lighter load. The THD of V, under 100%, 50% and 25% load are 1.79%,
2.96% and 3.91% respectively. The waveform quality is lower at a light load because of the longer
SPDM region. In the SPDM region, the circuit operation is analogous to burst mode control, so
even with the two-pulse pattern, the output voltage ripple still tends to be high. This causes the

degradation of output waveform quality.

Vo200 V/div

1,20 AJdiv |
Time: 5 ms/div

(@) Po =2 kW (100% load)
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Figure 4.7. Line-frequency steady-state waveforms of SRCUI under HMM.

Figure 4.7(b) is zoomed-in at different output phase angles to demonstrate the details of
HMM. The high-frequency waveforms in the VFM region are shown in Figure 4.8. Figure 4.8(a)
is the waveforms at the crest and trough of the output, where fs = fmin. As explained in the last
section, fmin IS almost the same as the series resonant frequency (fr). Consequently, I r looks like a
sinusoidal wave without interruption. By the magnetizing current, Q1 — Qs are able to obtain ZVS
turn-on. In Figure 4.8(b), the inverter goes deep into the VFM region and fs becomes 175 kHz. The
waveform of 1. is no longer sinusoidal since it gets cut off early. The resulting turn-off current

assists the ZVS of Q1 — Q4 and again removes the turn-on loss.
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Figure 4.8. High-frequency test waveforms in VFM region.

The high-frequency waveforms in the SPDM region are shown in Figure 4.9. Figure 4.9(a)
is triggered by the first pulse using the gate-source voltage of Q1. I.r is zero before the gate driving
pulses and therefore Q1 (and Q4) turns on with ZCS. In Figure 4.9(b), the second pulse is used for
triggering. By the resonant current built up within the first pulse, the drain-source voltage of Q2

can be fully discharged, so it turns on with ZVS. Therefore, Q2 (and Q3) is free from the turn-on

loss.
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(b) High-frequency waveforms triggered with the second pulse. 8, = 80°, pp = 0.32, fs = fmax = 250 kHz.

Figure 4.9. High-frequency test waveforms in SPDM region.
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In the scope of this dissertation, the diode rectifier of SRCUI is realized by diodes rather
than active switches. Therefore, power flow is not allowed to return from the load to the source.
Since only the output filtering capacitor (Cr) can take reverse current flow, the ability to handle
reactive power is limited. Subsequently, the SRCUI in Figure 2.1 is not suitable for an inductive

load like a motor, which may require a power factor lower than 0.9 [79]. This issue is not unique
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(b) 50% load.

Figure 4.10. Steady-state waveforms with R-L load.

to SRCUI, but common to most PDIs [80].
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Figure 4.11. Zero-crossing-point waveforms with 100% load.
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Even in standalone and gird-tied applications, a certain degree of reactive power capability
is needed because of the grid inductance caused by a lengthy power cable, leakage inductance of
a back-end line transformer, and/or other reasons. To test if the prototype has basic reactive power
capability, an inductor of 4 mH is connected between the load and the inverter output. This
emulates a grid inductance of 0.057 pu and a scenario between stiff grid condition and weak grid
condition [81]-[82]. The test waveforms with the R-L load are shown in Figure 4.10, proving that
the basic function of an inverter remains. However, minor distortion occurs in the output
waveforms, so the THD of V, drops to 2.38% and 3.13% for 100% and 50% load, respectively.
The waveforms at ZCP are compared in Figure 4.11, with and without the extra inductor of 4 mH.
With a purely resistive load, the output voltage and current are always in phase. However, with
the extra inductor, there is a slight delay between the voltage and current waveforms, which leads
to minor distortion.

Lastly, dynamic load tests are conducted between 15% and 90% load, as shown in Figure
4.12. The prototype works in a standalone application and it maintains the output voltage despite

the load changes. The control of the inverter will be further discussed in the next chapter.
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Figure 4.12. Dynamic load test between 15% and 90% load.
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4.4 Efficiency Analysis

4.4.1 Efficiency Measurement and Loss Breakdown

To evaluate the performance of the prototype with HMM, power efficiency is measured
through digital power meter WT1030. The measurement includes all the power losses, except the
gate driver loss and the loss from DSP and sensors. The results are plotted in Figure 4.13 along
with the efficiency predicted by the power loss model in Section 4.1. The measurement and the
model agree with each other at the half load, where efficiency peaks at more than 97.9%. Except
for the data at the lightest load, the error of the model is less than 0.4%. This proves the validity

of the developed power loss model.
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96.6% ;
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Figure 4.13. Measured power efficiency and predicted power efficiency.

The loss breakdown of the inverter is shown in Figure 4.14 and it helps identify the most
significant loss components. Note that the losses in the transformer and the resonant inductor are
combined in Figure 4.14. Since the inverter works in a step-down scenario, the secondary-side
current is relatively large. Therefore, rectifier diode loss is the most significant under the full load.
The turn-off loss is also important since it is the most significant loss under the half load and the
quarter load. From the full load to the quarter load, the turn-off loss only drops by 38%. This can

be attributed to the gain curve of SRC. At a fixed output phase angle, the fs of the SRC is higher
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with a lighter load. In other words, the “average fs” over a line-cycle is higher with a lighter load,
making the turn-off loss more significant over other losses. In addition, the core loss is subject to
the load condition mainly because of the resonant inductor. Otherwise, the core loss of the
transformer is dominated by the output voltage, with a little influence from the load through fs. In
Figure 4.14, the turn-on loss is the only one increasing with a lighter load. This is due to the
expansion of the SPDM region and the fact that Eoss is independent of load condition. The tendency
of the turn-on loss is certainly unfavorable, but it does not have a substantial impact on overall
efficiency. The turn-on loss is kept below 2 W in Figure 4.14 and the credit belongs to multiple
loss-reduction mechanisms: low equivalent switching frequency (= pp-fmax), elimination of channel

loss, and the ZVS for Qz, Qs.
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Figure 4.14. Loss breakdown of the prototype.

Figure 4.14 also implies the direction to further improve power efficiency in the future. To
improve the full-load efficiency, one can replace the diode rectifier with active switches using the
technique of synchronous rectification [83]. For instance, if D1 — D4 are replaced by SCT3030AL,
the device of Q1 — Q4, the total diode loss at the full load can ideally be decreased by 55.3%.

Consequently, the full-load efficiency will increase from 97.7% to 98.0%. In addition, the inverter
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can benefit from advanced semiconductor technologies since switching losses still exist. For
example, gallium nitride (GaN) devices have advantages in high-frequency, low-voltage (<1 kV)
applications [84]-[85]. If GaN transistors GS66516T are applied for Q1 — Qs instead, the turn-off
loss can be reduced by 80% according to the device datasheets [86]. This can bring peak efficiency
from 97.9% to 98.4%. The reduction in switching losses is even more important in an application
with higher switching frequencies. Furthermore, the dead-time tq is set as a constant in the
prototype here. To reduce the dead-time loss, adaptive dead-time or ZVS detection techniques can
be considered. In either way, the dead-time with a high turn-off current can be reduced to limit the
current circulating through the body diodes. In a nutshell, the efficiency and switching frequencies
of the SRCUI under HMM are not limited to the level presented in this dissertation. There is still

room for improvement by applying advanced devices.

4.4.2 Selection of fmax and Z;

Table 4.3. Boundary angle (6,) with different combinations of fmax and Zr.

Case (s Z 0o (Po=2KW) | 6 (Po=1kW) | 65 (Po=500W)
i 250kHz | 60Q 79° 69° 55°
i 180kHz | 60Q 73° 60° 46°
ii 300kHz | 60Q 81° 73° 60°
iv 250kHz | 120Q 84° 79° 70°
v 250kHz | 30Q 69° 54° 38°

In previous sections, the selection of fmax has been discussed regarding its limitations
caused by component capability, the ZVS of Q1 — Qs, and the resonant current peaks in the SPDM

region. The discussion on fmax Will be continued here, but in the aspect of power efficiency. The
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power losses are compared in Figure 4.15 with different fmax. All the calculations are based on the

same prototype, so the &, can be summarized in Table 4.3.
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Figure 4.15. Power loss comparison between different fyax.

With a fixed Zr of 60 Q, case ii with 180-kHz fmax has the lowest 6y, widest SPDM region
and therefore it has the highest I.r rms among the three. However, the increment in copper loss and
conduction loss is negligible or neutralized by the reduction of the turn-off loss. Consequently, the
efficiencies at the full load and the half are almost the same for cases i, ii, and iii. The differences
are less than 0.05%. On the other hand, the quarter-load efficiency of case ii is about 0.2% less
than the other two, and the efficiency drop mainly comes from the core loss of the transformer.
The difference becomes more notable at the quarter load because the SPDM region becomes more

prevailing. Given Figure 4.15 and the analysis above, a high fmax is preferred as long as it does not
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violate any restrictions. The main benefits are better light-load efficiencies and better output
waveform quality.

In addition to different fmax, Table 4.3 also includes 6, with different Z.. When Z; is
increased to 120 Q, L, is doubled and C; is halved. In here, we assume C; keeps the same ESR and
L keeps the same size and shape. Since L is proportional to the square of its number of turns, Nir
becomes 1.414 times the original. With more number of turns, a thinner winding should be used

and therefore R, becomes 2 times the original. The new Nir and R, for case v can be obtained in

the same way.
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Figure 4.16. Power loss comparison between different Z;.

The power loss comparison between case i, iv, and v (different Z;) is shown in Figure 4.16

and the efficiencies are compared in Figure 4.17. In case v, Z; is only 30 Q so its equivalent quality
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factors are lower than the others. This means within a fixed interval in the VFM region, case v has
the highest “average fs” and subsequently the highest turn-off loss. At the quarter load, case v
operates in the SPDM region for over half of the period, so its turn-on loss and transformer core
loss become significant. As a result, the efficiency of case v is lower than the others in Figure 4.17.
On the other hand, case iv has better half-load and quarter-load efficiency than case i due to the
reduction of switching losses. However, its high core loss from the resonant inductor drops the
full-load efficiency. In addition, the high L, required in case iv would make the future integration

of magnetic components difficult.
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Figure 4.17. Efficiency comparison between different combinations of fmax and Zr.

In reality, each new combination of fmax and Zr triggers a new selection loop for
components, so the optimized efficiency may differ from Figure 4.17. Nevertheless, a conclusion
can be drawn for the prototype in this chapter: high 6 is preferred, whether through high fmax or
high Z.. It is arguable to apply this conclusion to every SRCUI, but it can be treated as a general
rule given all the design requirements (e.g., ZVS in the VFM region) are met. After all, the power
delivery in the SPDM region is naturally uneven and concentrated within the time when gate

signals are fired.
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4.4.3 Comparison between HMM and PSM

In a practical application, VFM may not be considered because of its limited modulation
range. PDM may not be considered either, because of the terrible output waveform demonstrated
in Figure 3.17, and the tremendous current stress demonstrated in Figure 3.18. This leaves PSM

as the only mature basic modulation method. The hard-switching of PSM is undesired, but the

inverter can still operate.
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Figure 4.18. Power loss comparison between HMM and PSM.

Therefore, it is worthwhile to compare the power loss breakdown between HMM and PSM,
as shown in Figure 4.18. The HMM and PSM are applied to the same prototype. As expected,
PSM has a higher turn-on loss with all the load conditions. The turn-on loss of PSM is even higher

with the quarter load because the turn-off current for ZVS becomes smaller. Also, the conduction
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loss of PSM is higher due to more circulating current. On the other hand, HMM has higher turn-
off loss despite a lower turn-off current in the high-output region (cf., Figure 3.22). This is caused

by the higher fs of HMM. The measured power efficiencies are compared in Figure 4.19.

98.0%
> 97.5%

96.0% —o—HMM
95.5% s —-8--PSM

0 500 1000 1500 2000
Output power P,,,, (W)

Figure 4.19. Efficiency comparison between HMM and PSM.
In terms of efficiency, PSM is only 0.23%, 0.33%, and 0.74% lower than HMM, with the

full load, half load, and quarter load respectively. The efficiency difference will be further enlarged
if the prototype adopts higher fs since the total switching loss of PSM is higher. Moreover, in SiC
MOSFET SCT3030AL (650 V, 30 mQ), the turn-on energy is twice of the turn-off energy at
switching voltage/current of 400V/20A. But with the same switching voltage/current, the turn-on
energy of GaN HEMT GS66516T (650 V, 25 mQ) is about 8 times of the turn-off energy [86].

This implies HMM is even more advantageous if GaN devices are used for Q1 — Qa.
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Chapter 5
Modeling and Control

In Standalone Applications

5.1 Background

In the scope of this dissertation, SRCUI is designed and tested in standalone applications
and this chapter will provide guidance for controller design. More specifically, the focus will be
put on the VFM region as the control of the SPDM region has been described in Figure 3.13.
Besides, the VFM region is normally the longer one in HMM. To begin with, the background
information of inverter control will be briefly introduced in this section.

In a regular full-bridge inverter, the small-signal plant model has constant coefficients
independent of the output phase angle [87]. Therefore, the compensator also remains constant
during a steady-state operation. In standalone applications, the main duty of an inverter is to form
a grid voltage. Even so, current sensing is often implemented at output filtering inductor or
capacitor. The additional current information can lead to a multi-loop control scheme that features
a faster dynamic response [88].

However, not every inverter has a concise plant model and FC-PDI (introduced in Chapter
1) is a good example. In [89], the control-to-primary current transfer function of a specially
controlled CCM FC-PDI has a pole at 0 Hz and a moving left-half-plane (LHP) zero. The gain of

the transfer function at 100 Hz varies with grid voltage, and the LHP zero varies with both grid
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voltage and power level. Therefore, it is suggested to identify the corner cases and design
correspondingly to avoid instability.

The plant model of an FC-PDI directly relates to its flyback converter, since the unfolder
is not engaged in the high-frequency operation. Similarly, to find out the plant model of SRCUI,
one should begin with the plant model of SRC/LLC resonant converter. To facilitate the
experiment, the parameters of SRCUI in this chapter are changed to Table 5.1.

Table 5.1. Circuit parameters of SRCUI in Chapter 5.

Parameters Value Parameters Value
Vin 50 V L 12.7 uH
Vout 50 Vims Cr 200 nF
Pout 0-150wW Lm 56 uH
n 0.667 fr 99.8 kHz
Ct 1 pF fs 100 — 300 kHz

5.2 Plant Model in VFM Region

The modeling of resonant converter is not an easy task as the conventional state-space
averaging method cannot preserve the details regarding the beat frequency dynamics, an
interaction between the switching frequency and the natural resonant frequency [90]. Different
approaches have been attempted to accurately capture the beat frequency dynamics, but most of
them lack physical insights and are numerical methods. Nevertheless, a third-order equivalent
circuit model of SRC was proposed in [90], and it achieved a good balance between accuracy and
simplicity. Later, the result is extended to LLC resonant converter and creates equivalent circuit

models for fs > f; and fs < f respectively [91].
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In previous chapters, the effect of L, can be neglected in many circumstances, yet it has a
great impact on the small-signal plant model. The voltage gain curves of SRC and LLC resonant
converter have been plotted in Figure 2.3, and the slope of the curves represents dVo/dfs, namely
the dc gain of the control-to-output transfer function. In an SRC, the slope at fs = f; is zero, but in
an LLC resonant converter, it is not always zero. Therefore, without diving into small-signal
models, we know the dc-dc stage here cannot be simplified as an SRC.

By applying the conclusion in [91], the small-signal equivalent circuit model can be
derived in Figure 5.1. L and Ce dominate the double pole location of the system, while Req provides
the damping effect. Their expressions can be found in (5.1) — (5.4), which include the beat
frequency dynamics. Note that ws = 2xfs, wr = 2znfr and wn = ws/wr. In addition, the gain terms

regarding the switching frequency are listed in (5.5) and (5.6).

L. i 3
Redy AI AI _JYYY\& - Yo
Kvﬁm 0 ”Ce A ﬂ
D e 0,03
Kda)s 0 —@— GdC’L\)S 4”_{;(, ! Ro
—— d —

Figure 5.1. Small-signal equivalent circuit model of an LLC converter (fs > f;).
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K, = in (5.5)
e, L,

G, = av, L, (5.6)
”a)r Red

With the small-signal equivalent circuit model, the control-to-output transfer function (Gvr)
can be derived in (5.7) with its dc gain (Kpc) in (5.8). On top of the fruitful verification works in
[91], the results of the model are also compared to the results of an ac analysis performed in Simplis,

as shown in Figure 5.2.
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Figure 5.2. Comparison of Gyt between the small-signal equivalent circuit model and Simplis
simulation.
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(5.7) and (5.8) indicate that both Kpc and the pole locations are subject to fs. Since fs
changes with 6, (cf., Figure 3.7) in the VFM region, Kpc is also a function of 4. Figure 5.3 shows
how Kpc varies with 6y and the load condition. Kpc tends to be higher with a heavier load and drops
to zero at ZCP. This again matches the trends that appear in the gain curves of Figure 2.3(b): (i)
the slope is steeper with a larger Qe, which can be caused by a heavier load. (ii) The curves are

gradually flattened out as they approach infinite fs.

- %10
—100% load
1+F ——75% load |
50% load
0.8 —25% load -
8 0.6
Ol

0 10 20 30 40 50 60 70 80 90
Output phase angle 6, (®)

Figure 5.3. Kpc over output phase angle (6)).

There are a double pole and a single pole in the plant model, and the pole locations with
different 6, are plotted in Figure 5.4. When 6 is low, the double pole is lower than the single pole.
The order is reversed when 6 is high, which demonstrates the moving nature of the pole locations.
Using Figure 5.4, the pole locations are summarized in Table 5.2.

Table 5.2. Pole locations of Gy with different 6 (Pout = 150 W).

0 1° 16° 31° 46° 61° 76°
Single pole location (kHz) 36.1 37.4 32.1 10.7 6.53 5.3
Double pole location (kHz) | 13.4 14.2 18.4 43.9 95.2 260
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Figure 5.4. Pole-zero plot of Gyt with Poyt = 150 W,

5.3 Gain-Varying Compensator Design

It would be a difficult task to compensate the poles of the plant model given their wide
moving range as demonstrated in Table 5.2. Since the inverter system here does not need an ultra-
fast bandwidth, the compensator design will simply avoid the poles. In addition, given the
complexity of (5.8) and the limited calculation speed in a DSP, maintaining a unified loop gain is
hard to be realized. Therefore, a Pl compensator with a proposed simple gain-varying method will
be introduced to control the output voltage in the VFM region. The control block diagram in the
VFM region is plotted in Figure 5.5, where Ty, is the compensator. Before diving into the details
about the compensator, other control blocks should be explained first.

Both V, and |, are sensed and the sensing signals pass through a voltage/current transducer
(Hv/H;i) and a low-pass-filter (LPF./LPF;). The transducers convert signals to a value within 0 V
and 3.3 V for the DSP. The low-pass-filters get rid of high-frequency noises. The sensing of I, in
Figure 5.5 has low bandwidth. It is added to acquire the load condition, rather than join the cycle-

by-cycle compensation like in a regular standalone full-bridge inverter. In a DSP, the sensing
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signals are read by ADC that is triggered by a clock signal (e.g, ePWM module). Therefore, the
sensing signals may not be read in an instant and such a delay is referred to as the zero-order-hold
(ZOH). In the prototype, the ADC performs at a fixed sample time (Tapc) so ZOH can be estimated
by (5.9) [92]. In a standalone application, the reference voltage (Vrer) can be generated within the
controller, and the error between Vi and the sensed Vo is sent to the compensator. The
compensator then outputs a new fs, but it will not be updated until the end of an ePWM cycle (the
exact update timing depends on the configuration in a DSP). Such an updating delay is typically
modeled as Z* in (5.10) [92]. Finally, the DSP generates the gate signals for Qi — Q4 and sends

them to the power stage of an SRCUI.
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Figure 5.5. The control block diagram in the VFM region.

—STapc
zoH =128 (5.9)
STADC
Z'(s)=e"": (5.10)

Based on Figure 5.5, the voltage loop gain (Tv) can be written in (5.11) and G’ represents
the loop gain without the Tr. Hence, Gy’ can be used as a reference for compensator design. In the

prototype, the ADC sampling frequency is 200 kHz and the update on fs is performed every
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switching-frequency cycle. These are much higher than the lowest pole location in Table 5.2, so

the digital delay effects do not have a critical influence on the phase margin.

T, =G, H, (LPF,)(ZOH)Z'T,, =G, T, (5.11)
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(b) Proportional to fs.
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Figure 5.6. Kpc after gain-varying method over output phase angle (8)).

The PI compensator with a simple gain-varying method is proposed as (5.12). The corner
frequency is fixed and the gain is subject to fs. When 6, = 0° (fs = fmin), the gain is basically
unchanged. But in low-output regions, the gain of the compensator is boosted because of higher fs.
In addition, as mentioned in section 4.4, the average fs is higher with a lighter load, so the gain-
varying method also increases the gain with a light load. The proposed method only utilizes two
steps of multiplication, so the calculation time in a digital controller is short. In (5.12), (fs/fmin)? can
be considered as a “correction term” that corrects the variance in the dc gain of the plant model.
To evaluate the effect of the gain-varying method, the “corrected Kpc” (=(fs/fmin)> Koc) is plotted
in Figure 5.6(a), since all the other terms in Ty are independent of 4, and R, at 0 Hz. Compared to
Figure 5.3, the corrected Kpc is more concentrated and no longer drops to zero. Although Kpc with
the 25% load seems excessive in the low-output region, the SRCUI has already switched to the
SPDM region when 6, = 48°. Additionally, Figure 5.6(b) and (c) show the corrected Kpc with the

formula (fs/fmin) - Koc and (fs/fmin)® - Koc instead. In Figure 5.6(b), the effect of correction is not
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enough so the variance is still clear. In Figure 5.6(c), the gain in the low-output region becomes

too much. This explains why the gain-varying method is specifically designed as (5.12).

Twzkppﬁkﬁ)z(ﬁd &){M}+ﬁﬂj (5.12)
S T S

min

Finally, the sensed I, is unrelated to Tr here and it is used by the controller only to
determine 6. Nevertheless, it is always an option to update T based on I, along with the update

of 6. Such a low-frequency update can help improve steady-state output waveform quality.
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Figure 5.7. Compensator (Tw) with kpo = 0.1, kio = 27-500 and fs = 118 kHz.

Besides the gain-varying method, the coefficients kyo and kio in (5.12) should also be
designed. In Table 5.2, the lowest pole of Gyt is located at 5.27 kHz, so the control loop crossover
frequency is expected to lie between 60 Hz and 5 kHz. Therefore, the corner frequency (fcorner) is
set at 500 Hz, and ki, is calculated by (5.13). In this way, the phase drop of T has limited overlap
with the phase drop of Gy and the digital delay effects. Next, kyo should be tuned to make the
crossover frequency at all different 6, fall into the desired range. For the prototype in this chapter,
kpo is selected as 0.1 and a bode plot of Ty is exemplified in Figure 5.7. Finally, the loop gains at
different 6 are plotted in Figure 5.8 and the relevant information is summarized in Table 5.3. Over

the entire operating range, the crossover frequencies are scattered in a wide spectrum. From the
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perspective of phase margin, the system has a conservative feedback control design that meets the
stability requirement of most applications [93]-[94]. In this dissertation, there are no specific
application scenarios assigned to SRCUI, so there are no specific bandwidth requirements. If the
bandwidth is insufficient, especially in the high-out region, one will have to consider a more

aggressive approach that actively compensates for the moving poles.
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Figure 5.8. Voltage loop gain (Ty) with different 4.

Table 5.3. Phase margin, gain margin, and crossover frequency of the voltage control loop (Ty).

0, (Po= 150 W) 1’ 16° 31° 46° 61° 76°
Crossover frequency 126 Hz | 264 Hz | 497 Hz | 910Hz | 25kHz | 5.2 kHz
Phase margin 113.6° 122.1° 129.6° 136.8° 125.5° 90.6°
Gain margin 10.1dB | 5.7dB | 6.4dB | 10.0dB | 13.2dB | 14.5dB
01 (Po=75W) 1 16° 31° 46° 61°
Crossover frequency 126 Hz | 161 Hz | 274 Hz | 566 Hz | 1.7 kHz
Phase margin 114.1° | 117.5° | 123.9° | 129.1° | 122.7°
Gain margin 52dB | 55dB | 12.7dB | 18.1dB | 19.4dB
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To implement the designed compensator in a DSP, equations for discrete PI controller have
to be adopted (cf., (5.14) — (5.15)). Therefore, the previous coefficients of PI compensator are

further transferred by Tustin transform and the equations can be found in (5.16) — (5.17).

e[n] =V, [N] -V, [n] (5.14)
f,[n]= f,[n—1+k,e[n]+k,e[n—1] (5.15)
kp 1 5.16
Ky, =2+ =K Ky (5.16)

T 2

—k 1
k,=—2+=k ki (5.17)

T 2°

S

5.4 Experimental Verification

Due to the limitations of testing instruments, the loop gain cannot be directly measured, so
time-domain output waveforms are used for verification instead. The experiments were performed
with one of the circuit modules in Figure 6.10. The steady-state output voltage waveform based
on the designed compensator is shown in Figure 5.9(a). On the other hand, Figure 5.9(b) is the
waveform without the gain-varying method. At the crest and trough of the output, the compensator
is the same as the original so the reference tracking is still accurate. However, the loop gain is
insufficient in the low-output region, which leads to slow reference tracking and subsequent
waveform distortion. As a result, the THD is 3.51% in Figure 5.9(a) but then drops to 11.99% in
Figure 5.9(b).

In Figure 5.9(c), the compensator gain is doubled and still without the gain-varying
method. Although the slow tracking in the low-output region is slightly alleviated, a sign of
instability appears in the high-output region along with an audio noise. The reason is that the
compensator gain at 6, = 0° is now doubled than in Figure 5.9(a), causing the decrement in phase

margin. The THD in Figure 5.9(c) is only 8.29%. In conclusion, the necessity and effectiveness of
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the gain-varying method are verified in Figure 5.9. The plant model of the LLC converter is
doomed to vary in a cycle due to the changing nature of inverter output, and the proposed method
helps reduce such a variance. Finally, a dynamic load test is conducted and proves the ability of

the controller to maintain output voltage in a standalone application.
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(b) Without the gain-varying method. kp = Kpo.
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(c) Without the gain-varying method. k, = 2Kpo.

Figure 5.9. Output voltage waveforms with different compensator design (P, = 150 W).
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Figure 5.10. Dynamic load test.
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Chapter 6

Sequential Waveform Synthesis

6.1 Background

Back in Chapter 1, it is mentioned that an isolated inverter has the advantage of modularity
because its transformer allows the series/parallel connection with other modules. This can be
useful for high-power, high step-up applications, like the power conversion from a solar farm to a
medium-voltage grid [96]. In these applications, the dc-link inverter is commonly used as an
individual module. An example is plotted in Figure 6.1, showing an input-parallel-output-series
multi-modular inverter (MMI) based on dc-link inverters. The isolated dc/dc converters in Figure
6.1 have been realized with LLC resonant converter [97]-[98] and phase-shift full-bridge converter
[99], which are suitable for medium to high-power applications. Before the harmonic filter, the
output of the MMI has a discrete number of possible voltage levels, so the structure in Figure 6.1

can be referred to as multi-level inverters.

Isolated-dc/de [ L H-bridge
converter 1 inverter :
i Isolated dc/dc _J__ H-bridge
Vin C.) converter 1 inverter A_I Vout
i N miodules
I_ Isolated dc/dc _J__ H-bridge J
. converter T inverter
Bus fap - CHB

Figure 6.1. A multi-modular inverter based on dc-link inverters.
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On the other hand, an MMI can also be composed of PDIs and inherit their advantages of
power loss reduction (in the second stage), smaller bus capacitors, and so on. This concept has
been realized with FC-PDI. Typically, the MMI based on FC-PDI has modular inputs paralleled
with an interleaving technique to obtain a higher power capability [34], [36], [100]. In addition,
all modules share an unfolder to reduce the total component count. Even so, the output power of
the MMI is usually not greater than a few kW, since the poor transformer utilization of flyback
converter still hinders. Alternatively, SRCUI can be used as a module for an MMI, and the system
structure is plotted in Figure 6.2. Each module keeps its unfolder for the sake of device voltage
rating and more control freedom. Since the bus voltages are no longer constant, the MMI in Figure

6.2 does not belong to multi-level inverters.

Isolated'dc/dc
converter Unfolder
Isolated dc/dc :|
ST Unfold -
Vin C) converter rotaer _| @ Vout
H Ny mfodules
|_ Isolated dc/dc Unfolder J
converter

Pscud{dc-linkcap

Figure 6.2. A multi-modular inverter based on PDIs.

In previous chapters, the modulation methods of SRCUI have been thoroughly studied, and
the benefits of HMM have been presented. Ideally, HMM can be directly applied to the system in
Figure 6.2 by duplicating the gate signals, which means the gate signals of the primary-side circuit
of every module are identical and simultaneous. The gate signals of every unfolder are also

synchronized. In this way, the output at each unfolder is sinusoidal and in phase with the other
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unfolder outputs. Consequently, the total output is simply an individual output multiplied by the
number of modules.

In Section 4.4, a general conclusion said that an extensive VFM region is preferred for the
sake of efficiency improvement. Therefore, a control method termed sequential waveform
synthesis (SWS) is proposed in this section. The operation of SWS requires multiple modules, so
it is specifically designed for MMI. Compared to directly applying HMM, SWS can extend the
VFM region and thus shorten the SPDM region. In some applications that use total demand
distortion (TDD) as the standard of output waveform quality, SPDM may even be unnecessary.
TDD is determined by the performance with full load [101], where SRCUI under VFM (plus SWS)

has its best output waveform quality.
6.2 Principle of Operation

To focus on explaining SWS, the SRCUI in this chapter will operate with VFM only. In
other words, the inverter is shut down in the low-output region. The MMI is exemplified with 3
modules so the system can be drawn as Figure 6.3. vcix and vyx are the output capacitor voltage
and output voltage of module X. Therefore, veix = |vux|. Without SWS, the low-frequency
waveforms of a module are plotted in Figure 6.4 and they are nothing more than the regular VFM
waveforms. Here, we follow the custom in Chapter 3 to define 4. 6 is 0° at the peak of the output
voltage and 90° at the following ZCP. The cutoff angle (6cu) is where VFM stops. In fact, the
theoretic THD of V, can be calculated in a software tool if Gt is given, as shown in Figure 6.5.
Not too surprisingly, lower 6.t results in a higher THD. As a result, fcut can later be used to
measure the effect of SWS. Without SWS, gate signals are the same for all modules, so the Gcu: of

the MMI is the same as the 6.t of an individual module.
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Figure 6.3. The topology of an MMI based on 3 SRCUlIs.
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Figure 6.4. Steady-state waveforms of a VFM SRCUI module over one line-frequency cycle.
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Figure 6.6. Steady-state waveforms of the MMI based on SRCUIs with SWS.
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Without SWS, all modules enter/leave the VFM region at once. With SWS, each module
enters/leaves the VFM region sequentially. The operational principle of SWS is illustrated in
Figure 6.6. The angle 6a is the same as et in Figure 6.4. But in here, only module A is turned off
at &a so module B and module C pick up the power and output voltage left by module A. This
means module B and module C individually gains more output power and output voltage, which
help the ZVS of the primary-side switches. As a result, module B and module C can keep operating
without violating the ZVS condition. Note that all active modules have the same fs. In addition, all
unfolders have the same gate signals and thus switch at ZCP together. Figure 6.6 also indicates
that the power in modules A, B, and C is not balanced. However, the resulting thermal unbalance
can always be solved by rotating the role of modules A, B, and C between different physical
modules.

In Figure 6.4, Vet is the reference voltage of the total output voltage. From tm and ta, each
module follows Vye/3. From ta to tg, the remaining module B and module C each follows Viet/2.
From tg to tc, module C alone should follow Vyet. Therefore, the output waveforms of each module
are in-phase but different. A sinusoidal output waveform is achieved only when vya, Vug, Vuc are
synthesized together, and hence the operation is termed sequential waveform synthesis.

The number of active modules has an impact on the voltage gain curve, and it determines
the effective load resistance seen by an individual module. From ty to ta, the effective load
resistance is Ro/3. From ta to tg, the effective load resistance is Ro/2, and so on. Consequently, the
output voltage of the MMI with Ny, active modules can be estimated by (6.1), which is modified
from (2.3). The definition of Q. remains the same as (2.2) and (2.4). Furthermore, 64, g, and Oc,

the angles where a module activates/deactivates, can be estimated by (6.2) — (6.4).
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Table 6.1. Prototype circuit parameters of the MMI based on SRCUIs.

(6.1)

(6.2)

(6.3)

(6.4)

Parameters Value Parameters Value
Vin 80 V L 12.7 uH
Vout 230 Vims Cr 200 nF
Pout 540 - 1080 W Lm 56 uH
n 0.667 fr 99.8 kHz
Cix 1.6 uF fs 100 — 300 kHz

To demonstrate the operation of SWS, the circuit parameters summarized in Table 6.1 are

used in this chapter. Through (6.1), the fs of the MMI is plotted as a function of 4 in Figure 6.7.

Most of the time, fs increases with 6 just like under normal VFM. But once fs hits fmax, one module

is turned off and that moment is one of @a, fs, and 6c. After a module is turned off, the remaining

active modules decrease fs to catch up on the reference voltage. With the 50% load, 0, 0g, and 6c

are 63°, 67° and 76° respectively. With the 100% load, s and dc merge at 79° for being too close

to each other, and @a is 75°. This implies that SWS is more effective with a light load. Based on



Figure 6.5, the theoretic THD of V, with the 50% load can drop from 16% to 3%, since the cutoff
angle increases from 63° to 76°. As to the 100% load, the theoretic THD only drops from 3.7% to

1.5%.

350000 100% load 50% load
00000
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250000
200000
150000
100000
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0 10 20 30 40 50 60 70 80 90
Output phase angle 8, (*)

Figure 6.7. Switching frequency (fs) as a function of output phase angle (61) under SWS.

6.3 Control Strategy

The control strategy of SWS is plotted in Figure 6.8. Similar to HMM, V, and |, are sensed
while the latter one is used to determine the load condition. The acquired load condition can be
used to calculate 8a, 8s, and 6c, following (6.2) — (6.4). The calculation of the angles is performed
with a slow bandwidth, so it is marked in purple in Figure 6.8. The rest of the steps are in black
and executed every switching-frequency cycle. Since the basis of the control is VFM, it also suffers
from the changing plant model of SRC. Therefore, the gain varying method proposed in Chapter
5 is applied to correct the compensator gain over 6. Furthermore, the second compensator gain
correction is performed after the number of active modules (Nm) are determined by 64, g, 6c, and
6. The second correction is set to compensate for the variance in dc loop gain caused by Nm. With
a fixed change in fs, the change in V, of the MMI is Ni, times of the change in a single module,

because the modules are connected in series at the output. Consequently, the compensator gain has

108



to be higher when there are fewer active modules. With both corrections included, the formula of
the compensator of SWS can be written in (6.5), where Ny is the total number of modules. After
the compensator is determined, fs can be calculated, updated, and utilized to generate PWM signals.

Aside from the flow chart in Figure 6.8, the concept of SWS is also plotted in a form of a
control block diagram, as shown in Figure 6.9. Note that in this chapter, standalone applications
are still the targeted application, so the controller has to maintain V,. Therefore, the design of

compensator coefficients still follows the principles introduced in Chapter 5.

k N k.
—k, po( ml)zm_t:}(“?") (6.5)
Acquire 6, Gain correction over 6;:
Acquire V,[n] bk No(ﬂln—lJ)z
Acquire load condition S

Determine

Calculate 6, €z, 0.
MMTI’s status

006, 0400y Op=0r=0c <6
- - i
2" Corr.: 2™ Corr.: 2" Corr.:
kp: = kp:] kﬂl = ] 'Sk.l?Zl kﬂz = 3ki’il

| ! |

Apply PI compensator:
dnl=V,[n~V,[n]
Jnl= fIn=1+k eln]+k k..e[n—1]

l l l |

Run only
module C

with fi/n]

Shut down
module A,
B.C

Run module
A, B, C with
Sin]

Run only
module B,

C with £./n],

Figure 6.8. Control strategy of the MMI with SWS.
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Figure 6.9. Control block diagram of SWS for standalone applications.

6.4 Experimental Results

To verify the concept of SWS, a prototype is built with the circuit parameters in Table 6.1
and the components in Table 6.2. The photo of the prototype is shown in Figure 6.10. The
controller is also implemented with a DSP F28379D. The ADC sampling frequency is still 200
kHz.

With SWS, the output voltage waveforms are shown in Figure 6.11. V, is the total output
voltage that equals vua + vus + Vuc. The THD of V, decreases with output power and is 3.6%, 4.5%,
and 5.5% in Figure 6.11(a), (b), and (c). If SWS was not applied, all waveforms would have the
same cutoff angle as module A. Therefore, the THD of vya can represent the THD of V, without
SWS, and it is 8.7%, 12.8%, and 20.1% in Figure 6.11(a), (b), and (c). By comparing the THD
with and without SWS, it is clear that SWS is able to extend the VFM region in an MMI based on
SRCUIs. Additionally, the steady-state waveforms of I, and Vcr are shown in Figure 6.12 based
on module C with the 50% load. Similar to regular VFM, I.r and Vcr have the highest stress at the

crest and trough of the output.
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Table 6.2. Key components of the MMI prototype.

Components

Part numbers/ Design details

Primary-side switches

(Qux — Qax)

Si MOSFET FDP150N10A-F102

Rectifier (Dix — Dax)

Si diode BYW29-200-E3/45

Unfolder (Qsx — Qsx)

Si MOSFET IRF200P222

Transformer

Core: RM14, 3C95
Primary-side winding: 1050 strand #44 AWG litz wire, 6 turns
Secondary-side winding: 660 strand #44 AWG litz wire, 9 turns

Resonant inductor (L)

Core: RM14, 3C95
Winding: 1050 strand #44 AWG litz wire, 8 turns

Resonant capacitor (Cy)

942C16P1K-F * 2

Output filtering capacitor
(Crx)

B32922C3474M000 * 2 + B32922C3334M189 * 2

Gate driver

uCcC21521

Figure 6.10. MMI prototype based on 3 SRCUIs.
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Figure 6.11. Output voltage waveforms of SWS.
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Figure 6.12. Steady-state waveforms of module C with 50% load.

Regular VFM has trouble reaching the low-output region partly due to the limited ZVS
capability. Therefore, as SWS extends the VFM region, it is also important to examine whether
the primary-side switches still keep ZVS turn-on. The ZVS waveforms of module C with the 50%
load are captured and shown in Figure 6.13 as an example. In Figure 6.13(a), the output voltage
reaches the peak and the magnetizing current assists the ZVS of Qc. In Figure 6.13(b), 61 = 6a =
62° and the ZVS is achieved by the turn-off current. In Figure 6.13(c), the output voltage of the
MMI is lower than that of Figure 6.13(b) since 6 = 6c = 75°. However, Vyc becomes higher than

in Figure 6.13(b), which ensures the ZVS of the primary-side switches.
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Figure 6.13. ZVS waveforms of module C with 50% load.

In addition, the prototype is tested under other load conditions to verify the functionality
of the MMI with SWS. To emulate the common grid inductance seen by inverters, an inductor of
4.7 mH (0.037 pu) is connected between the load resistor and the output of the MMI. The tested

steady-state waveforms are shown in Figure 6.14 along with zoomed-in waveforms at ZCP. The

THD of V, drops from 3.6% to 4.6%, but the function of the MMI remains.
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Figure 6.15. Dynamic load test of the MMI with SWS.
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The load-transient test is also performed and the results are shown in Figure 6.15. The
controller successfully maintains the output voltage despite the change in load condition. Similar
to Chapter 5, the loop gain bandwidth is only a few hundred Hz in the high-output region.

Therefore, it may take a few cycles until the output voltage is fully back to normal from a transient.
6.5 Summary

Under regular VFM, SRCUI has to turn off in the low-output region due to the limitations
of the SRC’s voltage gain and ZVS capability. In an output-stacked MMI based on SRCUIs, the
issue can be alleviated by turning on and off modules sequentially. Once a module is turned off,
the fs of the remaining active modules decreases to follow the reference voltage. Moreover, the
output power of each active module increases. With decreased fs and increased modular power,
the active modules can operate with ZVS in an extended range.

In an MMI operating with only VFM, SWS can directly improve the output waveform
quality. Therefore, it is beneficial for applications that use only the full-load waveform as the
output quality standard (i.e., TDD), since VFM alone may be sufficient. This means the inverter
can completely get rid of turn-on loss and the relevant electromagnetic interference [102]-[103].
Moreover, the modularity of SRCUI makes it possible for high-power applications, where an MMI
may be composed of more than 3 modules. In this case, SWS can be even more effective. With
the same circuit parameters, the predicted THD is shown in Figure 6.16 over a different number

of modules. With 6 SRCUI modules, the theoretic THD is lower than 1% even with the 10% load.
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Figure 6.16. Predicted THD of V, with a different number of modules.
In the other applications, the output waveform quality may also be important for a light
load and thus the inverter operates under HMM. In this case, the effect of SWS is to extend the
VFM region and shorten the SPDM region. This is preferred from the perspective of efficiency, as

discussed in Section 4.4.
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Chapter 7

Conclusion and Future Work

7.1 Conclusion

In this dissertation, the basic modulation methods for SRCUI were examined and each of
them showed at least a critical drawback — incomplete modulation range, limited soft-switching
(especially ZVS) function, and/or excessive current stresses. Therefore, HMM was proposed in
Chapter 3 and it is free from those critical drawbacks. To prove that HMM is better than the basic
modulation methods in terms of power efficiency, three design metrics were introduced — the rms
value of the resonant current, the maximum magnetic flux of the transformer, and the turn-off
current. By these design metrics, the performance of the modulation methods can be compared
without involvement in hardware design details. The comparison results showed that HMM has
the best performance regarding the design metrics, which holds important implications for over
half of types of power losses. In other words, HMM is more beneficial to power efficiency than
the previous modulation methods.

Furthermore, an analytic power loss model was built in Chapter 4 along with an SRCUI
prototype. Through the efficiency analysis, a general conclusion was established and stated that a
longer VFM region is preferred over the SPDM region for the sake of efficiency and output
waveform quality. The power loss model also indicates that the most concerning turn-on loss has
been well eliminated or suppressed by (i) the ZVS of Q1 — Q4 in the VFM region, (ii) the ZVS of
Q2, Qs in the SPDM region, (iii) the ZCS of Q1, Q4 in SPDM region and (iv) the equivalently low

switching frequency in SPDM region.
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The control of SRCUI is not straightforward because the plant model of SRC changes
dramatically. In Chapter 5, a third-order small-signal equivalent circuit model introduced in [91]
was adopted to identify the change in the plant model’s dc gain and polo locations. Later, a gain-
varying method was proposed to compensate for the dc gain variance caused by different operating
points. By using the gain-varying method, the digital Pl controller is able to improve output
waveform quality and maintain the output voltage in standalone applications. Finally, SWS was
proposed in Chapter 6 and it works for the MMI based on SRCUIs. With VFM alone, SWS helps
improve output waveform quality. With HMM, SWS helps extend the VFM region.

By the proposed modulation and control methods, SRCUI can operate with high efficiency,
low switching losses, and low output waveform distortion. Therefore, the research objectives set

in Chapter 1 are met.
7.2 Future Work

Nevertheless, the research on HMM and other proposed methods does not stop here. There
are several directions to proceed with the development.

(1) The most important implication for full-range soft-switching is the potential for high-
switching-frequency, high-power-density applications. In Chapter 4, we have suggested that
SRCUI may even be more advantageous if high-frequency GaN devices are adopted. However,
the high-frequency magnetic design has not been covered in this dissertation. In the field of high-
frequency electromagnetics, skin effect, proximity effect, and fringing effect kick in [104], making
the power loss model established here inapplicable. Therefore, the estimation of the non-ideal
electromagnetic effects has to be studied with the aid of finite-element-analysis software. The wide

switching-frequency spectrum of HMM has to be considered as well.
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(if) The control of the inverter has to be further improved for higher bandwidth. For
instance, many studies regarding uninterrupted power supply inverter have a bandwidth of around
1 kHz [105]-[106], which is not entirely achieved in Chapter 5. To do so, the controller will have
to compensate the poles of the SRC rather than simply avoid them. In addition, the controller
design for grid-tied applications is also intriguing, although it requires another deep research into
SRC’s plant model. Since the adopted plant model is based on a resistive load.

(iii) The study of EMI filter for HMM SRCUI is also an important future work for practical
applications. The EMI filter will have to handle a wide spectrum of frequencies caused by both
the varying switching frequency in the VFM region and the varying equivalent switching
frequency in the SPDM region.

(iv) Finally, some well-known methods may further improve the efficiency of the
prototype. These methods include but are not limited to synchronous rectification and the

integration of the transformer and the resonant inductor.
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