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Abstract

Three-phase rectifiers/inverters are widely used in grid-tied applications. Take the electric
vehicle (EV) charging systems as an example. Within a certain space designated for the chargers,
quick charging yet high efficiency are demanded. According to the current industry practice, with
a power rating between 10 and 30 kW, the power density are limited by silicon (Si) power
semiconductor devices, which make the systems operate at only up to around 30 kHz.

The emerging wide bandgap (WBG) power semiconductor devices are considered as game
changing devices to exceed the limits brought by their Si counterparts. Much higher switching
frequency, higher power density and higher system efficiency are expected to be achieved with
WBG power semiconductor devices. Among different types of WBG power semiconductor
devices, Silicon Carbide Metal-Oxide-Semiconductor Field-Effect Transistors (SiC MOSFETS)
are more popular in current research conducted for tens of kW power converter applications.
However, the commonly adopted hard switching operation in this application still leads to
significant switching loss at high frequency operation even for SiC-based systems.

With the unique feature that the turn-off energy is almost negligible compared with the turn-
on energy, critical conduction mode (CRM) based zero voltage soft switching turn-on operation is

preferred for the SIC MOSFETS to eliminate the turn-on loss with small penalty on the conduction



loss and on the turn-off loss. With this soft switching operation, switching frequency of SiC-based
systems is able to be pushed to more than ten times higher than Si-based systems, and therefore
higher power density yet even higher system efficiency can be achieved.

The CRM-based soft switching is applied to three-phase rectifiers/inverters under the unity
power factor operating condition first. Decoupled CRM-based control is enabled, and the inherent
drawback of wide switching frequency variation range at CRM-based operation is overcome by
the proposed novel modulation technique. It is the first time that CRM-based soft switching
modulation is demonstrated in the most conventional three-phase H-bridge ac—dc converter, and
more than three-time size reduction compared with current industry practice yet 99.0% peak
efficiency are achieved at above 300 kHz switching frequency operation.

Then this proposed soft switching modulation technique is extended to non-unity power factor
operating conditions especially for grid-tied inverter system applications. With several
improvements on the modulation, a generalized CRM-based soft switching modulation technique
is proposed, which is applicable to both the unity and non-unity power factor conditions. With the
power factor down to 0.8 lagging or leading according to commercial products, above 98.0% peak
efficiency is achieved with the generalized soft switching modulation technique at above 300 kHz
switching frequency operation.

Furthermore from the aspect of electromagnetic interference (EMI), compared with the
traditional Si-based design, CRM operation brings higher differential-mode (DM) EMI noise, and
higher dv/dt with SiC MOSFETSs brings higher common-mode (CM) EMI noise. What’s more,
hundreds of kHz switching frequency operation makes the main components of the system EMI
spectrum located within the frequency range related to the EMI standard (150 kHz — 30 MHz).

Therefore, several methods are adopted for the reduction of EMI noise. The total inductor current



ripple is reduced with multi-channel interleaving control in order to reduce DM EMI noise. The
balance technique is applied in order to reduce CM EMI noise. With PCB winding coupled
inductors, the well-controlled parasitic parameters make the balance technique able to be effective
for a uniform reduction of CM EMI noise from 150 kHz to above 20 MHz. In addition, PCB
winding based magnetic designs are beneficial to achieving manufacture automation and reducing

the labor cost.
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General Audience Abstract

Power electronics and power conversion are crucial to many applications related to electricity,
such as consumer electronics, domestic and commercial appliances, automobiles, data centers,
utilities and infrastructure. In today’s market, quality and reliability are usually considered as a
given; high efficiency (low loss), high power density (small size and weight) and low cost are the
main focuses in the design of power electronics products.

In the past several decades, significant achievements in power electronics have been witnessed
thanks to the silicon (Si) semiconductor technology, especially the Si power semiconductor
devices. Nowadays, the development of Si power semiconductor devices is already close to the
theoretical limits of the material itself. Therefore, in order to meet the increasing demands from
customers in different applications, wide bandgap (WBG) based power semiconductor devices,
namely Gallium Nitride (GaN) and Silicon Carbide (SiC), are becoming attractive because of its
great potential compared with their Si counterparts.

In literature, great contributions have already been made to understanding the WBG based
power semiconductor devices. It is exciting and encouraging that some of the GaN-based power

electronics products featuring high efficiency, high power density and low cost have been



commercialized in consumer electronics applications. However, when pursuing these objectives,
previous literature has not shown any applications of high frequency soft switching technology
into the high power ac—dc conversion (usually three-phase ac—dc) in a simple way as the low power
ac—dc conversion (usually single-phase ac—dc) in consumer electronics products.

The key to achieving high efficiency, high power density and low cost is the high frequency
soft switching operation. For single-phase ac—dc systems, the research on the realization of soft
switching by control strategies instead of additional physical complexity has been intensively
conducted, and this technology has also been adopted in the current industry practice. Therefore,
the major achievement of this work is the development of a generalized soft switching control
strategy for three-phase ac—dc systems, without adding any physical complexity, which is
applicable to the simplest and most conventional three-phase ac-dc circuit topology. The proposed
soft switching control strategy features bidirectional (rectifiers/inverters) power conversion,
active/reactive power transfer, grid-tied/stand-alone modes, and scalability to multi-channel
interleaved operation. Furthermore, with high frequency, the integration of magnetic components
with embedded windings in the printed circuit board (PCB) becomes feasible, which is also
beneficial to achieving electromagnetic compatibility (EMC) and manufacture automation. Based
on the proposed control strategy and design methodology, a SiC-based 25-kW three-phase high
frequency soft switching rectifier/inverter is developed for various applications such as electric
vehicle (EV) charging stations, uninterruptible power supplies (UPS) and renewable energy based

utilities.
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Chapter 1  Introduction

1.1 Applications and Challenges of Three-Phase Rectifiers/Inverters

Electrical energy is becoming more and more important for human life all over the world, and
three-phase rectifiers/inverters are widely used in grid-tied applications, such as the chargers in
electric vehicle (EV) charging systems, power factor correction (PFC) converters in the
uninterruptible power supplies (UPS) or data centers, for storage and utilization of electrical
energy from power grids, and the photovoltaic (PV) inverters in solar energy systems for
harvesting electrical energy and the interface with power grids. These converters are also seen in
stand-alone applications such as the auxiliary converters in the locomotives in order to supply the
power for cooling fans, compressors and motor blowers on trains.

Take the EV charging systems as an example. Modular approach is widely adopted in this
application in order to construct a higher power EV charging systems for quicker charging. In
Tesla’s 145-kW super chargers, there are 12 modules in parallel, with each module handling about
12 kW power [1], [2]. Therefore, several tens of kW is an attractive power level in this application.
Typically a two-stage structure is used in this application, including one three-phase ac—dc stage
as a front-end PFC converter and one dc—dc stage for isolation and regulation. The research in this
dissertation is mainly focused on the three-phase ac—dc stage.

In this application, within a certain limited space designated for the chargers, quick charging
is always desired in order to shorten the charging time. Meanwhile, the high system efficiency is
also required since it saves the energy. According to the current industry practice, with a power
rating between 10 and 30 kW, the power density is around 30 W/in® and the system efficiency is

around 95% [3] — [6]. It is very hard to further improve the power density since these systems are



designed based on silicon (Si) power semiconductor devices and the operating switching frequency
is usually up to 30 kHz, which has been close to the frequency limit of this type of power
semiconductor devices in order to maintain relatively high efficiency and low switching loss.

For PV inverter systems, several tens of kW power level is attractive in commercial
applications such as the rooftop PV systems for garages and supermarkets. According to current
industry practice, with a power rating between 10 and 50 kW, the system efficiency is around 98%
while the power density is below 15 W/in® [7] — [10], which is also due to the Si power
semiconductor devices with limited operating switching frequency.

The reason of the limited power density is that low switching frequency operation makes the
passive components, especially the magnetic components bulky. Fig. 1-1 shows a picture of a
commercial 20-kW string PV inverter system. The magnetic components highlighted in the yellow
boxes, including the chokes in the EMI filters, inductors and transformers in the two power stages,

occupy around 30 — 40% of the total system volume.
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Fig. 1-1. Commercial product of a 20-kW string PV inverter system.
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In addition, in the current industry practice, the magnetic components are usually wound by
hands using litz wire or copper wires, which indicates a labor-intensive manufacture process and

contributes to high labor cost.

1.2 SiC vs. Si: Benefits and Limitations

The recently emerging wide-band-gap (WBG) power semiconductor devices, including
gallium nitride (GaN) and silicon carbide (SiC), are expected to be promising candidates for high
frequency power converter design. Compared with their Si counterparts, WBG power
semiconductor devices have lower specific on-state-resistance, faster switching speed and lower
switching energy. Fig. 1-2 (a) and (b) show the comparison between a typical Si IGBT and a typical
SiC MOSFET, with the same breakdown voltage (1.2 kV) and similar current rating (around 40 A

at 100 <C), from output characteristics and switching energy points of view, respectively.
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Fig. 1-2. Comparison between a typical Si IGBT device and a typical SiC MOSFET device in
terms of: (a) output characteristics; (b) switching energy.



Therefore, it is expected that with WBG power semiconductor devices, systems can operate
at higher switching frequency to achieve higher power density due to the size reduction of filters
made up of passive components, and even higher system efficiency. Between GaN and SiC, the
latter one is more popular in current research conducted for tens of kW power converter
applications.

In order to develop SiC-based three-phase ac—dc converters, direct substitution of SiC devices
for traditional Si devices is a common practice reported in the literature [11]-[15]. In [11], SiC
JFETs are used instead of traditional Si devices and up to 98.8% peak efficiency is achieved.
However, the benefit of SiC devices is not fully utilized if devices are still operating at relatively
low switching frequency, which makes the system power density almost the same as vast majority
of commercial products, but with an increased system cost because of SiC devices. In [13], a 60
kW three-phase two-stage all-SiC PV inverter system is developed. With 75 kHz switching
frequency at the dc—dc stage and 50 kHz switching frequency at the dc—ac stage, 27 W/in® power
density is achieved, which is two to three times of commercial Si-based products. However, on the
other hand, at high switching frequency operation, the increased switching loss becomes a main
challenge for high efficiency with continuous conduction mode (CCM) hard switching operation.
In [15], hard switching operation makes the system peak efficiency drop from 99% at 16 kHz
switching frequency to 97% at 160 kHz switching frequency, which is a significant sacrifice on

system performance.

1.3 Critical Conduction Mode (CRM) Soft Switching for SiC

According to the above discussion, CCM hard switching operation brings high switching loss,

which is a main drawback of pushing the switching frequency to several hundreds of kHz for SiC-



based systems. Therefore, soft switching is necessary to achieve high efficiency at high-frequency
operation.

In the past, various soft-switching techniques for three-phase rectifiers/inverters have been
studied. The resonant dc link (RDCL) inverter and the active clamped resonant dc link (ACRDCL)
inverter are the well-known dc-side soft-switching topologies [16], [17]. However, they suffer
from severe voltage stress (> 2.5 times the dc-bus voltage for the RDCL and 1.3 — 1.4 times the
dc-bus voltage for the ACRDCL) across the devices. The Auxiliary Resonant Commutated Pole
inverter is an important achievement in ac-side soft-switching inverter and has extended its
applications into three-level topology [18], [19]. However, the count of the devices is doubled with
this kind of ac-side soft-switching topologies. Most recently, based on the RDCL and ACRDCL
soft switching concepts, a series of more simplified soft-switching topologies and related
modulation based on traditional sinusoidal pulse width modulation (SPWM), space vector
modulation (SVM) etc. for three-phase rectifiers/inverters are developed by Dr. Xu et al. [20] —
[24]. In [23], the soft switching technique is achieved in a SiC-based three-phase three-wire
inverter. The tested peak efficiency of the inverter is 98.7% with 300 kHz switching frequency. In
[24], similar technique is applied into a SiC-based three-phase four-wire topology and the tested
peak efficiency is 98.3% with 150 kHz switching frequency. However, additional components
including an inductor, seven capacitors and an active switch are still required, which add to the
complexity and cost of the whole system, and also bring additional loss and make the efficiency
decrease by around 0.3 — 0.4% in both cases. In addition, with additional components, the critical
decoupling power loop for each phase leg becomes larger. This leads to extra parasitic inductance
and contributes to severe voltage ringing across the devices at switching instants, which is an

inherent drawback for this kind of dc-side soft switching topologies. Although in [23] a customized



7-in-1 SiC module is well developed and proved to be able to reduce the voltage ringing across
the devices by at least 50%, the limitation lies in the lack of flexibility compared with using discrete
power semiconductor devices and standard packages.

For SiC MOSFET power semiconductor devices, the per-switching-cycle turn-off energy is
almost negligible compared with the relatively high per-switching-cycle turn-on energy [25]-[27],
which is also evident in Fig. 1-2. Therefore, this unique feature makes zero-voltage-switching
(ZVS) soft switching turn-on preferable because the dominant turn-on switching loss at high
switching frequency operation is able to be eliminated completely, while only the very small
portion of turn-off switching loss is left even at high switching frequency operation. In order to
realize the ZVS soft switching turn-on, critical conduction mode (CRM), that is, the boundary
mode between CCM and discontinuous conduction mode (DCM), becomes more attractive for
SiC-based systems due to its simplicity without bringing any additional physical complexity into
the entire system [28], [29]. In CRM, the inductor current is controlled so as to be able to reach
zero in each switching cycle. After the inductor current reaches zero, all the device channels and
body diodes are open and LC resonance occurs between the inductor and the device output
capacitance. During this LC resonance period, there are chances for the drain-to-source voltage of
the active switch to go down to zero and ZVS is achievable, indicating the turn-on loss is
eliminated. When compared with the CCM hard switching operation, although there is an increase
in the turn-off loss and in the conduction loss at CRM operation due to the increased inductor
current ripple, the significant reduction in turn-on loss makes up for the penalty. With this ZVS
soft switching, the switching loss of the devices becomes small and thus high efficiency is still

achievable, even when the system is operating at hundreds of kHz high switching frequency.



Therefore, ZVS soft switching is the key factor for SiC-based systems to achieve high
efficiency at high switching frequency operation, and CRM operation is the simplest way to
achieve this soft switching and becomes the preferred operation mode.

In [27], [30], [31], high-frequency CRM control combined with average current regulation is
proposed to achieve ZVS soft switching and good power factor on a 6.6 kW single-phase bi-
directional ac—dc converter. Experiment results show that with this high-frequency CRM control,
98.5% peak efficiency is achieved with switching frequency above 300 kHz. Therefore, the CRM
soft switching is very promising for achieving both the high efficiency and high power density,

and is to be extended to three-phase ac—dc systems for higher power applications.

1.4 Challenges in Three-Phase CRM

For typical three-phase ac—dc systems, there are only two control freedoms for ac currents due
to the fact that the summation of ac currents in all three phases is always zero. Therefore, it is in
conflict with the requirement that all three phases need to be independently controlled for the
system to operate at CRM, which is the main challenge for extending the CRM control from single
phase systems to three-phase ac—dc systems. In order to avoid this constraint, one method reported
in the literature is to add a third control freedom by using split capacitors at the dc side and
connecting the dc side midpoint of the split capacitor branch to the ac side neutral point. This
method is able to be applied into different topologies such as the two-level H-bridge structure [32]
and the three-level T-type structure [33]. With this connection, three phases are able to be
decoupled so that each phase runs independently at CRM operation. In other words, it becomes a
three-phase four-wire systems. Bidirectional operation is still allowed in these three-phase four-

wire systems.



This method works well at low modulation index conditions with tens of kHz switching
frequency as shown in [32] and [33], where the modulation index is defined as the ratio of the ac
line-to-line peak voltage value to the dc voltage value (hereinafter “M”). However, when this
method is applied into high modulation index conditions with hundreds of kHz high switching
frequency operation, it shows an extremely wide switching frequency variation range. Under a
typical operating condition (the dc voltage V4. = 800 V, the ac line-to-line RMS voltage Vac, LL =
480 V, M = 0.849, power factor PF = 1), if the minimum switching frequency with highest current
ripple (the middle of each half line cycle) is 300 kHz, the maximum switching frequency in a half
line cycle reaches around 13 MHz with the decoupled two-level H-bridge structure and around 6
MHz with the decoupled three-level T-type structure.

Under different modulation index conditions, the simulated switching frequency variation
over a half line cycle with these two topologies are shown in Fig. 1-3. Here in order to more clearly
identify or specify different operating points in one line cycle, 8 = wt is used and defined as the
line-cycle phase angle with the unit of degree. (Different ¢ values indicate different line-cycle
operating points; & = 0 is defined as the negative-to-positive zero crossing point of ac line-to-
neutral voltage in phase A; hereinafter the same) The switching frequency variation is the same no
matter if it is at inverter mode operation or it is at rectifier mode operation. In the simulation,
practical power semiconductor devices are selected based on the capability of handling tens of kW
system power and the output capacitance of devices is considered. Here the inductance value is
properly designed to make sure the minimum switching frequency is 300 kHz in each case for a
fair comparison. It can be seen that the switching frequency variation range becomes wider as the
modulation index goes higher, and it becomes extremely sensitive to the modulation index value

when the value is above 0.8 with these two topologies. Although the CRM ac—dc converter systems



intrinsically feature the line-cycle time-variant switching frequency, a wide switching frequency
variation range leads to high switching-related loss and difficulty in system design.

In addition, with proper modulation, typical three-phase ac—dc systems are able to operate
normally up to the unity modulation index, which is beneficial to lowering the dc side voltage as
well as the voltage stress of devices at a given ac side voltage. However, for the aforementioned
decoupled CRM three-phase four-wire topologies, normal operation cannot be achieved if the
modulation index is above 0.866, which is limited by the fact that the equivalent dc voltage should
be always no lower than the equivalent ac voltage for the equivalent decoupled single-phase
topology. In summary, there are some limitations for the abovementioned decoupled CRM three-

phase four-wire topologies to be applied into high modulation index operating conditions.
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Fig. 1-3. Switching frequency distribution under different modulation index conditions with (a)

decoupled two-level H-bridge structure [32]. (b) decoupled three-level T-type structure [33].

1.5 Dissertation Outline

In Chapter 1, the research background is introduced and the challenges are identified. Due to

the significant advantages over Si power semiconductor devices, SiC power semiconductor



devices are to be used for developing high-frequency three-phase rectifier/inverter systems.
According to the feature of switching performance of SiC power semiconductor devices, ZVS soft
switching turn on is desired. After compared with other soft switching techniques, CRM is
preferred since the soft switching is achieved purely by control without adding any physical
complexity into the system. The state-of-the-art three-phase CRM control and the limitations are
introduced in this chapter.

In Chapter 2, the CRM-based soft switching modulation technique is proposed for three-phase
rectifiers/inverters, which overcomes the limitations mentioned in Chapter 1. Decoupled CRM-
based control and narrow switching frequency variation range are achieved with the proposed soft
switching modulation technique. The switching frequency variation range is quantified and its
dependency on the inductance and on the device parasitic capacitance is derived. The benefits from
the proposed soft switching modulation technique is experimentally verified.

In Chapter 3, the above CRM-based soft switching modulation technique is improved for non-
unity power factor conditions in order to achieve soft switching for grid-tied inverter related
applications, and a generalized modulation concept is summarized for both the unity and non-unity
power factor conditions. Similarly the experimental verifications are provided.

In Chapter 4, in order to overcome the high EMI noise brought by the CRM operation and by
the fast switching of SiC devices, two-channel interleaving is applied in order to reduce the DM
EMI noise, and balance technique is applied in order to reduce the CM noise. In order to achieve
effective CM noise reduction with balance, PCB winding coupled inductors are designed and
optimized. The reduction of EMI noise is experimentally validated.

In Chapter 5, the dissertation is summarized and concluded, and some research topics are

provided as the future work.
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The analysis of circuit operation and the characterization of time-domain waveforms for
minimizing the switching loss is included in the Appendix, for both the unity power factor and

non-unity power factor operating conditions.
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Chapter 2 Soft-Switching Technique for Three-Phase

Rectifiers/Inverters under Unity Power Factor”

2.1 Introduction

The CRM-based soft switching modulation technique is proposed in this chapter for the unity
power factor condition. First, the process of exploring and developing the soft-switching
modulation technique is presented step by step. Then, under the CRM-based operation, the
dependence of switching frequency variation range on the inductance and on the device parasitic
capacitance is quantified for the design of system parameters. Finally, the experimental
verifications are provided. Due to the complex mathematical derivations and for the sake of brevity,
in the Appendix, the operational principles are analyzed and the time-domain switching waveforms
are quantitatively characterized during the LC resonance period, which is key to achieving soft

switching and to minimizing the switching loss.

2.2 Proposed Soft Switching Modulation for Three-Phase Rectifiers/Inverters

According to the literature, discontinuous pulse width modulation (DPWM) has been
commonly used in three-phase three-wire systems [34], [35]. With DPWM, at any operating point
during the whole line cycle, switching actions only occur in two phases every switching cycle,
while either the top or the bottom switch in the third phase is always on. In order words, one phase
is clamped to either the positive or negative dc bus, while the other two phases operate at high-

frequency pulse width modulation (PWM). Although there are many different DPWM clamping

*© 2019 IEEE. Reprinted, with permission, from [68] Z. Huang, Z. Liu, F. C. Lee and Q. Li, "Critical-Mode-Based Soft-
Switching Modulation for High-Frequency Three-Phase Bidirectional AC-DC Converters," in IEEE Transactions on Power
Electronics, vol. 34, no. 4, pp. 3888-3898, April 2019.
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strategies as summarized in [35] considering different design targets, under the unity power factor
condition, the most commonly adopted strategy is to clamp the phase with the highest amplitude
of ac reference current (i,ef), which avoids the switching actions at relatively high current over each
line cycle and thus features the reduction of switching loss. Whether this phase is clamped to the
positive or the negative dc bus is determined by the polarity of the ac reference current. This
clamping strategy over a whole line cycle is shown in Fig. 2-1. Taking the first 60<line-cycle

interval as an example, phase B is clamped to the negative dc bus, which is denoted as “B — N”.

Iefc IN/1a>pI\/1B>p! 'C>P
| | | | 1

Iref,A 0 I I I { I )

| | | | |
i B->N! IC>N! 'A>N!
ref,B
| | | |
| | | | |
0° 60° 120° 180° 240° 300° 360°
0 = wt

Fig. 2-1. AC current based DPWM clamping strategy over a whole line cycle.

In this application, besides the more obvious benefits of the reduction in switching loss, the
more important point to mention is that DPWM provides the opportunity to decouple three phases
from the control point of view. Since the phase operating at the clamping mode is uncontrolled,
the two control freedoms in the three-phase three-wire ac—dc systems are able to be shared by the
other two phases, and independent control in these two phases becomes achievable. Therefore, by
utilizing the concept of DPWM clamping to decouple the control of the three-phase systems,
making two phases independently controlled at CRM operation (hereinafter “DPWM + CRM”),

Z\V/S soft-switching turn-on can be achieved in these two phases.

13



With the “DPWM + CRM” modulation, the operation repeats itself every 60° line-cycle
interval, except that the operation mode exchanges among all three phases depending on the
DPWM clamping strategy. Therefore, here take the first 60 line-cycle interval as an example to
illustrate the concept of this control. The corresponding control diagram is shown in Fig. 2-2(a)
based on the three-phase two-level H-bridge structure with an LCL-type harmonic filter to
interface with the grid. There is an individual control block for each phase to determine high-
frequency switching actions, as shown in the rectangular shaded area below the circuit diagram.
All three control blocks are identical to each other. However, since phase B is clamped, the control
block for phase B is temporarily inactive (with the color gray), while phase A and phase C are

controlled at the CRM independently according to the individual control block.
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Fig. 2-2. “DPWM + CRM” modulation in the first 60° line-cycle interval. (a) Control diagram
for both inverter and rectifier modes. (b) Switching-cycle waveforms in the inverter mode in

phase A and phase C with the definitions in (a).
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The detailed parts in each control block is referred from [27]. In the control blocks for phase
A and phase C, the zero crossing detector (ZCD) senses the inductor current zero crossing point,
and the off-time extender (T, EXt.) provides extra conduction time for the synchronous rectifier
(SR) switch (Saz, Scz in the inverter mode, while Sa1, Sci in the rectifier mode) after the inductor
current zero crossing occurs to provide some amount of negative inductor current when necessary,
and thus, ZVS turn-on of the control switch (Sa; , Sc in the inverter mode, while Sp,, Sc, in the
rectifier mode) is achievable. The constant-slope sawtooth signal s, is reset to zero once every
switching cycle after the inductor current zero crossing is sensed by the ZCD and extra off-time is
applied by the off-time extender. Meanwhile, the control signal vcy, is generated from the average
current loop compensator Hc. The intersections between s, and v¢y determine the switching
instants of the control switch, and when vcy, is higher than s, the control switch is during the on
state. The gate signal of the SR switch (vessg) is complementary to that of the control switch
(Ves,ctr) When ignoring the dead-time. Phase A and phase C are controlled independently according
to the above-mentioned control concept of the CRM with average current regulation.
Fundamentally, in each of the two phases independently controlled at the CRM, for the control
switch, the ZCD and off-time extender determine the turn-on instant to achieve ZVS, and the
average current controller determines the turn-off instant to achieve sinusoidal ac average current.
The switching-cycle waveforms in the inverter mode during the first 60<line-cycle interval are
shown in Fig. 2-2(b).

As shown in Fig. 2-3(a), with “DPWM + CRM” modulation and 300 kHz minimum switching
frequency, peak switching frequency is around 3 MHz. Although the switching frequency variation
range with this modulation is narrower than the one with decoupled CRM control on the structures

in [32] and [33] under the aforementioned high modulation index condition (Vg4 = 800 V, Vg 1L
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=480V, M = 0.849, PF = 1), the switching frequency variation range is still wide. Additionally,
high-frequency oscillation exists in Fig. 2-3(a), which is caused by the asynchronous switching

frequencies in the two phases operating at the CRM and the interaction between these two phases.
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Fig. 2-3. With “DPWM + CRM” modulation. (a) Switching frequency distribution in all three

phases over a half-line cycle. (b) Switching-cycle waveforms.

Switching-cycle waveforms in phase A and phase C at # = 10<are shown in Fig. 2-3(b). Since
each of these two phases is independently controlled as the CRM, switching frequencies in these
two phases may be different. In addition, in this two-level H-bridge structure, the inductor current
slew rate in each phase is dependent not only on the switching state in this phase but also on the
switching states in other phases. Therefore, as shown in Fig. 2-3(b), switching frequency in phase
A is higher than in phase C. Over ten adjacent switching cycles in phase A, the operations are not
all the same since the switching state in phase C is not the same in every switching cycle of phase
A. More specifically, phase C is at the off state during most of the fifth and the ninth cycle in phase
A, while phase C is at the on state during all the other cycles in phase A. Therefore, the inductor
current slew rate at the on state in phase A has a sudden change during the fifth and the ninth cycle

when compared with the previous cycle, and so does the slew rate at the off state in phase A. The
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switching period in the fifth and the ninth cycle also has a sudden change when compared with the
previous cycle, which indicates the oscillation in switching frequency.

According to the previous analysis, one simple method for limiting the switching frequency
variation range and for eliminating the oscillation is synchronizing the switching frequencies in
the two phases operating at high-frequency PWM. For a better understanding, consider the first
30<line-cycle interval as an example. According to Fig. 2-3(a), switching frequency in phase A is
higher than switching frequency in phase C. Therefore, switching frequency in phase A needs to
be synchronized to that in phase C. The way to implement this concept of synchronization of
switching frequency (Fs sync) is to change the operation mode in phase A from CRM to DCM,
while phase C still operates at the CRM. The turn-on instant in phase C is determined by the
inductor current zero crossing point in phase C, while the turn-on instant in phase A is determined
by the information from phase C in every switching cycle to keep switching frequencies in these
two phases synchronized. For simplicity of control, the turn-on instant in phase A is controlled to
be synchronized to the turn-on instant in phase C, which means the turn-on instant in both phase
A and phase C is determined by the inductor current zero crossing point in phase C. Typical
switching-cycle waveforms of gate signals and inductor currents in phase A and phase C with
switching frequency synchronization are shown in Fig. 2-4 for better illustration.

More generally speaking, due to the dependence of switching frequency on the average
inductor current (ac reference current) under CRM operation, asynchronous switching frequency
variation exists between the two phases operating at CRM, leading to wide switching frequency
variation over a whole line cycle. In order to limit the switching frequency, between the two phases
operating at high-frequency PWM, the one originally operating at higher frequency is controlled

to follow the one originally operating at lower frequency. This can also be understood from the
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concept of master and slave. Between those two phases operating at high-frequency PWM, the
slave phase (originally operating at higher frequency) is controlled to follow the master phase
(originally operating at lower frequency) in order to achieve the synchronization of switching

frequency variation and to limit the switching frequency variation range.

Phase B: Clamped to N;

L= el Phase A: DCM; Phase C: CRM
Vesal O[ ER [ ¢
i . ‘ ASyncto C

0 -~

Fig. 2-4. Typical switching-cycle waveforms with “DPWM + CRM + Fs sync” modulation.

All the analyses mentioned above are applicable to the whole line cycle, and the same control
strategy is applicable to both inverter and rectifier modes. The operation mode distribution with
the above-mentioned modulation (hereinafter “DPWM + CRM + Fs sync”) for three-phase
bidirectional ac—-dc converters over the whole line cycle is shown in Fig. 2-5. As shown, ac
reference currents are used to represent three phases. The transition between clamping mode and
CRM occurs every 60 “according to the amplitude of the ac reference current in all three phases.
The transition between CRM and DCM occurs at the midpoint of two adjacent clamping/CRM
transition points, since at this midpoint, the two phases operating at high-frequency PWM are at

the same operating point.
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Fig. 2-5. Line-cycle operation mode distribution with “DPWM + CRM + Fs sync” modulation

under the unity power factor condition.

The control diagram with the proposed “DPWM + CRM + Fs sync” modulation is similar to
what is shown in Fig. 2-2(a) with the only difference found in the ZCD part. A multiplexer is
combined with the ZCD part, which is responsible for selecting the phase operating at CRM
according to Fig. 2-5 and allowing the information of the inductor current zero crossing in this
phase (for example, phase C during the first 30 line-cycle interval) to pass through, and then to
become the global decision point to reset s, and then to turn on the control switches in both phases
operating at high-frequency PWM, instead of the individual inductor current zero crossing point
in each phase as the decision point.

With the synchronization of switching frequency, there is significant reduction in the
switching frequency variation range over the whole line cycle. Comparison between switching
frequency distributions in phase A over a half-line cycle without and with the synchronization of
switching frequency is shown in Fig. 2-6. With the minimum switching frequency at 300 kHz, the
peak switching frequency is only around 530 kHz instead of 3 MHz, which significantly reduces
the switching-related loss and the difficulty in control, even under this high modulation index
condition (Vg = 800 V, Ve 1. = 480 V, M = 0.849).
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Fig. 2-6. Comparison between switching frequency distributions in phase A over a half-line

cycle without and with the synchronization of switching frequency.

Furthermore, the switching frequency variation range is still narrow, with only 2:1 (the ratio
of maximum to minimum switching frequency) over a line cycle even when the modulation index
is 0.9, although this range becomes wider as the modulation index goes higher. What is more, with
this modulation concept the system can still work at the condition when the ac line-to-neutral
voltage is higher than half of the dc voltage (M > 0.866). Therefore, the aforementioned limitations
under the high modulation index conditions do not exist in this proposed modulation.

It is important to note several points as this section concludes. First, switching frequency
distributions in this section are all the simulation results in the inverter mode, while in the rectifier
mode, switching frequency distributions are similar.

Next, the turn-on instant in the phase operating at the DCM can be determined by any
information from the phase operating at the CRM, as long as switching frequencies in these two
phases are synchronized. Besides the simplicity of control, another reason for the synchronization
of the turn-on instants in these two phases is the relatively narrow switching frequency variation
range over a line cycle. However, the method to control the turn-on instant in the phase operating

at the DCM should not be restricted to this way.
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After that, with the proposed “DPWM + CRM + Fs sync” modulation, further quantitative
analysis about the time-domain switching waveforms shows that the CRM ZVS turn-on is able to
be naturally achieved under inverter mode operation, while additional negative inductor current
by off-time extension [27], [36]-[39] is necessary for achieving CRM ZVS turn-on under rectifier
mode operation. During DCM, for both inverter mode and rectifier mode operation, valley
switching turn-on is able to be achieved by a turn-on delay compared with the turn-on instant in
the phase operating at CRM. The detailed analysis is illustrated in the Appendix.

Finally, the proposed “DPWM + CRM + Fs sync” modulation concept is also applicable to
other three-phase ac—dc structures, such as the three-level T-type structure and the three-level
neutral-point-clamped structure. Since this dissertation is focused on the modulation concept itself,

the two-level H-bridge structure is selected for analysis due to its simplicity.

2.3 Quantification of Switching Frequency Variation Range: Its Dependency

on Inductance and Device Parasitic Capacitance

For CRM-based ac—dc converters, the minimum switching frequency is a key design target
since it is a critical parameter to determine the corner frequency in the EMI filter design.

In CCM operation mode, the switching frequency is usually fixed, and the inductance value
determines the inductor current ripple. In contrast, in CRM-based operation mode, the inductor
current ripple is given; the inductance value determines the switching frequency. Furthermore, at
high-frequency high-power applications, as the current rating of power semiconductor devices
increases, there is usually an increase in the parasitic capacitance of devices, which makes the LC
resonance period in each switching cycle not negligible any more. Therefore, it is important to
know the guantitative dependence of switching frequency variation, especially of the minimum

switching frequency, on the inductance value and the device parasitic capacitance value.
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Fig. 2-6 shows that under the proposed “DPWM + CRM + Fs sync.” soft-switching
modulation, the minimum switching frequency occurs at the 0°, 60°, 120° ... (multiples of 60°)
operating points. The reason is that at these operating points, the ac reference current value in the
phase under CRM operation reaches the peak over the whole line cycle. Since the system frequency
is determined by the phase under CRM operation, and under CRM operation the inductor current
ripple is approximately two times as the ac reference current, intuitively the minimum switching
frequency would occur at these operating points.

In order to achieve 300 kHz minimum switching frequency, the 60 “operating point is selected
as an example and the switching frequency dependence on the inductance and the device parasitic
capacitance is to be quantified. At this operating point before the DPWM clamping option changes,
phase A, B, and C operates at CRM, clamping mode, and DCM, respectively.

In order to make the illustration more clearly, the parasitic capacitance of all the power
semiconductor devices is neglected first to simplify the analysis procedure. The impact of the
parasitic capacitance is to be included later.

Fig. 2-7 (a) shows the simulated switching-cycle waveforms under inverter mode operation
in phase A at the 60 “operating point without the parasitic capacitance of devices, including the
gate signal of the active switch and the inductor current. Fig. 2-7 (b) and (c) show the circuit
operation during on-time and during off-time, respectively. It should be noted that the 60
operating point is the line-frequency zero crossing point of the ac line-to-neutral voltage (also the
ac reference current) in phase C. Therefore, the on-time in phase C is almost zero at this operating

point. Here an approximation is made that phase C is disconnected with the system.
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Fig. 2-7. System operation at the 60 “operating point without the parasitic capacitance of devices:
(a) Simulated switching-cycle waveforms in phase A; (b) Circuit operation diagram during on-
time; (c) Circuit operation diagram during off-time.

Based on the volt-second balance of the inductor in phase A, the duty cycle is calculated as
below. It is noted that at the 60 <operating point, the line-to-neutral voltage value in phase A is
approximately the opposite of that in phase B (hereinafter the same unless otherwise specified). It
is also noted that the upper case letter “V” (Va, Vs, etc.) here is used for representing the ac voltage
at a specific line-cycle operating point, which is assumed a fixed value over several switching
cycles, while the lower case letter “v” (va, Vs, etc.) is used for representing the time-domain ac
voltage waveforms or expressions (hereinafter the same unless otherwise specified and applicable

to other physical quantities, e.g. ac reference current).

V—dc_\;f* Ve D-V,([1- D)szC_TZVAD—vA(l— D)=0= D=% (2-1)
dc
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Therefore, the switching frequency dependence on the inductance value at this operating point
is able to be derived according to the following relation between the inductor voltage and the

inductor current ripple during on-time (lac is the RMS value of the ac reference current).

(2-2)

Vac =Va+Vs . DTow szc_ZVA . DTsw — :\/E|
2 L 2 L™ =

Then the next part is to derive this dependency when the parasitic capacitance of devices is
included. In this case, it is necessary to consider the LC resonance stage before the turn-on instant
of the active switch. The corresponding circuit operation diagram is shown in Fig. 2-8 (a), and the
simulated switching-cycle waveforms are shown in Fig. 2-8 (b), including the gate signal of the
active switch, the inductor current, and the drain-source voltage of the active switch. The LC
resonance period is highlighted. Since this is a 2"-order LC resonance circuit, the state-plane
trajectory analysis is applicable and the trajectory is shown in Fig. 2-8 (c) during this resonance
period.

It is clear that at this operating point, the valley of the switching-cycle inductor current, lvaiiey,

is determined by the following equation.

Ny =V, —Vg # 2V, (2-3)

valley~n
The characteristic impedance Z, at this operating point is determined by the inductance and
the device parasitic capacitance (time-related output capacitance at the dc voltage) as below. Here
the Coss is the output capacitance of each power semiconductor devices, and the time-related

device output capacitance value at vps = Vqc IS used here (hereinafter the same).

Z,= |— (2-4)
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Fig. 2-8. System operation during the LC resonance stage at the 60 “operating point: (a) Circuit

operation diagram; (b) Simulated waveforms in phase A; (c) State-plane trajectory.

Then, similar to [39], it is assumed that the switching-cycle inductor current waveform has a
triangular shape, and therefore the peak of the switching-cycle inductor current, Ipeax, is determined
by the following equation.

peak + Ivalley =1

2 ref

Iac = | peak — \/Elac - Ivalley (2'5)

N &

After that, similar to Equation (2-2), based on Equations (2-1), (2-3), (2-4), and (2-5), the
dependence of switching frequency at this operating point on the inductance and on the device

parasitic capacitance is shown as the following equation.

V. -2V, &V, T IC
= 2 A vV A SLW = Ipeak - IvaIIey = \/Elac +4VA % (2'6)
dc
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Therefore, in order to achieve a certain minimum switching frequency, the analytical solution

of the desired inductance L is as below.

2
— 4V, [Cogs + \/16v,fcoss +461,.T,, Valloe = 2V,)
2\/€I ac

L= & (2-7)

Equation (2-7) indicates the dependence of the minimum switching frequency (the maximum
switching period Tsw) on the inductance value L (or vice versa), under a certain system dc/ac
voltage, a certain system power and a certain parasitic capacitance of power semiconductor devices.

Take 800-V dc voltage, 277/480-V ac voltage, 12.5-kW power, 300-pF device parasitic
capacitance as an example. Under three arbitrarily selected inductance values, the calculated
minimum switching frequency based on Equation (2-7), the simulated minimum switching
frequency, and the error between them are shown in Table 2-1. It shows high accuracy when the
desired minimum system switching frequency is lower than 500 kHz, which is sufficient for the
application in this dissertation. The reason of the more and more evident inaccuracy as the
inductance goes smaller is due to the more and more dominant LC resonance period in one
switching period, since the switching period is approximately proportional to the inductance value,
while the LC resonance period is proportional to the square root of the inductance value. Therefore,
the approximation of triangular switching-cycle inductor current waveform becomes less accurate.

The dependence of the maximum switching frequency on the inductance value and on the
device parasitic capacitance can be quantified in a similar way. Take the 30 “operating point as an

example. For sake of brevity, only the key equations are shown in the following parts.
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Table 2-1 Verification of Proposed Analytical Model

Inductance (uH) Calculated Min. Simulated Min. Error
H Switching Freq. (kHz) Switching Freq. (kHz)  (A/Simulated Value)

2.0 481.8 465.3 3.55%

3.0 340.6 338.2 0.71%

4.0 265.0 264.7 0.11%

At this operating point, the operations in phase A and in phase C are identical at CRM. Similar
to Fig. 2-7 and Equation (2-1), when the device parasitic capacitance is ignored, the duty cycle is

derived as below.

[%vdc —VAjD -V,(1-D)=0=D= Na (2-8)

dc
After considering the device parasitic capacitance, the valley of the switching-cycle inductor
current, lvaiey, is determined by the following equation.

e Z, =3V, (2-9)

valley“n
The characteristic impedance Zn at this operating point is determined by the inductance and

the device parasitic capacitance (time-related output capacitance at the dc voltage) as below.

z - |3t (2-10)
2(:OSS

Then after assuming the triangular inductor current waveform in each switching cycle, the

peak of the switching-cycle inductor current, lpeak, is determined by the following equation.

| o + 1
w = Iref = % Iac =1 peak — \/Elac - Ivalley (2'11)

Finally, the dependence of the switching frequency at this operating point on the inductance

and on the device parasitic capacitance is shown as the following equation.
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(%Vdc _VAj'\&//_(:‘TSTW = peak = Lvaiiey = \/Elac +6V, % (2-12)

Under the given dc/ac voltage, system total power, device parasitic capacitance and the
selected inductance according to Equation (2-7), the calculated maximum switching frequency
based on Equation (2-12) is around 500 kHz, which has been verified from simulation in the
previous section in this chapter.

Furthermore, by comparing Equation (2-12) with Equation (2-6), the switching frequency
variation range is able to be derived as well.

For the rectifier mode operation, the aforementioned method is applicable to derive the
relation between the desired inductance and the target minimum switching frequency. Furthermore,
it can be proved that at the 60 “operating point, duality exists in the operation between the inverter
mode and the rectifier mode, when the off-time extension is included in the rectifier mode.

Therefore, the proposed analytical model, especially Equation (2-7) is also applicable to the

rectifier mode operation for the inductance design.

2.4 Experimental Verifications

Based on the two-level H-bridge structure, a 25 kW three-phase bidirectional ac—dc converter
prototype is built with SiC MOSFETS, which is shown in Fig. 2-9. The power density of this
prototype is 127 W/in®, including heat sinks, dc-link capacitors, three-phase LCL harmonic filters,
devices, gate drivers, and all other sensing ICs. This power density is at least three times higher

than commercial products according to the survey.
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Fig. 2-9. Prototype of the 25 kW SiC-based three-phase bi-directional ac—dc converter.

The design parameters of the converter are listed in Table 2-2. In this converter prototype,
altogether there are six phase legs and 12 SiC MOSFETSs, with two phase legs and four SiC
MOSFETs in each phase. Compared with the topology in Fig. 2-2(a), the additional half of them
are for the purpose of the future application of two-channel interleaving control, which is to be
discussed in later chapters. Therefore, the experimental verification of the proposed modulation in
this chapter is based on three phase legs, and thus, in this case, the full power is 12.5 kW.

The converter side inductor is designed with 3.5 pH, which is calculated based on Equation
(2-7), to achieve 300 kHz minimum switching frequency. N49 from EPCOS/TDK is used as the
magnetic core material. The core shape is PQ32/20 and the turns number of each inductor winding
is 4.

Fig. 2-10(a) shows three-phase line-cycle experimental waveforms of ac line-to-neutral
voltages and grid-side currents in the inverter mode under full load. The waveforms in phase A
and phase B are measured, while the waveforms in phase C are calculated based on waveforms in
the first two phases. Fig. 2-10(b) shows the total harmonic distortion (THD%) of the grid-side
current based on phase A. The grid-side currents are well controlled as sinusoidal shapes.
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Table 2-2 Parameters of the Prototype

Description

Value

Nominal output power (Po)
DC voltage (Vdc)

AC grid voltage (Vac)
Switching frequency (Fsw)
Converter-side inductance (L)
Filter capacitance (Cr)
Grid-side inductance (Lg)
DC-link capacitance (Cuc)

25 KW (6 phase legs)
800 V

277/480 V, 60 Hz
Above 300 kHz

3.55 uH

1.2 uF

6.8 uH

220 uF

SiC MOSFET Part No. GE12N025RF-3
Voltage rating (Vpss) 1200 V
On-resistance (Roson) 25 mQ (25 )
Package DE-150

Microcontroller Part No. TMS320F28075

(MCU) Clock frequency (FcLk) 120 MHz
Control cycle (Tisr) 3 us

— FFT analysi:
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Fig. 2-10. Line-cycle experimental results at full power in the inverter mode. (a) Experimental
waveforms of three-phase ac voltages and three-phase grid currents. (b) FFT analysis result of
phase A grid current.

Fig. 2-11(a)—(c) shows switching-cycle experimental waveforms at three operating points

around 5< 15< and 25<in phase C (CRM) in the inverter mode. At each operating point, the
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control switch is turned on at zero drain-source voltage. Similarly, Fig. 2-11(d)—(f) shows

switching-cycle experimental waveforms at the same three operating points in phase A (DCM) in

the inverter mode. At each operating point, the control switch is turned on at the valley point (near

zero voltage), which is guaranteed by the strategy introduced in the Appendix.
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Fig. 2-11. Switching-cycle experimental waveforms in the inverter mode at the following
operating points. (a) Around 5<during the CRM. (b) Around 15<during the CRM. (c) Around
25°during the CRM. (d) Around 5<during the DCM. (e) Around 15<during the DCM. (f)
Around 25<during the DCM.

Fig. 2-12(a) shows three-phase line-cycle experimental waveforms of ac line-to-neutral

voltages and grid-side currents in the rectifier mode at 85% of full power. The waveforms in phase
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C are calculated based on measured waveforms in phase A and phase B. The THD% of the grid-
side current based on phase A is shown in Fig. 2-12(b), which indicates well-controlled grid

currents.
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Fig. 2-12. Line-cycle experimental results at 85% of full power in the rectifier mode. (a)
Experimental waveforms of three-phase ac voltages and three-phase grid currents. (b) FFT

analysis result of phase A grid current.

Fig. 2-13(a)—(c) shows switching-cycle experimental waveforms at the same three operating
points in phase C (CRM) in the rectifier mode, and Fig. 2-13(d)—(f) shows switching-cycle
experimental waveforms at the same three operating points in phase A (DCM) in the rectifier mode.
At each operating point, the control switch is turned on at zero drain—source voltage during CRM
and at the valley point during DCM operation.

With the proposed modulation, the simulated loss breakdown is shown in Fig. 2-14 for both
inverter and rectifier modes. Generally, the loss breakdown in inverter and rectifier mode is similar.
The slightly higher conduction loss, inductor loss, and shunt-based ZCD sensing loss in the
rectifier mode are due to a slightly higher RMS current caused by the off-time extension with some

margin.
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Fig. 2-13. Switching-cycle experimental waveforms in the rectifier mode at the following
operating points. (a) Around 5<during the CRM. (b) Around 15<°during the CRM. (c) Around
25°during the CRM. (d) Around 5<during the DCM. (e) Around 15<during the DCM. ()
Around 25<during the DCM.
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With the proposed modulation operating at above 300 kHz switching frequency, the system

efficiency is tested in inverter and rectifier mode, as shown in Fig. 2-15. The peak efficiency is

close to 99.0%, which verifies the proposed modulation is a high-efficiency solution, even when

the operating switching frequency is above 300 kHz.
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Fig. 2-14. Simulated loss breakdown with the proposed modulation.
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Fig. 2-15. Tested efficiency under different load conditions with the proposed modulation at
above 300 kHz.
2.5 Conclusions
According to Chapter 1, for SiIC MOSFET power semiconductor devices, CRM ZVS soft

switching was the key to achieving both high power density and high efficiency at high switching
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frequency operation. In this chapter, a novel CRM-based soft-switching modulation (DPWM +
CRM + Fs sync.) was proposed for three-phase bidirectional ac—dc converters under the unity
power factor condition, without adding any physical complexity to the three-phase system. With
the proposed soft-switching modulation, for both inverter and rectifier mode operations, the
switching frequency variation range shrank, ZVS soft switching was achieved, and thus, switching
related loss was reduced. All the control functions were implemented and benefits of the proposed
modulation were experimentally verified on a 25 kW SiC-based high-frequency three-phase
bidirectional ac—dc prototype with a power density of 127 W/in®. The tested peak efficiency of the
prototype was around 99.0% in both inverter and rectifier mode operations even above 300 kHz

high switching frequency operation.
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Chapter 3 Soft Switching Technique under Non-Unity

Power Factor for Three-Phase Grid-Tied Inverters'

3.1 Introduction

The CRM-based soft switching modulation technique proposed in the last chapter is suitable
for the unity power factor operating conditions. However, when it is directly applied into non-
unity power factor operating conditions, there are several hard switching related issues which
cause the increase in switching loss. Therefore, in this chapter, these issues are introduced, the
corresponding reasons are analyzed, and the solutions are provided. Then, a generalized soft
switching modulation technique is proposed for both the unity and non-unity power factor
conditions. Finally, the benefits are experimentally verified. The similar method for minimizing
the switching loss mentioned in the last chapter is applied in the non-unity power factor operating
conditions, which is also presented in the Appendix.

For better illustration of the concepts in this chapter, ideal power semiconductor devices are
used unless otherwise specified. In addition, for each phase, define y as the phase-shift angle from
the ac line-to-neutral voltage to the ac reference current. Specifically, taking phase A as an example,
the ac line-to-neutral voltage va and the ac reference current iret.a, along with the line-cycle phase

angle 6, are defined as follows:

0 =owt
vA(0,)=v2V_ sing (3-1)
iref ,A(ei V/) = \/EI ac Sin(e - l//)

t© 2020 IEEE. Reprinted, with permission, from [69] Z. Huang, Q. Li and F. C. Lee, "Critical-Conduction-Mode-Based Soft-
Switching Modulation for Three-Phase PV Inverters with Reactive Power Transfer Capability," in IEEE Transactions on Power
Electronics, vol. 35, no. 6, pp. 5702-5713, June 2020.
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3.2 Hard Switching Related Issues of the Original Soft Switching Modulation

under Non-Unity Power Factor Conditions

When the original soft switching modulation technique proposed in Chapter 2 is applied for
reactive power transfer, hard switching related issues occur in the phase which is intended to
operate in DCM. More specifically, the features of zero current turn-on and of partial zero voltage
turn-on are lost, leading to higher turn-on switching loss. There are two types of hard-switching
turn-on, and the reasons for each type of hard-switching turn-on are analyzed in details in this
section.

Under non-unity power factor conditions, the DPWM clamping based on the ac reference
current is already well established. According to the conventional wisdom [34], [35], when the
displacement angle between ac grid line-to-neutral voltage and ac reference current is less than
30< the DPWM clamping is applied to the phase with the highest ac reference current amplitude;
otherwise, the DPWM clamping zones lags or leads by 30°when compared with the DPWM
clamping zones under the unity power factor condition. This DPWM clamping option, according
to the ac reference current, is widely adopted in the conventional modulations.

When the original “DPWM+CRM+Fs sync” modulation technique proposed in the last
chapter is used for reactive power transfer, the operation mode over a half line-cycle is shown in
Fig. 3-1, under an example of PF = 0.9 (v = 26) condition. The line-cycle intervals for each
operation mode are shifted by 26 “when compared with that under the unity power factor condition

shown in Fig. 2-5.
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Fig. 3-1. Line-cycle operation mode with DPWM clamping based on ac reference current under

PF = 0.9 (v = 269 condition; the 1% type hard switching turn-on exists during the intervals 1, 2,

and 3 over this half line-cycle (va, vs, and vc are ac line-to-neutral voltages in phases A, B, and
C, respectively; irefa, iref,8, and iref,c are ac reference currents in phases A, B, and C,

respectively).

However, with the operation mode shown in Fig. 3-1 under the non-unity power factor
condition, the first type of hard-switching turn-on at positive drain—source current is observed at
some operating points in the phase operating at DCM.

An example of switching-cycle waveforms at 70 <operating point is shown in Fig. 3-2 (a),
with the operation mode shown in Fig. 3-1. The reference direction for currents is defined from
the dc side to the ac side, unless otherwise specified. As shown in Fig. 3-2 (a), during the DCM
dead-time interval (to — t2), after the control switch in phase A is turned off at t; instant, the inductor
current in phase C starts to increase even before the control switch in phase C is turned on at t>
instant. The operation in phase C is still DCM but the turn-on current becomes positive, which is

different from the conventional DCM operation in which zero-current-switching (ZCS) turn-on is
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achieved but is similar to that in the CCM hard-switching operation from the point of view of turn-
on instant. The experimental switching cycle waveforms are shown in Fig. 3-2 (b), which verifies
the hard switching turn-on in phase C. Although the inductor current in phase C drops toward zero
before t> instant due to the impact of the LC resonance after the inductor current zero crossing

occurs in phase A, the turn-on current in phase C is still positive.
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Fig. 3-2. Switching-cycle waveforms around 70 operating point with conventional DPWM
clamping under PF = 0.9 (w = 26 condition; DCM hard switching turn-on occurs in phase C at
t2 instant. (a) Simulation results based on ideal switches. (b) Experiment results for verification

(vesa and vesc are control switch gate signals in phases A and C, respectively; iLa and iLc are
inductor currents in phases A and C, respectively; vpsc is the control switch drain—source voltage
in phase C).

Based on the 70 “operating point, the reason for this type of hard-switching turn-on is analyzed
as here. In both phase A and phase C, the positive ac reference current indicates the top switch acts
as the control switch whereas the bottom switch acts as the synchronous rectifier (SR). During to—
t; interval in Fig. 3-2 (a), phase C is already during DCM dead-time interval and therefore is

disconnected with the system as shown in the equivalent circuit in Fig. 3-3 (a). However, after the

control switch is turned off and the SR is turned on in phase A at t; instant, a negative drain—source
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voltage is applied to the SR in phase C, which makes its body diode forward-biased, as shown in
Fig. 3-3 (b). Therefore, the inductor current starts to increase, although neither the top switch nor
the bottom switch is turned on in phase C. When the inductor current zero crossing occurs in phase
A at t; instant, the control switch in phase C is hard-switching turned on at positive current. The
drain—source voltage of the control switch in phase C is clamped to the dc voltage before t; instant,
indicating the complete loss of ZVS turn-on, as shown in Fig. 3-2 (b). Both the loss of ZCS and

the loss of ZVS contribute to the increase in DCM turn-on loss.

+ ?LA—»M@A + ?LA—»M@A
= = _ !LB_.NW, +@B = 4 | !LB_.,YW, +@B
ILc— C ¢ — +,~C
+
Vps

(@) (b)

Fig. 3-3. Equivalent circuit diagram during the DCM dead-time interval (to—t2 in Fig. 3-2) in
phase A at around 70<operating point under PF = 0.9 (w = 26) condition. (a) to-t: interval. (b)

ti—t, interval.

This type of hard-switching turn-on occurs when the polarity of the ac line-to-neutral voltage
is opposite to that of the ac reference current in this phase, which are marked as the three intervals
in Fig. 3-1 over the half line-cycle. The lower the PF, the higher the DCM turn-on loss, since the
duration of the interval with abovementioned opposite polarities in a line cycle becomes longer.
Simulation results demonstrate that this part of the increased DCM turn-on loss at PF = 0.9 and PF
= 0.8 contributes to 51% and 77% additional device loss, respectively, making the switching loss

at least triple, which is unacceptable.
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Therefore, the first type of hard-switching turn-on occurs during the line-cycle interval when
the polarity of the ac line-to-neutral voltage is opposite to that of the ac reference current. The
other type of hard-switching turn-on is analyzed as follows, which occurs around the line-cycle
phase angle when the operation mode is swapped between CRM and DCM. Here, the same
example of PF = 0.9 (y = 26 condition is used for the illustration of this type of hard-switching
turn-on.

Define 67 as the line-cycle phase angle at which the operation mode is swapped between CRM
and DCM (hereinafter “CRM/DCM transition angle 67”). According to Fig. 3-1, the CRM/DCM
transition angle 6t = 56< From the 26°to the 56 operating point, phase A and phase C are
expected to operate at DCM and CRM, respectively. During this 30< line-cycle interval, the
inductor current zero crossing in phase C determines the turn-on instant of the active switch in
both phase C and phase A.

However, as the simulated switching-cycle inductor current waveforms in phase A and phase
C at the 40=operating point, shown in Fig. 3-4 (a), the inductor current zero crossing occurs almost
simultaneously in each switching cycle at this operating point for these two phases. With
CRM/DCM transition angle 8t = 56< CCM hard-switching operation occurs in phase A between
the 40=and the 56 “operating points, which is different from the expectation that phase A should
operate at DCM. The simulated switching-cycle inductor current in phase A and phase C at the 45°
operating point is shown in Fig. 3-4 (b) as an example. The experiment switching-cycle waveforms
at the 45<operating point are shown in Fig. 3-5 as validation. This type of hard-switching turn-on
exists during the three intervals marked in Fig. 3-6 over the half line cycle, and especially interval

4 is used as the example in the above-mentioned discussion.
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Fig. 3-4. Simulated switching-cycle waveforms at (a) 40 “operating point with stable operation;
(b) 45<operating point with the CRM/DCM transition angle 6 = 56 “under PF=0.9 (v =26
condition; unstable CCM operation occurs (iLa and irc are inductor currents in phases A and C,

respectively).

Here, a comparison is made between the unity PF case and a non-unity PF case to analyze the
impact of the PF on the CRM/DCM transition. The discussion is focused on the first 60 “line-cycle
interval.

For the unity PF case, according to Fig. 2-5 and Equation (3-1), the CRM/DCM transition
angle 6r = 30< The ac line-to-neutral voltage is same in phase A and phase C at this operating
point, and so is the ac reference current. Therefore, the switching-cycle operation is the same for

these two phases at this operating point, and so is the inductor current zero crossing point.

42



Vasa
(20 V/div)
LA
(10 A/div)

Vasc
(20 V/div)

Ic
(10 A/div)

Vesa
(20 V/div)
LA
(10 A/div)

Vesc
(20 V/div)

ILc
(10 A/div)

i i
Mwﬂwmmaw&ww\wuv

ffffﬂﬁﬁffffffffffffofff”

IHIIH FEEy

-li___‘_k

WW\/\JM w \J w\m \/ww

Fig. 3-5. Experiment waveforms around 45 <operating point with the CRM/DCM transition

angle 6t = 56 °under PF = 0.9 (w = 26 condition to verify unstable CCM operation in phase A

(vesa and vesc are control switch gate signals in phases A and C, respectively; iLa and iLc are

inductor currents in phases A and C).

However, for the non-unity PF condition, in phase A and phase C, the operating point with

the same ac line-to-neutral voltage is different from the operating point with the same ac reference

current. Take the PF = 0.9 (v = 26 case as an example. According to Fig. 3-6 and Equation (3-

1), at the 30=operating point, in phase A and phase C, the ac line-to-neutral voltage is the same
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but phase A has lower ac reference current than phase C. Therefore, the inductor current zero
crossing in phase A occurs earlier than phase C. At the 56 “operating point, in phase A and phase
C, the ac reference current is the same but phase C has lower ac line-to-neutral voltage than phase
A. Therefore, the inductor current zero crossing in phase C occurs earlier than phase A due to the
higher inductor current slew rate during the on-time in phase C. Based on abovementioned analysis,
it is concluded that there is a specific operating point between 30<and 56 < at which the inductor
current zero crossing occurs simultaneously in switching cycles for these two phases. Simulation
shows that this specific operating point is 40<in the PF = 0.9 (y = 26) case, which is the starting

point of the interval 4 in Fig. 3-6.
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Fig. 3-6. Line-cycle operation mode with DPWM clamping based on ac reference current under

PF = 0.9 (y = 269 condition; the 2" type hard switching turn-on exists during the intervals 4, 5,

and 6 over this half line-cycle (va, vs, and vc are ac line-to-neutral voltages in phases A, B, and
C, respectively; ireta, iret8, and iref,c are ac reference currents in phases A, B, and C,

respectively).
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With the CRM/DCM transition angle 6t = 56< CCM operation appears in phase A, which is
analyzed as follows. According to Fig. 3-1, starting from the 26 “operating point, phase A operates
at DCM, and phase C operates at CRM. The DCM dead time in phase A gets shorter as it is
approaching the 40=operating point. After the 40 <operating point, the switching-cycle inductor
current zero crossing occurs earlier in phase C than phase A. If the turn-on instant in these two
phases is still determined by the inductor current zero crossing in phase C, then due to the per-
switching-cycle volt-second unbalance, CCM hard-switching operation will occur in phase A, as
shown in both Fig. 3-4 (b) and Fig. 3-5.

Besides, sub-harmonic oscillation occurs in CCM operation, which is explained as follows.
First, assume that the CCM hard switching operation is stable in phase A. Then, on one hand, four
independent constraints must be met for a stable operation: the per-switching-cycle volt-second
balance and the average current control in both phase A and phase C. On the other hand, from the
control point of view, there are only three independent variables in these two phases: the on-time
in each phase and the switching period shared by these two phases (the off-time is determined by
the on-time and the switching period). It is impossible to make three independent variables always
meet four independent constraints, which is in conflict with the previous assumption. The sub-
harmonic oscillation occurs due to the fact that not all of the four independent constraints are
satisfied. This unstable operation does not exist when phase A operates at DCM, since there is one
more independent variable in phase A: the dead-time period.

In summary, when the original CRM-based soft switching modulation strategy proposed in
Chapter 2 is directly applied into non-unity power factor operating conditions, two types of hard-
switching turn-on will show up. The first type is positive current turn-on during DCM operation,

due to the undesired body diode conduction of the SR device before the turn-on instant of the
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control switch. The second type is the CCM hard switching turn-on, due to the non-optimal

CRM/DCM transition angle.

3.3 Proposed Generalized Soft Switching Modulation Technique for Both

Unity and Non-Unity Power Factor Conditions

As for the first type of hard-switching turn-on, the proposed improvement is to modify the
DPWM clamping option around 70 “operating point by clamping phase A to the positive dc bus
instead of clamping phase B to the negative dc bus. With this improvement, phase B operates at
CRM, and phase C still operates at DCM. The negative ac reference current indicates the bottom
switch acts as the control switch, whereas the top switch acts as the SR in phase B. After the control
switch is turned off and the SR is turned on in phase B as the equivalent circuit shown in Fig. 3-7
(a), the drain—source voltage of the bottom switch in phase C is positive and lower than the dc bus
voltage. This indicates that phase C is still kept disconnected with the system, and, thus, the
undesired bottom switch (SR) body diode conduction is avoided. This modification of DPWM
clamping is equivalent to applying DPWM clamping to the phase with highest ac line-to-neutral
voltage amplitude.

Simulation verification with this improvement is shown in Fig. 3-7 (b), indicating no hard-
switching positive current turn-on in phase C. The simulated DCM turn-on loss with the original
current-based DPWM clamping and that with the proposed voltage-based DPWM clamping are
shown in Fig. 3-8 (a). Also, the tested loss reduction from current-based DPWM clamping to
voltage-based DPWM clamping is shown in Fig. 3-8 (b), which matches the difference of DCM

turn-on loss between these two cases and verifies the benefits of the improvement.
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Fig. 3-7. (a) Equivalent circuit during the DCM dead-time interval after the control switch is
turned off and the SR is turned on in phase B. (b) Simulated switching-cycle waveforms around
70<operating point with modified DPWM clamping under PF = 0.9 (w = 26 condition to
indicate that DCM hard-switching turn-on is avoided, especially t1 — t2 is corresponding to panel
(@) (Vac is the dc bus voltage; vc is the ac line-to-neutral voltage in phase C; vess and vesc are the
control switch gate signals in phases B and C, respectively; iLg and i.c are inductor currents in
phases B and C, respectively).

With the voltage-based DPWM clamping, DCM turn-on loss is significantly reduced but still
exists, which is because of the DCM valley switching turn-on and is to be discussed in the
Appendix. Based on simulation results, the DCM turn-on loss after the improvement is 3.4% out
of the total device loss (13.5% out of the switching loss) at PF = 0.9, and 5.3% out of the total
device loss (19.3% out of the switching loss) at PF = 0.8, respectively. The detailed device loss
breakdown with the improvement is shown later.

Also, it is concluded that the selection of the DPWM clamping option is fundamentally a
tradeoff between the turn-on loss and the turn-off loss. The current-based DPWM clamping brings
lower turn-off loss but higher turn-on loss, whereas the voltage-based DPWM clamping brings

lower turn-on loss but higher turn-off loss. In the SiC-based systems, according to [27, Fig. 9], the
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turn-off energy is no more than 10% when compared with the turn-on energy for SiC MOSFETS,

and, therefore, the voltage-based DPWM clamping is more suitable.
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Fig. 3-8. (a) Comparison of simulated DCM turn-on loss between current-based DPWM
clamping (without improvement) and voltage-based DPWM clamping (with improvement) at
different PF values. (b) Tested loss reduction from current-based DPWM clamping to voltage-

based DPWM clamping at different PF values.

For the second type of hard-switching turn-on and taking the first 60 “line-cycle interval as an
example, the improvement is to make the CRM/DCM transition occur at the operating point when
the switching-cycle inductor current zero crossing occurs simultaneously in phase A and phase C
to avoid the CCM operation. Define this specific operating point as the optimal CRM/DCM

transition angle 67" (with a superscript “*”).
To predict this optimal transition angle 61", a model is developed and is illustrated here. At

steady-state operation, the switching-cycle volt-second is balanced in these two phases
respectively. Meanwhile, it is assumed that the ac reference current value in one switching cycle

is unchanged, and the per-switching-cycle average current is well controlled as the ac reference
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current in these two phases respectively. Based on these aspects, key equations are derived as
follows:

[ v tt=0

1 J‘tu*'Tsw .

(3-2)
T ILx (t)dt = lier x (Q’W)

t

Here, to is the starting point of one switching cycle, Tsw is the switching period, Vix is the
inductor voltage in phase X, iLx is the inductor current in phase X, and lrerx IS the ac reference
current in phase X which is assumed to be constant around each specific line-cycle operating point
(“X” represents “A” or “C”).

Based on Equation (3-2), the values of the on-time and off-time in phase A and phase C at
different operating points during the first 60<line-cycle interval are calculated. If at a specific
operating point, the summations of on-time and off-time are identical in these two phases, then
this operating point is the optimal CRM/DCM transition angle 67" This is illustrated in Fig. 3-9,
using three specific operating points, 61, 82, and 6, as examples to show the sequence of inductor
current zero crossing between these two phases (summation of on-time and off-time is marked as
the interval between two red dash lines in each phase). It is clear that the optimal CRM/DCM
transition angle 61" = 6..

Due to the high order of Equation (3-2), it is hard to derive the analytical solutions for the
optimal CRM/DCM transition angle &7*. Therefore, the 61" values are calculated numerically and
are verified with simulation. Fig. 3-10 presents the calculated and simulated optimal transition
angles 61" at PF from 0.8 to 1 (Vac =800 V, Vac = 277/480 V). The calculated and simulated results

match well, which indicates that the numerical model has sufficient accuracy.
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Fig. 3-9. Simulated switching-cycle inductor current waveforms at three example line-cycle
operating points: (a) 61, (b) 62, and (c) 83 (061 <2 <03 < 60< PF = 0.9 ( = 26<). The optimal
DCM/CRM transition angle 6" = 6, because of the simultaneous inductor current zero crossings

and iLa and ic are the inductor currents in phases A and C, respectively).
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Fig. 3-10. Comparison between simulated and calculated optimal CRM/DCM transition angles

67" under different PF operating conditions.

For digital implementation, the optimal CRM/DCM transition angles &1" is pre-calculated

under different PF conditions and loaded into a look-up-table.
It should be noted that some small errors are allowed for the calculation of the optimal

CRM/DCM transition angle 6+*. Take the PF=0.9 (y = 26) condition as an example. Fig. 3-11 (a)
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shows the simulated CCM turn-on loss with different CRM/DCM transition angle 6+ values. There
is no CCM turn-on loss when 6t = 7" = 40< whereas the CCM turn-on loss increases as &t goes
away from the optimal value. Fig. 3-11 (b) shows tested additional loss at different &+ values when
compared with 6t = 61" = 40< The tested additional loss matches the simulated CCM turn-on loss,

which verifies the benefit of the improvement and the above-mentioned sensitivity analysis.
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Fig. 3-11. (a) Simulated CCM turn-on loss with different CRM/DCM transition angles &t under
PF = 0.9 (v = 269 condition. (b) Tested additional loss with different CRM/DCM transition
angles &t when compared with &t = 7" = 40=under PF = 0.9 (v = 269 condition.

With the improvement and neglecting the error in the calculation of ", the CCM turn-on loss
that is equivalent to 40% of the device loss and 80% of the switching loss is avoided at PF = 0.9.
At PF = 0.8, the avoided CCM turn-on loss is equivalent to 56% of the device loss and 103% of
the switching loss.

It should be noted that the modulation index also has an impact on the optimal CRM/DCM
transition angle &1 . The abovementioned numerical model is applicable to other modulation index
conditions to calculate the &r" values. Load conditions do not have impact on the optimal

CRM/DCM transition angle &7". The change of load conditions brings a proportional change in
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the ac reference current at each operating point and consequently, a proportional change in the
switching period. However, the operating point with the simultaneous inductor current zero
crossing in each phase does not change.

According to the aforementioned solutions to each type of hard-switching turn-on related
issues, it is obvious that with the proposed solutions, the modulation technique is still suitable for
the unity PF condition. Therefore a generalized “DPWM + CRM + Fs sync” modulation concept
is summarized, covering both unity and non-unity PF operating conditions with the PF value down
to 0.8 (y = #379. First, the DPWM clamping is applied to the phase with the highest ac line-to-
neutral voltage amplitude. Second, for the other two phases, the one in which the inductor current
zero crossing first occurs should operate at DCM, whereas the other one should operate at CRM.
The synchronization of turn-on instants still applies between these two phases.

Fig. 3-12 presents the operation mode over a half line-cycle under the aforementioned
example modulation index condition at PF = 0.9 (v = #26<). The DPWM clamping zone is not
changed as the variation of the PF since the ac line-to-neutral voltage is used as the reference when
defining the zero of the line-cycle phase angle. The optimal CRM/DCM transition angle 61" varies
under different PF conditions.

The operational symmetry between the lagging condition and the leading condition under the
same PF value is also demonstrated in Fig. 3-12. Take the 40<operating point under PF = 0.9 (v
= 26 condition and the 20<operating point under PF = 0.9 (w = —26°) condition as examples.
The Vg value and the It value at these two operating points are identical, respectively. The Va
value and the Irra value at the first operating point is the same as the V¢ value and the Iretc value
at the second operating point, respectively, whereas the Va value and the lref,a value at the second

operating point is the same as the V¢ value and the lrc value at the first operating point,
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respectively. Therefore, the operation in phase A, phase B, and phase C in the first operating point
is exactly the same as the operation in phase C, phase B, and phase A in the second operating point,

respectively.

PF=0.9 (v = 26°, lagging) PF=0.9 (v =-26°, leading)

60° 120° 180° 00 60° 120° 180°

OO
0;" =40° 0= ot 0;"=20° 0= ot
B Clamping B CRM B DCM

Fig. 3-12. Operation mode with the generalized DPWM + CRM + Fs sync modulation concept

under PF=0.9 (v =326 conditions to show operational symmetry.

Furthermore, it should be noted the 30<operating point is the axis of the above-mentioned
operational symmetry during the first 60 line-cycle interval. Since the operation repeats itself
every 60 “line-cycle interval, the abovementioned operational symmetry exists over the whole line
cycle.

As for the proposed generalized “DPWM + CRM + Fs sync” modulation concept, when
compared with the original modulation concept proposed in Chapter 2 under non-unity PF
conditions, there is an increase in the inductor current RMS value, which brings consequential
increase in the conduction loss. The increase in RMS current value is 4.1% at PF = 0.9 and 5.0%
at PF = 0.8, which indicates the increase in the conduction loss is 8.4% and 10.3%, respectively.

However, the increased conduction loss is less than 6% out of the total device loss. Therefore, the
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price paid on the conduction loss is almost negligible when compared with the benefits from the
soft switching with the two improvements.

With the proposed generalized “DPWM + CRM + Fs sync” modulation concept, Fig. 3-13
presents the switching frequency variation over a half line-cycle in phase A under different PF
operating conditions, with 300 kHz minimum switching frequency under the unity PF condition.
The switching frequency variation range is still relatively narrow at 0.8 < PF < 1 operating

condition. The axis of the operational symmetry is also clearly presented in Fig. 3-13.

ﬁ } — PF=1(y=0°)

3 PF =0.9:

> — y = 26°, lagging

§ w = -26°, leading

o PF=0.8:

LL > — o H
120° 180> —_ ¥ = 37" lagging

w = -37°, leading
0= wt

Fig. 3-13. Switching frequency variation over a half line-cycle under different PF conditions.

In sum, to solve the two hard-switching related issues, the original soft-switching modulation
technique is improved and a generalized “DPWM + CRM + Fs sync” modulation technique is
proposed. For both the unity and non-unity PF conditions, the DPWM clamping is applied to the
phase with highest ac line-to-neutral voltage amplitude, and the optimal CRM/DCM transition
angle is dependent on PF values, which is predicted by a developed numerical model and
implemented by look-up-table in MCU.

Similar to Chapter 2, further quantitative analysis about the realization of CRM ZVS turn-on
and DCM valley switching turn-on is shown in the Appendix. Under non-unity power factor

conditions, as the PF value goes lower, at some operating points over a whole line cycle, off-time
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extension becomes necessary for achieving CRM ZVS turn-on. In addition, as the PF value goes
lower, the valley voltage at the DCM valley switching turn-on becomes higher.

With the generalized “DPWM+CRM+Fs sync” modulation technique and the aforementioned
strategies to achieve soft switching and to reduce switching loss, Fig. 3-14 presents the simulated
semiconductor device loss breakdown under different PF conditions. With the same PF value, the
loss breakdown at the lagging condition is similar to that at the leading condition. Therefore, only
the results at lagging conditions are shown here. It shows that with the proposed DPWM clamping
options according to ac phase voltage, although the turn-off loss increases at a lower PF value, this
increase is still negligible when compared with the system total power. Furthermore, the DCM
turn-on loss is only 5.3% out of the total device loss (19.3% out of the switching loss) even at PF
= 0.8. Therefore, the benefit on the system efficiency is clearly presented. The total device loss at
non-unity PF conditions is similar to that under the unity PF condition, with 7.0% increase at PF
= 0.9 and 13.9% increase at PF = 0.8, respectively. The aforementioned increase compared with
the unity PF condition is mainly caused by increased turn-off current, increased switching
frequency, and DCM valley switching turn-on.

It should be noted that all the analysis process is applicable to the leading PF conditions since
at the same PF value, there is operational symmetry between the leading PF condition and the
lagging PF condition, as analyzed in the last section. Also, all the analysis process is applicable to

other modulation index conditions.
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Ve = 800V, V. = 277/480 V, P = 12.5 KVA, Feyymin = 300 kHz

MW PF=1
>0 B PF=0.9 (lagging)
40 B PF=0.8 (lagging)

Loss (W)
N W
o

Conduction Turn-off  Driving DCM Turn-on

Fig. 3-14. Simulated device loss breakdown under different PF operating conditions.

3.4 Experimental Verifications

The above-mentioned modulation technique is digitally implemented with the same low-cost
MCU and experimentally verified on the same 25-kVA SiC-based three-phase bidirectional ac-dc
converter prototype as shown in Chapter 2. The detailed parameters of the prototype are shown in
Table 2-2. In order to verify the effectiveness of the proposed modulation concept and further
make a fair comparison with the test results in Chapter 2, similarly, the test here is focused on one
12.5-kVA module with the second 12.5-k\VVA module disabled.

Fig. 3-15 (a) and (b) presents three-phase line-cycle experimental waveforms of ac line-to-
neutral voltages and grid-side currents at 12.5 kVA, under PF=0.9 (v = ¥26<) conditions. The
capability of reactive power transfer is verified for both the lagging condition and the leading

condition.
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PF=0.9 (y = 26°) PF=0.9 (y = -26°)
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Fig. 3-15. Line-cycle experimental results at PF = 0.9. (a) Lagging condition. (b) Leading
condition. (va, ve, and vc are three-phase ac line-to-neutral voltages; iga, igs, and igc are three-

phase grid currents; hereinafter the same).

According to the aforementioned operational symmetry between the lagging condition and
the leading condition with the same PF value, here only the switching-cycle waveforms under
lagging PF conditions are shown. Fig. 3-16 (a)-(c) presents switching-cycle experimental
waveforms at three operating points around 10< 30< and 50 <in phase A under PF = 0.9 lagging
condition, and Fig. 3-16 (d)—(f) presents switching-cycle experimental waveforms at the same
three operating points in phase C under the same condition. At each operating point, the control
switch is turned on at zero drain—source voltage during CRM and at the valley point during DCM
operation.

Fig. 3-17 (a) and (b) presents three-phase line-cycle experimental waveforms of ac line-to-
neutral voltages and grid-side currents at 12.5 kVA, under PF = 0.8 (v = 237 conditions. The
capability of reactive power transfer is verified for both the lagging condition and the leading

condition.
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Fig. 3-16. Switching-cycle experimental waveforms under PF = 0.9 (lagging) condition at the

following operating points. (a) Around 10 <in phase A. (b) Around 30<in phase A. (c) Around
50<in phase A. (d) Around 10<in phase C. (e) Around 30<in phase C. (f) Around 50<in phase

C. (In each figure, vgs is the control switch gate signal; vps is the control switch drain—source

voltage; ig is the grid current; i. is the inductor current; hereinafter the same).
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Fig. 3-17. Line-cycle experimental results at PF = 0.8. (a) Lagging condition. (b) Leading

condition.

Fig. 3-18 (a)-(c) presents switching-cycle experimental waveforms at three operating points

around 10< 30< and 50<in phase A under PF = 0.8 lagging condition, and Fig. 3-18 (d)—(f)

presents switching-cycle experimental waveforms at the same three operating points in phase C

under the same condition. At each operating point, the control switch is turned on at zero drain—

source voltage during CRM and at the valley point during DCM operation.

With the proposed improved modulation operating at above 300 kHz switching frequency, the

system efficiency is tested at 12.5 kVA power under different PF values, as shown in Fig. 3-19.

The efficiency is tested with the power analyzer from YOKOGAWA with part number of PZ4000.

The error is up to #0.20% according to the tested results. With the two proposed improvements,

0.5% higher efficiency at PF = 0.9 and 0.9% higher efficiency at PF = 0.8 are achieved, which

verifies the effectiveness of the two aforementioned improvements. The efficiency is above 98.0%

at PF = 0.8 condition, even when the operating switching frequency is above 300 kHz.
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Fig. 3-18. Switching-cycle experimental waveforms under PF = 0.8 (lagging) condition at the
following operating points. (a) Around 10<in phase A. (b) Around 30<in phase A. (c) Around
50<in phase A. (d) Around 10<in phase C. (e) Around 30<in phase C. (f) Around 50<in phase

C.
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Fig. 3-19. Tested efficiency at 12.5 kVA power under different PF values with the original and

proposed improved modulation at above 300 kHz.

3.5 Conclusions

In this chapter, a generalized “DPWM + CRM + Fs sync” modulation technique is proposed
for three-phase grid-tied inverter applications, covering both unity and non-unity PF operating
conditions (0.8 lagging—-0.8 leading for typical PV applications), with the objective of reducing
switching loss. DPWM clamping is applied to the phase with highest ac line-to-neutral voltage
amplitude. Control switches in the other two phases are turned on in each switching cycle when
the inductor current zero crossing occurs in both of these two phases, which determines the
assignment of DCM and CRM operation modes in these two phases and the optimal CRM/DCM
transition angle. This optimal transition angle is predictable according to the proposed numerical
model with enough accuracy. With this generalized modulation concept, soft switching is achieved
during CRM and DCM operation, which is beneficial for high efficiency at hundreds of kilohertz
high-frequency operation with SiC MOSFETSs. All the control functions are implemented with one

low-cost MCU, and the capability of reactive power transfer and soft switching are verified on a
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SiC-based high-frequency three-phase bidirectional ac—dc converter prototype with 98.9% peak
efficiency at the unity PF condition and above 300 kHz switching frequency. Benefits from the
proposed improvements are also experimentally validated, and the tested peak efficiency is above

98.0% within the typical PF range in PV applications.
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Chapter 4  Interleaving Control and Balance Technique

for EMI Noise Reduction

4.1 Introduction

In previous chapters, with the “DPWM + CRM + Fs sync.” soft switching modulation, 98.9%
high efficiency is achieved on a SiC-based three-phase ac-dc system even at above 300 kHz
switching frequency operation, which indicates similar efficiency but at least three-time size
reduction when compared with the industry practice at the time this research was conducted.
However, the conducted electromagnetic interference (EMI) noise becomes a more serious
concern when compared with the conventional Si-based systems at 20 — 30 kHz operating
switching frequency.

Generally, there are two types of conducted EMI noise (hereinafter “EMI noise” unless
otherwise specified): differential-mode (DM) EMI noise and common-mode (CM) EMI noise [40],
[41]. Fig. 4-1 shows the propagation path of these two types of EMI noise in a typical two-stage
structure based on the applications of this dissertation. A line impedance stabilization network
(LISN) is connected between the three-phase ac grid and the converter to separate the noise on two
sides when the EMI noise is measured. The DM EMI noise goes through and returns from the main
power paths but not the earth, while the CM EMI noise goes through the main power paths and
returns from the earth due to the existence of the parasitic capacitance between the systems and
the earth. It can be seen that the DM EMI noise is dominated by the ac (inductor) current ripple in
the ac-dc stage, while the CM EMI noise is generated by the voltage changing rate (dv/dt) across
the parasitic capacitance between the system and the earth. Although EMI filters exist between the

power converters and the ac grid in order to meet the corresponding EMI standard and prevent the
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EMI noise from interfering other components, the higher raw EMI noise at the converter side

diminishes the benefits brought by high-frequency operation on EMI filter size reduction.

_ ~ PFC/Inverter Isolated DC/DC
Ipma lcm
3P LISN iome  lom C J_T_' Load /
Grid W - =T Source
p—

]

Fig. 4-1. Propagation path of the conducted EMI noise.

As for the DM EMI noise, the CRM and DCM operation in the soft switching modulation
technique makes the inductor current ripple at least twice of the ac reference current value. In
contrast, in the conventional Si-based design, the inductor current ripple is only around 20% of the
ac reference current under CCM operation. Therefore, approximately ten-time higher DM EMI
noise exists in the SiC-based high-frequency three-phase ac-dc system developed in the previous
chapters. The multi-channel interleaving control [42], a relatively mature control technique in
single-phase CRM ac-dc converters, is to be applied here to reduce the DM EMI noise.

As for the CM EMI noise, under the same voltage rating and similar current rating, SiC power
semiconductor devices feature more than ten times higher switching speed, namely the dv/dt,
especially during the turn-off transition period, when compared with their Si counterparts [43],
[44]. Therefore, significantly higher CM EMI noise exists in the SiC-based high-frequency three-
phase ac-dc system developed in the previous chapters. The balance technique is commonly used
in the ac—dc systems in order to reduce the raw CM EMI noise at the converter side, for both
single-phase systems [45], [46] and three-phase systems [47]. The similar balance technique is to

be applied into the interleaved three-phase ac—dc systems here.
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4.2 Reduction of DM Noise with Interleaving Control

As previously mentioned, the large inductor current ripple is a drawback of CRM and DCM
operations, which brings high DM EMI noise and diminishes the benefits brought by the high
switching frequency operation.

From the literature, multi-channel interleaving control is widely applied for the cancellation
of the inductor current ripple. Theoretically with the perfect interleaving control, the fundamental
switching frequency component can be eliminated, and the harmonic switching frequency
components will be left, whose amplitudes are usually no higher than that of the fundamental
component. Therefore, the harmonic components instead of the fundamental component become
dominant and with the same structure of the DM EMI filter, the corner frequency of the DM EMI
filter increases, which indicates the size reduction in the DM EMI filter.

The two-channel interleaving control is applied here to make the three-phase ac-dc system get
benefits from the ripple cancellation effects but not become too complicated. Fig. 4-2 shows the
circuit diagram of the two-channel interleaved three-phase ac-dc converter. The ac side filters are
ignored here for better illustration of the raw noise source. There are totally 6 channels (phase legs)
and 12 SiC MOSFETs power semiconductor devices in this structure. To facilitate the illustration
in later sections, the 6 channels are named as “Channel A1”, “Channel A2”, and so on. The first
channel (Channel Ay, etc.) in each phase is the master channel and the second channel (Channel

A, etc.) is the slave channel. This is applicable to the entire dissertation unless otherwise specified.
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Fig. 4-2. Circuit diagram of the two-channel interleaved three-phase ac-dc converter.

As for methods of two-channel interleaving control, compared with PLL-based closed-loop
interleaving control method [48] — [51], the master-slave-based open-loop interleaving control
method [52] — [57] is more suitable in several hundreds of kHz to MHz high switching frequency
and digital-control-based applications, which has been applied in single-phase CRM AC/DC
converter in [27]. It is experimentally verified that with two-channel interleaving, the corner
frequency of DM EMI filter has an eight-time increase, which indicates significant DM EMI filter
size reduction [37] - [39], [42].

Therefore, the master-slave-based open-loop interleaving control method is selected for
implementation in this work. Under the same power, taking the inverter mode operation as an
example, the simulation waveforms of the total inductor current in phase A (denoted as “iLa” in
Fig. 4-2) over a line cycle without and with two-channel interleaving are shown in Fig. 4-3. It can

be clearly seen the total inductor current ripple cancellation effect with two-channel interleaving.

66



WI/QO interleaving W/ interleaving

(@) (b)

Fig. 4-3. Line-cycle simulation waveforms of total inductor current in phase A: (a) without

interleaving (b) with two-channel interleaving.

In addition to the cancellation effect reflected in the total inductor current ripple, the individual
inductor current ripple in each channel is reduced during the interval operating at clamping mode,
which is another benefit of the application of two-channel interleaving with “DPWM + CRM + Fs
sync.” soft switching modulation. This benefit can be better illustrated using switching-cycle
waveforms in Fig. 4-4, where the total inductor current is denoted as “iLx” and the individual
inductor current is denoted as “iLx12” (X = A, B, C). Here the first 30 “line-cycle interval is taken
as an example, when phase A is operating at DCM, phase C is operating at CRM, and phase B is
operating at clamping mode. The total inductor current ripple in phase B is determined by the
summation of total inductor current in the other two phases. Because of the cancellation in the total
inductor current ripple brought by two-channel interleaving in phase A and in phase C, it can be
seen that the total inductor current ripple in phase B is smaller compared with the case without
interleaving. During the clamping mode operation, the individual inductor current ripple is equal
to half of the total inductor current ripple in this phase. Therefore, with two-channel interleaving,

the individual inductor current ripple is reduced during the clamping mode operation.
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Fig. 4-4. Switching-cycle simulation waveforms of total and individual inductor current in each

phase: (a) without interleaving (b) with two-channel interleaving.

Under the same power, the simulation waveforms of an individual inductor current in phase
A, iLa1, over a line cycle without and with two-channel interleaving are shown in Fig. 4-5. It can
be clearly seen that the individual inductor current ripple is reduced during clamping mode
operation with two-channel interleaving. According to simulation results based on the operating
condition and system parameters shown in Table 2-2, about 20% conduction loss reduction is

achieved due to this individual inductor current ripple reduction during clamping mode operation.

4.2.1 Negative Coupled Inductors for Stability in Interleaved Converters

In the rectifier mode operation, instability occurs with the two-channel interleaving, while the
instability does not exist in the inverter mode operation. Fig. 4-6 shows the line-cycle and
switching-cycle waveforms in two-channel interleaved rectifier mode operation, including the
master-channel individual inductor current and the total inductor current in phase A. It can be

clearly seen that there is sub-harmonic oscillation in the inductor current waveforms.
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Fig. 4-5. Line-cycle simulation waveforms of individual inductor current in phase A: (a) without

interleaving (b) with two-channel interleaving
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Fig. 4-6. Line-cycle and switching-cycle inductor current waveforms in rectifier mode operation

of the two-channel interleaved three-phase ac-dc converter.

The reason of the instability is qualitatively explained as below. With CRM-based soft
switching modulation, the switching frequency is time-variant during a whole line cycle. The
variance of switching period in the master channel will cause phase error and impact the switching

actions in the slave channel, because sometimes the interleaving control cannot be implemented
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cycle-by-cycle but may be at least every two or three switching cycles. On the other hand, due to
the existence of the ac side common node, all the 6 channels get influenced when a switching
action occurs in one channel. Thus, the switching action in the slave channel will also impact the
inductor volt-second, and thus the switching period in the master channel. Therefore, a new
feedback loop related to the two-channel interleaving is formed. Instability issue exists when the
phase margin of this feedback loop is insufficient.

The main reason of the instability in the two-channel-interleaved rectifier mode operation is
that the current slew rate before the master channel inductor current (iLaz in phase A) zero crossing
point is very small, in contrast to the large current slew rate in the two-channel-interleaved inverter
mode operation. This current slew rate at different operating points over the first 30 line-cycle
interval at two-channel interleaved rectifier mode operation is shown in Fig. 4-7, as a comparison
with that at interleaved inverter mode operation. This current slew rate is based on the 300 kHz
minimum switching frequency.

Depending on whether the DCM dead time is longer than 50% of switching period or not, two
different switching sequences exist during this 30 “line-cycle interval, with the boundary at around
the 15<operating point. The typical switching-cycle inductor current waveforms under these two
sequences are shown in Fig. 4-8. The sudden change of the inductor current slew rate in Fig. 4-7
at around the 15<operating point is due to the change from one switching sequence to the other.
The instability starts from around the 15<operating point, which is corresponding to the sudden
drop of the inductor current slew rate prior to the zero crossing point. The small inductor current
slew rate makes the small signal modulation gain and bandwidth of the aforementioned feedback
loop high, and thus phase margin is insufficient to maintain stable operation when there is

perturbation (time-variant switching frequency/period over the whole line cycle).
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Fig. 4-7. Variation of inductor current slew rate prior to zero crossing over the first 30 line-cycle

interval: comparison between interleaved inverter mode and interleaved rectifier mode.
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Fig. 4-8. Typical switching-cycle inductor current waveforms under (a) Sequence 1: DCM dead-
time is short than half of switching period; (b) Sequence 2: DCM dead-time is longer than half of

switching period.
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In order to modify the inductor current slew rate and maintain the stable operation, negative
coupled inductors are applied into the two-channel interleaved three-phase ac-dc converter. The
circuit diagram with negative coupled inductors is shown in Fig. 4-9. Here the two individual

inductors in each phase are inversely coupled with each other.
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Fig. 4-9. Two-channel interleaved three-phase ac-dc converter with negative coupled inductors.

At the interleaved rectifier mode operation, for the Sequence 2 shown in Fig. 4-8, the inductor
current slew rate prior to the zero crossing point is derived as the following Equation (4-1) to show
its dependency on the coupling coefficient (o)) values. Here Va, Vc, Vg and L are phase A line-to-

neutral voltage, phase C line-to-neutral voltage, dc voltage and the self inductance, respectively.

l-«o 2
V,+V.——V
_ 5+4a * ¢ Big ©

L1+ )

di L(CRM)
dt

(4-1)

iL(cam )—0"

The variation of this inductor current slew rate over the first 30 line-cycle under oo = -0.5 is
shown in Fig. 4-10, as a comparison with the non-coupled case. Both Equation (4-1) and Fig. 4-10
clearly show that negative coupling is beneficial to the increase in the inductor current slew rate

prior to the zero crossing point.
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Fig. 4-10. Variation of inductor current slew rate prior to zero crossing over the first 30 <line-
cycle interval at interleaved rectifier mode: comparison between negative coupled case (-0.5

coupling coefficient) and non-coupled case.

It should also be noted that the negative coupling effect should be strong enough to totally
eliminate the instability (sub-harmonic oscillation). Fig. 4-11 shows the switching-cycle
waveforms in two-channel interleaved rectifier mode operation under different coupling
coefficient () values, including the master-channel individual inductor current (iLa1) and the total
inductor current (iLa) in phase A. With a = -0.4, the sub-harmonic oscillation is alleviated but not
fully eliminated. With a = -0.5, the sub-harmonic oscillation is totally eliminated.

According to simulations, the maximum coupling coefficient value to achieve stable operation
is a = -0.45 under the operating condition in this dissertation (V4c = 800 V, Vac = 277/480 V). This
maximum coupling coefficient value is related to the modulation index. Under the condition of

realizing stable operation, the lower modulation index allows the coupling coefficient value closer

to 0.
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Fig. 4-11. Switching-cycle inductor current waveforms in the rectifier mode operation of two-
channel interleaved three-phase converter under different coupling coefficient (a): () o = 0; (b)
a=-0.4; (c) a=-0.5.

It should be noted that the boundary of the coupling coefficient for avoiding instability may

also be changed with different electrical structures of coupled inductors.

4.2.2 Impact of Interleaving and Negative Coupled Inductors on Switching Frequency
Variation Range

With two-channel interleaving, the switching frequency variation range becomes slightly

wider. With minimum switching frequency at 300 kHz, the peak switching frequency is around

600 kHz, which makes the switching related loss has a little bit increase. According to simulation

results based on the operating condition and system parameters shown in Table 2-2, there is around

74



20% increase in the average switching frequency over a line cycle. This is because the voltage
excitation applied on the individual inductor changes and the inductor current slew rate also
changes, which makes the switching frequency variation range become slightly wider.

However, after using negative coupled inductors, the switching frequency variation range
shrinks over the whole line cycle, which makes up for the drawback brought by the two-channel
interleaving in this aspect. Fig. 4-12 shows the switching frequency variation under different
coupling coefficient values a. The switching frequency variation range shrinks as the coupling
coefficient value goes smaller, which indicates lower switching related loss. It also shows

diminishing return in the reduction of switching frequency variation range as o < -0.5.

600 =03

ool N, SN
(kHz) 390 a=-0.3
) _ — =05
0° 60° 120° 180° —— a=-06

0 =owt

Fig. 4-12. Switching frequency variation under different coupling coefficient values (o).

Based on Fig. 4-12, it is clear that the two-channel interleaving and negative coupled inductors
both have impacts on the switching frequency variation range over the whole line cycle. In order
to design the self inductance properly and achieve the 300 kHz minimum switching frequency, the
dependence of switching frequency variation range on the inductance and on the device parasitic
capacitance needs to be quantified. Therefore, similar to Chapter 2, according to Fig. 4-12, the 60
operating point is selected as an example first to quantify the system’s minimum switching

frequency. The same approximation is made here to disconnect the phase at DCM operation (phase
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C) from the system. Then the 30“operating point is selected as an example first to quantify the
system’s maximum switching frequency.

The same procedure as Chapter 2 is followed here. The parasitic capacitance of all the power
semiconductor devices are ignored first in order to illustrate the fundamental concept of the model,
and then the parasitic capacitance is included into this model. Taking the two-channel interleaved
rectifier mode operation with coupled inductors as an example, the switching cycle waveforms in
phase A at this operating point are shown in Fig. 4-13 (a), including the gate signal of the active
switch and the inductor current in two channels. According to the switching status of the two active
switches, the entire switching cycle is divided into four stages. It is clear that the equivalent
inductance of the channel A: in the Stage | represents the steady-state inductance, since the
inductor current of the channel Az increases from the valley to the peak during this stage. Fig. 4-13

(b) shows the circuit diagram of the system operation during the Stage I.

| L L\

v —
A e N S SN A

(@) (b)

Fig. 4-13. System operation in phase A at the 60 “operating point without the parasitic
capacitance of devices (a) Simulated switching-cycle waveforms; (b) Circuit diagram showing

the operation during Stage | (on-time).
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Based on the relation between the inductor voltage and the inductor current in the channel A,
the steady-state inductance Lss is derived as below, where D is the duty cycle; Tsw is the switching
period; lpk is the peak inductor current in the channel Az; Viaiq) is the inductor voltage in the
channel A: during the Stage I; Lateqqy IS the equivalent inductance in the channel A: during the

Stage I.

DT,
Lss = LAleq(I) = ‘VLA1(|) (4-2)

ok
In this equation, the Tsw and the Iy« are easy to identify as already shown in the Chapter 2.

From Fig. 4-13 (b), the inductor voltage in the channel A; during the Stage | is as below.

1
VLAl(I) = Zvdc +V, (4-3)

Similarly, the inductor voltage in the channel A: during the entire switching cycle can be

derived and the duty cycle is calculated as below.

Vy, — 2V,
Vd

D= (4-4)

C

On the other hand, for a coupled inductor, the fundamental relation between the inductor
voltages and the inductor currents is shown as below (taking phase A as an example, viaz is the

inductor voltage in the channel A; L is the self inductance and M = aL is the mutual inductance).

V=L diy +M di
di di

Vo= | —LA2 L\ LAl

LA dt dt

By eliminating the terms related to iLaz, the equivalent inductance in the channel Az is shown

in the following equation.
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2 2 H
Vig = - MV ) Qg (4-6)
L-M Yoz O

VLAl

Based on the inductor voltage in Stage I, the equivalent inductance in the channel A is further

expressed as below.

L —M?
LAleq(I) = (4-7)
LM Vo= WNa
V. +4V,

By comparing Equations (4-2) and (4-7), and noticing M = aL, the dependence of the system’s
minimum switching frequency on the self inductance and on the coupling coefficient can be
derived accordingly.

Then the parasitic capacitance of power semiconductor devices is included and the circuit
diagram during the LC resonance stage before the turn-on instant of the active switch is shown in

Fig. 4-14.

<
>
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Fig. 4-14. Circuit diagram during the LC resonance stage at the 60 “operating point.

By using the equivalent transformation from a coupled inductor to non-coupled inductors in
Fig. 4-15, the above circuit is simplified and the characteristic impedance Z, of this 2"9-order LC

resonance circuit is expressed as below.
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Fig. 4-15. Equivalent transformation from a coupled inductor to non-coupled inductors.
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3L+M  Cog

After that, similar to Equation (2-6), the dependence of system’s minimum switching
frequency on the self inductance, on the mutual inductance (coupling coefficient), and on the

device parasitic capacitance is derived as below.

1V +V
R R S VA,V A 3L+M
- Ty =61, +4V 7—)0 4-9
ng/M24V Vdc SW ac A 4L2_M2 0SS ( )
L+M -t A

V. +4V,

To meet a specific system’s minimum switching frequency, the analytical solution of the
desired self inductance L with two-channel interleaving and coupled inductors is as below, with

given coupling coefficient value a and given device parasitic capacitance Coss.
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-V, +V
_vV 3+a Coss + V2(3+a)coss+\/g| Vdc_ZVA. 4 % A
Noo1-a? Al-a? VN o 1-a®
dc ' SW
+
L= A 4-10
Tl (4-10)

Take 800-V dc voltage, 277/480-V ac voltage, 25-kW power, 300-pF device parasitic
capacitance as an example. Under three pairs of arbitrarily selected self inductance value and
coupling coefficient value, the calculated minimum switching frequency based on Equation (4-10),
the simulated minimum switching frequency, and the error between them are shown in Table 4-1.
The lower simulated switching frequency compared with the calculated value is because of the
margin reserved for the off-time extension. The inverter mode operation shares the same analytical
model with the rectifier mode for the design of self inductance with given coupling coefficient

value, for achieving a certain minimum switching frequency.

Table 4-1 Verification of Proposed Analytical Model for Interleaved Operation

Self Coupling Calculated Min. Simulated Min. Error
Inductance Coefficient Switching Freq. Switching Freq. (A/Simulated
(uH) (o) (kHz) (kHz) Value)
5.0 -0.5 356.6 333.7 6.86%
6.0 -0.6 328.1 301.8 8.02%
7.0 -0.7 327.9 294.3 11.42%

Then the dependence of the maximum switching frequency on the inductance value and on
the device parasitic capacitance can be quantified in a similar way based on the 30 “operating point.

For sake of brevity, only the key equations are shown in the following parts.
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At this operating point, the operations in phase A and in phase C are identical at CRM. Similar
to Fig. 4-13, when the device parasitic capacitance is ignored, the duty cycle is derived as below.

_Vee=y
Vd

D (4-11)

C

Based on Equation (4-5) and Equation (4-6), the equivalent inductance during on-time is

expressed as below:

2 \2
__L-M (4-12)
VA

V. +3V,

L

Aleq(1)

After considering the device parasitic capacitance, the valley of the switching-cycle inductor
current, lvaiey, is determined by the following equation.

valley“=n
The characteristic impedance Z, at this operating point is determined by the self inductance,
the mutual inductance (coupling coefficient), and the device parasitic capacitance (time-related

output capacitance at the dc voltage) as below.

3L -M?) 1
"\ 4L+2M Cg

(4-14)

After that, the dependence of system’s maximum switching frequency on the self inductance,
on the mutual inductance (coupling coefficient), and on the device parasitic capacitance is derived

as below.

1V +V
A Vdc A _ 2 _np2
3 * % Ve=Nag _ 21 sev, L -m?) 1 (4-15)
2—M V. 4L+2M  Cyg
L Ve~ a
V. +3V,
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Under the given dc/ac voltage, system total power, device parasitic capacitance and the
selected inductance according to Equation (4-10), the calculated maximum switching frequency
based on Equation (4-15) is around 530 kHz, with the coupling coefficient a = -0.5, which has
been verified from simulation at the beginning of this part.

Furthermore, by comparing Equation (4-9) with Equation (4-15), the switching frequency
variation range is able to be derived as well. It can be concluded that as negative coupling effect
goes stronger, the switching frequency variation range becomes narrower.

For the interleaved inverter mode operation, similar conclusion is able to be drawn that the
aforementioned method is applicable to derive the switching frequency variation range in order to

design the proper inductance.
4.3 Reduction of CM Noise with Balance Technique

4.3.1 Review of Balance Technique in Single-Phase Systems and Three-Phase Non-
Interleaved Systems

The basic concept of balance technique is shown as below. Fig. 4-16 shows a Wheatstone

bridge structure. Z1, Z», Z3 and Z4 are defined as the impedance which are directly connected with

one terminal of the voltage excitation vs shown in Fig. 4-16.
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Fig. 4-16. Wheatstone bridge structure for illustrating balance concept.

As long as the impedance meets the relation in Equation (4-16), whatever the voltage
excitation vs is, the voltage potential of point A is always identical to that of point B. Therefore,
there is no current flowing through the impedance Z which is directly connected between point A
and point B shown in Fig. 4-16.

5_1 zi_j (4-16)

Take the balance technique applied into a two-channel interleaved single-phase totem-pole
PFC rectifier in [46] as an example. When measuring the CM EMI noise, a line impedance
stabilization network (LISN) is required to be connected between the ac side power source and the
converter. Define the parasitic capacitance between the dc bus and the earth as Cy, and the parasitic
capacitance between the switch node of each phase leg and the earth as Cq4. After treating each
high-frequency phase leg as an independent pulsating voltage source, an equivalent CM EMI noise

model for the two-channel interleaved single-phase totem-pole PFC rectifier is derived and shown

in Fig. 4-17.

83



1 iCd
L, v Y = Cq
% S1 2 ;
1
L C,

Fig. 4-17. Equivalent CM EMI noise model for original circuit topology.

Due to the equivalent transformation of each phase leg, the system becomes a linear system
and then the superposition theory is applicable to analyze the impact of each independent source
on the circuit. In this equivalent CM EMI noise model, there are totally two independent sources,
Vst and vsy, representing the two phase legs respectively. No matter which source the superposition
theory is applied on, the same equivalent sub circuit is derived and shown in Fig. 4-18. It can be
seen that the sub circuit is a Wheatstone bridge circuit. According to the previous analysis, if
Equation (4-16) is achieved for the four impedance in this structure and therefore it is a balanced
Wheatstone bridge structure, there is no current flowing through the LISN no matter what the
switching actions are, indicating there is no CM EMI noise. However, this Wheatstone bridge
circuit is not a balanced structure since one of the four impedance defined in Fig. 4-16 is zero while

the other three are non-zero.
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Fig. 4-18. Equivalent sub circuit from Fig. 4-17 for original circuit topology.

In order to achieve a balanced structure for the reduction of CM EMI noise, another two
inductors, Lz and L4, are added in the return path of this totem-pole PFC rectifier and coupled with
the two originally existing inductors, L1 and L2. The coupling between L; and Lz is positive
coupling and the coupling coefficient is close to unity, and the same for the coupling between L;
and La4. The circuit topology with this modification is shown in Fig. 4-19, and the corresponding
equivalent sub circuit is shown in Fig. 4-20 for analysis of CM noise. Comparing Fig. 4-20 with
Fig. 4-18, it is clear that now none of the four impedance around the voltage excitation is zero, and
therefore with proper design, there is opportunity for achieving balanced Wheatstone bridge

structure for the reduction of CM EMI noise.

/f_,,g‘\\ 3 &3 1|
LY IE
L, L,

Fig. 4-19. Modified circuit topology with additional inductors Lz and La.
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Fig. 4-20. Equivalent sub circuit for modified circuit topology.

The reason of coupling L1 with Lz, and of coupling L2 with L4 is to make the impedance ratio
of Z; to Z» constant over the entire frequency range stated in the EMI standard (150 kHz — 30
MHz). Starting from tens of MHz, the equivalent parallel capacitance (EPC) of the inductors
dominates the impedance. Coupling between two inductors makes the parasitic parameters able to
be reflected from one to the other, and therefore not only the impedance ratio contributed by the
inductance, but also the impedance ratio contributed by the parasitic parameters, maintains at a
constant value.

Similar concept is applied into a three-phase non-interleaved neutral-point-clamped (NPC)
inverter system in [47]. This system is not a balanced structure from the CM EMI noise point of
view, and there is no natural return path in three-phase three-wire systems. Therefore a split
capacitor branch is added in the dc side, and a return path is created by connecting the midpoint of
the dc split capacitor branch to the neutral point of the three-phase ac filter capacitors. Three
inductors are added in this created return path and with proper design, opportunities exist to

achieve the balanced structure.
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Fig. 4-21. Balance technique applied into a three-phase non-interleaved NPC inverter.

4.3.2 Derivation of CM Noise Model for Balance Technique Applied in Three-Phase
Interleaved Rectifiers/Inverters

By referring to [46] and [47], the balance technique is applied into the two-channel interleaved
three-phase ac—dc converter. The circuit diagram is shown in Fig. 4-22. Here the two capacitors
Cucs are the split capacitor branch added at the dc side. Six inductors are added on the created
branch between the midpoint of the dc split capacitor branch and the neutral point of the three-
phase ac filter capacitors. Here La1 and La2 are the two originally existing inductors in phase A;
Las and Las are the two additional inductors in phase A. The same definition is for phase B and

phase C.
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Fig. 4-22. Interleaved three-phase ac—dc converter topology with balance technique applied.

By replacing each phase leg with independent pulsating voltage source, and considering the
parasitic capacitance Cp and Cq which are defined in the same way as the previous section, the
equivalent CM EMI noise model is shown as Fig. 4-23. Here since the impedance of dc split
capacitors and that of the ac filter capacitors are much lower compared with the parasitic
capacitance Cp and Cq, and therefore it is assumed that the dc split capacitors and the ac filter

capacitors are short circuit in the CM EMI noise model.

LISN

A

LAS I—A4

Fig. 4-23. Equivalent CM EMI noise model for the topology in Fig. 4-22.
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After the superposition theory is applied on the equivalent CM EMI noise model, its
equivalent sub circuit is shown in Fig. 4-24. It can be seen that this is a Wheatstone bridge structure.
With the definition of the four impedance Z1, Z», Z3 and Z4 shown in Fig. 4-24, as long as Equation
(4-16) is satisfied, there is no current flowing through the LISN and therefore there is no CM EMI

noise.

=1 il | e L. |
I\ I
L A= 5C . +C
_ . atCyp
ooz /
Va3 Vaa 4 4

Fig. 4-24. Equivalent sub circuit of the model in Fig. 4-23.

Then the following part is about the derivation of the balance condition to meet Equation (4-
16). Define the voltage across the inductor Lai, La2, Laz and Las as Va1, Va2, Vas and vas. The same
definition is applied to phase B and phase C. Then define the current flowing through the
impedance Z; and Z as i1 and i.. The reference directions of the defined voltage and current are
shown in Fig. 4-24. Assume the positive coupling between L1 and L3, between L, and La is unity
in each phase, and that the parasitic parameters of all inductors are negligible. With N2 turns of
L1 and Lo, and Nas turns of Lz and L4 in each phase, the relation between inductor voltages and the

inductor turns number is expressed as the following equations:
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Vo _Vae _ Ve _Veo _Nip (4-17)
VA3 VA4 VCB VC4 N34
Also, from Fig. 4-24, it is clear that:
Vag +Vpy ot Vo +Vo, =V, =V =... =V, (4-18)

According to Equations (4-17) and (4-18), the relation between the voltage across impedance
Z; and the voltage across impedance Z; is as below, when vsaz is applied as the excitation:

Va _ N12 +5N34
—Va2 N34

(4-19)

With zero CM EMI noise, the relation between the current flowing through impedance Z; and
the current flowing through the impedance Z> is as below:
i =i, (4-20)
According to Equations (4-19) and (4-20), the impedance ratio between Z; and Z; is as below,
when vsaz is applied as the excitation:

Zl _ VAl/il — N12+5N34

—= - (4-21)
Zz _VA2/|2 N34
On the other hand, the impedance ratio between Z3 and Zs is as below:
Zs _Co+5Cy (4-22)
Z, Cq

Therefore, by comparing Equation (4-21) with Equation (4-22), it is clear that the balance
condition for achieving Equation (4-16) is as follows:

N G (4-23)
N34 Cd

It should be noted that the inductor turns number Ni> and Nz4 are only able to be integers.

Therefore, some additional capacitors can be added to either Cy or Cg, in order to more freely adjust



the capacitance ratio in Equation (4-23) and make it closer to that inductor turns ratio to achieve
better balance effect.

It should also be noted that since the parasitic parameters of the inductors are ignored in this
derivation process, only the balance at low frequency range (well below the self-resonance
frequency of the inductors, where the impedance is dominated by the inductance rather than other
parasitic parameters) can be guaranteed with Equation (4-23). The realization of balance at high
frequency range up to 30 MHz relies on the strong coupling between the inductor L; and Ls
(between the inductor L and L4 as well). In spite of that, Equation (4-23) is still the most
fundamental condition that needs to be met in order to achieve balance.

Sometimes between the inductor L1 and Lo, it is preferred to make some turns of L: (and also
of L) interleaved with the other inductor in order to reduce the ac winding loss, which is common
in the applications with PCB winding based magnetic components [30][46]. In this case, the
coupling between L; and Lz (and that between L> and Ls) is not unity any more. Between the
inductor Ly and Lo, define that Ni2” turns out of the total Ni» turns of L; (and also of L) are
interleaved with the other inductor. Therefore, with the interleaved inductor windings, the relation
between inductor voltages and the inductor turns number is expressed as the following equations,

taking phase A as an example:

N,,—N,,' N,,'

Vi =V 12N 2 _y,, N12
34 ' 34| (4-24)

Vaz =Vag Nip — N Va3 N,

N, N,

By applying Equation (4-24) to other two phases and summing up all these equations, it is

clear that:

N,, —2N..'
12 12
12 T2 (v 4V, Vg, S
34 34

):_le—zN !

Vg +Vap +eet Ve, =V 5V, = 2v,, (4-25)
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Therefore, the relation between the voltage across impedance Z: and the voltage across
impedance Z> is as below:

Va — N12 _2N12I+5N34

(4-26)
—Va2 N 34

Similarly, the final balance condition for achieving Equation (4-16) with interleaved inductor
windings is as follows:

Ny, —2N,,’ — &
Na, Cq

(4-27)

It can be seen that the Equation (4-27) is able to be reduced to Equation (4-23) when N12’ =0,
which indicates there are no interleaved inductor windings. Some external capacitors are also able
to be added to either Cy or Cq4 to more freely fine tune the capacitance ratio.

It should also be noted that the analysis about the balance technique is also applicable to the

inverter mode operation.
4.4 PCB Winding Coupled Inductor Design and Optimization

4.4.1 Impact of Balance Technique on Switching Frequency Variation Range

With the additional return path and the six inductors for the purpose of balance, the inductor
voltage excitations could be different when compared with that shown in the previous sections,
which could have impacts on the steady-state inductance and the switching frequency variation
range. In order to design the steady-state inductance and achieve the 300 kHz minimum switching
frequency, the steady-state inductance and the switching frequency variation range with balance
technique applied are to be quantified in this part.

Fig. 4-25 shows the three-phase line-to-neutral voltage as well as the simulated switching

frequency variation in phase A over a line cycle, under the same design objective of 300 kHz
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minimum switching frequency as in Chapter 2. It is the same as Chapter 2 that the minimum
switching frequency occurs at the 0°, 60°, 120° ... (multiples of 60°) operating points, as
highlighted with red circles in Fig. 4-25, and that the maximum switching frequency occurs at the

30°, 90°, 150° ... operating points, as highlighted with blue circles in Fig. 4-25.

H DCM B CRM Bl Clamping
VA O'N'
VB 0F ]
Ve of :
4 Phase A
> 600
SN
qg;i;—/ 300
T

0° 60° 120° 180° 240° 300° 360=°
0 = wt

Fig. 4-25. Switching frequency variation in phase A over a line cycle with balance.

Similarly, the 60 <operating point is selected as an example and the dependence of minimum
switching frequency on the inductance and on the device parasitic capacitance under this operating
point with the balance technique applied. The parasitic capacitance of all the power semiconductor
devices is neglected first to simplify the calculation procedure. The impact of the parasitic
capacitance is to be included later.

Taking the rectifier mode operation as an example, Fig. 4-26 (a) shows the simulated
switching-cycle waveforms in phase A at the 60 “operating point without the parasitic capacitance
of devices, including the gate signals of the bottom switches (vesa1, Vesaz, the active switches) and

the inductor currents (iLa1, iLa2) of the two channels. If each switching cycle is divided into four
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stages according to switching status, as shown in Fig. 4-26 (a), then the equivalent inductance of
the channel Ay in the Stage | represents the steady-state inductance, since the inductor current of
the channel A: increases from the valley to the peak during this stage. Fig. 4-26 (b) shows the
circuit diagram of the system operation during the Stage |. Here the same approximation is made

that phase C is disconnected with the system.

| 1| 1] v
Vesal L [ t VAt -l
i ] : : : Y ::
Vesaz Vg + B —
v "’ T A2 M
i|_A1 o T _—
0 = T
_ SIVISIY:
ILA2 Q . . ] N
0 —~ A —~ A ~ A
(@ (b)

Fig. 4-26. System operation in phase A at the 60 “operating point without the parasitic
capacitance of devices (a) Simulated switching-cycle waveforms; (b) Circuit diagram showing
the operation during Stage I (on-time).

Based on the relation between the inductor voltage and the inductor current in the channel A,
the steady-state inductance Lss is derived as below, where D is the duty cycle; Tsw is the switching
period; lpk is the peak inductor current in the channel A1; Viaiq) is the inductor voltage in the
channel A: during the Stage I; Laieqqy IS the equivalent inductance in the channel A: during the

Stage 1.

DT.
Lss = LAleq(I) = | -

'VLA1( 1) (4'28)

pk
In this equation, the Tsw and the Ipk are easy to identify as already shown in the Chapter 2 and

Section 4.2. However, the existence of the return path with the six additional inductors makes the
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derivation of the duty cycle and of the inductor voltage more complicated when compared with
that in Chapter 2 and Section 4.2. Then the following part is mainly about the derivation of these
two quantities.

For the duty cycle D in Equation (4-28), the volt-second balance of the inductor in the channel
A1 over one switching cycle indicates the following equation, where the subscript “(X)” is
corresponding to the Stage X (hereinafter the same).

VLAl(I)D +VLA1(II )(0-5 - D)+VLA1(III )D +VLA1(IV)(O'5_ D): 0 (4'29)

By assuming the voltages across the ac filter capacitors and that across the dc split capacitors
are respectively constant during one switching cycle, Equation (4-29) is expanded as below.

Vg *+Vou) +Vam )P + Vag +Voun) + Vi — Ve (0.5 D)+

(4-30)
(VAQ +VQM(III ) +VMN _Vdc)D + (VAQ +VQM(IV) +VMN _Vdcxo's_ D): 0

Due to the volt-second balance of the series of inductors between point Q and point M in Fig.
4-26 (b), Equation (4-30) is further simplified as below.
(Vag +Vim D+ Vg +Vyy —Vye J1-D)=0 (4-31)
Then by simply applying the KVL, the duty cycle is calculated as below.

Ve _VAQ Vi _ Ve =Va+Vg ~ Vi =2V,
Vdc Vdc Vd

D=

(4-32)

c

For the inductor voltage excitation Viaiqy, taking phase A as an example, define the self
inductance and the mutual inductance as shown in Fig. 4-27. Then the relations between the
inductor voltage and the inductor current in phase A are as below. Similar relations exist for phase

B and phase C.
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Fig. 4-27. Definition of the self inductance and the mutual inductance in phase A.

di di
S,

di
#"'(M mszt MA14)d_§

di di di
# ﬁ + (M A23 + M A24)d_:
di,

di di

VRQ :(LA3+MA34)E+MA13$+MA23 J,fz
di di di

+ (LA4 +M A34)d_t0+ M Al4ﬁ dL;u

VAAl = LAl

VAA2 = LA2 +M AL2

(4-33)

+MA24

Furthermore, the following assumptions of symmetrical inductor structure and therefore of

the identical inductance for each channel and among three phases are made.

Ly=Lp=n=la=Le =1
LA3 = LA4 == Lca = Lc4 = L3
MAlZ = MBlZ = Mc12 = MlZ

(4-34)

<

A13:MA24:"':MC13:MC24:M13
MA14=MA23="'=MCI4=M023=M14
MA34:MB34:MC34:M34

Based on Equation (4-33) and Equation (4-34), the inductor voltage excitation Viaiq is

derived and expressed as below.

(ZVA _ZVB _Vdc)(M13+ M14 +6|—3 +6M34)
L +M,+8M,+8M, +24L, +24M,,

VLAl(I) =V, —Vg - (4-39)

Meanwhile, the inductor current slew rate in the channel Az in Stage | is derived as below.
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vy o Bl +6My, +2My+2M, JVy, — 2V, +2V, )
di_y f o Li+My,+8M +8M, 4240, +24My, MV,

dt () L +My, L: — My,

(4-36)

Therefore, to achieve the target minimum switching frequency, the following equation should

be satisfied.
DT, V di |
Lss = LAleq(I) = | - 'VLAl(I) = diLAl(l) < dL,:\l o (4-37)
pk LAL (1) DTgy
dt )

It should be noted that in Equations (4-35), (4-36) and (4-37), with the additional return path
and six inductors, now the steady-state inductance, inductor voltage and inductor current slew rate
are all dependent not only on the inductance L; and the mutual inductance My, but also on other
inductance values (the inductor turns numbers Ni2 and Nza), which is never seen in the previous
analysis. Therefore, for achieving the target minimum switching frequency, with different inductor
turns number, even with the same coupling coefficient, the desired self inductance L1 may be
different.

When the parasitic capacitance of the power semiconductor devices is included, the circuit
diagram during the LC resonance stage every switching cycle at the 60 <operating point is shown

as Fig. 4-28.

=¥

1

A * A

A

Fig. 4-28. Circuit diagram during the LC resonance stage at the 60 operating point.
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Similar procedure as in Section 4.2.2 will be applied here to derive the characteristic
impedance of the 2"-order LC resonance circuit, in order to calculate the negative inductor current
amplitude and modify the inductor current ripple value. It should be noted that the dc side split
capacitors and the ac side filter capacitors can be approximated as voltage sources and therefore
treated as short circuit when deriving the characteristic impedance, since the capacitance of these
capacitors is much larger than the output capacitance of devices,. Therefore, the circuit diagram in
Fig. 4-28 is simplified to Fig. 4-29. The four points Q, A, B, and C in Fig. 4-28 is now combined

into one point, highlighted in dark red.

(A/BIC)
+

-V
2COSS VbsA1

Fig. 4-29. Simplified circuit diagram during the LC resonance stage at the 60 <operating point.

By applying the equivalent transformation similar to Section 4.2.2, the equivalent circuit

diagram of Fig. 4-29 is shown as Fig. 4-30 with all the inductors non-coupled.

M;+M,, My LMy,

[
Q ——rrm AN,
(A/BIC) L—M,,
M, Ll;MlZ
L,—My, N
2C .7 Vbsa1
M;3+My,+6L;+6My, 0| -

Fig. 4-30. Equivalent circuit diagram during the LC resonance stage at the 60 “operating point.
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Therefore, according to Fig. 4-30, the characteristic impedance Z, of the 2"-order LC

resonance circuit is expressed as below.

: (4-38)

5 _ J(Li—Mu)(ZLEQﬂﬁMH) 1
" LEQ+L1 Coss

In Equation (4-38), the Leq is expressed as follows.

2L+ ML )2y + M) +6(L + My, )]
Leg =2 (4-39)

LM, )20 M, )6l M, )

Therefore, the Equation (4-37) is modified as follows when the parasitic capacitance of

devices is considered.

i L., +
dILAl = 1 \/EI ac + 2(VA _VB) = L1 COSS (4'40)
dt ) DTy, (Li_MIZ)(ZLEQ+L1+M12)

By comparing Equation (4-40) with Equation (4-36), the minimum switching frequency is
able to be quantified with a given self inductance L1, a given coupling coefficient (the coupling
coefficient between L; and L2, a2 = M12/L1, hereinafter the same unless otherwise specified), a
given inductor turns number N12 and N34, and a given device output capacitance Coss. On the other
hand, the self inductance L1 can be calculated with a target minimum switching frequency, a given
coupling coefficient value a1z, a given inductor turns number Ni2 and Nss, and a given device
output capacitance Coss.

Then the dependence of the maximum switching frequency on the inductance value and on
the device parasitic capacitance can be quantified in a similar way based on the 30 “operating point.
For sake of brevity, only the key equations are shown in the following parts.

At this operating point, the operations in phase A and in phase C are identical at CRM. Similar

to Fig. 4-26, when the device parasitic capacitance is ignored, the duty cycle is derived as below.
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(4-41)

Meanwhile, the inductor current slew rate in the channel Ay in Stage | is derived as below.

V.-V, + (6L, +6M,, +2M, +2M N2V, + 6V, )

di L +M,,+12M,, +12M,, +36L, +36M,, MV,
= +— 2 (4-42)
dt () L +M,, L -Mp,

After considering the device parasitic capacitance, similar to the derivation process shown in
Fig. 4-28, Fig. 4-29, and Fig. 4-30, the characteristic impedance Z, at this operating point is

expressed as below.

(;H_;MIZJLZLEQ_'—;H_'_;MMJ 1
Z = 1 - (4-43)
|_EQ +E |_1 Coss

In Equation (4-43), the Leq has the same definition as expressed in Equation (4-39).
After that, an equation similar to Equation (4-40) but applicable to the 30 operating point is

derived as follows.

1
i Leg +5 L
T _ L 21, +6v, 2

dt o) DT 11 11
o W (2L1_2M12J(ZLEQ+2L1+2M12J

COSS (4-44)

Then by comparing Equation (4-44) with Equation (4-42), the maximum switching frequency
is able to be quantified with a given self inductance L1, a given coupling coefficient a1, a given
inductor turns number N12 and Nas, and a given device output capacitance Coss.

Similarly, take 800-V dc voltage, 277/480-V ac voltage, 25-kW power, 300-pF device
parasitic capacitance as an example. Assume the unity coupling between Li and Lz, between L»

and Ls. Under three groups of arbitrarily selected turns number N1 and Ns4, self inductance value
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and coupling coefficient value a2, the calculated minimum/maximum switching frequency based
on Equations (4-40) and (4-44), the simulated minimum/maximum switching frequency, and the
error between them are shown in Table 4-2. The small error indicates the high accuracy of the
model.

Table 4-2 Verification of Proposed Analytical Model for Interleaved Operation with Balance

. Calculated Simulated
Turns Self Coupling . . Error
- Min. / Max. Min. / Max. -
Number  Inductance Coefficient itchi i (A/Simulated
N1 / Nag (uH) (012) Switching Switching Value)
Freq. (kHz) Freq. (kHz)
4/1 5.0 -0.3 360.9/705.4 347.2/707.7 3.95%/0.32%
4/1 6.0 -0.4 314.8/599.0 301.6/593.1 4.38%/0.99%
4/1 7.0 -0.5 289.6/531.0 282.8/523.9 2.40%/1.36%

For the interleaved inverter mode operation, similar conclusion is able to be drawn that the
aforementioned method is applicable to derive the switching frequency variation range in order to

design the proper inductance.

4.4.2 PCB Winding Coupled Inductor Design and Optimization Process

According to [58], in order to make the balance technique effective in the entire EMI
frequency range (150 kHz — 30 MHz), it is important to make the coupling as close to unity as
possible between the inductor L; and the inductor Ls, and also between the inductor L, and the
inductor L4. The same is for phase B and phase C. Therefore, for each phase, the proposed PCB
winding coupled inductor structure is shown in Fig. 4-31. The turns number of inductor L1 and Lo,
N1, is preferred to be small for easier implementation with 4- or 6-layer PCB, and also avoiding
the significant amount of winding loss. The turns number of inductor Lz and La, Naas, is preferred
to be 1 considering to make the ground loop resonance frequency as high as possible which is

introduced in [45] and [58].
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Fig. 4-31. PCB winding coupled inductor structure for each phase.

The first step of PCB winding coupled inductor design is to identify the required values of
self inductance and coupling coefficient between inductor L1 and inductor L, in order to achieve
a certain minimum switching frequency over a line cycle. Based on Equation (4-40) and the
winding structure in Fig. 4-31, Fig. 4-32 shows the calculated result of required self inductance
value under different coupling coefficient values between inductor L1 and inductor L> to achieve a
minimum switching frequency of 300 kHz over a line cycle. For the coupled inductor structure
shown in Fig. 4-31, it is very hard to design a coupling coefficient smaller than -0.5 considering
the practically existing leakage flux in the air. On the other hand, for this coupled inductor
structures with Lz and L4 for balance shown in Fig. 4-31, the boundary of coupling coefficient to
avoid instability in rectifier mode becomes much higher than -0.5, due to the increase in the
inductor current slew rate before zero crossing compared with what is presented in Section 4.2.
Therefore, the coupling coefficient is selected as -0.3 as an example to illustrate the subsequent
design process, and the corresponding required self inductance value is 6.1 pH. It has been verified
with simulations that instability does not exist with this coupling coefficient.

The second step is to calculate the required air gap reluctance of the coupled inductor to
achieve the aforementioned self inductance and coupling coefficient. For the inductor structure

shown in Fig. 4-31, define the air gap reluctance of the outer leg and that of the center leg as Rq:
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and Rgo, respectively, then the magnetic circuit of the coupled inductor is shown in Fig. 4-33.
Define iL; and i2 as the current in L1 and Lo, respectively; define io as the current in Lz and L4. The

flux in each leg is defined as @1, @, and @3, respectively.

8

Self Inductance L, (uH)
(@)

0 0.2 0.4 0.6
Coupling Coefficient |a|

Fig. 4-32. The required value of self inductance under different coupling coefficient values to

achieve 300-kHz minimum switching frequency.

4511 1¢2 1¢3

() 4iy, 4i, ()

@ i, O
| Ry [’] R | Ry

Fig. 4-33. Magnetic circuit of the PCB winding coupled inductor structure in Fig. 4-31.

Based on the magnetic circuit in Fig. 4-33 and the definition of self inductance and coupling
coefficient, the following Equation (4-45) are derived in order to solve the required air gap

reluctance to achieve 6.1-uH self inductance and -0.3 coupling coefficient. Here in this example,
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the turns number of each inductor L1 and L2 is 4 (N12 = 4); the turns number of each inductor L3z

and L4 is 1 (Na3s = 1).

legi —ip=0 = o =6.1uH
Iy R Rglez
“"R,+R
gl + g2 (4-45)
12 L1 i ,=ip=0 Rgl + Rgz

The solved reluctance values Rq1 and Ry is as below:

Ry, =2.02x10°H™*
(4-46)

R,, =0.86x10°H ™

The third step is to calculate the flux in each leg according to the calculated reluctance values

and the inductor currents, which is as below:

& — 4ig+iy A+ Ry,
' RaRg, RauRg2 Ry +Ry,
Rgl + Rgl
Rgl-i-Rgz Rgl-i-Rgz
b — 4i, +4i,+2i, Ry (4-47)
, =
R91R92 Rgl + Rgz

gl
Rgl + Rgz

o - 4ip+ip  Aig+i, Ry
=
RyRy2 R + RuRy2 Ra + Ry,

g1 gl
Rgl+R92 Rgl+Rgz

The calculated half-line-cycle flux waveforms in the left leg and the center leg of the coupled
inductor is shown in Fig. 4-34. Here a zoomed in switching-cycle waveforms around the 60°
operating point is also shown here. It can be seen that under this example condition (L1 = 6.1 pH,
a=-0.3, Ni2 =4, N34 = 1), the maximum flux in the left leg is around 60 pWb, while the maximum

flux in the center leg is around 67 uWhb. It should be noted that the flux in the right leg has 180
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phase shift compared with that in the left leg from the switching cycle point of view, and therefore,

the maximum flux in the right leg is the same as that in the left leg.

Fig. 4-34. The calculated half-line-cycle and zoomed in switching-cycle flux in the left leg and

the center leg of the inductor structure in Fig. 4-31.

The fourth step is to identify the independent design variables for the PCB winding coupled
inductor. The independent design variables are selected so that as long as all these independent
design variables are given, the dimension of the PCB winding coupled inductor is determined. Fig.
4-35 shows the cross section view of the PCB winding coupled inductor. The circular cross section
shape in the outer core leg is for minimizing the winding length under a specific cross section area;
the curved cross section shape in the center leg is for fully utilizing the space. Two independent
design variables are selected: the outer core leg cross section radius r, and the winding width a.
For simplicity, the cross section area of the outer core leg and that of the center core leg is designed
to be identical, considering the similar level of the maximum flux in these two legs over a line
cycle as shown in Fig. 4-34. The air gap length of the outer core legs and that of the center core
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leg become two dependent variables to be adjusted in order to realize the desired self inductance
and coupling coefficient, at each given pair of (r, a). Therefore, it is clear that for each pair of the
two independent variables r and a, the cross section area and the air gap length of each core leg
are able determined for realizing the desired self inductance and coupling coefficient. In other
words, as long as the two independent variables are given, the dimension of the inductor is

determined.

r
. | (@)

a

wW

Fig. 4-35. Cross section view of the PCB winding coupled inductor.

The fifth step is to calculate the inductor footprint and the inductor loss. The inductor footprint

is calculated according to Fig. 4-35, which is as below:

a?—(4-rx)r+a)

2(r+a) (4-48)

FP(r,a)=H-W =2(r + a){4(r +a)+

The inductor loss is calculated by averaging the inductor loss at selected 13 evenly distributed
operating points over a half line cycle (0°, 15°, 30°, ..., 180°). The inductor loss can be more
accurately calculated with more selected operating points for averaging but it will make the entire
process more time-consuming.

The winding loss and the core loss are calculated separately and then summed up to be the
inductor loss. Both the winding loss and the core loss are calculated based on finite element

analysis (FEA) simulations using the Ansys Maxwell software. The switching-cycle inductor
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current waveforms from SIMetrix/SIMPLIS circuit simulation at each operating point is used as
the excitation for the FEA simulations.

In the FEA simulations, both the PCB windings and the magnetic cores are divided into many
sufficiently small cells (meshes) as shown in Fig. 4-36 (a), so that the current density and the flux
density inside each cell are approximately uniformly distributed, respectively. Take the flux
density distribution in magnetic cores as an example. With the switching-cycle inductor current
waveforms as the excitation, the time-domain flux density distribution for each cell of the magnetic
cores is obtained through the transient simulation in Ansys Maxwell. Fig. 4-36 (b) shows an
example flux density distribution of magnetic cores at a specific instant in the switching cycle.
Similarly, the selection of the number of the small cells is based on the tradeoff between the

simulation accuracy and simulation time consumption.

| 1
" 3.c000€ 01
‘!

‘
-
x

(a) (b)

Fig. 4-36. An example of finite element analysis (FEA) simulations in Ansys Maxwell: (a)
meshes in the PCB windings and the magnetic cores; (b) simulated flux density distribution in

the magnetic cores at a certain instant.

With the time-domain flux density information for each cell of magnetic cores, the core loss

at each operating point is calculated based on the following equation:
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1 (.
Pcore(r’ a): ZAVcore T_'[) I::’v (r1 a’t)dt (4'49)

Here AVcore is the volume of each cell of the magnetic cores; the core loss density Py is
calculated based on the equivalent elliptical loop (EEL) model developed in [59] for each cell of

magnetic cores based on the following equation:

p-a

P.(t)= Co e, 1{&)} ‘ds_w

(2" 2 [ cos” (6)d0 B d
T 0

a

(4-50)

m

In Equation (4-50) the Cm, o and g are empirical parameters obtained from experimental
measurement under sinusoidal excitation applied on the core material under test, to calculate the
core loss density in the following Steinmetz Equation [60]:

P, =C,fB} (4-51)

Bm is one half of the peak-to-peak value of time domain flux density in each switching cycle.
It should be noted that the B(t) is only the ac part of the time domain flux density, which means
B(t) comes from the original flux density after removing the switching-cycle dc bias.

The impact of dc bias in the time domain flux density on core loss density is considered by
multiplying the core loss density from Equation (4-50) by a coefficient f(Hqc) [61]. This coefficient
is equal to the ratio of measured core loss density with dc bias and measured core loss density
without dc bias. Both measurements are under sinusoidal excitation. It should be noted that this
coefficient is dependent on the ac flux magnitude and on the switching frequency. The final

expression to calculate the averaged core loss density per switching cycle is shown as below.

1 TSW
— P (t)dt 4-52
T [, R.t) (4-52)
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As for the winding loss, it is calculated based on simulated current density and the Ohm’s Law
for each cell of the PCB windings.

The last step is to sweep all the independent design variables of the PCB winding coupled
inductors in order to find the optimal design point, considering the tradeoff among inductor
footprint, inductor winding loss and inductor core loss. The detailed optimization process is shown
in as follows.

Before the optimization process, the core material needs to be selected. According to the core
loss density test results shown in Fig. 4-37 for different core materials under several different
frequency in interested switching frequency range, the ML95S from Hitachi Metal is selected for
designing the PCB winding coupled inductor. The horizontal axis Bac is half of the peak-to-peak
amplitude of the sinusoidal flux density in the core.

The core loss density is also tested under different dc bias conditions in order to determine the
aforementioned coefficient f(Hqc) in Equation (4-52), as shown in Fig. 4-38. The transformation
between Hqc and Bqc can be realized based on the B-H curve of ML95S [62] shown in Fig. 4-39.
Therefore, for any given time-domain switching-cycle flux density distribution in the cell of the
magnetic cores, the switching frequency, ac flux density magnitude, and dc bias of flux density
can be easily identified. Then the core loss density can be calculated simply based on Equation (4-
52).

Based on the B-H curve of ML95S shown in Fig. 4-39, in order to avoid the core saturation
with sufficient design margin, the peak flux density in the core is limited to be below 200 mT. To
achieve the coupling coefficient of -0.3, according to the calculated flux shown in Fig. 4-34, as
long as the outer leg radius r is designed to be larger than 10.3 mm, the peak flux density in the

core is below 200 mT. Therefore, 10.3 mm is the lower limit of the outer leg core radius r.
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Fig. 4-37. Core loss density tested results under sinusoidal excitations with different core
materials under (a) 300 kHz; (b) 500 kHz; (c) 1 MHz. (red: ML27D, Hitachi Metal; black: 3F36,
Ferroxcube; blue: DMR51, DMEGC; green: ML95S, Hitachi Metal)
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Fig. 4-38. Core loss density tested results under sinusoidal excitations with different ac flux
density magnitude and with different dc bias values at (a) 300 kHz; (b) 500 kHz; (c) 1 MHz.
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Fig. 4-39. B-H curve of ML95S.

The optimization process of the design of the PCB winding coupled inductors are shown as
following parts, which is similar to the literature [63] — [67]. With a fixed inductor turns number
N1> = 4, N34 = 1, sweep the inductor outer leg core radius r and the winding width a. With each
pair of (r, a), the inductor winding loss, core loss and footprint are calculated and the contour is
shown in Fig. 4-40. The winding loss and the core loss are shown in Fig. 4-40 (a) and (b),
respectively. The inductor total loss and the inductor footprint are overlapped and shown in Fig.
4-40 (c). It can be seen that there is a minimum total inductor loss point with each given footprint,
which is marked with green dots and connected by a green line in Fig. 4-40 (c). All these points
on this green line are the optimal design points for each given inductor footprint.

Then, all the design points on the green curve shown in Fig. 4-40 (c) is redrawn in the loss vs.
footprint plot shown in Fig. 4-41. The inductor loss breakdown between the winding loss and the
core loss is also shown in Fig. 4-41. The area of interest for design is highlighted with blue circle,
which is around the knee area of the total loss curve. Finally, the values of the independent

variables (r, a) and the loss breakdown of the selected design point is shown in Table 4-3.
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Fig. 4-40. Calculated inductor loss and footprint under different pairs of (r, a). (a) inductor

winding loss; (b) inductor core loss; (c) inductor total loss and inductor footprint.
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Fig. 4-41. Plot of inductor loss vs. inductor footprint with minimum inductor loss for each

footprint.

Table 4-3 Selected Design Point of PCB Winding Coupled Inductors

r a Winding Loss Core Loss Total Loss

12 mm 4 mm S9W 34 W 93 W

4.5 Experimental Verifications

The experiment verification of the reduction of DM EMI noise is conducted on the 25-kW

SiC-based three-phase ac-dc converter prototype introduced in Chapter 2 and Chapter 3. Taking
the rectifier mode operation as an example, Fig. 4-42 shows the experimental line-cycle and

switching-cycle individual (i1 and i2) and total (i) inductor current waveforms. With negative

coupled inductors, stable operation is achieved over the whole line cycle.

The comparison of DM EMI noise testing results are shown in Fig. 4-43 between non-

interleaved operation and two-channel interleaved operation under the same power. There is

almost 40 dB reduction in the fundamental component at 300 kHz and the 2"9-order harmonic

component at 600 kHz becomes dominant from the aspect of the DM EMI filter design.
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Fig. 4-42. Line-cycle and switching-cycle experiment waveforms of individual and total inductor

current in phase A in two-channel interleaved rectifier mode operation.
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Fig. 4-43. Comparison of DM EMI noise testing results between non-interleaved operation and

two-channel interleaved operation under the same power.
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For the experimental verification of CM noise reduction, due to the application of balance
technique and the utilization of PCB winding inductors, a new version (Generation #2) of hardware
prototype is developed, as shown in Fig. 4-44. Compared with the hardware prototype introduced
in previous chapters (Generation #1), the layout is improved by utilizing the structure of stacked
daughter boards on the mother board, and the power density is 184 W/in3, including heat sinks, dc
side split capacitors, three-phase LCL harmonic filters, devices, gate drivers, and all other sensing
ICs. On the left bottom corner, there is some space reserved for the controller.

The detailed design parameters of the converter are listed in Table 4-4. The SiC MOSFETs
used in the Generation #1 hardware prototype are discontinued and therefore the SiC MOSFETSs
from Wolfspeed with similar on-resistance are used to develop the Generation #2 hardware
prototype. Fiber optics are used in Generation #2 hardware for the transmission of gate signals and

fault signals with excellent noise immunity.

30.8cm (12.12 in)

Driving Circuits

=S SiC MOSFETs
2 with Heatsinks
O

‘E’ Converter-side
G PCB Winding
[9\]

.:; Inductors

Height: 4.2 cm (1.65 in)

Fig. 4-44. : Generation #2 of 25-kW SiC-based three-phase ac-dc converter prototype featuring
PCB winding coupled inductors
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Table 4-4 Parameters of the Generation #2 Prototype

Description Value
Nominal output power (Po) 25 kW
DC voltage (Vdc) 800 V
AC grid voltage (Vac) 277/480 V, 60 Hz
Switching frequency (Fsw) Above 300 kHz
Converter-side self inductance (L1, L2, L3, L) 6.4 uH, 6.8 uH, 0.44 uH,
0.44 uH
Converter-side mutual inductance (M12, M13, M14, M34) -2.45 uH, 1.7 puH, -0.65 pH,
-0.15 pH
Filter capacitance (Cr) 1.2 uF
Grid-side inductance (Lg) 6.8 uH
DC-side split capacitance (Cacs) 0.1 puF
SiC MOSFET Part No. C3M0021120K
Voltage rating (Vpss) 1200 V
On-resistance (Roson) 21 mQ (25 )
Package TO247-4
Microcontroller Part No. TMS320F28075
(MCU) Clock frequency (FcLk) 120 MHz
Control cycle (Tisr) 3 us

The coupling coefficient of the PCB winding inductors is selected based on the equal air gap
length for all the magnetic core legs for easier manufacture process.

In this hardware prototype, each terminal of the PCB winding inductors is connected to other
parts in the circuit through a short jumper wire. This is beneficial to testing with different inductors.
If external inductors are tested, it is necessary to remove the jumper wires in order to bypass the
PCB windings.

Fig. 4-45 shows switching-cycle experimental waveforms tested on Generation #2 hardware
at different operating points under both rectifier mode (at 80% load condition) and inverter mode
(at full load condition), including the gate signal of the control switch, drain-source voltage of the
control switch, and the inductor current. ZVS turn-on is achieved at CRM operation for both

rectifier mode and inverter mode. The existence of higher order LC resonance in the two-channel
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interleaved converter structure makes the time-domain drain-source voltage hard to predict.
Therefore the short turn-on delay is not applied during DCM operation, and the valley-switching

turn-on at DCM operation cannot be realized in most cases.
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Fig. 4-45. Switching-cycle experimental waveforms in phase A tested on Generation #2 hardware
prototype at the following operating points: (a) Around 10<at DCM in rectifier mode. (b) Around
30<at boundary of DCM/CRM in rectifier mode. (c) Around 50°at CRM in rectifier mode. (d)
Around 10°at DCM in inverter mode. (e) Around 30 “at boundary of DCM/CRM in inverter mode.
(f) Around 50<at CRM in inverter mode.
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Fig. 4-46 shows the testing results of CM EMI noise on Generation #2 hardware prototype
using litz-wire inductors (without balance) and using PCB winding inductors (with balance),

respectively. There is a uniform 16 dB — 20 dB reduction in CM EMI noise up to 20 MHz.
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Fig. 4-46. Comparison of CM EMI noise testing results on Generation #2 hardware prototype:

using litz-wire inductors (without balance) vs. using PCB winding inductors (with balance).

Fig. 4-47 shows the tested efficiency of Generation #2 hardware prototype, using PCB
winding inductors and using litz-wire inductors, respectively. Despite the good CM noise
reduction effect by using PCB winding inductors, 0.2% — 0.3% system efficiency is sacrificed by
PCB winding inductors compared with the litz-wire inductors. The reason is that in order to pursue
the good CM noise reduction effect starting from several MHz frequency range, the PCB winding
interleaving is not adopted, which brings much higher ac winding loss compared with the litz-wire
inductors. In addition, in three-phase systems, the current in the additional branch contains the
information from all three phases. This current does not deliver any main power and it is much
smaller compared with that in the main power path due to the cancellation effects among three

phases, and therefore there is almost no winding interleaving effect between the Lz inductor and
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the L1 inductor. This is different from the single-phase totem-pole ac—dc structure, where the L3
inductor delivers power and it contains the information from the L inductor, indicating that it can
be served as the interleaved winding for the L1 inductor. In sum, there is still room for improving

the PCB winding inductor design for the better tradeoff between low CM noise and high efficiency.

100.0% With Litz-wire Inductors
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—t——__
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Fig. 4-47. Tested efficiency of Generation #2 hardware prototype: comparison between using
PCB winding inductors and using litz-wire inductors.

4.6 Conclusions

In this chapter, methods are proposed for the reduction of conducted EMI noise in SiC-based
high-frequency soft switching three-phase ac-dc converters under the “DPWM + CRM + Fs sync.”
modulation. As for the reduction of DM EMI noise, two-channel interleaving control is applied
and the cancellation effect in the total inductor current ripple is achieved. In the two-channel
interleaved structure, negative coupled inductors are necessary to avoid the instability in the
rectifier mode operation, and meanwhile brings an extra bonus in the reduction of switching
frequency variation range. Experiment results show there is a 40 dB reduction of the fundamental

switching frequency component in the DM EMI noise. As for the reduction of CM EMI noise,
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balance technique is applied by introducing a return path and six additional inductors coupled with
the original inductors. The ratio of the parasitic capacitance in the converter needs to be equal to
the inductor turns ratio to meet the balance condition and reduce the CM EMI noise, which is
achieved by adding external capacitors into the circuit to modify the ratio freely. Experiment
results show there is a 16 dB — 20 dB uniform reduction of CM EMI noise up to 20 MHz, while
the price of 0.2% — 0.3% efficiency drop is paid with the PCB winding inductors. Further

optimization of the PCB winding inductor design is still needed.
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Chapter 5  Conclusions and Future Work

5.1 Conclusions

The emerging WBG power semiconductor devices have demonstrated significant
improvements when compared with their Si counterparts. For several tens of kW high power
applications such as EV charging stations and string PV inverter systems, traditional Si IGBT
based design shows high efficiency but low power density due to the limitation in switching
frequency. WBG devices, especially SiC MOSFETS in high power applications, are suitable for
more than ten times higher switching frequency operation so that the system power density is
significantly improved.

SiC MOSFETSs, featuring high turn-on energy and low turn-off energy, renders CRM based
soft switching operation promising in order to achieve high efficiency similar to the traditional
design but at a significantly high operating switching frequency. By combining the DPWM for
decoupled control and the DCM operation for shrinking the switching frequency variation range,
a novel CRM-based soft switching modulation technique is proposed in this work and applied into
three-phase three-wire ac-dc systems. This is the first time that soft switching operation is achieved
in three-phase three-wire ac-dc systems, not with auxiliary circuits but purely by control with the
help of CRM-based modulation technique. Operation principles are analyzed in order to achieve
soft switching and minimize the switching loss during CRM and DCM operation. The proposed
soft switching technique is further improved and generalized for both unity and non-unity power
factor operating conditions. With the powerful microcontroller, all the proposed control concepts

are implemented and the benefits are experimentally verified.
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For WBG-based power converter systems with CRM-based soft switching operation, the
conducted EMI noise is always a concern, which is caused by the large inductor current ripples
and the fast switching of SIC MOSFETSs especially at high turn-off currents. Solutions are
proposed and the corresponding benefits of the EMI noise reduction are experimentally verified.
In addition, PCB winding inductors are designed as part of the solutions to the reduction in CM
EMI noise. This is the first time that PCB winding magnetic components are applied in several
tens of kW high power three-phase ac-dc applications. Further optimization of the PCB winding
inductor design is needed to do better tradeoff between CM noise reduction and high system

efficiency.

5.2 Future Work

Design of a power electronics converter system can be divided into two main parts: the
software and the hardware. The software part is related to the development of modulation strategy
and the design of the control, while the hardware part includes driving and packaging of power
semiconductor devices, magnetic components design, the EMI, thermal managements, fault
protections, and etc.

This work puts half of the focus on the development of the CRM based soft switching
modulation strategy. However, the research in this work is under the ideally balanced three-phase
ac system. For grid-tied applications, unbalanced three-phase grid voltages and various grid fault
conditions are not uncommon. For stand-alone applications, there is possibility for a three-phase
ac-dc system to connect to unbalanced three-phase linear loads or even non-linear loads. These
non-ideal conditions need to be considered for the performance optimization, meeting the
corresponding standards, or at least the survival of the power converter systems, so that the

developed CRM based soft switching modulation technique would be more complete.
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Another half of the focus of this work is on the magnetic design mainly for the purpose of
reduction in conducted CM EMI noise. With the PCB winding inductors designed in this work,
there is a sacrifice in the system efficiency when compared with the litz-wire inductors. New
design and optimization methodology for magnetic components at such high-frequency
applications is necessary to expedite the application of WBG devices in power electronics systems
and make the benefits of WBG devices more thoroughly utilized. In addition, the magnetic loss is
also influenced by the temperature, which is closely related to the technology of thermal
managements. Therefore, thermal managements are also necessary to be considered when
designing the PCB winding inductors to avoid the additional loss to the whole system.

As for the reduction of CM EMI noise with balance technique, significant benefits show up
to 20 MHz. It is believed that the ground loop resonance occurs at around 30 MHz and brings the
diminishing benefits around that frequency, and therefore further optimization is necessary to
extend the range of the effective CM noise reduction up to 30 MHz. Since the resonance frequency
depends on the inductance and the parasitic capacitance, either the optimization in the PCB
winding inductor or the optimization of PCB layout would be a possible solution to make the
ground loop resonance occur above 30 MHz.

Furthermore, it would be promising to integrate the power semiconductor devices, drivers,
phase leg decoupling capacitors and magnetic components into a building block, which is mainly
beneficial to the minimization of the parasitic inductance in the critical driving/power loops and
to the further improvement in system power density. For the three-phase ac-dc system built in this
work, each phase is able to be integrated as a building block, including a full bridge and a PCB
winding coupled inductors as the two key components. In this way, this building block is able to

be flexibly constructed as many different power converter systems, such as dc—dc converters,
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single phase rectifiers/inverters and three-phase rectifiers/inverters. Additionally, the capability of
manufacture automation with PCB winding based magnetic components is able to reduce the total
system cost.

In general, a major challenge existing nowadays is that the advance in WBG devices exceeds
the advance in materials for magnetic components in such high-frequency applications. The
characterization, driving, sensing and fault protection of SiC MOSFETs have already been
relatively mature thanks to the previous generations of research work. For the magnetic design for
a SiC-based high power system, probably there is still a long way to go in order to make the system-

level performance optimized.
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Appendix A. Characterization of Time-Domain Switching
Waveforms for Minimizing Switching Loss

An important aspect of the performance with the proposed “DPWM + CRM + Fs sync.”
modulation is whether soft switching is achieved and whether the switching loss is minimized
during awhole line cycle. Take the unity power factor condition and the first 30 “line-cycle interval
as an example, where phase A operates at the DCM, phase C operates at the CRM, and phase B is
clamped to the negative dc bus. Considering the device output capacitance (Coss), for both phase
A and phase C, in each switching cycle after inductor current zero crossing happened, LC
resonance between the converter side inductor (hereinafter “inductor” unless otherwise specified)
and the device output capacitance occurs, which brings a small amount of negative inductor current
and helps to discharge the control switch output capacitance (and thus the control switch drain—
source voltage is reduced). However, before the control switches are turned on in phase A and in
phase C, inductor currents have already touched zero and LC resonance occurs in these two phases
make the equivalent circuit become a fourth — order LC resonance circuit at this instant, and
therefore very complicated to derive analytical expressions of device drain—source voltage.

Consequently, the analysis of this fourth — order LC resonance period with the proposed
modulation is done in a numerical way using state-space equations. The operation analysis related
to ZVS with the proposed modulation on the two-level H-bridge structure is presented in the rest
of this section under the unity-power-factor inverter mode, under the unity-power-factor rectifier
mode, and non-unity-power-factor inverter mode, respectively. Analysis in this section is based
on the first 60 “line-cycle interval under the aforementioned high modulation index condition (Ve

=800 V, Vac, L-L =480 V, M = 0.849) as an example. For the analysis in this section, the following
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assumptions are made. First, the damping effect during LC resonance period is negligible. Second,
in one switching cycle, the values of ac grid voltage and of ac reference current in each phase are
considered constant, respectively. Third, the voltage drops on the grid-side inductors are negligible,
and therefore, the grid-side inductors in the circuit diagram are ignored. Fourth, based on specific

devices to be used, the time-related device output capacitance value at vps = Vqc is used for analysis.
I. Minimization of Switching Loss in Inverter Mode under Unity Power Factor

The circuit diagram and definitions used in this part of analysis in the inverter mode under
unity power factor are shown in Fig. A- 1, including the DPWM clamping in phase B and device
output capacitances (Coss) In the other two phases. Under unity power factor, operational
symmetry exists between 0°- 30 <line-cycle interval and 30— 60 <line-cycle interval. Therefore,
the first 30<line-cycle interval is used for the analysis here. During this interval, Sa; and S¢; are

the control switches in these two phases, respectively, while Sa, and Sc, are the SRs.

SaNT ST
LA

i
3
?

Fig. A- 1. Circuit diagram of three-phase ac—dc structure for operation analysis in the

inverter mode.

Fig. A- 2 shows switching-cycle waveforms in phase A and phase C at an arbitrarily selected

line-cycle operating point during the first 30 line-cycle interval. At to instant, the inductor current
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zero crossing occurs in phase A. Since the operation before this instant is not related to ZVS, the
analysis is only focused on the operation after this instant. Starting from to instant, the LC
resonance occurs between the device output capacitances in phase A and all three inductors. The
ringing effects in iLa, Vbsat, and iLc beginning from to instant are the results of the LC resonance.
Although five energy storage elements (three inductors and two capacitors) participate in this LC
resonance, only two among them are independent, and thus, it is still a second — order LC
resonance circuit before the inductor current zero crossing occurs in phase C at t; instant. Therefore,
two independent state variables vpsa1 and iva are selected, and the state-plane trajectory between

these two independent state variables right before t; instant is shown in Fig. A- 3.

t Lt

Fig. A- 2. Typical switching-cycle waveforms in phase A and phase C during the first 30
line-cycle interval in the inverter mode.
At ty instant, the inductor current zero crossing occurs in phase C and after that phase C

together with phase A participates in the LC resonance, between the device output capacitances in
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phase A, phase C, and the three inductors. Among the seven energy storage elements (three
inductors and four capacitors), it is clear that four elements are independent, indicating a fourth —
order LC circuit before the drain—source voltage in phase C reaches zero at t instant. Vpsat, Vbsct,
iLa, and ic are selected as the four state variables, and the following state-space equations are
derived (Va and Vc are line-to-neutral voltage in phase A and phase C at a specific line-cycle

operating point, which is assumed constant, respectively; Vqc is the dc voltage):

s

I aZn

Z,= \/1'5L/(2Coss)

Fig. A- 3. State-plane trajectory between vpsa1 and iLa right before t; instant in Fig. A- 2.
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The initial conditions (values at t1 instant) of all the state variables in Equation (A-1) are
determined as follows. In phase C, it is evident vpsci(t1) = Vac and iLc(tz) = 0. In phase A, since t;
instant is the endpoint of the precedent second — order LC resonance period, the value combination
of vpbsa1(t1) and iva(t1) is located on the circle shown in Fig. A- 3. Different load conditions result

in different durations of DCM dead-time and thus different initial conditions in phase A. All the
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possible value combinations of vpsai(t1) and iLa(t1) are expressed in the following parametric form
(Zn is the characteristic impedance defined in Fig. A- 3; ¢ is a parameter ranging from 0 to 3609:

3 3

Vpsal (tl) =Vy —ZVa+-VacC0sp

2 2
(A-2)
it ):§V isin(p
LA™ 2 A Z

According to the state-space equations in Equation (A-1) and the initial conditions defined
above, the time-domain values of vpsc1 during ti—t2 interval are solved numerically and the valley
point of vpsc1 is found from the solution. However, it should be noted that Equations (A-1) and
(A-2) are dependent on the line-cycle phase angle 6 (0 <8< 30°) and the initial condition parameter
¢ (0 < ¢ <3609. For a comprehensive analysis, all possible value combinations of 4 and ¢ should
be considered.

The first step is to fix the value of ¢ and to sweep the value of ¢ from 0 to 360< Consider § =
15<as an example. The time-domain values of vpsc1 during ti—t; interval are solved and shown in
Fig. A- 4 (a) with four different example ¢ values. vpsc1 can reach zero in all these four cases
during this LC resonance period, and the required time period for vpsc1 to drop from Vqc to zero is
also calculated in each case. Furthermore, by sweeping ¢ from 0 to 360< the time-domain values
of vpsc1 during ti—t2 interval are solved and shown as a three-dimensional (3-D) plot in Fig. A- 4
(b). In Fig. A- 4 (b), the zero instant in the time axis corresponds to the t; instant in Fig. A- 2. For
all the possible initial conditions in phase A (all the ¢ values from 0 to 360, at this fixed line-
cycle operating point of & = 15< vpsci can reach zero during this fourth — order LC resonance
period (after that the body diode of the control switch begins conduction), and thus, ZVS is

naturally achieved in the inverter mode at this line-cycle operating point during CRM operation.
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Fig. A- 4. Time-domain calculated results of vpsc: (control switch drain—source voltage in phase
C) values during t;—t2 interval in Fig. A- 2, with fixed ¢ = 15<but with different ¢ values as an

example. (a) With four different ¢ values. (b) With all the possible ¢ values.

The second step is to sweep the value of # from 0 to 30<and repeat the first step process. It is
found vpsc: can always reach zero during this fourth — order LC resonance period at any line-cycle
operating point for all possible initial conditions in phase A, which indicates ZVS is naturally
achieved at any line-cycle operating point during CRM operation in the inverter mode.

It should be noted that the control switch needs to be turned on not only after the drain—source
voltage reaches zero, but also before the inductor current returns to zero from a negative value in
phase C. In other words, there is an optimal interval to turn on the control switch in phase C. For
implementation, this turn-on instant is selected as the midpoint of the optimal interval.

As for phase A operating at the DCM, ZVS is not necessarily achieved since the turn-on
instant is determined by phase C. However, it is still possible to minimize DCM turn-on loss by
adding a short turn-on delay to phase A, which is shown as to—ts interval in Fig. A- 2. With this

turn-on delay, the control switch in phase A is turned on at the valley drain—source voltage point.
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The required turn-on delay in phase A is calculated based on state-plane trajectory. During
t>—t3 interval, only phase A participates in the LC resonance, and thus, it is a second — order LC
resonance circuit. vpsa1 and iLa are selected as the two independent state variables. The center of
this second — order LC resonance is shown in Fig. A- 5 on the horizontal axis. The initial condition
of these two state variables during t>—tz interval (values at the endpoint of precedent fourth — order
LC resonance period during ti—t2 interval) is marked in Fig. A- 5 as the red point. Then, the
trajectory will closely track the blue curve beginning at the red point. The instant the blue curve
touches the horizontal axis indicates vpsa1 has reached the valley point. Thus, the required time
period for vpsa1 to reach the valley point, which is the required turn-on delay in phase A, is

expressed as follows:
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Fig. A- 5. State-plane trajectory between vpsa: and i_a right after t instant in Fig. A- 2.
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Based on Equation (A-3), by sweeping ¢ from 0 to 30“and sweeping ¢ from 0 to 360 the
required turn-on delay in phase A is calculated for all the cases with different value combinations

of 6 and ¢. For simplicity of implementation, at each line-cycle operating point, the required turn-
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on delay is selected as the average of all the calculated values with ¢ ranging from 0 to 360< From
the calculation, in most cases, it is found ZVS is also achieved in phase A with this turn-on delay.

In sum, in the inverter mode with Vgc = 800 V, Vi = 277/480 V, and M = 0.849 condition,
ZVS is naturally achieved at any line-cycle operating point during CRM operation, and valley
point turn-on (ZVS turn-on in most cases) is achieved during DCM operation to minimize DCM

turn-on loss. Similar operation analysis is applicable to other modulation index conditions.
Il. Minimization of Switching Loss in Rectifier Mode under Unity Power Factor

The circuit diagram and definitions used in this part of analysis in the rectifier mode under
unity power factor are shown in Fig. A- 6. Different from the inverter mode, here during the first
30<line-cycle interval, Sa2 and Sc> are the control switches in these two phases, respectively, while

Sa1 and Sci are the SRs.
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Fig. A- 6. Circuit diagram of the three-phase ac—dc structure for operation analysis in the

rectifier mode.

Fundamentally, the operation analysis in the inverter mode in the previous part is applicable

to the operation analysis in the rectifier mode. Fig. A- 7 (a) shows switching-cycle waveforms in
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phase A and phase C at an arbitrarily selected line-cycle operating point during the first 30 <line-
cycle interval.

As presented with the operation analysis in the inverter mode in the previous part, at to instant,
the inductor current zero crossing occurs in phase A. The second — order LC resonance starts from
to instant and ends at t; instant, when the inductor current zero crossing occurs and the SR is turned

off in phase C.
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Fig. A- 7. Typical switching-cycle waveforms in phase A and phase C during the first 30 °line-

cycle interval in the rectifier mode. (a)Without off-time extension. (b) With off-time extension.

After that, the fourth — order LC resonance begins. However, it is shown in Fig. A- 7 (a) Vpsc2
cannot reach zero during this fourth — order LC resonance period, which indicates the control
switch in phase C cannot be turned on at zero voltage, but rather at the valley point voltage. The
valley point of vpsc2 happens at t2 instant, when iLc returns to zero from a negative value. Although

the control switch in phase C is turned on optimally at t> instant with the minimum CRM non-ZVS
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turn-on loss, this part of the loss has impact on the system efficiency, especially at high switching
frequency operation.

The reason for CRM non-ZVS turn-on is insufficient negative current. To provide more
negative current, after inductor current zero crossing occurs in phase C, off-time is extended by
making the SR conduct for an extra period of time [27], [36]-[39]. Fig. A- 7 (b) shows switching-
cycle waveforms with this off-time extension (to’—t1 interval highlighted with the color red is the
extended off-time period) at the same line-cycle operating point as in Fig. A- 7 (a). From Fig. A-
7 (b), it is shown with off-time extension, vpsc2 reaches zero during the fourth — order LC
resonance period at ti—t> interval, which means ZVS is achieved. Thus, off-time extension is
required for ZVS.

As for the operation analysis for every operating point during the first 30 °line-cycle interval
in the rectifier mode, the process is similar to the analysis in the inverter mode in the previous part,
except for the state space equations during the fourth — order LC resonance period (t1—t2 interval
in Fig. A- 7) and corresponding initial conditions during this period. In the rectifier mode, vpsa2,
Vpsc2, iLa, and iLc are the four selected state variables during the fourth — order LC resonance
period, and the corresponding state-space equations are as follows (Va and Vc are line-to-neutral
voltage in phase A and phase C at a specific operating point, which is assumed constant,

respectively):

0 % 0 0 ) )
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The initial conditions (the values at t; instant) of all the state variables in Equation (A-4) are
determined as follows. In phase C and without off-time extension, it is evident vpsc2(t1) = Vdc and
iLc(t) = 0. In phase A and similar to the inverter mode in the previous part, all the possible value
combinations of vpsaz(t1) and ira(t1) are located on a circular trajectory similar to Fig. A- 3, but
with the center at (0.5V4c + 1.5Va, 0) and the radius as (0.5Vac — 1.5Va). Therefore, the
combinations are expressed as the following parametric form (Z, and ¢ have the same definition

as in the previous part):

2 2

. 1 3 1 .
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Vbsaz (tl) =—Vpc+- Vot (EVDC - EVAJ Cos @
(A-5)

According to the state-space equations in Equation (A-4) and the initial conditions defined
above, by sweeping 8 from 0 to 30 “and sweeping ¢ from 0 to 360< the calculation of time-domain
values of vpscz during ti—t. interval shows the valley point value of vpscz is always higher than
zero, which indicates ZVS cannot be achieved naturally at any line-cycle operating point with any
initial condition in phase A during CRM operation in the rectifier mode (when M = 0.849). Thus,
off-time extension is required at every operating point for ZVS.

The next step is to determine the minimum required extended off-time [Fig. A- 7 (b) to’—t1
interval], which is also equivalent to the minimum required negative current value (hereinafter
“Ineg_req””) at t1 instant when the SR is turned off in phase C. For ZVS at each line-cycle operating
point, the required negative current value at t; instant should confirm the valley point value of
Vbscz during the fourth — order LC resonance period is no higher than zero, considering all the

possible ¢ values ranging from 0 to 360<

136



Therefore, according to the state-space equations in Equation (A-4) and the defined initial
conditions, with a fixed negative current value at t; instant: i.c(t1) and a fixed operating point
sweep ¢ from 0 to 360and calculate the valley point value of vpbscz in each case and find the
maximum value. In other words, the worst case among all the valley point values of vpsc> at
different ¢ (define this worst case value as “vm™ and it is a function of iLc(t1) and ). Then, with
different i_c(t1) values and at different operating points during the first 30 “line-cycle interval, the
3-D surface of vm [iLc(t1), 4] is shown in Fig. A- 8 (a) and a corresponding contour map is shown
in Fig. A- 8 (b). The vm = 0 curve in Fig. A- 8 (b) indicates the required minimum negative current
Ineg_req at different operating points during the first 30 line-cycle interval for achieving ZVS turn-
on, since giving the negative current i_c(t1) located on the vm = 0 curve, the valley point of vpsc2

will reach zero, considering all the possible ¢ values ranging from 0 to 360<
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Fig. A- 8. (a) 3-D distribution of the worst-case valley point value of vpsc2 (vm), during the
fourth — order LC resonance period in the rectifier mode, at different operating points (¢, from 0

to 30 and with different negative current values at t; instant iLc(t1). (b) Contour of (a).

Based on the vm = 0 curve shown in Fig. A- 8 (b) and the phase C inductor current slew rate

at to’—t1 interval shown in Fig. A- 7, the minimum required extended off-time is determined.
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For phase A operating at the DCM in the rectifier mode, the similar turn-on delay is applied,
which is shown in Fig. A- 7, as t>—tz interval to achieve valley point turn-on of the control switch
in phase A. The DCM turn-on loss in the rectifier mode is also minimized with this turn-on delay.

In sum, in the rectifier mode with Vgc = 800 V, Vac = 277/480 V, and M = 0.849 condition,
ZV/S turn-on cannot be naturally achieved at any line-cycle operating point during CRM operation,
and off-time extension is required for ZVS. Valley point turn-on (ZVS turn-on in most cases as
well) is achieved during DCM operation to minimize DCM turn-on loss. Similar operation analysis

is applicable to other modulation index conditions.

I11. Minimization of Switching Loss in Inverter Mode under Non-Unity Power Factor

In previous parts, the complexity of the fourth-order equivalent LC resonance circuit redrawn
in Fig. A- 9 for the operational analysis of the soft-switching capability with the original “DPWM
+ CRM + Fs sync” modulation technique is identified, and, therefore, a numerical method based
on state-space equations is developed. The conclusion presented in previous parts is that for three-
phase inverters under unity PF condition and the aforementioned modulation index condition, ZVS
turn-on is naturally achieved during CRM operation and valley drain—source voltage turn-on (ZVS
turn-on in most cases) is achieved during DCM operation. However, under non-unity PF
conditions, the conclusion becomes different.

For each of the non-unity PF case, the operation mode repeats itself every one sixth of the line
cycle, which is the same as the unity PF case. As for the operational symmetry, it exists in the
unity PF case with 30°as the axis of symmetry. Therefore, the analysis of the soft-switching
capability presented in previous parts is able to be simplified and only focused on the first 30 “line-
cycle interval. However, for non-unity PF cases, the operational symmetry only exists between the

lagging case and the leading case under the same PF value, but not for each case itself. Therefore,
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the first 60 <line-cycle interval should be entirely considered. In addition, the optimal CRM/DCM
transition angle changes with the PF value, which may cause different operation modes even at the

same line-cycle phase angle 6.

=l il
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Fig. A- 9. Fourth-order equivalent LC resonance circuit during the first 60 <line-cycle interval.

Considering the abovementioned reasons, the numerical method developed in previous parts
is modified here. The four state variables are still the inductor current and the control switch drain—
source voltage in the two controlled phases (phase A and phase C) but are categorized based on
the operation mode in each phase. Specifically, the modified state-space equation and the modified

initial condition are given as follows:
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. -£ 0 il 0 . - - VCRM(01W)
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Here the subscript “CRM” represents the state variables or the inputs from the phase with

CRM operation. The same definition applies to the subscript “DCM”. ¢ is the initial condition
angle ranging from 0<to 360 “as defined in previous parts. With this modification, the information
of the PF is also included, which is reflected in the ac line-to-neutral voltage in the two controlled
phases, vcrm and vpem. Take the PF = 1 case and the PF = 0.9 (y = 26) case as an example. Fig.

A- 10 shows the distribution of these two voltages over the first 60 “line-cycle interval.

PE=1 PF = 0.9 (w = 26°)

0O° 30° 40° 60°
0 = wt
(@) (b)

Fig. A- 10. Distribution of the line-to-neutral voltage in the phase with DCM (vpcm) and that in
the phase with CRM (vcrm) during the first 60 <line-cycle interval. (a) Under PF = 1 condition.
(b) Under PF = 0.9 (y = 26 condition.

The state-space equation and the corresponding initial condition is based on each operating

point € and each PF angle . This fourth-order LC resonance period starts when the inductor
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current zero crossing occurs in both the two controlled phases and ends when the control switch is
turned on in at least one of these two phases.

From Equations (A-6) and (A-7), when the dc voltage value and the ac voltage value change
proportionally (the modulation index M is kept the same), the soft-switching capability does not
change. When there are proportional changes in the dc voltage value and the ac voltage value, the
input and the initial conditions also change proportionally, which only results in proportional
change in the time-domain values of all the state variables. However, whether the drain—source
voltage reaches zero during LC resonance period, and the required time period for it to reach zero
do not change.

With the above-mentioned modified numerical model, the soft-switching capability of three-
phase inverters with the generalized “DPWM + CRM + Fs sync” modulation technique under
different non-unity PF conditions is analyzed. The analysis is based on the aforementioned
example modulation index (Vgc = 800 V, Vac = 277/480 V, M = 0.849) condition, but under two
different PF conditions: PF = 0.9 (y = 269 and PF = 0.8 (y = 37 as examples. The similar
analysis process is applicable to other modulation index conditions and leading PF conditions. In
this part, the same assumptions as presented in previous parts are made for analysis.

For the first example of PF = 0.9 (v = 269), according to the operation modes shown in Fig.
3-12 and the polarity of ac reference currents, at any operating point, the top switch works as the
control switch in the phase operating at CRM. Therefore, in each switching cycle after the inductor
current zero crossing occurs in both phase A and phase C, the equivalent fourth-order LC circuit
during this resonance period is the same as shown in Fig. A- 9, which has Equation (A-6) as the

state-space equations and Equation (A-7) as the initial conditions.
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From the previous discussion, the PF value has impact on vcrm and vpcm. By comparing Fig.
A- 10 (a) and (b), the difference only exists between the 30“and the 40<operating points, which
are the optimal CRM/DCM transition angle 67" in these two cases, respectively. Therefore, the

analysis only needs to be focused on this 10 °line-cycle interval, since at any other operating point
ZV/S turn-on is naturally achieved in the phase operating at CRM at this PF condition, which is the
same as under the unity PF condition and has been analyzed in previous parts.

Therefore, here by sweeping the line-cycle phase angle  from 30°to 40<and the initial
condition angle ¢ from 0=to 360< the numerical solutions of the control switch time-domain
drain—source voltage waveform in the phase operating at CRM are derived. Considering all the
possible initial condition angle ¢, it is found that the natural ZVS turn-on is achieved at any
operating point.

For the valley drain—source voltage turn-on in the phase operating at DCM, it is achievable
by applying a short delay on the turn-on instant when compared with the turn-on instant in the
phase operating at CRM as presented in previous parts. The difference is that before the 26°
operating point when the polarities of the ac reference current are different in phase A and phase
C, the valley drain—source voltage in the phase operating at DCM is usually not able to reach zero,
making the DCM turn-on loss higher when compared with the unity PF condition. Example
switching-cycle waveforms in this phase at 10°operating point and at 35<operating point are

shown in Fig. A- 11.
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Fig. A- 11. Switching-cycle waveforms in the phase operating at DCM (phase A), under PF =
0.9 (w = 26 condition, at (a) 10<operating point with valley drain—source voltage turn-on; (b)
35“operating point with ZVS turn-on (ves is the gate signal of the control switch; i is the

inductor current; vps is the drain—source voltage of the control switch).

For the other example of PF = 0.8 (yw = 379, according to the optimal CRM/DCM transition
angle in Fig. 3-10 and similar to the comparison shown in Fig. A- 10 for the example of PF = 0.9
(w = 269, it is clear that the analysis only needs to be focused on the 15<line-cycle interval
between the 30°and the 45 “operating points. Therefore, following the same process, it is found
that after the 41°operating point, natural ZVS turn-on is not necessarily achieved. Example
switching-cycle waveforms in the phase operating at CRM at the 44 operating point but under
two different system load conditions (and therefore two different initial condition angle ¢) are

shown in Fig. A- 12.
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Fig. A- 12. Switching-cycle waveforms in the phase operating at CRM, under PF = 0.8 (y = 379
condition, at 44 operating point at (a) full-load condition with non-ZVS; (b) 75% load condition
with ZVS (ves is the gate signal of the control switch; i is the inductor current; vps is the drain—

source voltage of the control switch).

In order to achieve ZVS turn-on after the 41<operating point considering all the possible
initial condition angle ¢, the off-time extension strategy presented in [27], [36]-[39] is applied
here. By making the SR in the phase operating at CRM conduct for an extra period of time after
the inductor current zero crossing occurs in this phase, some amount of negative inductor current
is provided to discharge the drain—source voltage of the control switch to zero and achieve ZVS
turn-on. Again and according to the state-space equation, the minimum required negative current
(ineg_req) distribution between the 40<and the 45 “operating points is shown as Fig. A- 13. Before
the 40=operating point, the required negative current is zero, indicating off-time extension is not
required during this period. It should be noted that this negative current is able to make the ZVS

turn-on achieved for any load conditions (any initial condition angle ¢).
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Fig. A- 13. Distribution of the minimum required negative current (ineg_req) between the 40 “and
the 45<operating point for achieving ZVS turn-on under any load condition (initial condition

angle ¢).

As for the valley drain—source voltage turn-on in the phase operating at DCM, it is still
achievable by applying a short turn-on delay when compared with the turn-on instant in the phase
operating at CRM, which is similar to that at the unity PF condition in previous parts.

In summary, under the aforementioned example modulation index, for non-unity power factor
inverter mode operation, under the condition with PF higher than 0.9, the natural ZVS turn-on is
achieved at any operating point during CRM operation. As the PF goes lower than 0.9, the non-
ZV'S zone expands gradually, and, therefore, the off-time extension is required for achieving ZVS
turn-on. During DCM operation, the slight turn-on delay is still helpful to achieve valley drain—
source voltage turn-on in this phase. However, at the operating points when the polarity of the ac
line-to-neutral voltage is opposite to that of the ac reference current, the DCM valley turn-on

voltage becomes higher.
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