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(ABSTRACT)

It is perceived that Moore’s Law will prevail at least for the next decade with the
continuous advancement of processing technologies for integrated circuits. According to Intel’s
roadmap, over one billion transistors will be integrated in one processor by the year 2010; the
processor’s clock speed will approach 15 GHz; the core static currents will increase up to 200 A;
the dynamic current slew rate will rise up to 250 A/ns; and the core voltage will decrease to 0.8
V. The rapid advancement of processor technology has posed stringent challenges to power
management for both an efficient power delivery and an accurate voltage regulation.

The primary objectives of this dissertation are to understand the fundamental limitations of
the state-of-the-art solution for the power management, and hence to support possible solutions
for meeting the power requirement of the next generations of processors.

First, today’s voltage-regulator module (VRM) design, which is based on the multiphase
interleaving buck topology, is thoroughly analyzed. The analysis results of the control
bandwidths versus the VRM transient voltage spikes highlight the trend of high-frequency VRM
design for smaller size and faster transient response. Based on the concept of achieving constant
VRM output impedance, design guidelines are proposed for different kinds of control methods.

However, the high switching-related losses in the conventional multiphase buck converter limit



its further applications. This dissertation proposes a series of new topologies in order to break
through the barriers by applying an inductor-coupling or autotransformer structure to reduce the
switching-related losses by extending the duty cycle. Then, this dissertation pushes the topology
innovation further by introducing soft-switching quasi-resonant converters for the VRM design.
The combination of the quasi-resonant and active-clamped concepts derives a family of new
converters, which can eliminate all the switching and body-diode losses. The experimental
results at 1-2MHz switching frequencies prove that the proposed solutions for the VRM design

can realize very high efficiency and high power density.
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Chapter 1. Introduction

1.1. Research Background

In 1965, just six years after the invention of the integrated circuit (IC), Gordon Moore
predicted the annual doubling of the number of transistors on an IC [A1]. In the late 1980s, the
doubling speed was adjusted to every 18 months for the expected increases in the complexity of
semiconductors [A2]. Moore’s Law, as it came to be known, has held sway for nearly four
decades, supported by the industrial silicon engineering and manufacturing engine. The
emerging nanotechnology will ensure that Moore’s Law continues to prevail for at least the next
decade, with continuous advancements in processing technologies for very-large-scale
integration (VLSI) [A3-A6]. According to Intel’s roadmap [A6], as shown in Fig. 1.1, over one
billion transistors will be integrated in each processor by the year 2007, as compared to today’s

integration of 55 million transistors in a Pentium IV processor.

Heading toward 1 billion transistors in 2007 =’. _ 1,000,000,000

Itanium™ Processor (McKinley) »*
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Fig. 1.1. Intel’s roadmap of the number of integrated transistors in one processor.
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The rising device counts, while breathtaking, are just the tip of the iceberg. Silicon’s power
— and its uniqueness — is that nearly all parameters of microprocessor technology improve as
transistor counts climb. For example, speed and performance have ascended even more sharply
than has the number of transistors. The 1486 processor ran at 25 MHz. Today’s Pentium IV
processors run at 2.20 GHz, and this is rising. The predicted billion-transistor processor will

likely run at speeds approaching 20 GHz. Fig. 1.2 clearly shows this developing trend.
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Fig. 1.2. Intel’s roadmap of the processor clock speed.

However, as transistor count increases, processors consume more power and generate more
heat, at an accelerating rate. Fig. 1.3 shows Intel’s roadmap for the processor’s required current
and voltage. Although the supplied voltage is going to drop to a level of 0.7 V, the total power
consumption keeps flying up because of the tremendously increased current. It was predicted that
a single processor would consume over IKW/cm® power in 2010 by following silicon’s
developing trend of the last 30 years [A7-AS8]. The chip temperature would reach as high as that
of a rocket nozzle. Moore’s Law eventually will have to confront the laws of physics -- in this
case, those of power and thermal limitations. This phenomenon is often referred to by Intel as the

“power wall.”
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Fig. 1.3. Intel’s roadmap for the processor’s required voltage and current.
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Fig. 1.4. Intel’s roadmap for the processor’s maximum current slew rate.

The sub-1V supplied voltage for the processor raises another serious challenge for voltage
regulation. The allowed voltage regulation window becomes narrower for the effective “1” or
“0” identification. Furthermore, the high clock frequency induces very fast di/dt (the current slew
rate) when the microprocessor operation changes from the sleep mode to the power mode and
vice versa [A9-A11]. The rate of change between these modes is no less than 1,000 times per
second — much faster than your finger can move on a keyboard. Fig. 1.4 shows this developing

trend. The high dynamic characteristic makes accurate voltage regulation more difficult.
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Overall, power management technology is very important for breaking the “power wall,”
and for efficient and accurate delivery of power to the processor. If these power challenges are
not resolved, the familiar trend of smaller, faster, lower-cost processors and devices could be
compromised. Futuristic applications such as real-time speech and facial recognition —
applications requiring far more powerful processors than today’s — might never be realized. The
growth of computing and communications products could slow. Successfully managing the

power issue is fundamental to successfully extending Moore’s Law.

1.2. State-of-the-Art Technology

For a 386 or 486 processor, a traditional centralized power supply (silver box) is sufficient
to deliver all the power needed. The silver box also supports power to the memory chip, video
card and other parts in the computer. When the Pentium processors emerged in the late 1990s,
the centralized power systems no longer met their power requirements because of their lower
operating voltages and higher clock frequencies. The physical distance from the silver box to the
processor is too long, which limits the power transfer speed. Consequently, the supply voltage
invariably fails to deliver the required voltage regulation. To make this matter worse, as the
processor technologies have advanced, the total voltage tolerance has become much tighter --
from a tolerance of 5% for the 3.3V Pentium II to a voltage tolerance of 2% for the 1.3V
Pentium IV processor. Thus, a delicate power supply, the voltage regulator module (VRM), is
required. And it must be placed in close proximity to the processor in order to reduce the
impedance associated with the power delivery path [A12-A13]. Fig. 1.5 shows a layout with a
VRM and a processor together. The power for other parts in the computer is still supplied by the

silver box.
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CPU and
Heat Sink

Fig. 1.5. The VRM for Pentium processors.

The original version of the VRM that accompanied the Pentium II was made up of a simple
5V-input buck converter. However, this approach was unable to meet the power requirement for
the Pentium III processor, in which the operating voltage was drastically reduced from 2.8 V to
1.5V, the current was increased from 10 A to 30 A, and the current slew rate was increased from
1 A/ns to 8 A/ns [A12]. Fig. 1.6 shows a buck converter designed for a Pentium III processor.
Several devices are paralleled in order to handle the large output current. The bulk capacitor is
used for energy storage, and the decoupling capacitor is nearer to the processor in order to limit
the transient voltage spike. To meet the +2% voltage regulation specification, it was deemed
necessary to increase the decoupling capacitor by a factor of 23 and the VRM bulk capacitor by a
factor of 3 [A14-A15]. This is not a practical solution, for two reasons. Firstly, there is simply
not enough real estate in the motherboard to accommodate such a large increase in the number of
capacitors. Secondly, the cost increase would also be significant.

The excessive increase in the number of output filter capacitors is mostly due to the use of
a relatively large output filter inductor in the single-phase buck converter, which is required to
reduce the output current ripple. During the transient period, this large inductor limits the energy

transfer speed of the VRM such that the capacitor alone must discharge its stored energy to the
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load. The capacitance must be large enough to contain the output voltage level within the

required regulation window.
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Fig. 1.6. A single-phase buck converter for a Pentium III processor.

To overcome this fundamental limitation, it was necessary to reduce the VRM output filter
inductance. If the output filter inductance was reduced by one order of magnitude, that is, from
2-4 pH to 200 nH, the transient response would meet the 2% tolerance requirement without
necessitating an increase in the usage of capacitors [A15]. However, there are two major
disadvantages to using a smaller inductor. The first is that the small inductor results in much
larger current and voltage ripples in the output, which is not acceptable. The second disadvantage
is that the VRM efficiency is dramatically reduced due to the much larger current ripple.

Subsequently, in early 1997, CPES at Virginia Tech proposed a multiphase solution for the
VRM. Instead of paralleling a number of transistors to improve circuit efficiency, as shown in
Fig. 1.6, the team proposed the use of a number of mini-converter cells in parallel, as shown in
Fig. 1.7. Each cell utilizes an inductor that is about 1/10 the size of the original. As a result, these
mini-converter cells can quickly and efficiently transfer power to the microprocessor.
Furthermore, these cells are controlled by phase-shifting their clock signals. The proposed

interleaving approach not only results in cancellation of the current ripple generated at the output
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of each converter cell, but also increases its effective ripple frequency, and thus reduces by a
factor of 10 the output filter capacitor requirement. In the same way, the interleaving approach
can also significantly reduce the input filter capacitor requirement. In 1997, the immediate
benefits of using the multiphase approach were demonstrated in the prototype hardware, which
showed a sixfold improvement in power density, a threefold reduction in profile, and a fourfold
improvement in its transient response [A15].

Not only can the multiphase approach improve the VRM transient response, but it can also
benefit the thermal design because of its current distribution. Its power scalability characteristics
make it very attractive in terms of its ability to keep step with the future microprocessor power
management design. As a result, industry quickly adopted this solution. A number of companies
(National Semiconductor, Semtech, Intersil, Maxim, Linear Technology, Analog Device,
Fairchild Semiconductor, Texas Instruments and STMicroelectronics) have developed their IC
controllers to facilitate the implementation of the proposed multiphase approach. Fig. 1.8 shows

some examples.
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Fig. 1.7. A multiphase buck converter for a Pentium III processor.
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Fig. 1.8. Multiphase controllers from different companies.

The multiphase approach can be extended to power a Pentium IV processor, in which the
operating voltage was reduced to 1.3 V and the current was increased to 90 A [A16-A28]. The
input bus voltage was changed from 5 V to 12 V in order to reduce the bus conduction loss.
Today, the multiphase VRM is adopted in every computer that uses the new-generation Pentium
IIT and Pentium IV processors. Fig. 1.9 shows a typical structure with a plug-in version of a
VRM. Fig. 1.10 shows the power delivery path with the voltage regulator on board. The
following items summarize the state-of-the-art technologies for the current Intel VR 10 solution.

* Multiphase to distribute the large output current

* Interleaving to cancel current ripple and to improve transient response

* 12V-input voltage bus to reduce the input bus conduction loss

* 300KHz to 500KHz switching frequency to achieve reasonable efficiency with 30V
vertical trench MOSFETs

* Analog multiphase controller with switching frequency up to 1 MHz

* Several Oscon bulk capacitors in parallel to limit the transient voltage spikes

e Powder iron inductors built with toroid core to reduce the cost
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Fig. 1.9. Current system architecture for voltage regulator module and processor.
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Fig. 1.10. The current power delivery structure for voltage regulator and processor.

1.3. Technology Barriers for Future Power Management

Following Intel’s roadmap in Figs. 1.1, 1.2 and 1.3, in 2010 the processor will run at
20GHz clock frequency with over one billon transistors packed on a piece of silicon the size of
your fingernail. It will require more than 200A current at a voltage level of around 0.7 V [A10-
AT11]. Tt is also expected that the processor die transient current will move toward 250 A/ns,
which is about a tenfold increase over today’s fastest processor [A29]. It is very difficult to apply
today’s multiphase buck topology and the power delivery structure to meet the power
requirements of the next decade of processors.

The direct problem is how to keep the output voltage within the +2% tolerance range,

which is a regulation window of only about +15 mV. Furthermore, the voltage must maintain
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accuracy in such a huge current transient change with very fast di/dt speed. The current VRM
design will employ large numbers of output electrolytic capacitors -- approximately 168,000 uF
-- which is about 2.5 times the level used today, and five times the number of decoupling
capacitors (ceramic capacitors with low equivalent serious resistance [ESR]) in order to meet the
processor requirement. Fig. 1.11 shows the requirements. Fig. 1.12 shows the significant cost
penalty. Fig. 1.13 shows that today’s VRM has already occupied about 12% of the motherboard
real estate. It is impossible to put so many bulk capacitors and decoupling capacitors on the
motherboard. The major reason for so many electrolytic (Oscon) capacitors is their high levels of
ESR, which results in large transient voltage spikes. Although the ceramic capacitor has a
smaller ESR, it has a limited capability to store energy for supplying transient power to the
microprocessor. The VRM must be able to operate at significantly higher switching frequencies
in order to reduce this energy storage requirement. It is predicted that when the VRM is operated
at 2 MHz, only 1500uF output capacitance is required, in comparison to the 6000 pF that is
required when the VRM is operated at 500 kHz [A30]. With today’s high-density ceramic
capacitor technology, only 15 capacitors are required, each of which has a footprint as small as
3.2mmx2.5mm. Considering the development of ceramic capacitor technology, it is very likely
that the output capacitor size will be further reduced. Another significant benefit of high-
frequency applications is the small size of the output filter inductors, which also occupy too

much room in today’s VRM design.

10
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However, high-frequency operation of the VRM raises thermal issues. Delivering the 200A
current has already introduced severe conduction losses. When combined with the significant
switching losses at the MHz operating frequencies, the industry’s ability to economically cool
the VRM would be surpassed. As a result, high-efficiency, high-power-density, fast-transient
VRMs are critical for meeting the power requirements of the next generation of processors.

Another problem is related to the system’s power architecture. Fig. 1.9 shows a typical
structure with a plug-in version of a VRM. The power delivery path, which includes the printed
circuit board (PCB) trace, central processing unit (CPU) socket, interposer layer and ball grid
array (BGA) and land grid array (LGA) interconnects, accounts for about 1.1mQ parasitic
resistance and 120pH parasitic inductance [A31]. For future processors that require over 200 A
and a slew rate of 250 A/ns, these interconnect parasitics alone will produce 44W power loss.
The interconnect parasitics also result in a significant potential drop, such that the expected
output voltage regulation window cannot be met for the next generation of processors. According
to Intel’s research on packaging [A32], the parasitics must be reduced by about 10 times to meet
future requirements. The bottleneck is the CPU interconnect socket, which is responsible for
90% of the total parasitics. Intel has already devoted significant resources toward improving the
system packaging [A32-A34].

At the same time, the improvement of the system power architecture achieved by omitting
the CPU socket also calls for high-efficiency, high-power-density VRMs. The VRM must have a
small size so that it is physically compatible with a processor in order for them to be packaged
together in a certain way. Since the VRM is so close to the processor, its power loss will burden

the processor’s thermal design, the heat dissipation of which has already been problematic.

12
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Based on these power management-related issues, it is very clear that high-efficiency, high-

power-density, fast-transient VRMs are critical for meeting the power requirements of future

advanced microprocessors. To achieve this target, the following technology challenges should be

addressed.

1.

Fundamental research on the VRM transient response must be carried out. Many papers
have been published based on different models and software simulations [A35-A44].
However, many issues still need to be clarified; for example, the designs related to the
control bandwidth, multiphase inductors and output capacitors. Since the processor
continues to evolve, the VRM design is a moving target that calls for a design
methodology.

Advanced power semiconductor devices also raise questions. Currently, vertical trench
MOSFETs are widely used in VRM design, and industry has put a lot of effort into
improving their performance. One aspect of these improvements is novel power device
structure; for example, the Power JFET transistor from Lovoltech [A45-A46] and the
junction barrier-controlled Schottky field effect transistor (JBSFET) from Silicon
Semiconductor Corporation (SSC) [A47-A48]. The second aspect is device packaging. In
order to further reduce the packaging and interconnection losses, significant efforts have
been devoted to chip-scale packaging. Fairchild’s bottomless and BGA packaging,
Hitachi’s lead-free packaging (LFPAK), International Rectifier’s FlipFET and DirectFET,
Siliconix’s PowerPAK package, and STMicroelectronics’s PowerFLAT package are a few
examples of the advanced products currently available in the market. Not only can the chip-
scale packaging technique reduce the conduction losses, but it can also reduce the parasitic

inductance [A49-A50]. Another potential approach for improvement involves greater

13



Chapter 1. Introduction

device integration. Recently, IR, Philips, On-Semiconductor and Intersil have introduced
the DrMOS technique, which packages together the power devices (the top and bottom
switches) and the gate driver to form a surface-mounted chip [A51]. IR went a step further
by packaging some high-frequency ceramic capacitors inside the chip (iP2002) to improve
the performance. Volterra adopted the lateral power MOSFET process to monolithically
build its DrMOS. Some simple control functions are also integrated. The DrMOS
technology significantly improved performance by reducing the parasitics. CPES has
pushed the integration envelope further by integrating the multiphase voltage regulator
(VR) into one silicon die, based on a lateral process [A52]. There are still many areas open
for research into power device improvement.

. Advanced VRM topologies offer potential. Improving efficiency would involve the use of
some other topologies, which are better than the buck converter in high-frequency
applications. These topologies should feature less switching-related losses (such as turn-on
and turn-off losses), lower body diode reverse-recovery loss, and reduced body diode dead-
time conduction loss. Also, these topologies should maintain the benefits of simple gate
drive, simple multiphase control scheme, easy magnetic component implementation, and
low cost. CPES has done tremendous work to improve the efficiency at the MHz-
switching-frequency range. The research runs the gamut from pulse-width modulation
(PWM) hard-switching topologies to resonant soft-switching ones; from 48V-input isolated
topologies to 12V-input non-isolated ones; from single-stage topologies to two-stage ones;
and from externally driven topologies to self-driven ones [A54-A57].

. An advanced gate drive scheme is also important. With multi-MHz switching frequencies,

the gate drive loss will turn out to be significant, especially for high-output-current
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applications in which more power MOSFETs are paralleled. This situation not only
degrades efficiency, but also pushes the gate drivers to their thermal limitations. Gate
drivers have already been a hot spot in the VRM design, and this will be even worse in the
future. The drive voltage level complicates the issue further. A higher drive voltage level
means smaller device conduction loss but more gate drive loss. The challenge is to make
this trade-off yield an optimal VRM design. Also, the gate drive dead-time control is very
important for avoiding shoot-through problems while minimizing body diode conduction
loss in the synchronous rectifiers. As a result, some advanced gate drive schemes with less
drive loss can significantly benefit the VRM design. TI proposed the predictive drive
scheme to minimize the dead time so that the body diode conduction loss can be minimized
[A58]. CPES proposed some preliminary research work that involves utilization of the
resonant gate drive to reduce the drive loss [A59].

. Fast transient response requires advanced control methods. A number of innovative
solutions have been developed and commercialized; for example, the enhanced V? control
from On-Semiconductor [A61], the active-droop control from Intersil [A62-A63], the
charge control from Semtech [A64], the valley current-mode control from Fairchild [A65],
the X-phase control from IR [A66], the multiphase hysteretic control proposed by the
University of Central Florida [A67], the dynamic pulse modulator (DPM) method proposed
by the University of Florida [A68], and the hybrid control proposed by Virginia Tech
[A69]. The active-clamped concept has also been proposed to both improve the transient
response and to limit the transient voltage spikes [A70-A71]. The digital control idea has
also been introduced into the VRM application area for its benefits in terms of design

flexibility, better communication, diagnostics capability, and noise immunity. The
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University of Colorado at Boulder, UC-Berkley, the University of Central Florida and the
University of British Columbia have done a lot of research in this area [A72-A75]. In
industry, Primarion Inc. and Volterra have already developed digital control chips for the
multiphase VR [A76-A79]. However, in multi-MHz VRM control, control accuracy,
parameter deviation, current-sensing, current-sharing, control delay, and more-than-four-
phase interleaving can all be potential problems.

Innovative integrated magnetics are required. The multiphase converter is the only solution
for high-output-current applications. As a result, there will be more magnetic components
in the VRM design. Industry has expended a lot of effort to manufacture standard surface-
mounted chip inductors for the VRM application [A80]. CPES has done a lot of work
related to multiphase inductor integration, based on the inductor-coupling concept [A40,
A81-A82]. Magnetics designed to have low core loss, low winding loss, small size and
easy manufacturability are critical for realization of high efficiency and high power density.
. A high-density capacitor with very low parasitics is also a must. High density is directly
related to the energy storage capability, which is very important for the achievement of
high-power-density VRM design and for meeting the transient response requirement. Also,
low parasitics such as the ESR and the equivalent series inductor (ESL) are indispensable
for limiting the transient voltage spikes. Many companies, such as Sanyo, Panasonic,
Cornell Dubilier Electronics, Nichicon and KEMET Electronics Corporation, are
continuing to reduce the ESR of the capacitor, based on the polymer cathodes technique
[A83-A84]. TDK is in the lead in improving the density of the ceramic capacitors.

Currently, a 1210 package can have 100uF capacitance [A85].
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8. Advanced packaging technologies can help to improve the circuit efficiency by reducing
the package resistance and reducing parasitic voltage-ringing in the circuit. Packaging the
gate drivers and the power devices together can improve the drive speed so that the
switching loss can be reduced. Further system integration between the VRM and the
processor will totally change the system power architecture by minimizing the parasitics in
the power delivery path. Integration not only helps the transient voltage regulation, but also
improves power density and system efficiency. However, there are many challenges
involved with integrating the active and passive components together, solving all the
interposer problems, and finding the best thermal design for optimal heat dissipation.
Primarion proposed a wide-band power architecture [A76]. A MHz regulator delivers the
average power to the microprocessor, while a GHz regulator (based on SiGe BiCMOS
technology) delivers the transient power at a response speed of several ns. Bump-soldering
is the way in which all the regulators and the microprocessor are connected. INCEP
proposed a more detailed power architecture, called ZVRM [A86]. The VR is imbedded in
the CPU heat sink, and several special connectors deliver the power to the microprocessor
through the interposer layer. As a microprocessor manufacturer, Intel also has expended
significant effort to improve processor packaging [A87]. The bumpless build-up layer
(BBUL) technique is proposed to reduce the interconnection parasitics by imbedding the

processor in a built-up layer [A88-A89].
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1.4. The Work of this Dissertation

Section 1.3 lists several technology barriers challenging future power management. This
dissertation focuses on the high-frequency and high-efficiency VRM design issues.

First, the VRM transient response is thoroughly analyzed. Chapter 2 investigates the
relationship between the control bandwidth and the transient response in buck converters in both
voltage- and current-mode controls [A90]. A critical bandwidth value is discovered, beyond
which pushing the bandwidth can do very little help to reduce the output voltage spike during the
transient period. The voltage spike value is dominated by the voltage drop across the ESR and
ESL of the output capacitors. This critical bandwidth concept highlights the trend of high-
frequency VRMs to be designed with ceramic capacitors for smaller size and faster transient
response. Also, guidelines are provided for the design of the output filter inductors, the output
filter capacitors, and the control bandwidth for an optimal VRM.

Based on the understanding of the VRM transient response discussed in Chapter 2, Chapter
3 introduces the concept of adaptive voltage position (AVP) used in order to further improve the
VRM transient response [A91-A92]. The basic idea is to control the output voltage level so that
it is slightly higher than the minimum value at full load and slightly lower than the maximum
value at light load. As a result, the entire voltage tolerance window can be used for the voltage
jump or drop during the transient period. Compared with the conventional constant-output
voltage feedback control, AVP control can halve the number of output capacitors needed to meet
the same transient requirement. In this chapter, the idea of constant output impedance design is
proposed in order to achieve AVP. Feedback compensator design guidelines are provided for all

existing control methods with different kinds of output capacitors.
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Another technology barrier this dissertation tries to break involves advanced VRM
topologies. Chapter 4 analyzes the fundamental limitations of the conventional buck converter at
high switching frequencies, and introduces two novel multiphase converters to overcome the
related problems [A93-A96]. The basic idea is to extend the duty cycle by introducing coupled
windings into the multiphase buck converters. Also, integrated magnetics structures are
discussed for these windings so that the magnetic cores used in the buck converter can be used
here. These two topologies can employ the same controllers and gate drivers as are in the buck
converter, so the technology evolution is simplified. Furthermore, this chapter extends the basic
concept further with an autotransformer structure to derive a series of new topologies, some of
which are very suitable for high-frequency VRM design.

Chapter 5 pushes the topology innovation further by introducing the soft-switching quasi-
resonant converters for VRM design [A97]. The combination of the quasi-resonant and active-
clamped concepts derives a family of new converters, which can realize constant switching-
frequency modulation, zero-voltage switching (ZVS), small turn-off currents, small circulating
currents in the active-clamped circuit, no body diode reverse-recovery loss, and no body diode
dead-time conduction loss. Experimental results prove the high efficiency and high power
density of the proposed topology designs.

Finally, Chapter 6 summarizes the entire dissertation and proposes some ideas for future

work.
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Chapter 2. The Impact of the Control Bandwidth on the VRM

Transient Voltage Spikes

A lot of research has gone into VRM transient design because of its serious challenge to the
VRM output dynamic voltage regulation [B1-B30]. However, no paper has discussed the
relationship between control bandwidth and the transient response. It is just assumed that the
higher the bandwidth, the faster the transient response. And all of the analysis for the transient
voltage spike is based on an ideal control in which the bandwidth is very high and the duty cycle
is saturated during the transient period.

This chapter investigates the relationship between the control bandwidth and the transient
voltage spike for both the voltage- and current-mode controls. Section 2.1 studies the
fundamental reason for the transient voltage spikes. With the help of small-signal models,
Section 2.2 establishes the relationship between the transient voltage spike values and the control
bandwidths. Section 2.3 discusses the validity of the small-signal analysis method, and the
critical inductance concept is introduced. Finally, in Section 2.4, the simulation and experimental

results are shown to prove all of the theoretical analysis.

2.1. The Reason for Transient Voltage Spikes

As a first step, the basic reason for the output voltage spike during the transient is analyzed.
For transient analysis, a multiphase interleaved VRM can be more simply considered as a single
phase [B31, B32]. Fig. 2.1 shows the structure of the current power delivery architecture and the

related lump model with a single-phase buck converter. For a 12V-input VRM, since the output
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filter inductor current increases faster than it decreases, the transient during step-down is worse
than during step-up. As a result, only the step-down transient is analyzed here. For simplicity, all
the delay effects, such as gate-drive delay, signal propagation delay in the control loop, are

ignored.

Processor

OLGA
Socket

(a)
70pH, 0.2mQ 70pH, 0.22, 164pH, 1.45mQ
12V rYYY\ E P m D P m C P m B ~\ A
= 0.67n 57p 52p
] CPU
I 0.58m 0.175m 63p Die
- - + 20*22uF 0.2m =
I
B I; c Decoupling Cap Decoupling Cap in Packaging Cap on
ulk Cap around the Socket the Cavity Cap Die

(b)

Fig. 2.1. Modeling for power delivery architecture: (a) physical structure and (b) lumped model.

Fig. 2.2(a) shows the reason for the output voltage spike during the load step-down
transient. Since the output filter inductor current i;, cannot follow the fast-changing load current
1, some extra current i, goes through the output capacitor C, its equivalent series resistance
(ESR,) and its equivalent series inductor (ESL.). Both the capacitor C charge and the ESR. and
ESL. voltage drop form the output voltage spike that occurs in the transient period. The output

voltage waveform during the step-down transient can be calculated as:
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v,(t)=i (t)(ESR, +ESL, G;itic () + Ci ENAGIr @2.1)

The capacitor charging current is:

L (O=i,(0-i,(0). (2.2)

Fig. 2.2(b) shows the inductor current falling-time period ty. from the full load current to
the light load current. The load current falling time is tg, which is normally much smaller than
t. After tg, 1. goes to negative and the output voltage v, continues decreasing. As a result, the
voltage spike occurs only in the tg period.

y

e =Maxly, (1)), (0=t<1,) (2.3)
Equations (2.1) to (2.3) show that the inductor current information obtained during the tq

period is good enough to use for calculating the transient voltage spike. Also, it is necessary to

know the load current slew rate so that the output voltage spikes can be calculated. The next two

sections will discuss how to derive the inductor current information (based on the small-signal

analysis) and the load current slew rate (based on the network analysis).

i i .
High di/dt L, (a1 \ ¢ t
12V 4 A~ E — 0 o | o n
N\_W
LEL P
. i
T . o 3 | ic 0 .
= - c ic \\\’\,\\
VRM :l_: Pt oo

(a) (b)

Fig. 2.2. The reason for the voltage spikes at VRM output: (a) VRM circuit and (b) the current through the

output capacitors.
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2.2. The Inductor Current Slew Rate

To further simplify the analysis, the inductor current ripples can be ignored. The inductor
average current information obtained during the transient period can be used to analyze the
transient voltage spike according to (2.1) to (2.3). Fig. 2.3 illustrates this idea. So if the
relationship can be developed between the control bandwidth and the inductor average current
during the transient period, it is easy to investigate the relationship between the transient voltage
spike and the control bandwidth. This section will accomplish this goal using the average small-

signal model.

i i o .
> E —%,  High di/dt l, AIO tf
VRM et
Average 155
Model .

Fig. 2.3. Transient voltage spike analysis based on the average model.

2.2.1. Small-Signal Analysis

Fig. 2.4 shows the small-signal block of the buck converter with voltage- and current-mode
controls that follows the feedback-control model [B34-B35]. Z, is the power stage open-loop
output impedance. Gyq is the transfer function of output voltage V, to the duty cycle d. Gj; is the
transfer function of inductor current i;. to load current i,. Giq is the transfer function of inductor

current to the duty cycle d. F,, represents the comparator effect. G is the current-loop
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compensator transfer function, and G, is the voltage-loop compensator transfer function. The

compensator designs here just follow the classic methods outlined in previous work [B34-B35].

(a) (b)

Fig. 2.4. Small-signal blocks: (a) voltage-mode control and (b) current-mode control.

In voltage-mode control, the control loop is defined as:

T =G,L[F,G,. (2.4)

In current-mode control, the voltage loop is the same as (2.4). The current loop is defined
as:

T =G,F,[G,. (2.5)

Since current-mode control is a multi-loop control system, the system stability is finally

determined by the outer loop, as follows:

T
T, =—"—. 2.6
T 2.6)

In the small-signal blocks, the current transfer function Giji(s) represents the relationship

between the inductor current and the load current in the open-loop condition, as follows:
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-
G, = Dese__ and @.7)
1+ 5 47
w0 w’
| 1 C
= , W = ,O=R e . 2.8
N R AR ¥ @3)

where Wesr 1s the ESR zero of the output capacitor, w, is the power stage double pole, and Q
represents the damping effect that exists in the second-order system because of the resistance Ry
in the power stage. The ESR of the inductor, the trace resistance, and the turn-on resistance of
the power MOSFETs all contribute to Ry [B35].

With a closed voltage loop, the current transfer function is modified to:

G, .=G,+G, @, F, 32—, (2.9)

ii_cv
1+7,

With both the current and voltage loops closed, the current transfer function is modified to:

- Gii |]1-|-T’v)+}7M [z;id B;CV IIo

G. . 2.10
ii_ci 1+ 7: + Tv ( )
Further mathematic analysis can simplify (2.9) and (2.10) as follows:
1+
G o= e —,and (2.11)
- s s
1+ +—
w0 w,
Gy w = ! E ! R (2.12)
1+ S 1+ S5
w, w, w’

where ), is the crossover frequency of the control loop; i.e., it is the voltage loop in voltage-
mode control, but is the outer loop in current-mode control. The wy, is half of the switching
frequency.
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Now, we can see that the current transfer function Gii(s) is related to the control bandwidth.
Consequently, the average inductor current information is a function of the control bandwidth, as
follows:

i,(s) =G (5) 4, (s) = f(&,,s), (2.13)
where, 1,(s) is the expression of the transient load current information.

Based on all the information in the frequency domain, the average inductor current
waveform in the transient period, which is in the time domain, can be easily derived using an
inverse Laplace transformation. Also, the relationship between the inductor average current and
the control bandwidth can be derived in this transformation. According to (2.1) and (2.2), the
transient response voltage waveform can be calculated. Finally, the transient voltage spike
values, which are the maximum values of the voltage waveforms, can be related to the control
bandwidth.

Since the load current slew rate of the microprocessor is much higher than the output filter
inductor current slew rate (for example, 450A/ps for a Pentium 4) [B33], the load current
transient is simply discussed as an ideal step change in this section.

In the frequency domain, the normalized load current with step change can be expressed as:

i =1/s. (2.14)

Fig. 2.5 shows the current transfer function and the step response inductor current with
voltage-mode control. In the open loop, the inductor current responds to the load current step
change as a second-order system, in which the oscillation frequency is the power stage double
pole. With the loop closed, the oscillation frequency is modified to the level of the control

bandwidth, which is much faster than the condition in the open loop. The inductor current rising
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time is approximately a quarter of the oscillation period. Thus, the average inductor current

during the step-down transient is about:

1
4L,

i, (=0, Q-40F. @) (¢< ). (2.15)

where £, = 2"‘52 . (2.16)
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Fig. 2.5. Voltage-mode control: (a) current transfer function G;(s) and (b) step response inductor current.
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Fig. 2.6 shows the current transfer function and the step response inductor current with
peak-current-mode control. The inductor current with closed loop responds to the load current
step change as a first-order system, in which the time constant is the outer-loop control

bandwidth. The average inductor current during the transient is approximately:

i, (O)=0I, [ —e")=AI, [l —e "), (2.17)
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Fig. 2.6. Current-mode control: (a) current transfer function G;i(s) and (b) step response inductor current.
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The Critical Inductance Design

The preceding analysis is based on small-signal models. If the duty cycle is saturated, the

closed-loop current transfer function can no longer be used for transient analysis. Instead, the

output filter inductance determines the inductor current during the transient period. The inductor

current slew rates during the step-up and step-down are:

: V. =V
dl = _in o

i, 7 , and (2.18)
: V
dl =-_0

o~ T (2.19)

According to (2.15) and (2.17), the small-signal model analysis also determines an inductor

current slew rate during the transient. For voltage-mode control,

di/ -
i) =4LY, D, (2.20)

For current-mode control,

di /=200, I, 7% and (2.21)

di
dt

=27y, I, . (2.22)

max

However, the maximum inductor current slew rates derived from the small-signal models

in (2.20) and (2.22) cannot exceed the Faraday Law limitations given in (2.18) and (2.19). Larger

values from (2.20) and (2.22) mean that the duty cycles are saturated and the small-signal model

is no longer valid. The equivalent points give a critical inductance value. For voltage-mode

control,

=V Ghinp1-D). (2.23)
AN, O,

For current-mode control,
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L, = Y hina-D). (2.24)
27, O,

For the 12V-input VRMs, D is smaller than (1-D). As a result, Equations (2.23) and (2.24)

can be further simplified as:

L, :L, and (2.25)
41N Y.

y
L= to (2.26)
207D, O,

The critical inductance concept reveals the point at which the duty cycle will go to
saturation in a closed-loop controlled converter. The crossover frequency determines the critical
inductance value. More detailed analysis is provided in other work [B36].

Also, the preceding analysis shows that both the control bandwidth and the inductance
impact the inductor current transient response speed. With the inductance designed to be smaller
than the critical value, the control bandwidth determines the effect. But for an inductance design
that is larger than the critical value, the same control bandwidth is over-designed and the
inductor itself determines its current transient response speed. For each inductance design, an
effective control bandwidth can be derived from (2.25), as follows:

%
BT — 2.27
S 40N, L (2.27)

Any bandwidth design beyond this value saturates the duty cycle but can not improve the
transient response speed.
The preceding analysis shows that for the critical bandwidth design, the relative critical

inductance value is a good design point in terms of both the transient response speed and the
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efficiency. There is no need to further reduce the inductance or to push the bandwidth. Of

course, a certain design margin should be considered in real VRM applications.

2.3. The VRM Output Voltage Spike Approximate Analysis

Section 2.2 derived the inductor current slew rate, which is related to the control
bandwidth. The next step is to know the transient load current slew rate. According to Intel’s
design guidelines [B33], the worst di/dt for a VRM is about 50 A/us. Fig. 2.7(a) shows the load
current transient waveform with PSpice simulation. To simplify the analysis, the load current
transient waveform in Fig. 2.7(b) is used. Here the current ripple is ignored, and the maximum
di/dt is used for the load step-change analysis. The objective is to show how the control
bandwidth will impact the output voltage spikes. For accurate voltage spike values, we still need
to do the system simulation. Section 2.4 will show the results.

Then, we can determine the level of charging current flowing through the output
capacitors. Fig. 2.8 shows the capacitor current waveform. There are two intervals for i.. The
first interval starts from t, and ends at t;, and has a positive current slew rate SR;,-SRj;.. The

second interval is from t; to t;, and has a negative current slew rate -SRj..

(SR, - SR, )1 t,<t=<t
i, = - SR, [ tSt<t, (2.28)
0 t, <t

Then it is easy to derive the output voltage transient waveform according to (2.1). Here we

show the equation again, as follows:

v, (t) =i (t)(ESR, + ESL, B;L[ic (t)+ Ci Ejo i (1)t (2.29)

31



Chapter 2. The Impact of the Control Bandwidth on the VRM Transient Voltage Spikes

o I{Loop4}
Time
(a)
A
< _
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Fig. 2.7. The VRM load slew rate: (a) simulation waveform supported by Intel, and (b) the simplified

waveform used for analysis.

Based on the output voltage waveform, the voltage spike value can be identified. The
maximum voltage spike could only appear at t; or later than t;, but before t,. Based on Fig. 2.8
and (2.29), the voltage spike at t; can be easily determined as the maximum value during to to t;.
On the other hand, the voltage spike expression and the maximum value during t; to t; can also
be derived based on Fig. 2.8 and (2.29). By letting these two maximum voltage spikes be equal, a
criterion time (2.30) can be derived, which is used to judge the point at which the absolute

maximum voltage spike appears in the range.
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Fig. 2.8. The simplified output capacitor charging current waveform

cr
io il

=8l v gsp o+ pPRe ESI T, (2.30)
SR S

When the rise time of current i is less than or equal to t, the maximum voltage deviation

always appears at the moment t; (see Fig. 2.9(a)), such that:

v — (SRio - SRiL
0 _max P E{:o

2
) [E ?Igg J +(SR, —SR,) G%ESRC +ESL, (SR, = SR,,). (2.31a)

When the rise time of current ip is greater than t (see Fig. 2.9(b)), the maximum voltage

deviation appears at a certain moment after t;, such that:

\%

2 2 2 2
= SR, Al + SR, LESR." [C, + Al a Al _ ESL_ (3R, . (2.31b)
- 2LC, (SR, 2 20C SR, C, LbR, '

Fig. 2.9 clearly shows that the voltage spike across the capacitor includes three parts: the

voltage deviation caused by the ESR, the voltage deviation caused by the ESL, and the voltage

deviation caused by the energy storage. Fig. 2.11 shows the impact of the control bandwidth on
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the output voltage transient response waveforms. The higher the control bandwidth, the faster the
slew rate of iy, and the smaller the voltage deviation caused by energy storage. When the control
bandwidth is high enough, the ESR and ESL of the output capacitors dominate the transient
voltage spikes. Fig. 2.10 shows the relationship between the control bandwidth and the transient

voltage spikes.
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Fig. 2.9. The voltage waveform across the capacitor: (a) the maximum voltage deviation appears at t;, and (b)
the maximum voltage deviation appears at a certain moment after t;.
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Fig. 2.10. The impact of the control bandwidth on the transient voltage spikes.
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Fig. 2.11. The impact of the control bandwidth on the output voltage transient response waveforms
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In Fig. 2.10, there are two critical bandwidths: f;; and f.;». When the bandwidth of the VR
is smaller than f;,, the voltage spike across the capacitor is determined by the energy storage
factor. This expression is shown in (2.31a). Therefore, it is necessary to parallel more capacitors
in order to increase the capacitance so that the voltage specification can be satisfied. When the
bandwidth of the VR is greater than f;, the ESR and ESL effects determine the voltage spike.
This expression is shown in (2.31b). The purpose of paralleling more capacitors is not to achieve
a larger capacitance, but to reduce the ESR and ESL.

Based on Equations (2.30) and (2.31), a critical bandwidth of current-mode control is

derived.

gsk o + O 4 FSLC, ISR,
SR AT

io 0

2
T ESR. [T, + al,
SRio

2 2
[ om0 o 20

fcrl =

(2.32)

SR, Al

0 o

2
7 ESR [T, + 2o
SR

io

io

To get a clear picture and the fundamental results, an assumption is made that the ESL
effect of the bulk capacitor is ignored because some ceramic capacitors with small levels of ESL
are normally paralleled with bulk capacitors; meanwhile the slew rates of i3 and i are small
compared with the slew rates of the die-side and socket-sensing point. For example, the slew
rate of i3 is 50 A/us and the ESL is 200 pH; the voltage deviation due to the ESL is only 10 mV.
Compared with the 150mV voltage window of today’s specification, this value is negligible.

Therefore, by assuming the ESL=0, the critical bandwidth can be simplified as follows:
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1
Jort msx = IN; . (2.33)
T >+ ESR, [C
SRio
Accordingly, (2.30) and (2.31) can be simplified as:
Al
t =—2+FESR [C ,and 2.34
cr_ESR SRI-O c o ( )
1 (Y
(SRio _SRiL)G% [ESR, + . EGSRio - SRiL) 121, g
_ SRio 2 IIjo SRio . (2 35)
Ml (anY SR, [ESR’[C,  Al’ N
e 2 EFR,'(; + : = °+ = - - t< tcr ESR
20C, | SR, 2 2[C SR, C, SR, -

There is another critical bandwidth, to which point the output voltage spike is reduced to
zero. That means the inductor current slew rate is fast enough to follow the load current slew
rate. With such a bandwidth design, there is no need to use the bulk output capacitors. The
decoupling capacitors play the roles of both the decoupling and the energy storage.

_ SR,
f;rZ 7T U

o

(2.41)

2.4. The Design Considerations for the Output Capacitors

The number of capacitors can be easily derived according to the voltage deviation
specification. Please note that a change in the number of capacitors also changes the slew rate of
each loop. Therefore, this calculation is iterative.

Fig. 2.12 shows the bandwidth vs. the output bulk capacitor number at the condition of
[,=100A and with today’s power delivery structure. As the bandwidth increases, the capacitor
number can be continually reduced. This is a big motivation for high-frequency VRs. A very

interesting phenomenon can be observed: When the bandwidth is pushed to a certain value, the
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output bulk capacitor will be eliminated no matter whether an Oscon capacitor or a ceramic
capacitor is used. Actually, a 300kHz~400kHz bandwidth is already high enough to eliminate the
bulk capacitors, because the slew rate of the inductor current is already very close to that of the

current demand.
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Fig. 2.12. The control bandwidth vs. the bulk output capacitor number: (a) design with Oscon capacitors and

(b) design with ceramic capacitors.
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2.5. Simulation and Experimental Results

PSpice software is used to simulate a four-phase interleaved synchronous buck converter
with voltage-mode controls. The DC-DC conversion is from 12 V to 1.3 V with 70A full load
current. The switching frequency is set at 2 MHz in order to determine the effect of pushing the
bandwidth to 350 KHz. Fig. 2.13 shows the PSpice simulation circuits with all the detailed

information.
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Fig. 2.13. The system simulation circuit with Oscon bulk output capacitors.

Fig. 2.14 shows the simulation results with different control bandwidths. We can see that
increasing the control bandwidth can continue to increase the inductor current response speed.
When f.<25KHz, increasing f. can significantly reduce the third voltage spike, which is
determined by energy storage. But there is little impact on the second and first voltage spikes,

which are determined by the ESR and ESL of the bulk and decoupling capacitors.
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When f>40KHz, the third and second spikes merge together; increasing f. can slowly
reduce the second voltage spike, but has no impact on the first. When f.>160KHz, the second
voltage spike is smaller than the first; increasing f;. can slowly reduce the second voltage spike,

but has very little impact on the first voltage spike.
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Fig. 2.14. Transient response vs. control bandwidth with Oscon capacitors: (a) f=16KHz, (b) (a) f~=40KHz,
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capacitors.
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Chapter 2. The Impact of the Control Bandwidth on the VRM Transient Voltage Spikes

When f>330KHz, the Oscon bulk capacitor can be eliminated, because the VRM output

inductor current can follow the load current change speed. Fig. 2.15 shows the output transient

response waveforms with and without the bulk Oscon capacitors. The control bandwidths are the

same at 330 KHz.

Fig. 2.16 shows the PSpice simulation circuits with ceramic capacitors as the bulk output

capacitors. The switching frequency is set at 2 MHz in order to determine the effect of pushing

the bandwidth to 350 KHz. Fig. 2.17 shows the simulation results with different control

bandwidths. We can see that increasing the control bandwidth can continue to increase the

inductor current response speed. Because of the very low ESL of the ceramic capacitors, there

are only two voltage spikes in the output.
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Fig. 2.16. The PSpice simulation file for the entire power delivery system with ceramic capacitors.
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When f;<200KHz, increasing f. can significantly reduce the second voltage spike, but has
no impact on the first. When f:>200KHz, the second voltage spike is smaller than the first;
increasing f; can slowly reduce the second voltage spike, but has very little impact on the first.

When f>330KHz, the ceramic bulk capacitors can also be eliminated, because the VRM
output inductor current can follow the load current change speed. Fig. 2.18 shows the output
transient response waveforms with and without the bulk ceramic capacitors. The control

bandwidths are the same at 330 KHz.
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Fig. 2.17. Transient response vs. control bandwidth with ceramic capacitors: (a) f=100KHz, (b) (a)

£.=130KHz, (c) f=200KHz, and (d) f=330KHz.
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Fig. 2.18. Transient response at f=330KHz: (a) with bulk ceramic capacitors and (b) without ceramic bulk

capacitors.

A two-phase interleaving synchronous buck converter is developed to verify the results of
the theoretical analysis. The DC-DC conversion is from 12V to 1.5V with 25A full load current.
The switching frequency of each phase is 300 KHz. Four Sanyo Oscon capacitors (4SP820M)
are used for the output capacitor. The output filter choke in each phase is 800 nH (DELTA
DPF146-0R8).

Fig. 2.19 shows the transient waveforms with voltage-mode control. The experimental
results agree with the theoretical analysis. Because the output interconnection resistor is also
responsible for some voltage drop that occurs in the transient period, the real voltage spike

limitation is slightly larger than the theoretical result (75 mV).
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Chapter 2. The Impact of the Control Bandwidth on the VRM Transient Voltage Spikes

2.6. Summary

The dynamic output voltage regulation during the fast load transient changes is a severe
challenge for VRM design. This paper investigates the relationship between the control
bandwidth and the output voltage spike during the load transient change. A critical bandwidth is
derived to improve the VRM design. In the low-frequency range (below the critical bandwidth),
the control bandwidth determines the transient voltage spike value, and increasing the control
bandwidth can reduce the transient voltage spike. However, further pushing the control
bandwidth higher than the critical value offers no help, because the transient voltage drop across
the ESR of the output capacitors dominates the transient voltage spike. Since the critical
bandwidth is related to the time constant of the output capacitors, the critical bandwidths are
different for VRM designs with different kinds of output capacitors. Currently, the Oscon
capacitors are widely used for VRM design, but their large ESR value determines the critical
bandwidth to be around 20 to 30 KHz. Further increasing the switching frequency with a higher
control bandwidth offers only a little help in further reducing the capacitor numbers. The chance
and trend for high-frequency VRM design with small size depend on the use of capacitors with

smaller ESR values, such as ceramic capacitors.
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As a special power supply for the microprocessor, the VRM must maintain a low output
voltage within a tight tolerance range during operation with a large current step change and high
slew rate.

To meet such transient requirements, the VRM must use many output capacitors, which
increase its size and cost. When the VRM first emerged, feedback control kept the output voltage
at the same level for the entire load range. As a result, the output voltage spike during the
transient had to be smaller than half of the voltage tolerance window. However, if the output
voltage level is a little higher than the minimum value at full load and a little lower than the
maximum value at light load, the whole voltage tolerance range can be used for the voltage jump
or drop during the transient. This is the concept of adaptive voltage position (AVP) design [B37-
B41]. Fig. 3.1 shows the transient comparison between non-AVP and AVP designs. It is very
clear that the AVP design allows the use of fewer output capacitors, and hence reduces the VRM
cost. Another benefit of the AVP design is that the VRM output power at full load is reduced,
which greatly facilitates the thermal design. Also, the AVP design is indispensable for meeting
the processor load-line specifications [B42, B43].

The AVP is related to the steady-state operation of the VRM. If the transients between the
two steady-state stages have no spikes and no oscillations, as is the situation shown in Fig. 3.2
(a), the AVP design is optimal. The transient can take advantage of the entire voltage tolerance
window. The comparison between the current and the related output voltage waveforms reveals

that the VRM equals an ideal voltage source in series with a resistor Ro, such that:
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Fig. 3.1. Transient response without and with AVP designs.
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Fig. 3.2. (a) The ideal AVP design and (b) the equivalent circuit of the VRM.

Fig. 3.2 (b) shows the equivalent circuit of the VRM.

(3.1)

Now it is very clear that the constant resistive output impedance design for the VRM is an

optimal design for the transient. Actually, improving the dynamic regulation of a converter based

on the output impedance consideration is an old concept [B44-B52]. However, not every
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converter can achieve constant resistive output impedance. Additionally, it is not clear how to
design the feedback control loop. This chapter clarifies these issues for all kinds of existing
control methods. Different kinds of output capacitors are discussed for the AVP design based on
the constant output impedance concept. Section 3.1 discusses the current-mode control, Section
3.2 discusses the active-drop control, and Section 3.3 extends the AVP design with ceramic
output capacitors.

For the following analysis, the small-signal model uses a single-phase buck in continuous-
current mode (CCM) to simplify the analysis of the multiphase VRM [B31, B32]. The ESL of
the output capacitor is ignored here, since the high-frequency ceramic capacitors in parallel
greatly reduce its effect. Also, the inductor design follows the critical inductance design, as

discussed in Section 2.3.
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3.1. Output Impedance Design Considerations with Current-Mode Control

Fig. 3.3 shows the dual-loop feedback control system in the current-mode control. Peak-
current-mode control is used as an example for this analysis. Since the current-loop design is
normally fixed according to the applied control chip, the major issue is how to design the

voltage-loop compensator.

v Q; <::| Z,
in 4 - .
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‘I Qs i i | [Load
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d
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ST [| —V
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Fig. 3.3. A buck converter using current-mode control.

3.1.1. Small-Signal Model Analysis

Fig. 3.4 shows the small-signal block for the current-mode control. Gy is the transfer
function of inductor current i, to load current i,. Giq is the transfer function of the inductor
current to the duty cycle. F, models the inductor current ramp effect. G; represents the current-
sensing function, which normally is the current-sensing resistance Ri. Gon 1S the voltage-loop

compensator transfer function.
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] FM Gcon [

Fig. 3.4. The small-signal block for current-mode control.

(A+s/Gpp) W +s/a,)

Z,(s)=R (3.2)
Clts/0m) +st w,]
l+s/w
G, (s)=V, (L5 o) - (3.3)
1+s/(Qlw)+s*/w,
1+s/w
G,(s)= 3 B 2 (.4
1+s/(Qw,)+5° | w,
Gy (s)=V, st 5 (3.5)
1+s/(Qlw)+s*/w,
where @, :;, w, :i,a)o — ,0= L/c (3.6)
C [ESR, R, Jeo R, + ESR,

Here, Ry includes the DC resistance of the inductor L, the conduction resistance Rgys.on Of
the MOSFETs Qr and Qg, and the parasitic resistance of the traces. The ESR¢ is the ESR of the
output capacitor C. The w), is the power stage double pole.

With the current loop closed, the output impedance with the open voltage loop is:
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— T.(s) wa (8) LG (s)
29 =7, + [ s 6.

where Ti(s) is the current-loop gain:
T.(s)=F, [G,(s)[R, [H,(s). (3.8)

where He(s) models the current-sampling effect in current-mode control:

2

s s

H,(s)=1- + . (3.9)
20f, ()’

The voltage-loop gain is:

T (s)=F, G, ()G, (s). (3.10)

3.1.2. Constant Output Impedance Design

The design for current-mode control to realize a stable system has already been discussed
[B53-B55]. A high-bandwidth current-loop design can simplify the buck converter from a two-
order system to a one-order system. When the current loop is closed and the voltage loop is open,
the buck converter operates as an ideal current source, and its output impedance can be

approximately represented as:

1 1+ s[ESR,. [C  1+5s/t.

Z (s)=——+ ESR_. = 3.11
oz(s) Sle C Suj S‘]j ( )

Fig. 3.5 shows the simplified circuit for the current-mode control method. The power
converter is changed from a second-order system to a first-order one. Fig. 3.6 shows the output
impedance with current loop closed but voltage loop open. Since the controlled current source
has infinite impedance, only the output capacitors contribute to the system output impedance.

When the voltage loop is closed, the closed-loop output impedance is:
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Fig. 3.5. Simplified circuit for the current-mode control.
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Fig. 3.6. The output impedance in the current-mode control with current-loop closed but voltage-loop open.

Z (S): Zoi(s) = (1+Ti(S))moi(S)
“UTIHT(s) 14 T() +F, (G, (96, (5)

con

(3.12)

where T,(s) is the outer-loop gain, which determines the system bandwidth and phase margin.

T
Tz(s):ﬁ (3.13)
1+7,(s)
With a logarithm union, the closed-loop output impedance is:
Z,,(dB)-T,(dB) (T,>>1
Z, . (dB) [0 o (dB) =T, (dB) (T, ). (3.14)
Z,dB) (T, <<))
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For the output impedance Z;, the corner frequency is just at the capacitor ESR zero wgsg.
Following the constant output impedance design concept, it is easy to derive that the system loop
T, should be designed with a -20dB/dec slope and a bandwidth () at wgsg. This bandwidth

design is right on the critical value that is discussed in Chapter 2. Fig. 3.7 shows this clearly.
Consequently, the desired system loop T» is:

T,(s)= "; . (3.15)

ESR,
Wesp @,
dB r' s : .
.5 N -20dB/dec Desned T,
- =
2 s
S
W= Wgsg

0dB

dBf -20dB/dec :
. .

/
Z o1

oc
Z,=ESR;- | ESR,

Wesr @,

Fig. 3.7. The constant output impedance design for current-mode control.

54



Chapter 3. Adaptive Voltage Position Design for VRM

If the current-loop bandwidth is much larger than the system bandwidth, (3.13) can be
simplified as:

_T06) - Gu(9) Wy (9) 516
T(9) R G, () () |

T,(s)

From (3.15) and (3.16), we can derive the desired compensator design as:

Go(9) = B
ESR. 1+5/wgg

(3.17)

As an approximation, we can put a zero at half of the switching frequency to simplify the
compensator design. Fig. 3.8 shows a good match below half of the switching frequency.

R, +s/(n0
Gcon (S) = : [} S ( fg )
ESR. 1+5/wg

(3.18)

There is physical meaning for the compensator design. A pole compensates the output
capacitor ESR zero, and a zero compensates the double right-half-plane zero introduced by the
current sample and hold effect. The finite DC gain design adjusts the steady-stage output error in
order to achieve AVP. Also, the current-mode control has none of the limitations that exist in
voltage-mode control. The closed current loop makes the converter operate like a current source,
which has very high output impedance at low frequencies. As a result, the outer loop T, requires
a high DC gain to attenuate the output impedance at low frequencies. The high DC gain
eliminates all the problems that existed in voltage-mode control.

Fig. 3.9 shows the closed-loop output impedance with this compensator design. It is almost

constant.
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Fig. 3.8. Compensator design for current-mode control.
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Fig. 3.9. The output impedance with the proposed compensator design in current-mode control.

3.1.3. Simulation and Experimental Results

A two-phase interleaved buck converter is designed for a 12V-to-1.5V/25A VR to verify
the theoretical analysis. Fig. 3.10 shows the circuit. Four Oscon capacitors (820uF/4V) are used

in parallel as the bulk output filter capacitor C,. Each capacitor has an ESR of about 12 mQ.
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According to (3.6), the ESR zero of the output capacitor is about 16 KHz. A switching frequency
of 300 KHz is good enough to achieve such a bandwidth, and at this frequency the VRM can
achieve high efficiency. The output filter inductor in each phase is set at 1 YUH, following the
design guideline of the critical inductance discussed in Chapter 2. The ADP3160 two-phase
controller from Analog Device is used. The compensator design follows the discussion in (3.18).

Fig. 3.11 shows the Simplis simulation results for the transient response. Fig. 3.12 shows
the tested transient response waveform. Perfect AVP is achieved. Fig. 3.13 shows the extended

transient waveforms during the step-up and step-down periods. With the critical inductance

design, the duty cycle is not saturated during the transient response.

[y R S N
ﬁif Ll =1uH Vo
Gate 1.5V/25A
Driver J Q2
Vin - 1
12V +> Co = Processor
- ¢ Q3 Load
—1£T L YN
— »=1uH
Gate
4
Driver J Q

Fig. 3.10. The designed two-phase interleaved buck converter.
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Fig. 3.11. Simulation results with current-mode control.
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Fig. 3.12. Experimental results for the transient response in current-mode control.
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Fig. 3.13. Expanded waveforms for the transient response in current-mode control:

(a) for step-up, and (b) for step-down.

The tested outer-loop bandwidth in Fig. 3.14 shows that the crossover frequency is exactly

on the ESR zero of the output capacitor.
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Fig. 3.14. The tested outer-loop gain and phase in current-mode control.

3.2. Output Impedance Design Considerations with Active-Droop Control

In current-mode control, the AVP design depends on the accuracy of the DC gain. A DC
gain that is too small will introduce a greater output voltage error, but a DC gain that is too large
cannot take advantage of the entire voltage tolerance window for the transient. Fig. 3.15 shows
these limitations clearly.

As a result, the active-droop control method is proposed to solve these problems by using
an infinite DC gain design for the feedback compensator [B10-11]. From the standpoint of the
output characteristics of the VR, AVP control is comparable to introducing a droop function.
Droop control has been widely discussed in applications involving current-sharing between
multi-power supplies [B12-13]. However, there are few reports about its transient performance.
Although Intersil, Fairchild and some other IC manufacturers have already developed control ICs

for VRs based on the droop control idea, there is no design guideline for the feedback
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compensator, and good transient response cannot be achieved. This section clarifies all these

1Ssues.
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Fig. 3.15. The limitations of the finite DC gain to achieve AVP.

Fig. 3.16 shows the active-droop control concept, and Fig. 3.17 shows the circuit. The
inductor current information is sensed and fed back to adjust the output voltage reference
according to the droop requirement. Larger current means smaller voltage reference. (As a result,
this control method is also referred to as current-injection control.) Then, the feedback control
forces the output voltage to follow the voltage reference. The infinite DC gain of the feedback
compensator A, ensures that the values of the output voltage and the voltage reference are equal.

Since the output voltage droop is related to the output load current, it can be controlled perfectly.
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Fig. 3.16. The concept of active-droop control.
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Fig. 3.17. A buck converter with active-droop control.
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3.2.1. Small-Signal Model Analysis

Fig. 3.18(a) shows the small-signal block for active-droop control. A; represents the
current-sensing function, and A, is the voltage-loop compensator transfer function. It is very
clear that the active-droop control is a two-loop feedback system. The current loop T; and
voltage loop T, are defined as:

T.=4, F, G, 4, and (3.19)

T =4 [F,G,. (3.20)

A comparison between Fig. 3.18 (a) and (b) shows that active-droop control is very similar
to current-mode control. When G.=A, and G =A;iXA,, these two small-signal blocks are
equivalent. As a result, the active-droop control is a special case of current-mode control. The
AVP design for the active-droop control method can simply follow the design for the current-

mode control discussed in Section 3.1.

i Active Droop i Current Mode
- z, - v, - z, - v,
ou $ S G.,(5) = 4,(s) o $ 2
TV
G; = Gci (S) = Ai D4‘v (S) G;
n i n iL
G, +$ Equal G., n
/> A4; — 4 G.
T; | [E— d T, ——
d Fy, A, - | Fy, 1 Go [~
(a) (b)

Fig. 3.18. The small-signal block comparison: (a) active-droop control, and (b) current-mode control.
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However, there is a significant difference between these two control methods. In current-
mode control, the current loop is inside of the voltage loop. The designs of G.i and G, can be
separated. But in active-droop control, the information about both current and voltage is fed
back and then the two values are added together. The compensator design of A, influences both

the current and voltage loops, and requires an infinite DC gain.

3.2.2. Constant Output Impedance Design

For active-droop control, (3.13) becomes

~ T,(s) - 1+S/wESR

T AT o (3.21)

T,(s)

Normally, A; is designed with the specified Rgroop, Which is the DC output impedance. If

the control bandwidth is lower than the ESR zero, (3.21) can be further simplified as:

! e (3.22)

(s)=— =
2() Rdroop H'jolj' N

which is exactly the desired outer-loop design. And the compensator design A(s) has no impact
as long as it can meet the design assumption; i.e., the current loop must have high control
bandwidths.

Then the compensator design for active-droop control is relatively simple. The current-loop
design guideline in the average current-mode control can be applied here, as follows:

I+s/w,
' sl+s/w,)

(3.23)

An integrator is used to eliminate the steady-state error. A zero is used to compensate the

system double pole. A pole in the high-frequency range can be used to further attenuate the
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switching noise, but it can be omitted to simplify the compensator design. The K is designed to
achieve a high current-loop bandwidth ;.

For t0,<<wxsg, the K can be expressed as:

- A(Cba) BL’c (3 24)
FM D/inﬂl-'-wci/wo), .
1
where A(s) = . (3.25)
l+s/(Qw) +s* /w,’

Fig. 3.19 shows the outer loop T, with the proposed compensator design for active-droop
control with Oscon output capacitors. It approximates very well to the desired design in (3.22). It
is very interesting that all three loops (Ti, Ty and T,) have almost the same control bandwidths at
the capacitor ESR zero. Fig. 3.19 also shows the closed-loop output impedance with this

compensator design. It is almost constant.
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Fig. 3.19. The loop gain and output impedance for active-droop control.
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3.2.3. Simulation and Experimental Results

A two-phase interleaved buck converter for a 12V-to-1.5V/25A VR is also simulated in
PSpice to verify the theoretical analysis for the active-droop control method. Fig. 3.10 shows the
circuit. All the parameters are the same as those of the current-mode control simulation discussed
in Section 3.1.3. Fig. 3.20 shows the simulation results for the transient response. Perfect AVP is
achieved.

A demonstration board (four-phase interleaved buck converter for a 12V-to-1.3V/90A VR,
shown in Fig. 3.21) from Intersil is used to test the AVP design with the proposed compensator

design. The controller is ISL6561. Fig. 3.22 shows the tested transient response waveform.

Perfect AVP is achieved.
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Fig. 3.20. Simulation result for the transient response with active-droop control.
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Cenecdnacon )l

Fig. 3.21. The test hardware for the active-droop control method.
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Fig. 3.22. The test transient waveforms with active-drop control method (with Oscon output capacitors).
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3.3. AVP Design for Ceramic Capacitors

The preceding analysis shows that in order to achieve a constant output impedance design,
the control bandwidth must be designed right on the critical bandwidth, which is the output
capacitor ESR zero. However, the ESR zero for ceramic capacitors is in the MHz frequency
range. For a practical design with switching frequencies of less than 2 MHz, it is impossible to
realize such a high control bandwidth. Then, the question remains of how best to achieve the
AVP design.

If the output impedance within the control bandwidth is still a constant resistance, then it
determines the steady-state output voltage position. The output impedance beyond the control
bandwidth determines how the voltage changes from one steady-state to another during the
transient period. As long as the impedance value at high frequencies is smaller than that in the
low frequencies, perfect AVP can still be achieved.

Fig. 3.23 shows this design situation. The desired system loop T is still as determined in

(3.22), but with w.<wgsr. The designed output impedance within the control bandwidth is:

Rpe =——. 3.26
e = T (3.26)

Following the method explained in Section 3.2.3, the final compensator design is as

follows:
R 1+s/ s/
G (=R =) _p g, dFH) (3.27)
Ry 1+s/w.g 1+s/ W

The design method for pole and zero is the same as that for the Oscon capacitors. The only
difference is the DC gain, which is related to the required control bandwidth and the total output

capacitance value.
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Fig. 3.24 shows the closed-loop output impedance with this compensator design. It is
constant within the control bandwidth. Fig. 3.25 shows the simulation results for a two-phase
12V-to-1.5V/50A VRM design. Perfect AVP is achieved. The switching frequency is set at 1
MHz in order to achieve a control bandwidth at 130 KHz. The output filter uses eight ceramic
capacitors (100uF/6.3V) in parallel.

Fig. 3.26 shows the experimental results by using the demonstration board shown in Fig.
3.21. The output ceramic capacitors are 10 ceramic capacitors (100uF/6.3V) in parallel. Perfect

AVP is achieved. Fig. 3.27 shows the tested outer-loop bandwidth and phase.
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Fig. 3.23. Concept for constant output impedance design within the ceramic output capacitors.
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Fig. 3.24. Constant output impedance design within the control bandwidth for the ceramic output capacitors.
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Fig. 3.25. Simulation results for the transient response with ceramic capacitor design.
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Fig. 3.26. The test transient waveforms with active-droop control method (with ceramic output capacitors).
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Fig. 3.27. The measured loop gain and phase with active-droop control (with ceramic capacitors).

3.4. Summary

This chapter proposes the concept of constant output impedance design for the VRM to
achieve AVP. All existing control methods are covered for different kinds of output filter
capacitors. Based on the small-signal model analysis, the open-loop and closed-loop output
impedances are discussed. Following the proposed design guidelines, simulation and

experimental results demonstrate very good VR transient response.
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The state-of-the-art design for VRMs is based on the multiphase interleaving buck
topology. The input bus voltage changes from 5 V to 12 V, since a higher bus voltage can reduce
the conduction loss and cut the input filter size. However, the output voltage will go below 1 V
in the near future. Such high-step-down DC-DC conversion causes a problem of very small duty
cycle, which compromises the steady-state and dynamic performances. Section 4.1 analyzes the
limitations in detail.

Further modification with additional coupled windings in the multiphase buck converter
yields two novel topologies, which significantly improve the efficiency without compromising
the transient response. The efficiency improvement is based on the duty cycle being extended by
using multi-winding coupled inductors. Integrated magnetic structures are proposed for these
windings so that the same magnetic cores used in the buck converter can be used here as well.
Furthermore, it is easy to implement a lossless clamp circuit to limit the device voltage stress and
to recover inductor leakage energy. Sections 4.2 and 4.3 explain these two novel topologies in
detail.

The concept of applying winding coupling is extended in Section 4.4. With an
autotransformer, a family of buck-type DC-DC converters is derived, including forward, push-
pull, half-bridge, and full-bridge topologies. It is easy to understand that the autotransformer can
help to extend the duty cycle. Compared with an isolated transformer, the autotransformer has a

simpler winding structure, and it only needs to transfer part of the input power, which results in a
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smaller secondary winding current. Analysis shows that the autotransformer can also help to

reduce the voltage stress and current ratings of power devices in the DC-DC converters.

4.1. The Multiphase Buck Converter

Fig. 4.1 shows a multiphase buck topology for VRM design. For the desktop application,
the VRM is designed on the motherboard beside the microprocessor in order to reduce the
interconnection parasitics in the power-delivery path. The VRM must have small size because of
space limitations. The case is even under more stringent requirement in the laptop application,
where the size and weight are more critical. The VRM deign for server applications requires a
1U profile and asks for much higher power density. However, the passive components, including
the bulk output filter capacitors and inductors, are the bottleneck for further reduction of the

VRM size. Increasing the switching frequency is the only way to solve this problem.

¥ 7 mm— NN
Ql_‘ L, Vo
1
Jm&Q2,
Vin Co
12V + ] . —~ | Processor
C—) = Load
YN\
= L,
Q1
LY YN
= — =

Fig. 4.1. Multiphase interleaved buck converter.
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4.1.1. Limitations of the Buck Converter

As a result, the high-frequency, high-step-down DC-DC converter is required for VRM
applications. But the conventional buck topology is no longer suitable. The first reason is the
too-small duty cycle with 12V input:

v,
V.

D= =M, (41)

where M is the voltage gain for a DC-DC converter.

The duty cycle is completely determined by the voltage gain. For high-step-down DC-DC
conversion, the duty cycle becomes very small. Consequently, the regulation period is very short,
which is much worse in high-frequency applications. However, all pulse-width modulation
(PWM) controllers have the limitation of a minimum controllable on-time. It is difficult to
maintain the circuit control with a duty cycle of less than 10% at switching frequencies over 1
MHz. At the same time, it is problematic for the gate drive to turn the top switch off and on in
such a short period. Before the switch is fully turned on, it must be turned off. The top switch
will mostly work in the linear operation range, and hence causes significant loss. Also, some
control methods that sense the peak current cannot be used, since there is not enough time for
current-sensing. Another drawback of the small duty cycle is the poor ripple cancellation effect
for both the input and output currents [C1]. More input filter capacitors are needed to filter the
high-pulse input current, and more output capacitors are needed to reduce the steady-state output
voltage ripple.

Fig. 4.2 shows the relationship between the output current ripple and the duty cycle and
phase number. With a duty cycle of 0.25, the output current ripple can be perfectly canceled by

four-phase interleaving. However, when the duty cycle is reduced to 0.1, the cancellation effect
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is limited. In Fig. 4.2, the output current ripple is normalized against the inductor current ripple
at zero duty cycle, as follows:

4
AL, =—o—, 4.2
W (4.2)

where Ly 1s the inductance value of each phase, and f; is the switching frequency.
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Fig. 4.2. Normalized output current ripple vs. duty cycle and phase number.

The most serious problem of the synchronous buck converter operating with very small
duty cycle is its low efficiency, especially for high-frequency applications. Fig. 4.3 shows the
measured efficiency comparison under input voltages Vix=12 V (D=0.125) and VIN=5 V
(D=0.3). The measured efficiency data include the power losses in the power stage and gate
drive. At the same 5S00KHz switching frequency, the smaller duty cycle results in an efficiency
drop of about 5% at full load. The higher switching frequency application with 1 MHz causes

another 5% efficiency drop.
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Fig. 4.3. Measured efficiency of a two-phase buck VRM under Vix=5V, 12 V and f=500 KHz, 1 MHz.

Fig. 4.4 shows the loss analysis results for a 12V-to-1.5V/12.5A synchronous buck
converter, according to the method discussed in L. Spaziani’s work [C2]. The results can be
scalable to multiphase higher-output-current conditions, for example, a four-phase S0A VRM.
The power devices are based on Hitachi’s HAT2116H (for the top switch) and HAT2099H (for
the bottom switch). To simplify the analysis, the inductor current ripples remain the same (25%
of the load current) at different switching frequencies. As a result, at different switching
frequencies, the conduction losses are the same. A 5V drive voltage is used in the loss analysis
because of its low level of drive loss.

It is very clear that at high frequencies, the switching-related loss dominates the entire
power loss and causes a significant drop in efficiency. Fig. 4.5 shows this trend. The major
contribution to the switching-related loss comes from the top-switch switching loss and the

bottom-switch body diode reverse-recovery loss, which are shown as follows:
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Fig. 4.4. The loss analysis for a synchronous buck converter.
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LS_tOP zf; Ly, dsl gl’sﬁon ﬂv_on + l.siojf ﬂv_oﬁ )a and (42)
Lsﬁbottom —‘:f;[V dsg@rr, (43)

where f; is the switching frequency, ¥ is the top-switch voltage stress, is o, and i; o are the top-
switch turn-on and turn-off currents, #, ,, and #, .4 are the relative turn-on and turn-off times, Vi
is the bottom-switch voltage stress, and Q,, is the diode reverse-recovery charge. For buck

converters:
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Vds] = Vds2: Vin- (44)
Changing the input voltage from 5 V to 12 V, the voltage stresses of both the top and
bottom switches are increased. As a result, the top-switch switching loss and the bottom-switch

body diode reverse-recovery loss are significantly increased.

4.1.2. Idea to Extend the Duty Cycle

In order to avoid such an excessively small duty cycle in the high-step-down DC-DC
conversion, transformers are usually incorporated into topologies. These isolated topologies
include forward, half-bridge and full-bridge converters, the equivalent circuit of which is still a
buck converter. The duty cycle can be adjusted to a desirable value by controlling the

€Cc_.9

transformer turns ratio “n” as:

D=nEV&=nW. 4.5)

Fig. 4.6 shows the impacts of the extended duty cycle, using the example of a doubled duty
cycle. The switching current of the top switch and the voltage stress of the bottom switch are
reduced by half. According to (4.3) and (4.4), the related switching loss and bodydiode reverse
recovery loss can be reduced by half. Fig. 4.7 shows the expected loss reduction, which can

improve the efficiency by about 4%.

80



Chapter 4. High-Frequency Topologies Based on PWM Control

Iq1 Buck 1% Topology with
i Extended Duty
A | Avatg)=t, f
Vx - — —
Avg(Vx)=Vo

Fig. 4.6. The impacts of the extended duty cycle.
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Fig. 4.7. Loss reduction expected to result from doubling the duty cycle.

However, these topologies are much more complicated than the buck converter with an
additional transformer. The flyback converter is relatively simple, with its one magnetic
component that functions as both the transformer and the output inductor. But the pulsating

output current requires more output filter capacitors. Also, there is no simple lossless way to
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limit the voltage spike across the primary-side switch because of the existence of leakage
inductance in the flyback transformer.

As a result, some other topologies have been proposed for high-step-down DC-DC
conversion [C3-C25]. Of these, the tapped-inductor (TI) buck converter is very attractive for its
simple structure. It involves only a slight modification to the buck converter. It can extend the
duty cycle and maintains an output current ripple that is smaller than that of the flyback
converter [C14]. However, the leakage inductance between the coupled windings causes severe
voltage spikes across the MOSFETs and impairs efficiency. Section 4.2 modifies the structure of

the TI buck converter and introduces a lossless clamp circuit to solve the existing problems.
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4.2. The Multiphase Tapped-Inductor Buck Converter with Passive-

Clamped Circuits

Fig. 4.8 shows a TI buck converter in which a tapped inductor replaces the output filter
inductor of the buck converter shown in Fig. 4.1. This allows different inductances between the
charging and discharging periods. The inductances of winding n; and n; are effective during the
charging period, while the inductance of only winding n; is effective during the discharging
period. In other words, the TI buck converter adds a second coupled winding n, to the
conventional buck converter. The turns ratio is defined as:

n=(n;+ny)/n;. (4.6)

This modification introduces an extra degree of design freedom, in that the TI turns ratio

“n” may be selected in such a way that it offers the most benefit to the DC-DC conversion.

Vds_Ql i
s09- Y At Vo L
lel [] n [] n
= 2 1
Vin Ql +
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Ct) QZJE}Vds_Qz Co~ o4

Fig. 4.8. A TI-buck converter.

83



Chapter 4. High-Frequency Topologies Based on PWM Control

4.2.1. The Advantages of the TI Buck Converter

From the voltage-second balance on the inductor, the switching duty cycle of the TI buck
converter can be derived as follows:

nll, _ nM

= . 4.7)
V,+(n-DI,  1+(n-)M

If n=1, (4.7) yields the same result as (4.4), which is the duty cycle of the conventional
buck converter. When n>1, the duty cycle increases with the increase of n. Fig. 4.9 (a) shows the
trend clearly with an eight-time step-down DC-DC conversion. Fig. 4.9 (b) and (c) show the
reducing trends of the bottom-switch voltage stress and the top-switch switching current versus
the increase in the turns ratio. The data are normalized to the input voltage or output current.

Here, the current ripple is ignored in order to simplify the analysis.

- 1-M
Vi g =2 n+m=( +M}% 438)
- n n
MU 1-M
i = DO:[ ; +MJD0 4.9)

A smaller switching current means less switching loss in the top switch. Lower voltage
stress means less body diode reverse-recovery loss in the bottom switch. Also, a low-voltage
MOSFET can be used for the bottom switch to further reduce the conduction loss. It is very clear
that the problem related to small duty cycle that exists for conventional buck converters is solved

in the TI buck converter. High efficiency is expected.
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Fig. 4.9. Improvement of the TI buck converter: (a) extended duty cycle, (b) reduced bottom-switch voltage

stress, and (c) reduced top-switch switching current.
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4.2.2. The Existing Problems in the TI Buck Converter

Although the TI buck converter offers many benefits, there are two problems limiting its
wide applications in practice. First, there is no simple way to drive the top switch Q1, which has
a floating source connection. When Q1 is off and Q2 freewheels, the source voltage of Q1 goes
to negative, such that:

V, o =—(n-D,. (4.10)

This is different from the case for the buck converter, in which the Q1 source is connected to the
ground through Q2 when Q2 freewheels. As a result, the simple bootstrap gate driver can not be
applied in the TI buck converter. A transformer-isolated or an opt-isolated gate driver is required,
either of which will degrade the simplicity of the original power converter. Besides, either the
parasitics in the gate drive transformer or the delay in the optocoupler limits the drive speeds,
which causes more switching loss, especially in high-frequency applications.

The most serious problem for the TI buck converter is the leakage energy. It is impossible
for the TI to achieve a perfect coupling effect, so leakage inductance exists in the circuit. Ideally,
the voltage stress of the top switch is:

Vdsin =V, t(n-Hr,. (4.11)

But in reality, when the top switch is turned off, the current in the leakage inductance of
winding n; cannot be reflected to winding n;, so it continuously goes through the drain-to-source
capacitor of the top switch. All of the energy stored in the leakage inductance will be transferred
to this small capacitance, causing a huge voltage spike across the top switch. This voltage spike
can be much higher than the value in (4.11). This not only increases the switching loss, but also

can destroy the top switch.
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Some methods have been proposed to solve these problems, especially the leakage energy
problem [C3, C12-C14]. Although all the proposed methods feature the lossless characteristic,
which is better than the conventional resistor-capacitor-diode (RCD) clamp circuit, they greatly
increase the circuit complexity. The active-clamped concept [C3] requires a change in the power
stage, which has more coupled windings. The gate drive remains problematic. The passive-
clamped circuit [C12, C13] requires a third coupled winding. The snubber circuit [C14] employs
an LC resonant circuit with large circulating current; also, its voltage stress can go much higher

than the value in (4.11). The next section proposes a very simple method to solve the problem.

4.2.3. The Modified TI Buck Converter with a Lossless Clamp Circuit

The gate drive problem is easy to solve by simply rearranging the connections of the
tapped inductor and power devices. Fig. 4.10 shows the modified converter obtained by
exchanging the positions of the winding n, and the top switch Q1. The TI looks more like two
coupled inductors. With this change, the source of the top switch is connected with the drain of
the bottom switch, which is the same structure as in the buck converter. As a result, the simple

bootstrap gate driver can be used.
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Load
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Driver Q2
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Bootstrap ] Vi o2 C, T
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Fig. 4.10. Modified structure of the TI buck converter.
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Load

Fig. 4.11. A lossless clamp circuit for the TI buck converter.

Based on this modified circuit structure, a simple lossless clamp circuit with two diodes
and a capacitor can be applied. Fig. 4.11 shows the circuit. The operation principle is as follows.

Ve = T2 4, (“.12)

During top switch Q1’s turn-on period, the steady-state voltage across the clamp capacitor
Cs is: Veso=(Vin-Vo)/n+Vo.
Here, the diode forward voltage drop is ignored. When top switch Q1 is turned off, the current in
the leakage inductance goes through Cs and Ds; so that the leakage inductance energy is stored in
clamp capacitor Cs. If Cs is large enough, the increased voltage across Cs is relatively small, and

the value is about:

L ’
= ek o (4.13)
20Cs V.,
As a result, the turn-off voltage stress across top switch Q1 is effectively clamped as:

VdsiniMax = V;n + VCSO + AVCS . (414)

When top switch Q1 is turned on, the extra energy stored in the clamp capacitor will be

discharged to the output through Dy, and winding n;. The voltage across Cs goes back to Vs,
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which is the steady-state value. Therefore, all the leakage energy is totally recovered to the
output.

Fig. 4.12 shows the key operation waveforms by simulation for a 300KHz, 12V-to-
1.5V/12.5A DC-DC conversion. The tapped inductor is designed with n=2, 300 nH for each
winding, and a 0.95 coupling coefficient. The currents through Ds; and D, are very narrow
pulses. A 2UF clamp capacitor limits the AV to less than 0.2 V. The turn-off voltage of the top
switch (Vs 1) 1s perfectly clamped to 22 V. Compared with (4.14), there is a small error due to
the diode forward conduction drop in the simulation circuit. Overall, this clamp circuit features

simple structure, small size and low cost.
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Fig. 4.12. Simulation results for the lossless clamp circuit.
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Fig. 4.13. The TI buck converter for 12V-to-1.5V DC-DC conversion: (a) without the passive-clamped circuit

and (b) with the passive-clamped circuit.
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Fig. 4.13 shows the experimental result comparison for the TI buck converter with and
without the clamp circuit. Without the clamp circuit, there is a huge voltage spike (26 V) across
the top switch when it is turned off, even when the load current is 10 A. However, with the
clamp circuit, the voltage stress across the top switch is perfectly clamped below 20 V at the full
load current (12.5A a phase). The leakage energy can be stored in the clamp capacitor and
recovered to the output.

However, there is a limitation for the simple application of this lossless clamp circuit with
some turns-ratio designs. For an ideal TI buck converter without a leakage inductance or a clamp
circuit, when top switch Q1 is turned off, the voltage across winding n, is:

Vi n2=(n-1)"V,. 4.15)

To maintain correct operation, this voltage must be smaller than V¢ in (4.12). Otherwise,
instead of the intended small pulse current, a large current will continue charging and

discharging Cs. From (4.12) and (4.15), the limitation for this clamp circuit application is:

n< /%ﬂ:‘%ﬂ. (4.16)

4.2.4. Winding Design Considerations

The most important aspect is the TI design, which is related to the efficiency, transient
response and VRM size. A planar core structure is selected for its low-profile, high-power-
density design. The inductor winding can be realized with the PCB copper trace in order to both
simplify assembly and reduce cost. Also, the solder point resistance can be eliminated, which is

very helpful for large winding currents.
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Fig. 4.14 shows that the best turns ratio for the TI is about 2.5 for a symmetric transient
response. Since large currents go through winding nl during the freewheeling period, nl should
be a one-turn winding to reduce the conduction loss. As a result, one-turn or two-turn windings
can be used for n2 in order to achieve an almost symmetric transient response. A one-turn design
is selected for n2, because this is the simplest structure for a TI. Fig. 4.15 shows the simple

implementation structure with PCB winding design.
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Fig. 4.14. Relationship between inductor current slew rate and turns ratio.
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Fig. 4.15. Simple winding implementation for the tapped inductor with turns ratio of 2.

Another reason for the small turns ratio is the moving zero in the right half plane (RHP)
[C5-C7]. This RHP zero reduces the system feedback loop phase margin and can impact the

transient response. Fig. 4.16 shows the relationship between the RHP zero and the turns ratio at
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the full load condition. A large turns ratio moves the RHP zero to the low-frequency range. Also,
a larger Ly means a lower-frequency RHP zero. Fig. 4.17 shows the impact on the phase
margin. Since a higher-frequency RHP zero has less influence on the system feedback, the turns
ratio is designed to be 2. The inductance of winding w1 is designed to be 300 nH as a trade-off

between the transient response and efficiency.
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Fig. 4.16. The influence of turns ratio on RHP zero.
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Fig. 4.17. The influence of the turns ratio and inductance on the phase margins.
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4.2.5. Experimental Results of the Passive-Clamped TI Buck Converter

A 1MHz, 12V-input and 1.5V/25A-output VRM incorporating the TI buck converter is
designed. A two-phase interleaving structure is used in order to distribute the large output current
and to achieve current-ripple cancellation. To make a comparison, a two-phase interleaved buck
converter is also developed with the same design, except that the inductors differ. Hitachi’s 30V
trench MOSFETs with SO-8 lead-free packaging are used for their small parasitics and excellent
thermal performance. For top switch Q1, HAT2116H is used because of its fast switching speed.
For bottom switch Q2, HAT2099H is used, as a trade-off between low conduction resistance
Rys on and small diode reverse-recovery charge Q... The gate driver is National Semiconductor’s
LM2726, which has fast driving capability and can drive both the top and bottom switches. It
uses the self-adaptive control scheme to limit the dead-times to about 25 ns, so that there is no
shoot-through problem and the diode conduction loss is small. Four polymer aluminum
capacitors (2704F/2V) from Cornell Dubilier are used as the output bulk capacitors because of
their low ESR and very small size.

The TDK EIR-18 planar cores are used for the inductors in order to achieve low profile.
Nine-layer, two-ounce PCB is used for the winding design. For the conventional buck converter,
all nine layers are parallel to form the single-turn inductor winding. The air gap is adjusted to
achieve 200nH inductance. For the TI buck converter, six layers in parallel are used for n;, and
three layers in parallel comprise n,. An interleaving, symmetrical winding structure is used to
minimize the leakage inductance to about 5 nH. The inductance of each winding is designed to
be 200 nH.

For the passive-clamped circuit, two 1A/25V Schottky diodes and one 2.2pF ceramic

capacitor with 0805 packaging are used.
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Fig. 4.18 shows the operation waveform comparison between the buck and TI buck
converters at | MHz. The duty cycle of the proposed topology is almost doubled, and the voltage
stress of its bottom switch is reduced by about half. The ringing voltage of Vg g2 (When Q1 is
turned on) is reduced from 6 V to 2 V for the peak-to-peak value. With the clamp circuit, the top
switch turn-off spike in the TI buck converter is almost the same as in the buck converter. All of
these indicators predict a significant loss reduction in terms of switching and body-diode reverse

recovery.
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Fig. 4.18. The gate drive and voltage stress waveforms: (a) buck converter and (b) TI buck converter.
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Fig. 4.19 shows the efficiency improvement and loss reduction. The TI buck converter
achieves about 85% efficiency at the full load, which is a 4% improvement over the buck
converter. In Fig. 4.18 (b), the voltage stress of the bottom switch is only about 7V. As a result,
lower-voltage MOSFETs can be used to further reduce the Rys on. For example, by replacing the
HAT2099H with a 12V trench MOSFET Si4838DY (from Siliconix), the Rds,, can be reduced

from 5 mQ to 3 mQ, and the full-load efficiency will be improved by another 2%.

0.9

0.87
0.84
0.81 T ——

§ p
3078 //
& 0.75 [/
£ 072
& |/
0.69
0.66 ,J f
: / —e— Buck
0.63 1 —#— T| Buck
0.6 T T T T
0 5 10 15 20 25

Load Current (A)

Fig. 4.19. The efficiency comparison between the buck and TI buck converter.

96



Chapter 4. High-Frequency Topologies Based on PWM Control

4.3. The Multiphase Winding-Coupled Buck Converter with Passive-

Clamped Circuits

Section 4.2 shows the benefits of the passive-clamped TI buck converter. However, similar
to the active-clamped buck converter discussed in other work [C17], this circuit is
disadvantageous in terms of discontinuous output currents and RHP zeros in its small-signal
model [C5-C7]. The current-jumping and -dropping in every switching cycle will not only
increase the output voltage steady-state ripple, but will also decrease the reliability of the output
capacitors. The RHP zero may negatively impact the system design as far as transient response
and stability.

This section proposes another novel topology, which retains all the benefits of the previous
topologies based on coupled windings but has continuous output current and no RHP zero. Its

equivalent circuit is still a buck converter, but with a lower input voltage.

4.3.1. The Topology Structure and Operation Principle

Fig. 4.20 shows the proposed winding-coupled buck converter. In the right block, it is a
conventional buck converter with two-phase interleaving. The two additional coupled windings
for each phase are shown in the left block. The first winding is coupled to the inductor in its
phase (Lip vs. Lj, and Loy vs. Ly,), and the second winding is coupled to the inductor in another
phase (Lic vs. Lo and Ly vs. Ly,). Both coupled windings have turns ratios of n. The method
used for coupling is represented in Fig. 4.20 by the “*” and “*” marks. With this modification,

the conventional buck converter evolves into the proposed new version.

97



Chapter 4. High-Frequency Topologies Based on PWM Control
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The control principle for the proposed converter is the same as that for a two-phase
interleaved buck converter. In the same phase, the top and bottom switches are controlled
complementarily. As a result, the same bootstrap gate drivers used in the buck converter can

continue to be used. For the different phases, they are controlled with 180-degree phase shifts.
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Fig. 4.20. The proposed winding-coupled buck converter.

Conventional two-phase PWM controllers can be also applied for the proposed topology.

There are two major operation stages. In Stage I, one phase operates in the inductor-
charging period and another phase operates in the freewheeling period. In Stage II, both phases

operate in the freewheeling period. Fig. 4.21 shows the operation stages, and Fig. 4.22 shows the

key operation waveforms obtained through PSpice simulation.
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Fig. 4.22. The key operation waveforms.
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In Stage I, Q1 and Q4 are on and Q2 and Q3 are off. L, (with coupled windings L,, and
L,.) operates as a transformer, and L; (with coupled windings L, and L;,) operates as an
inductor. The inductor-charging current is; goes through switch QI. Since L, operates as a
transformer, nllis; current will be transferred to phase 2 in L,,. The combination of this
transferred current and the original inductor freewheeling current in phase 2 form iw. Fig. 4.22

shows these switch-current waveforms. The voltage-second across winding L, in this period is:

Vs, =( Vo —Vjaj? (4.17)

n+l

The voltage stress of the bottom switch Q4 is:

V.
V - mn 4.18
ds4 n +1 H ( )

which is significantly reduced. According to (4.18), the bottom-switch body diode reverse-
recovery loss can be greatly reduced with the increased turns ratio. Also, the synchronous
rectifiers Q3 and Q4 can use lower-voltage MOSFETSs, which have less conduction loss.

The voltage stress of the top switch Q3 is:

1
V.=V 02— , 4.19
ds3 in E€ n+1j ( )

which is always less than twice the level of the input voltage.

In Stage II, both L; (with winding L;,) and L, (with winding L,,) operate as inductors to
freewheel the current to the output. The energy stored in winding L, in Stage I is reflected to
winding L, as in a flyback transformer. The voltage-second across the winding L, in this period
is:

VS, =V, d%. (4.20)

During this period, the voltage stresses of top switches Q1 and Q3 are the same:
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Vit =Vas =V (4.21)

From (4.17) and (4.20), based on the voltage-second balance, it is easy to derive that:

D=(n+1)EV&=(n+1)EM. (4.22)

Compared with (4.1), the proposed topology can extend the duty cycle by (n+1) with n
turns of coupled windings.

Assume that the filter inductance value is large enough that the current ripple can be
ignored. From the power balance between the input and output, it is easy to derive that the input

pulse current value in each phase is:

lsl_peak =1 -

ol (4.23)

1
s3_ peak 5

Compared with the conventional buck converter, the top-switch switching current can be
reduced by (1+n) times. At the same time, the relative turn-on and turn-off time can also be
reduced because of the smaller switching currents [C2]. But the turns ratio has little impact on
the top-switch voltage stress, which is always less than twice the level of the input voltage. The
switching loss can be significantly reduced according to (4.2), (4.19) and (4.23).

The preceding analysis of the circuit operation shows that this proposed circuit operates in
a manner very similar to that of a push-pull current doubler with a transformer turns ratio of
n+1:1. Thus, it is easy to understand why the proposed circuit can reduce the switching loss and
body diode reverse-recovery loss. Since its final equivalent circuit is still a buck converter, this
topology retains all the same attributes. The output current is continuous (i, in Fig. 4.22), and
there is no RHP zero.

Although its performance is similar to that of the push-pull converter with an isolated

transformer, this proposed circuit structure is much simpler. Only two magnetic cores are
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needed, and n-turn windings can achieve a turns ratio of n+1:1. This is a significant benefit for
the 12V-input VRM application, since the additional windings can use only a single turn to
double the duty cycle while halving both the switching current and the bottom-switch voltage
stress. The isolated push-pull converter must have additional two-turn windings to achieve the
same function. Another great benefit of the proposed circuit is its technical compatibility: All of

the drivers and controllers for the conventional multiphase buck converter can be used directly.

4.3.2. The Integrated Magnetic Structure

Although the proposed topology has many advantages over the conventional buck
converter, the winding structure is relatively complex. As a result, an integrated magnetic
structure is proposed to simplify the implementation. The same magnetic cores as are in the
conventional buck converter can be used. Fig. 4.23 shows the step-by-step integration of these
three coupled windings in each core. Here, the turns ratio n=1 is selected so that single-turn
windings can be used throughout and the proposed topology can still keep all the benefits.

Another consideration for the turns-ratio selection is the top-switch voltage stress. Equation
(4.19) only shows the steady-state voltage stress value, which is lower than that in the real case
because of the turn-off spike. As a result, n=1 is selected, and the 30V MOSFETs in the
conventional buck converter can still be used.

The basic idea for the integration is that a winding goes simultaneously though the center
legs of two E cores so that the two additional windings are developed concurrently, one coupled
to its phase and the other coupled to another phase. In Fig. 4.23 (a), windings L;, and L,, go
around their own E-core center leg, which is the same as the inductor structure in the

conventional buck converter. But in Fig. 4.23 (b), windings L;, and L;. are formed
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simultaneously, and no solder points are needed for interconnection. Fig. 4.23 (c) shows the
same process to form windings L;, and L,.. Interleaving structures are used for all of these
coupled windings in order to reduce the leakage inductance. The two E cores can be one
magnetic component, with the outer legs connected to each other. The footprint of the magnetic
components is the same as that of the conventional buck converter. Although at least three layers
are needed to form all of these windings, there is no cost increase if multi-layer PCB is used for

the design.
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Fig. 4.23. The step-by-step integration of all the windings: (a) Step 1, (b) Step 2 and (c) Step 3.
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4.3.3. The Lossless Clamp Circuit

There is one potential problem for the proposed winding-coupled buck converter. Leakage
inductance always exists no matter how well the windings are coupled. When the top switch is
turned off, this leakage inductance can cause a huge voltage spike across the drain source of the
top MOSFET, which can destroy the device. However, with the single-turn winding design, it is
easy to implement a lossless clamp circuit. Fig. 4.24 shows the clamp circuit in one phase, and
Fig. 4.25 shows the operation waveforms obtained by simulation.

In Fig. 4.24, C,, D) and Dy, form the clamp circuit. The operation principle is very simple.
When the top switch is turned off, Cy; clamps the voltage spike and stores the leakage energy.
When the top switch is turned on, the extra stored energy is discharged to the output through Ds;.
The discharging current will stop when the voltage of Cs; is lower than the clamped voltage

value, such that:

14 =—, +V,, (4.24)

Cs1_clamp 2 in

Fig. 4.24. The lossless clamp circuit for the winding-coupled buck converter.
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Fig. 4.25. Simulation results for the lossless clamp circuit.

As a result, narrow spike currents charge and discharge the clamp capacitor Cg;. The
leakage inductor energy is recovered. The voltage stress of the top switch can be derived as:

Vdvl max é DV,-,, +2 DVF + Lleak le ’
N 2 2 |]:'sl [ﬂ/

Csl_clamp

(4.25)

where Lie.k 1s the leakage inductance and ig; is the top-switch turn-off current. When the clamp
capacitance is large enough, the first two items in (4.25) dominate the turn-off voltage spike. In
the simulation, the coupled inductors have 500nH inductance in one turn and a coupling
coefficient of 0.95. The VRM output is 1.5V/25A. A 2uF of clamping capacitance is used. Fig.
4.25 shows the perfect voltage-clamp effect for the top-switch drain-to-source voltage stress. As
a result, 30V MOSFETs can still be used in the proposed winding-coupled buck converter for

fast switching speed and low conduction loss.
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Since the currents through Dg; and Dy, are very narrow pulses, these diodes can be small
because of their low power losses. Surface-mounted multi-layer ceramic capacitors can achieve
several UF and have very small footprints. As a result, this clamp circuit features simple

structure, small size and low cost.

4.3.4. Experimental Results

Two 12V-input VRM prototypes are developed with the proposed topology for 1.5V/25A
output at two separate switching frequencies -- 1| MHz and 2 MHz. To make a comparison, two-
phase interleaved buck converters are also developed with the same design, except that the
inductors are different. For the active components, Hitachi’s 30V trench MOSFETs with SO-8
lead-free packaging are used for their small parasitics and excellent thermal performance.
HAT2116H is used for the top switches QI and Q3 because of its fast switching speed.
HAT2099H is used for the bottom switches Q2 and Q4 as a trade-off between low conduction
resistance Rgs on and small diode reverse-recovery charge Q.. The gate driver is National
Semiconductor’s LM2726, which has fast driving capability and can drive both the top and
bottom switches. It uses the self-adaptive control scheme to limit the dead-times to about 25 ns,
so that there is no shoot-through problem and the diode conduction loss is small.

For the passive components in the IMHz VRM, four polymer aluminum capacitors
(270uF/2V) from Cornell Dubilier are used because of their low ESR and very small size. TDK
planar EIR-18 cores are used for a 300nH coupled-inductor design. For the 2MHz VRM, four
ceramic capacitors from TDK (100uF/6.3V) and TDK planar EIR-14 cores are selected in order
to further reduce the size. The inductance is 150 nH. Nine-layer, two-ounce PCB is used for the
winding design. For the conventional buck converter, all nine layers are parallel to form the

single-turn inductor winding. For the proposed topology, the integrated magnetic structure in
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Fig. 4.23 is used. Five layers in parallel are used for L;,, two layers in parallel for Ly, and
another two layers for L.

For the input filter design, the proposed winding-coupled buck converter can utilize fewer
input capacitors, as compared with the buck converter. The extended duty cycle significantly
reduces the amplitude of the pulse input current so that smaller RMS current goes through the
input capacitors. Consequently, less input capacitance is required to achieve the same filter
effect. In the practical design, four ceramic capacitors from TDK (10uF/16V) are used for the
IMHz design, and four ceramic capacitors from TDK (4.7uF/16V) are used for the 2MHz
design.

For the clamp circuit, two 1A/25V Schottky diodes and one 2.2F ceramic capacitor with
0805 package are used. Without the clamp circuit, there is a huge voltage spike across the top
switch when it is turned off. As the load current increases, the voltage spike will go even higher,
which renders the 30V MOSFETs no longer safe. However, with the clamp circuit, the voltage
stress across the top switch is perfectly clamped below 22 V. The leakage energy can be stored in
the clamp capacitor and then recovered to the output. Furthermore, the bottom-switch voltage
stress waveform Vg in Fig. 4.26 shows that the clamp circuit can also reduce the voltage-
ringing when the top switch is turned on. This can help to attenuate the body diode reverse-
recovery loss.

Fig. 4.26 shows the operation waveform comparison between the proposed topology and
the conventional buck converter at 2 MHz. The duty cycle of the proposed topology is doubled,
and the voltage stress of its bottom switch is reduced by half. The voltage-ringing of Vg is
reduced from 7 V to 2 V for the peak-to-peak value. With the clamp circuit, the top-switch turn-

off spike in the winding-coupled buck converter is almost the same as in the conventional buck
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converter. All of these indicators predict a significant loss reduction related to switching
frequency.

Fig. 4.27 shows the efficiency improvement compared with the conventional buck
converter. The full-load efficiency increases from 4.5% at 1 MHz to 8% at 2 MHz. More than
85% efficiency at 1| MHz and more than 80% efficiency at 2 MHz can be achieved with the

discrete component design for the proposed winding-coupled buck converter.
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Fig. 4.26. The comparison of the operation waveforms at 2 MHz: (a) buck converter and (b) the proposed

converter.
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Fig. 4.27. The efficiency comparison: (a) efficiency at 1 MHz; and (b) efficiency at 2 MHz.

Fig. 4.28 shows the developed prototypes of the proposed winding-coupled buck converter
with one-ounce, two-layer PCB. The power density is 48 w/in’ for the IMHz VRM and 82 w/in’
for the 2MHz VRM. This is a significant improvement as compared with the state-of-the-art

VRM design that offers about 10 w/in’ power density.
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Fig. 4.28. (a) A conventional product, and the developed prototypes: (b) 1IMHz VRM and (c) 2MHZ VRM.
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4.4. Concept Extension with an Autotransformer Structure

Sections 4.2 and 4.3 analyze two topologies, which are constructed with coupled inductors
to extend the duty cycle. It is well known that a transformer can extend the duty cycle when the
turns ratio is properly designed. Forward, push-pull, half-bridge and full-bridge converters are all
isolated topologies, the equivalent circuit of which is the buck converter. More analysis shows
that the coupled inductors play the same function as an autotransformer. This is clearly shown in
the TI buck converter.

Fig. 4.29(b) shows the equivalent circuit with separated coupled windings. This multi-
terminal inductor is exactly the transformer in the flyback converter. As a result, the TI can be
looked at as a flyback autotransformer, which has simple structure and plays the same function
of extending the duty cycle. Now it is natural to think that there may be other topologies, which

are implemented with autotransformers and have better performance.

Tapped Inductor Flyback Transformer
rY__Y—L .......... = Vo ‘ Vo
S 18 O 1 Q ﬁ_i_"f
Vin C;' n- 1 l vin o
Q2| uP + Q2 | WP
Jﬂ} Load C‘> ™ | Load
Co ]
L Lt <
(@) (b)

Fig. 4.29. (a) The tapped-inductor converter, and (b) the equivalent flyback transformer structure.
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4.4.1. Autotransformer Structure

Autotransformers are widely used in high-power AC systems in which there is no galvanic
isolation requirement [C26-C29]. Compared with an isolated transformer, which has separate
primary and secondary windings, the autotransformer uses part of the primary winding as the
secondary winding in a tapped version (for step-down conversion). Fig. 4.30 shows the
difference between an isolated transformer and an autotransformer. The isolated transformer has
a primary winding with n, turns and a secondary winding with ny turns. The autotransformer has
only one winding with n, turns. The tapped connection constructs the output, so that the

secondary winding shares ng turns of the total winding turns.

n=n/ns

n Output

N

i;=i (n-I)

Fig. 4.30. The comparison: (a) an isolated transformer and (b) an autotransformer.

Both transformers can transfer the same power as long as their turns ratios are the same:

n=n,/ng. (4.25)

But in the autotransformer, the input current goes directly to the output, which reduces the
secondary winding current. The secondary winding current is

i, =i, h (4.26)
in the isolated transformer, and is

i, =i, {n-1) (4.27)

in the autotransformer. Here, 1, is the transformer primary winding current.
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Furthermore, the primary winding current in the autotransformer goes through only (7,-ny)
turns of winding, while in the isolated transformer the same current goes through 7, turns of
winding. All of these factors mean that, for the same power transformation, less copper can be
used with an autotransformer as compared with an isolated transformer. The savings effect is
significant, especially when the transformer turns ratio is near 1 (n>1 for step-down conversion).

The autotransformer has mostly been discussed in terms of its application to the 50/60Hz
high-power systems. But actually, the benefits of the autotransformer can also be extended to the
high-frequency DC-DC converters controlled by PWM. The topologies discussed in Sections 4.2
and 4.3 are two examples. We can extend the concept to all isolated topologies by replacing the

1solated transformer with an autotransformer.

4.4.2. A Family of Buck-Type Converters with Autotransformers

Theoretically, all topologies with isolated transformers can be implemented with
autotransformers. However, the autotransformer is a three-port component while the isolated
transformer has four ports. Fig. 4.30 shows the difference. Normally, an autotransformer can not
simply replace an isolated transformer because of the different connection. This section derives a
family of buck-type converters with autotransformers, which corresponds to forward, push-pull,
half-bridge and full-bridge converters. For convenience, these topologies are referred to as non-
isolated ones.

Fig. 4.31 shows the comparison between the isolated and non-isolated forward converters.
For simplicity, the transformer reset winding is not drawn here. When Q, and Q, are on,

windings wp,; and wy,; form an autotransformer to transfer the energy.
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Fig. 4.31. The forward converter: (a) with an isolated transformer, (b) with an autotransformer.

The preceding analysis shows that the implementation of the autotransformer is not
necessarily limited in the tapped-winding connection structure, as shown in Fig. 4.30(b). Instead,
it can be implemented with two coupled windings, and switches may be put between them. This
kind of flexibility offers more benefits for the DC-DC converter with autotransformers.

Push-pull, half-bridge and full-bridge converters operate as two interleaved forward
converters in which PWM control signals are phase-shifted by 180 degrees. There are two types
of rectification circuits for this interleaving operation. One is the current-doubler rectifier with
two output filter inductors. Another is the center-tapped rectifier with only one filter inductor.
Both of these rectifiers can be implemented with an autotransformer.

Fig. 4.32 shows the non-isolated push-pull converters. Fig. 4.33 shows the gate-control
signals. In Fig. 4.32, when Q,; and Qg are on, the windings w;,; and w, form an autotransformer
to transfer the energy. The situation is the same when Qp,and Qy are on. The only difference is
that winding wp, functions instead of winding wp;. Because of the advantage of the

autotransformer, windings wy; and wp, need fewer turns as compared with those in the isolated
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transformer. The non-isolated push-pull converters can use bootstrap gate drivers, since the

primary-side and secondary-side switches are connected in a totem-pole structure (Qp; and Q,

Qp2 and Qp).
Wyt L, v
YA ll:l_l Y o
(n-1)T — B
Q,,
In%q,
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(-T =
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Fig. 4.32. The non-isolated push-pull converter.

Qpl

QpZ

0, B

Fig. 4.33. The gate signals for the push-pull converter.

Fig. 4.34 shows the non-isolated half-bridge converters. Only one capacitor can be used,
which is different from the isolated ones. This is because of the voltage-second balance for the

autotransformer. For symmetrical operation of the half-bridge converters, the gate-control signals
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are the same as those shown in Fig. 4.33. In Fig. 4.34, when Q,; and Qg or Q,, and Qy are on,

the windings w;, and w, form an autotransformer to transfer the energy.
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Fig. 4.34. The non-isolated half-bridge converter.

Fig. 4.35 shows the non-isolated full-bridge converters. Both phase-shifted and PWM
control methods can be used. When Qui, Qps and Qp or Qp, Qps and Qg are on, the
autotransformer transfers the energy. During all other periods, the currents freewheel. More

detailed analysis has been done for the non-isolated full-bridge converter with a current-doubler
rectifier [C24].
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Fig. 4.35. The non-isolated full-bridge converter.
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The gate drive for the non-isolated half-bridge and full-bridge converters is a little more
complicated. A bootstrap gate driver can still be used to drive Qprand Qp. But driving Qp1and Qg
is different, since they are no longer in a totem-pole structure. For the non-isolated full-bridge

converters, each of the primary switches (Qpi-p4) needs a bootstrap driver.

4.4.3. Candidate Autotransformer Topologies for VRM Applications

In the following discussion, the turns number of the secondary winding is normalized to 1.
The output load current is I,. And the output filter inductance value is assumed to be large
enough that the current ripple can be ignored.

All topologies discussed in Section 4.4.2 can extend the duty cycle by “n” time, which is
the turns ratio. The autotransformer can also simplify the design with less winding turns and
relatively low conduction loss.

Compared with the buck converter, the non-isolated forward converter is equivalent to a
single-phase solution, but it requires more devices and the autotransformer. The non-isolated
push-pull converter is equivalent to a two-phase solution, and there is no increase in the device
numbers. However, the leakage inductance in the transformer requires extra clamp circuits to
limit the device turn-off voltage spikes. The non-isolated half-bridge and full-bridge converters
are also equivalent to a two-phase solution, and there is no need for a clamp circuit. When one
switch is turned off, the leakage inductor current has another path to conduct, so there are no
turn-off voltage spikes.

The phase-shifted buck [C24] is an isolated full-bridge converter with a current-doubler
rectifier, as shown in Fig. 4.35. Two single-turn windings form an autotransformer, which

doubles the duty cycle. Fig. 4.36 shows the developed prototype. With the help of ZVS soft-
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switching, this new approach improves the full-load efficiency by 10% for a 12V-to-1.3V/70A
VRM at a switching frequency of 1 MHz. The efficiency is even higher than a buck converter
operating at 500KHz frequency. Fig. 4.37 shows the efficiency comparison. The high operation
frequency can help to significantly reduce the number of output capacitors, which are the
highest-cost part in a VRM. Fig. 4.38 shows the 40% potential cost reduction with the proposed

phase-shifted buck converter.

Vo=1.3V
0,
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2 80% A
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Fig. 4.36. The phase-shifted buck (non-isolated full- Fig. 4.37. The efficiency comparison between the
bridge converter with a current-doubler rectifier). phase-shifted buck and the buck converters.
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Fig. 4.38. Cost analysis: (a) for a buck converter and (b) for a phase-shifted buck converter.

Fig. 4.39 shows the loss breakdown comparison between the buck and the non-isolated
full-bridge converter. The switching loss is almost eliminated, and the body diode conduction

loss is significantly reduced. Because of the phase-shifted operation, the bottom-switch
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conduction loss is slightly increased. However, since the voltage stress of the bottom switch is

only about 6 V, a lower-voltage-stress MOSFET can help to reduce this part of the loss.

@ Buck
B PS-Buck

N w » [¢)] ] ~
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Loss Related to Output Power (%)

Ll e Im Fi“ il

Con. S.on S.off Drive Con. Drive Qrr Dt Others

Fig. 4.39. The loss analysis for the phase-shifted buck converter.

The non-isolated half-bridge converter is very promising in extending the duty cycle. For
example, in Fig. 4.40, two single-turn coupled windings can extend the duty cycle by four times
compared with that in the buck converter. Consequently, the voltage stress of the synchronous
rectifiers is only 3 V, which allows the use of low-voltage-stress MOSFETs to further reduce the
conduction loss. Fig. 4.41 shows the simulation results.

For the non-isolated full-bridge converter, the same transformer design can only double the
duty cycle.

Table 4.1 shows the comparison. In order to achieve the same duty cycle, the full-bridge
converter needs one coupled winding to be three turns, which not only increases the complexity
of the transformer, but also introduces more conduction loss. Also, the phase-shifted control

causes more conduction loss because of the freewheeling current.

119



Chapter 4. High-Frequency Topologies Based on PWM Control
_| ( —1 YN V,
Cp1 B L1
§ w, 1T gvg Qs
s Co

F L
gt lon lc
- |
Qp1 sz
In%aq,

Fig. 4.40. The non-isolated half-bridge converter with single-turn autotransformer structure.
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Fig. 4.41. The simulation waveforms of the non-isolated half-bridge converter.
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Table 4.1. The comparison between the half-bridge and full-bridge with the same autotransformer design.
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Fig. 4.42 shows the loss breakdown comparison between the non-isolated full-bridge and
half-bridge converters. The half-bridge converter has less top-switch conduction loss because
there is no freewheeling current. Also, the reverse-recovery loss of the synchronous rectifier
body diode is smaller because of the lower voltage stress. However, the full-bridge converter has
less switching loss with zero-voltage-switching (ZVS) operation. The smaller duty cycle of the
full-bridge converter introduces less conduction loss on the synchronous rectifier if the same
power MOSFETs are used. However, the half-bridge converter can use even lower voltage stress
MOSFETs to reduce this part of the loss. Also, the circuit is relatively simpler for the half-bridge
converters. Overall, both topologies are good candidates for the VRM applications. It is a design
trade-off to determine which one is more suitable.

The half-bridge converters can also be controlled asymmetrically to achieve ZVS [C35].
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Fig. 4.42. The loss breakdown comparison between the non-isolated half-bridge and full-bridge converters.

For the 12V-input VRM applications, compared with a conventional multiphase buck
converter, an autotransformer can use a simple winding structure to easily extend the duty cycle.
The 30V trench MOSFETs can still be used for the control switches to achieve fast switching
speed. And the lower voltage stress of the synchronous rectifiers (the switches in the secondary
side) allows the use of MOSFETSs with smaller Ry on. As a result, the non-isolated topologies are
expected to achieve higher efficiency than the conventional multiphase synchronous buck
converter, with only a slight increase of the circuit complexity.

From the loss breakdown analysis, we can see that the dead-time body diode conduction is
still a potential barrier for high-frequency applications. This part of the loss is proportional to the
switching frequency. The next chapter will discuss how to eliminate this loss by using a quasi-

resonant topology technique.
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Chapter 4 introduces a series of new topologies based on PWM control in order to improve
the performance of the 12V-input VRM. The basic idea is to extend the duty cycle and to reduce
the switching current by using coupled inductors or autotransformers. However, most of these
topologies are hard switching. Although the phase-shifted buck converter can achieve ZVS
[C24], the problems related to the bottom-switch body diode remain. And its circuit structure is
relatively complicated.

In order to further improve the efficiency by minimizing the switching loss and bottom-
switch body diode conduction loss, this chapter introduces a novel design based on two concepts:
quasi-resonant soft switching and active-clamped ZVS. Section 5.1 introduces the step-by-step
circuit evolution based on a buck converter. Section 5.2 explains the operation principle based on
principle operation waveforms and state-plane trajectories. Section 5.3 extends the concept to all
topologies, and a circuit design for the TI buck converter is discussed in Section 5.4. Finally,
experimental results in Section 5.5 show the significant efficiency improvement at 1MHz

switching frequency.
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5.1. Quasi-Resonant Active-Clamped Buck Converter

5.1.1. Quasi-Resonant Buck Converter

The use of the quasi-resonant circuit to achieve zero-current switching (ZCS) is well
documented [D1-D15]. Fig. 5.1(a) shows a quasi-resonant ZCS buck converter. Inductor Lr and
capacitor Cr are used along with switch Q1 to form a high-frequency resonant switch, while L,
and C, form a low-pass filter. Since the corner frequency of the low-pass filter is much lower
than the operating frequency of the resonant switch, the influence of the filter dynamics on the
resonant-switch behavior over several switching cycles can be ignored. Assuming that the
output-filter inductance L, is sufficiently large, the filter section can simply be replaced with a
constant current source with a magnitude equal to the load current I,. The simplified circuit is
shown in Fig. 5.1(b). It is of second order, and its behavior can be conveniently described on the

state plane.

(a)
m —— Lr
v, i
C-I_-D vCrT LQZ C)
(b)

Fig. 5.1. A quasi-resonant ZCS buck converter: (a) basic circuit, and (b) simplified circuit.
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A synchronous rectifier Q2 is used here instead of a freewheeling diode in order to reduce
the conduction loss. Another advantage of the synchronous rectifier is that the circuit can achieve
constant-switching-frequency operation [D16-D23].

Fig. 5.2 shows some key operation waveforms. Controlling the time period (to-t;) can
adjust the initial resonant inductor current so that the output voltage can be regulated. The ZCS
operation eliminates the Q1 turn-off loss. Because the resonant inductor Lr limits the di/dt of the
QI turn-on current, there is no Q2 body diode reverse-recovery problem. Also, since there is no
shoot-through problem between Q1 and Q2, dead-time control is no longer needed. Furthermore,
the resonant capacitor Cr is paralleled with the synchronous rectifier Q2. Cr acts as a very large
turn-off snubber for Q2. And Q2 can be turned on when V¢, resonates back to zero. As a result,
the body diode of Q2 never conducts currents. It is very clear that the ZCS quasi-resonant buck

converter offers a very good operating condition for the synchronous rectifier Q2.

t, t, t; t, s

Fig. 5.2. Key operation waveforms in the quasi-resonant ZCS buck converter
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However, the operating condition for the top switch Q1 is limited by its hard turn-on and
its turn-off drain-to-source voltage oscillation [D4] (as shown in Fig. 5.2). This condition not
only induces switching loss, but also causes electromagnetic interference (EMI) problems. The
turn-off time must be within the period t,, which is required to sense the Q1 current. Also, the
timing is not easy to control because of the short period of t,, especially at high-frequency
operations. Furthermore, the body diode of Q1 conducts current in period t, after QI is turned
off. The situation is even worse at light-load conditions.

The ZVS operation of Q1 can eliminate all of these problems related to Q1 [D24-D32].
However, a quasi-resonant ZVS buck converter loses all the benefits of eliminating the Q2 body
diode problems. Also, the voltage stress of Q1 is too high to use 30V voltage stress MOSFETs
for the 12V-input voltage. In order to maintain the benefits of Q2 and to achieve ZVS operation

for Q1, the active-clamped circuit is utilized.

5.1.2. Idea to Use an Active-Clamped Circuit

Active-clamped methods have been explored in detail for forward and flyback converters
[D33-D39]. It is well known that the active-clamped circuit provides a means of achieving ZVS.
Fig. 5.3 shows the circuit, and Fig. 5.4 shows some key operation waveforms at the full-load
condition. The auxiliary switch Qa and capacitor Ca form the active-clamped circuit. The gate
control signal of Qa is complementary to that of Q1. The resonant tank design is modified so that
the inductor current will not resonate back to negative. Instead, after three quarters of the
resonant period, Q1 is controlled with a fixed duty cycle D and is turned off with a small positive
current. Then, the active-clamped circuit plays its role to achieve ZVS for both Q1 and Qa. The

small turn-off current not only helps to reduce the switching losses, but also limits the circulating
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currents in the active-clamped circuit. Furthermore, snubber capacitors can be used in parallel
with Q1 and Qa to further reduce the switching loss. Meanwhile, Q2 maintains its good

operating condition with no body diode reverse-recovery and no body diode current conduction

because of the same L, C resonant operation.

The basic idea is very simple. For the buck converter, the quasi-resonant circuit is used to
achieve ZVS for the bottom switch Q2, and the active-clamped circuit is used to achieve ZVS
for the top switch Q1. As a result, the body diode and switching loss problems are solved. The

combination of these two concepts can also make the circulation current in the clamp circuit very

small. The next section will discuss the operation principle in detail.
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Fig. 5.3. The quasi-resonant active-clamped ZVS buck converter: (a) basic circuit, and (b) simplified circuit.
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Fig. 5.4. Key operation waveforms in the quasi-resonant active-clamped ZVS buck converter at full-load

condition.

5.1.3. The Operation Principle

In Fig. 5.3, Q1 is controlled with a fixed duty ratio. A clock determines the turn-on time t;.
The fixed duty cycle makes QI turn off when the current resonates to the valley value at full-
load condition. The gate signals of QI and Qa are complementary, with small dead-times to
avoid shoot-through. A phase-shifted controller adjusts the delay time between the turn-on time
of QI and the turn-off time of Q2 in order to regulate the output voltage. The active-clamped
voltage is a constant, which can be derived from the voltage-second balance of the output

inductor and the resonant inductor, as follows:

Ve, =——2—=, (5.1)
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where Dq is the fixed duty cycle of Q1.

One cycle of operation for the quasi-resonant active-clamped ZVS buck converter is
described by four topological stages. The equivalent circuits for these four stages are shown in
Fig. 5.5. Assuming ideal circuit components, the equations describing the circuit for each stager

are given later.

—

(©) @)

Fig. 5.5. Four major operational stages: (a) 1. phase-shifted control period, (b) II. resonant period 1, (c¢) III.

resonant period 2, and (d) IV. freewheeling period.
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1) Stage I: Phase-Shifted Control Period [t;-t;]

In Stage I, both Q1 and Q2 are conducting. The active-clamped circuit does not work, and
the resonant capacitor is shorted by Q2. The magnetizing current iy is freewheeling through Q2
in a manner of synchronous rectification. The resonant inductor current iy, rises linearly, while

capacitor voltage vc stays at zero. This stage is described by

N S
i, (7) _L_mt tl)’ (5.2)

Ve (£) =0

where Vg, =V, . (5.3)

When i is larger than the magnetizing current Iy, which is I, for the buck converter, Q2
will start to conduct a current in the positive direction. At t;, Q2 is turned off, and the circuit
operates into Stage II. Actually, Stage I is the phase-shifted control period. The delay time from
t; to t; is controlled to generate different initial resonant currents through resonant capacitor Cr

so that the output voltage can be regulated. This initial resonant current is defined as:

]CJZ =1, (tz)_iM- (5.4)

2) Stage II: Resonant Period 1 [t2-t3]
At tp, Q2 is turned off with a positive current. Current iy (t)-Iy is now charging capacitor Cr.

The active-clamped circuit still does not work. The equations for this stage are

. Vo
i(H=1, +Z—Sl Binw, Qr-t,)+1. ,, Bosw, [t —t,) (5.5)

ve (D) =V =V, [osw, mt_tz)"'lcfzz [Z, Binw, s ~1,)

where Z, =,/Lr/Cr is characteristic impedance, and @, :l/ v Lr[Cr is resonant angular

frequency.
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By defining
1. ,[Z
a=tan” ($] and (5.6)
S1
VRl :\/I/Sl2 +(1C_t2 lI11)2 ’ (57)

Equation (5.5) can be simplified as

i, (=1, +I;—1:Bin[wn Et—t2)+a]‘ 5:9)
ve(t) =V =V [Ros|w, [t —1,) +a]

Also, Cr plays the function of a very large turn-off snubber of Q2 so that there is almost no

turn-off loss. After about three-fourths of the resonant period, when the inductor current

resonates to the lowest value, Q1 is turned off at t; with a very low level of current. The inductor

current is shifted to the active-clamped circuit branch. Qa can easily achieve ZVS. Next comes

Stage II1.

3) Stage I11: Resonant Period 2 [t3-t4]

When Q; is turned off at t3, the voltage across resonant capacitor Cr is still not zero. Also,
the resonant inductor current is not zero. These form the initial condition for the next LC
resonance, which is through the active-clamped circuit. For Stage III, the initial current through

resonant capacitor Cr and the initial voltage across resonant inductor Lr are

Ic7:3 :iL(t3)_IM (5.9)
VLJ3 =V, _Vc(t3). ’
where, Vg, =-V,. (5.10)

The equations for this stage are:
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v
i,(t) =1, +——="Binw, {t—t,)+1, , Bosw, {r-t,) 5.11)
ve()=Vs, =V, , Rosw, Qi —1,)+1, ,, Z, Binw, Qr—1,)
By defining
1. X
L=tan™| —=2""| and (5.12)
VLJ3
Vo=V, o +Ue o2, (5.13)
Equation (5.11) can be simplified as
i,(=1 +@Bin[w @+ 4
L M " . (5.14)

vo(t) =V, ~Vy, Bos|co, @+ f]

4) Stage IV: Freewheeling Period [t4-t5]
At time t4, when v, crosses the zero, Q2 is turned on as a synchronous rectifier. The body
diode of Q2 does not conduct the current. The magnetizing current iy is freewheeling through

Q2, and the resonant inductor current is charging the active-clamped capacitor Ca. This stage is

described by
() =i Vs gy -
lL(t)_lL(t4)+ L mt ZL4) (515)
Vo ()=0

Because Ca must maintain the charge balance, finally ip will flow in the negative direction.
Then at ts, Qa is turned off with a low level of current in the positive direction, which helps Q1
to achieve ZVS. Since the Stage IlI is very short, from the charge balance of the clamp capacitor

Ca, the inductor current at ts i1s approximately:

ip(ts) = =i (). (5.16)
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From (5.15) and (5.16), the turn-off current of Qa or Q1 is about

. . _VSQ 1_DQI
1 . =] L= =
Qa _off Ol _off 2 le _fs

, (5.17)

where f; is the switching frequency, and Dgq, is the fixed duty cycle for top switch Q1. This
shows that the load current has no impact on the switching current. As a result, it is easy to
design a capacitor paralleling to Q; or Q, as a turn-off snubber to further reduce the switching
loss for the entire operating load range.

Employing (5.2), (5.8), (5.14) and (5.15), the state portrait of the converter can be easily
displayed on the iy versus vc plane. A typical steady-state trajectory at the full-load condition is
shown in Fig. 5.6, where the inductor current is represented with a factor Z,. Fig. 5.6 shows that
the state trajectory consists of four segments, corresponding to the four stages of operation.

For the phase-shifted control period, the stage trajectory lies on the i [Z, axis, from a
negative value to a positive one, which is larger than Iy(Z,. For the resonant period 1, the state
trajectory is represented by a portion of the circle with its center located at (ImZn, Vs), and

radius equal to Vg;. The trajectory equation for this stage is given by the circle equation
(i, Z, 1, [Z,) +( V)’ :VRlz' (5.18)
For the resonant period 2, the state trajectory is also represented by a portion of the circle.

But its center is located at (Im[Z,, Vs2), and its radius is equals to Vg,. The trajectory equation for

this stage is given by the circle equation
(i, Z, -1, DZ,,)Z"'(VC_Vsz)z =VR22- (5.19)
For the freewheeling stage, the state trajectory lies on the i [Z, axis, from a positive value

to a negative one. The inductor current is flowing though the active-clamped capacitor Ca.

133



Chapter 5. High-Frequency Topologies Based on Quasi Resonance

The operation at the light-load condition is a little different from that at the full-load
condition. Fig. 5.7 shows some key operation waveforms, and Fig. 5.8 shows the related state-
plane trajectory. First, the phase-shifted period (Stage I) is very short. The output load current is
very small so that the inductor current i can be quickly charged up to that level. Second, at
Stage II, the resonant capacitor voltage vc resonates back to zero because of a longer resonant
period so that there is no resonant operation through the clamp circuit in Stage III. Instead, if Q1
is turned off after Q2 is turned on, Stage III would be an inductor-charging period, which is

similar to that in Stage I. But this period can be designed to be very narrow.

Fig. 5.6. The state-plane trajectory at full load.
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Fig. 5.7. The key operational waveforms at light load.

Fig. 5.8. The state-plane trajectory at light load.
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5.1.4. Limitations of the Quasi-Resonant Active-Clamped Buck Converter

Section 5.1.3 analyzes the operation principle for the quasi-resonant active-clamped buck
converter, which features ZVS, small switching current, small circulation current in the clamp
circuit and non-body diode conduction. However, for 12V to sub-1V DC-DC conversion, the
narrow duty cycle of the buck converter results in very high-pulse input current and high voltage
stress for the bottom switch. The simulation results in Fig. 5.9 show that for a 11A output
current, the input peak current reaches about 21 A, and the voltage stress of the bottom switch is
as high as about 23 V. This causes higher conduction loss for the top switch, and there is not
enough of a safety margin to use the 30V MOSFET for the bottom switch. Consequently, the
bottom-switch conduction loss goes up with a higher-voltage-stress MOSFET.

Another potential problem is related to the control. The phase-shifted control period in
Stage I is very short, which may cause problems in control stability.

A good way to solve all these problems is to extend the duty cycle. The next two chapters

will discuss this.
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Fig. 5.9. The simulation waveforms for the quasi-resonant active-clamped buck converter.
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5.2. Quasi-Resonant Active-Clamped Tapped-inductor Buck Converter

A simple way to extend the duty cycle is to use the TI buck converter. Fig. 5.10 shows a
quasi-resonant active-clamped TI buck converter. Fig. 5.11 shows the equivalent circuit for this
topology. It is the same circuit as shown in Fig. 5.3(b), but with different parameters. Here Iy
represents the continuous magnetizing current in the TI current, which no longer equals the

output load current. The following lists other parameter values that are different.

nT

Io; Lr, - 1,
:EEIIIWJ\_' — v
= LcCa i 1T
QI Vea + 1 iQa rtigz —_—
<i> ' { —_— Load

=1

+1C
v, 2 %'[
L 4 &

Fig. 5.10. The quasi-resonant active-clamped tapped-inductor buck converter.
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Fig. 5.11. The equivalent circuit for the quasi-resonant active-clamped tapped-inductor buck converter.

v, = ' (5.20)
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— _VCa +(n_1)|]/o

n

Via (5.21)

_Ln

2
n

(5.22)

5.2.1. Circuit Design Considerations

This circuit design is not easy, since it is related to the designs of the turns ratio of the TI,
the fixed duty ratio of Q1, and the resonant tank. Also, we need to reduce the circulating current
in the resonant tank and the switching currents of all the power devices. In this section, a
simplified design process is proposed.

Fig. 5.7 and Fig. 5.8 show that Stage II can take one entire resonant period at the light-load
condition. By assuming that the initial resonant current is zero, the resonant capacitor voltage can
be simplified from (5.8) as follows:

v, =V, Dl -coswl{t—1t,)]. (5.23)

The resonant voltage peak determines the voltage stress of device Q2, such that:

Lt (=),

n

VciMax = 2 D/sl = 2 (524)

The average voltage across Cr determines the output voltage. As a result, the resonant
period can be derived as:

Vo
Vl

N

1
T =—-0—. 5.25
, 7 (5.25)

At light load, the turn-on period of Q1 should be a little larger than the resonant period. But
since Stages I and III are very short, the fixed duty cycle of Q1 can be designed according to

(5.26) by adding some margin, as follows:
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D, =2

o1 +D

s (5.26)

sl
where Dy represents the design margin.

Equation (5.24) clearly shows that the turns ratio selection significantly impacts the device
selection for Q2. Since Q2 conducts large current and switches in ZVS condition, lower voltage
stress allows the use of a MOSFET with lower Ry on.

However, the turns ratio cannot be too large. The high-frequency resonant current can
cause great winding AC conduction loss. Also, the turns ratio impacts the Q1 duty cycle, the
clamp voltage and the voltage stress of Q1 and Qa. So, there is a trade-off for designing the turns
ratio of the TL.

The resonant inductor design also requires a trade-off. Equation (5.17) shows that a large
inductance value can help to reduce the switching currents of Q1 and Qa. Also, it can help to
reduce the circulating current through the active-clamped circuit and Q2. However, too large an
inductance limits the circuit power delivering capability. At full-load condition, in Stage I, which
is about a quarter of the resonant period, the inductor current must be charged up higher than the
magnetizing current. Consequently, the inductance value needs to be small. According to the

maximum power delivering requirement, the inductance should be:

4+ (n-— D
b <Vt ZDW 5 Por 30y (5.27)
lM +lsiQa j; 4

The turns ratio also impacts the resonant inductor design. As long as the inductance value

is selected, the resonant capacitor can be designed according to (5.8), (5.25) and (5.27).

c -

5.28
T (5.28)
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5.2.2. Simulation and Experimental Results

A 12V-input VRM prototype is developed with the quasi-resonant active-clamped TI buck
converter for 1.3V/12.5A output. To make a comparison, a synchronous TI buck converter is
also developed. Both circuits operate at 1MHz switching frequency. The TI is designed with a
turns ratio of 3 so that high-performance 30V trench MOSFETs can be used for all the power
MOSFETs. A TDK EIR-14 planar core is used to build the coupled inductor. PCB winding is
used to reduce the AC winding resistance. A toroid core can also be used to reduce the cost,
because this circuit is not sensitive to the leakage inductance.

Based on design considerations given in Session 5.4, the resonant tank is designed with a
260nH inductor and a 100nF capacitor. Ferrite magnetic material is used for the resonant
inductor because of the high-frequency resonant current. The ceramic capacitor with NPO
material is selected for the resonant capacitor for its accurate capacitance value in a wide
temperature range.

For the power stage, Hitachi’s 30V trench MOSFETs with SO-8 lead-free packaging are
used for their small parasitics and excellent thermal performance. HAT2096H is used for Q1 in
order to reduce conduction loss without sacrificing the switching speed. HAT2099H is used for
Q2 because of its very low conduction loss. HAT2116H is used for Qa because of its fast
switching speed. The duty cycle of QI is designed to be about 0.36. A bootstrap gate driver,
ADP3417, is used to drive Q1 and Qa simultaneously. A phase-shifted controller is used to
control the turn-off time of Q2 in relation to the turn-on time of Q1. A comparator is used to
sense the resonant capacitor voltage in order to determine the turn-on time of Q2.

Fig. 5.12 and Fig. 5.13 show the simulation waveforms and the related state-plane

trajectories at full-load and light-load conditions. Fig. 5.14 shows the ZVS operation for all
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switches at full-load condition. The simulation results agree fairly well with the preceding

theoretical analysis.
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Fig. 5.12. Simulation results at full-load condition: (a) operating waveforms and (b) state trajectory.
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Fig. 5.13. Simulation results at light-load condition: (a) operating waveforms and (b) state trajectory.
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Fig. 5.14. Simulation results of ZVS operation for all switches at full-load condition.

Fig. 5.15 shows the experimental waveforms at full-load and light-load conditions. A small
current transformer is used to measure the resonant inductor current. The 1V voltage level
represents 3A current. Fig. 5.16 shows the measured state-plane trajectories. The circulating
current through the active-clamped circuit is linearly deceased from about 1.5A to —1.5A, which
causes only slightly more conduction loss. Furthermore, a 1.5nF capacitor is used to parallel with
Qi and Q, as a turn-off snubber. Fig. 5.17 shows that this circuit can achieve ZVS in the entire

load operation range.
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Fig. 5.15. The operation waveforms: (a) at I,=12.5A and (b) at I,=1A.
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Fig. 5.16. The state-plane trajectories: (a) at Io=12.5A and (b) at Io=1A.
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Fig. 5.17. The ZVS operation for Q1 and Qa: (a) at lo=12.5A and (b) at Io=1A.

Fig. 5.18 shows efficiency improvement compared with the buck and TI buck converters.
At full load, the efficiency is improved by 3.8% over the TI buck converter and by 7.6% over the

buck converter because of the ZVS and lack of body diode conduction loss. The relatively lower
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efficiency at light load is due to the resonant inductor current and the circulating current in the
active-clamped circuit. But there is no thermal problem because the total loss is smaller than that
in the full-load condition.

Fig. 5.19 shows the loss breakdown. It is very clear that the proposed topology almost
eliminates all the switching loss and the body diode-related loss. Fig. 5.20 shows the developed

prototype. The power density is about 54 W/in®.
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Fig. 5.18. The efficiency improvement.
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Fig. 5.19. The loss analysis of the quasi-resonant active-clamped tapped-inductor buck converter.

145



Chapter 5. High-Frequency Topologies Based on Quasi Resonance

T -j
"Hm“mu;,r-s-*-r-—:,

1.3V/12.5A b O
Output ' S

Fig. 5.20. The developed prototype with the quasi-resonant active-clamped tapped inductor buck converter.

5.3. Concept Extension

For high-frequency VRM design, which adopts the synchronous buck converter, both the
top-switch switching loss and the bottom-switching body diode loss (conduction loss and
reverse-recovery loss) are bottlenecks for high-efficiency and high power density design. The
quasi-resonant operation can solve the problems related to the bottom switch, and an active-
clamped circuit can eliminate the issues for the top switch. Furthermore, the combination of the
resonant tank and the active circuit offers a possible design for reducing the switching current
while reducing the freewheeling current in the clamp circuit. This idea can be extended to any
quasi-resonant ZCS topology with only two modifications.

First, the LC resonant tank design is modified so that the inductor current does not resonate
back to a negative value. In stead, the switch, which is in series with the resonant inductor, is
turned off with a small positive current. Second, an active-clamped circuit is added to achieve
ZVS operation.

Fig. 5.21 shows a family of isolated DC-DC converters achieved by applying this concept.
Because of its simple structure, the quasi-resonant active-clamped flyback converter is selected

to develop a 48V-to-1.2V/25A 1/16 brick DC-DC converter. At 1.8MHz operating frequency,
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this converter can still achieve 78% efficiency at the full load. Fig. 5.22 shows the experimental

waveforms under full-load condition. Fig. 5.23 shows the measured efficiency.

© | @

Fig. 5.21. A family of isolated quasi-resonant synchronous rectifier DC/DC converters: (a) flyback, (b)
forward, (c) half-bridge, and (c) full-bridge converters.
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Fig. 5.22. Test waveforms of the quasi-resonant Fig. 5.23. Efficiency of the quasi-resonant active-
active-clamped flyback converter. clamped flyback converter.
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It is perceived that Moore’s Law will prevail at least for the next decade, with continuous
advancements of processing technologies for very-large-scale integrated (VLSI) circuits. Nano
technology is driving VLSI circuits in a path of greater transistor integration, faster clock
frequency, and lower operation voltage. This has imposed a new challenge for delivering high-
quality power to modern processors. Power management technology is critical for transferring
the required high current in a highly efficient way, and to accurately regulate the sub-1V voltage
in very fast dynamic transient response conditions. Furthermore, the VRM must be very small
and must have the processor located right on its side in order to reduce the power delivery path.

The multiphase buck converter has become the standard industrial practice for VRM
design. However, the high-frequency loss limits its further applications in power management.

It is the purpose of this work to develop high-frequency, high-efficiency, high-power-
density, fast-transient VRMs to power present and future generations of processors. This
dissertation has addressed the following issues.

* Fundamental understanding of the VRM transient response
* Design guidelines for the VRM transient response
* Advanced topologies for high-frequency VRM design

* Magnetic integration for certain circuit designs
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6.1. Summary

6.1.1. Critical Bandwidth

For the first time, this dissertation investigates the relationship between the control
bandwidth and the VRM transient voltage spike. Below the critical bandwidth, the control
bandwidth determines the transient voltage spike. Beyond the critical bandwidth, the ESR of the
output capacitor limits the transient voltage spike. For different kinds of capacitors, the critical
bandwidths are different. Electrolytic capacitors are the major limitation of current VRM size
because of their large capacitor ESR values. High frequency is the trend to improve the transient
response and to reduce the VRM size by using better capacitors with smaller ESR values, such as
ceramic capacitors.

The critical control bandwidth value is helpful for the design of the output filter inductor,

output filter capacitor, and the control bandwidth.

6.1.2. Adaptive Voltage Position Design

This dissertation discusses the constant output impedance design method utilized to
achieve perfect AVP for the VRM transient response. All the existing control methods are
discussed in terms of finding the best way to design the compensator in order to achieve a
constant output impedance. The limitation of voltage-mode control is discussed. Both current-
mode and active-droop control methods are dual-loop feedback control systems. With a critical
bandwidth design, the output capacitor ESR value turns out to be the system closed-loop output
impedance. Simulation and experimental results demonstrate perfect transient response with

AVP characteristics. For the capacitor, such as the ceramic capacitor, or which it is difficult to
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design the control bandwidth at the critical value, a constant output impedance within the control
bandwidth can still be realized. The impedance beyond the control bandwidth is smaller.
Simulation and experimental results show that perfect AVP can still be realized. At this time, the

control bandwidth and the output capacitance determine the VRM transient response.

6.1.3. High-Frequency Topologies

Today’s multiphase VRMs are almost universally based on the buck topology. This
dissertation discussed its fundamental limitation for high-frequency, high-efficiency, and high-
density VRM design. The multiphase buck converter suffers from a very small duty cycle for
high-step-down DC-DC conversion. Loss analysis indicates that the efficiency drop is mainly
caused by the switching loss of the top switches and the body diode loss of the bottom switches
when the duty cycle is very small.

This dissertation introduces several new topologies to solve these problems by applying
either inductor-coupling or an autotransformer structure to extend the duty cycle. Consequently,
the switching loss and body diode loss are significantly reduced. The conventional TI buck
converter is modified with a simple gate drive scheme. The leakage inductance problem in the
coupled inductor is solved with a lossless passive-clamped circuit. By introducing two more sets
of coupled windings in the two-phase interleaved TI buck converter, another new topology
evolves. It offers continuous output current and maintains the benefits of simple gate drive and
simple clamp circuit. The autotransformer structure extends the concept and generalizes a family
of non-isolated buck-type DC-DC converters. Magnetic integration is also discussed in the new
topology implementation in order to further reduce the size and to improve the performance.
Simulation and experimental results for these new topologies demonstrate significant

improvement in efficiency and power density for VRM design. The operating switching
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frequency is pushed to 2 MHz. These topologies are very good candidates for the power
management of the next generation of processors.

This dissertation pushes the topology innovation further by introducing the soft-switching
quasi-resonant converters for VRM design. The combination of the quasi-resonant and active-
clamped concepts derives a family of new converters, which can eliminate all the switching and
body diode losses. Experimental results show further efficiency improvement at a switching

frequency of 1 MHz.

6.2. Future Work

This dissertation has tried to break through some technology barriers for future power
management. It has explored some good ideas and solutions, but further research work is

necessary.

6.2.1. Control Issues at Very High Switching Frequencies

In this dissertation, the transient analysis and AVP design are based on an ideal operating
condition. It is assumed that the operation amplifier has an infinite gain and that there is no phase
delay. Also, the control signal propagation delay and the gate drive delay are not considered. But
in the practical design, the operation amplifier has its bandwidth limitation, and all the delays can
account for tens of nanoseconds. When the system control bandwidth is far below the operation
amplifier bandwidth and the delay is much smaller than a switching period, the theoretical
analysis in an ideal situation is good enough to guide the practical design. However, for
applications with very high switching frequencies, which is the trend of the VRM design, the

entire system can no longer be simplified as an ideal one.
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As a result, it is critical to accurately model the entire VRM system so that we can predict
the transient performance for a VRM operating at multi-MHz switching frequencies. New issues
and challenges will emerge. The design for the feedback controller may be totally different. This

is a very interesting research direction.

6.2.2. Self-Driven for Advanced Non-Isolated Topologies with Autotransformers

This dissertation has generalized a family of new buck-type topologies based on the
autotransformer structure. The autotransformer can not only simplify the topologies, but can also
reduce the winding and synchronous rectifier conduction losses. Since it still features a
transformer function, all the self-driven schemes in the isolated topologies can be transplanted.
The self-driven structure can not only simplify the gate drive circuit, but also can reduce the gate
drive loss. As a result, non-isolated topologies based on autotransformers can further improve the
VRM performance at high frequencies. Some preliminary research in this direction has already

been started at CPES [D60].

6.2.3. Dynamic Analysis for the Quasi-Resonant Active-Clamped Topologies

This dissertation has introduced the concept of combining quasi-resonant topologies and an
active-clamped circuit in order to eliminate all the switching loss and body diode loss. It has
demonstrated the significant efficiency improvement. However, the dynamic characteristics of
these topologies remain unclear. As a result, further work should be done in modeling, small-

signal analysis, transient analysis, and AVP implementation.
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6.2.4. System Integration

The motivation of high-frequency, high-efficiency, and high-power-density VRM design is
to meet the power requirements of future processors. The final goal is the ability to integrate the
processor and its VRM together so that the parasitics in the power delivery path are minimized.
This will significantly change the power delivery architecture.

To realize this vision, we must address a number of important technology fronts, including
advanced power semiconductor devices, advanced circuit and control concepts, and advanced
material and packaging technologies.

For the advanced power semiconductor devices, the challenges are high efficiency and
packaging density. The conventional vertical trench MOSFET can not be operated at 5-10MHz
switching frequencies due to its excessive switching losses. Also, it is difficult to realize the
monolithic integration of power devices, driver, and controller using a vertical structure. Without
integration, the parasitics associated with interconnects will seriously hamper its ability to
operate at multi-MHz frequencies. Other low-voltage power devices and power IC technologies
using lateral trench or lateral processes are deemed more suitable. CPES has already
demonstrated the 4MHz monolithic integration of a complete buck converter based on a lateral
MOSFET process [D61]. This chip includes all the control and driving functions. The
submicron lateral CMOS technology offers a more than tenfold improvement in figure-of-merit
as compared to the vertical devices. More than 80% conversion efficiency was demonstrated
with 2A output. How to extend this approach to higher output current is a very interesting
research topic.

For the advanced circuit and control concept, the power linear regulator is a possible

solution for meeting the fast transient response requirement of future processors. The challenges
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are higher bandwidth, higher current capability, and improved thermal management. A number
of important research results have been reported recently, including those from the University of
Florida, UC-Berkeley and Primarion; all adopted the radio frequency (RF) linear amplifier
techniques to realize high bandwidth designs for VRMs [A68, A71, A76]. Si, SiGe and GaAs
have been reported as candidate RF semiconductor devices. GaAs is widely used in the RF area,
but the processing power is relatively small. Also, the high processing cost limits its future
application. SiGe BICMOS seems to be the obvious choice for its fast speed and relatively low
cost. The lower-cost Si CMOS process is also possible for lower-cost solutions in the future.

The advanced material and packaging technologies are keys to reducing the passive
component size so that system integration becomes possible. Research on a high-frequency
magnetic thin-film inductor for the MHz switching frequency has been reported [D62, D63].
However, the applied current rating is still very small. CPES has demonstrated several planar
integrated LC and LCT modules for 1IKW converter applications [D64-D66]. But the applied
frequency is limited to less than 1 MHz. For 5 to 10 multi-MHz frequency operation, an
effective means of integrating passive components, such as inductors, capacitors and
transformers, could be an interesting research area.

The ultimate challenge is the system-level integration, in which the integration of electrical
properties must be accompanied by thermal management and integration of a mechanical
structure for system integrity. Also, it must be compatible with the packaging practice of the

future processors.
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